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Preface

Voltage-controlled oscillators (VCOs) and frequency dividers are two of the key
building blocks in phase-locked loops (PLLs) and frequency synthesizers, not only
to generate clean LO signals for frequency conversion in wireless transceivers but
also to generate accurate high-frequency clock signals for wireline systems. As the
system applications continue to demand higher and higher performance in terms of
higher frequency, wider bandwidth, lower phase noise, and lower power consump-
tion, the design of these building blocks becomes more and more challenging, in
particular in aggressively scaled low-voltage CMOS processes for low cost and
high system-on-chip integration.

Many years ago, we published a book entitled “Low-Voltage CMOS RF
Frequency Synthesizers” to discuss and summarize various inductor-based design
techniques for low-voltage high-performance frequency synthesizers. The main
focus was on low-voltage and low-power designs for narrow-band applications,
in which integrated inductors play a critical role. However, due to their high-Q and
narrow-band characteristics, these design techniques have limited applications in
recently emerging multi-band multi-mode and software-defined radios. Fortu-
nately, transformer-based design techniques have recently been developed and
emerged as potential replacement of integrated inductors for more features and
even better performance. However, to the best of our knowledge, there has still been
no book aiming to introduce transformer-based low-voltage and wideband CMOS
VCOs and frequency dividers.

As continuation and complementary to our previous book and intended for
engineers, mangers, researchers, and students who are working on or interested in
CMOS radio frequency or mm-Wave integrated circuits and systems, this book
presents in-depth description and discussion of transformer-based design tech-
niques that enable CMOS oscillators and frequency dividers to achieve ultra-wide
frequency tuning range and ultra-wide frequency locking range while maintaining
state-of-the-art performance in terms of high operation frequency, low supply
voltage, good phase noise, and low power consumption. In addition to the design,
simulation, and characterization of integrated transformers for different



vi Preface

applications, this book will also discuss their unique characteristics and features
that enable performance improvement, such as passive coupling or multiple imped-
ance peaks, which have not been covered in any of the existing books. Finally, to
illustrate the usefulness of these transformer-based design techniques, design con-
sideration and optimization of various CMOS oscillators and frequency dividers for
different applications together with their measured performance are elaborated,
focusing on not only ultra-low supply voltage but also ultra-wide frequency tuning
range and locking range at very high frequencies.

More specifically, detailed description and discussion of the following selected
designs will be included in the book.

1. A transformer-feedback VCO (TF-VCO) features high swing and low phase
noise even at a supply voltage below the device threshold voltage. Fabricated in
a 0.18-um CMOS process, a 1.4-GHz PMOS TF-VCO achieves an FoM of
190 at 0.35-V supply voltage, and a 3.8-GHz NMOS TF-VCO achieves an FoM
of 193 at 0.5-V supply voltage.

2. A quadrature VCO using transformer coupling (TC-QVCO) eliminates both
noise and power consumption by active coupling devices in existing QVCOs
while exhibiting all advantages in the TF-VCO. Fabricated in a 0.18-pm CMOS
process, a 17-GHz TC-QVCO achieves an FoM of 187.6 and a phase error of
1.4° at 1-V supply voltage.

3. A transformer-based dual-mode VCO achieves a wide frequency tuning range
exploiting the two impedance peaks of a transformer tank. Fabricated in a 0.13-p
m CMOS process, the 2.7-to-4.3 GHz and 8.4-to-12.4 GHz dual-mode QVCO
achieves average FoMr of 195 and 203 in the two bands, respectively.

4. A magnetically tuned multi-mode VCO (MT-VCO) measures ultra-wide
frequency tuning range around 70 GHz by changing the coupling coefficient
of the transformer. Fabricated in a 65-nm CMOS process, the 57.1-t0-90.1 GHz
MT-VCO achieves an average FoMr of 188.2 at 1-V supply.

5. Transformer-feedback injection-locked frequency dividers (TF-ILFDs) feature
quadrature outputs with enhanced output swing even with low supply and low
power. Fabricated in a 0.18-pm CMOS process, a 18.1-GHz TF-ILFD
with differential outputs achieves 21.6 % locking range when consumes
2.75-4.35 mW at 0.5-V supply, and a 17.5-GHz TF-ILFD with quadrature
outputs achieves 27.8 % locking range when consuming 11.4—13.6 mW at a
0.6-V supply.

6. A self-frequency-tracking injection-locked frequency divider (SFT-ILFD) uti-
lizing transformer to generate the injection current with frequency-dependent
phase shift to extend the locking range. Fabricated in a 65-nm CMOS process, a
62.9-GHz SFT-ILFD achieves 29 % locking range while consuming 1.9 mW at a
0.8-V supply voltage.

Kowloon, Hong Kong SAR Howard Cam Luong
Taipa, Macau, China Jun Yin



Acknowledgements

It is our great pleasure to have this opportunity to acknowledge and to express our
sincere gratitude to many people who have been directly or indirectly contributing
to this work.

We are whole-heartedly indebted and grateful to Ka-Chun Kwok, Alan
Wing-Lun Ng, Tay Hui Zheng, and Annby Sujiang Rong for their great work and
contribution on transformer-based VCOs, QVCOs, and ILFDs that play an impor-
tant part of this book.

Our special thanks go to Fred Kwok for his enthusiastic and indispensable technical
effort and support in preparing testing setup and enabling good measurements.

We would like to thank many other students in the Analog Research Laboratory
in the ECE Department of HKUST, namely Liang Wu, Shiyuan Zheng, and Charry
Yue Chao, for sharing many fruitful discussions and many sleepless nights before
project tape-out, without which it would not be possible for us to acquire good
understanding of the topic to complete this book.

Technical support and assistance by many technical officers in the ECE
Department at HKUST, in particular Siu-Fai Luk, Kenny Pang, John Law, and
Jacob Lai, are greatly appreciated.

We would also like to acknowledge valuable financial support from various
funding agencies including Hong Kong General Research Funding (GRF), Hong
Kong Innovation Technology Funding (ITF) and Macao Science and Technology
Development Fund (FDCT). Generous sponsorship and donations for university
programs and chip fabrication from Taiwan Semiconductor Manufacturing Corpo-
ration (TSMC), MediaTek in Singapore (MSL), and Broadcom Foundation are also
highly appreciated.

Lastly, we are indebted to our family members (Kim Truong, Lilian Luong, and
Mengzhu Luo) for their constant love, support, encouragement, and patience
throughout the projects and during the writing of this book.

Kowloon, Hong Kong SAR Howard Cam Luong
Taipa, Macau, China Jun Yin

vii






Contents

1 Imntroduction....... ... .. ... ... ... 1
1.1 Motivation . . . .ottt e e e 1
1.2 Book Organization. ... ..........uuuieeuunennnnnenn. 4
References. .. ... i 4
2 Transformer Design and Characterization
INCMOSProcess. . ..........o .. 7
2.1 Background.......... ... 7
2.2 Transformer Layout. . ........... ... ..., 9
2.3 Transformer Measurement and Characterization. . ........... 12
References. . ... ... . i 19
3 Design Considerations for CMOS Voltage-Controlled
Oscillators (VCOS) . . .. ... e 21
3.1 BasicConcepts. .. ....ovuiiiiiiit 21
3.1.1 Start-Up Oscillation Conditions. . . ... ............. 21
3.1.2 Phase-Noise Definition. . ........................ 22
3.1.3 LC-Tank Properties. ............ ... ... 24
3.14 Frequency Tuning................ .. ........... 27
3.2 Phase-Noise Analysis. .................. . ... 28
3.2.1 Linear and Time-Invariant (LTI) Model . . ........... 29
3.2.2 Linear and Time-Variant (LTV) Model . . ............ 31
3.3 Design Insights Using the Time-Variant Model . . ... ........ 34
3.3.1 Phase Noise in 1/f>Region. ... ..........cou... 35
3.3.2 Phase Noise in 1/f° Region. . ... ....coouueuenn .. 38
3.3.3 Comparison of Different LC-VCO Topologies. . ... ... 43
334 VCOFigureof Merit. . .......... ..., 46
3.4 Quadrature VCOS. .. ... ot 48
3.5 Low-Voltage CMOS VCOs. ... ... 52
3.6 Wideband CMOS VCOS. . .. .. i 52
References. . ... i 53

ix



Contents

Design Considerations for CMOS Frequency Dividers. . . ... .... 57
4.1 Background............. . ... 57
4.2 Latch-Based Frequency Dividers. ... .................... 57
4.3 Injection-Locked Frequency Dividers. . .. ................ 59
4.3.1 Indirect-Injection ILFDs. ... .................... 60
4.3.2 Direct-Injection ILFDs . . .. ...................... 65
4.3.3 Design Consideration for the LC-Tank. .. ........... 68
4.3.4 Phase-Noise Performance . . ...................... 69
435 ILFDFigureof Merit. .............coiinueeun... 70
4.4 Miller Frequency Dividers. . . ......... ... ..., 71
45 SUMMATY . .ottt 74
References. . . ... 76
Ultralow-Voltage VCO and QVCO Using
Transformer Technique. . ... ............................ 77
5.1 Introduction. .............. ...ttt 77
5.2 Transformer-Feedback VCO (TF-VCO). .. ................ 78
5.2.1 Topology and Circuit Model . . . ... ............... 78
5.2.2  Oscillation Frequency and Phase Noise. . . ........... 79
5.2.3 Circuit Implementation. . ... .................... 85
5.2.4 Experimental Results. ............. ... ... ... ... 87
5.3 Transformer-Coupled QVCO (TC-QVCO)................. 89
5.3.1 Topology and Circuit Model . . . ... ............... 89
5.3.2 Oscillation Frequency . . . ....................... 95
5.3.3 1Q Imbalance and Phase Noise . . . ................. 96
5.3.4 Circuit Implementation. . . ...................... 97
5.3.5 Experimental Results........................... 100
References. . ... ... . 105
Transformer-Based Dual-Mode VCO . . . . ................... 107
6.1 Introduction. ............. ... ... 107
6.2 Analysis of the Transformer-Based
Dual-Mode Oscillators. . .. ... ..o in i 111
6.2.1 One-Port Oscillators. . .. ....................... 111
6.2.2 Two-PortOscillators . . . ......... ... ... ...... 118
6.2.3 Comparison of One-Port
and Two-Port Oscillators. . . . .................... 122
6.3 Case Study of a Dual-Mode QVCO for SDR
Frequency Synthesizer. ........ ... ... ... ... ...... 128
6.3.1 Circuit Implementation. . .. ..................... 128
6.3.2 Experimental Results........................... 132

References. . ... i e 139



Contents xi

7  Magnetically-Tuned Multimode CMOS VCO . ................ 141
7.1 Introduction. .............. ...ttt 141
7.2 Transformer-Based Magnetic-Tuning Method . . . ... ... ... .. 142
7.2.1 Working Principle. .. ............. ... ... o .. 142
7.2.2  Analysis of the Switched-Triple-Shielded
Transformer. ... ........ . ... . . ... 145
7.3 Design and Analysis of the MT-VCO.................... 150
7.4 Experimental Results.......... ... ... ... ... ...... 154
References. .. ... 160
8 Transformer-Based Injection-Locked
Frequency Divider. . . ................ ... ... .. ... oo... 161
8.1 Introduction...................uniiiiiieiiiann 161
8.2 Ultralow-Voltage ILFDs Using Transformer Feedback . . ... ... 162
8.2.1 Regenerative-ILFD Architecture. .................. 162
8.2.2 Ultralow-Voltage Regenerative ILFD . . . . ... ........ 163
8.2.3 Experimental Results........................... 171
8.3 Self-Frequency-Tracking ILFD . .. ...................... 178
8.3.1 Locking Range Limitation of the Conventional
Direct-Injection ILFDs . . .. ...................... 178
8.3.2 Self-Frequency-Tracking ILFD . . .................. 179
8.3.3 Experimental Results........................... 184
References. . . ... 188
9 Conclusion. ... ...... ... . . . ... 189
References. . ... ... 193
Appendix. . ... ... 197



Chapter 1
Introduction

1.1 Motivation

Wireless and wireline transceiver systems have greatly been benefited from the
aggressive scaling down of CMOS technology to improve their performance in
terms of speed, power, and form factor. On the other hand, the CMOS technology
scaling down also imposes great challenges to designs of radio frequency (RF) and
analog circuits mainly because the supply voltage (Vpp) scales much faster than the
threshold voltage (Vy,) of CMOS transistors. From Fig. 1.1, the available overdrive
voltage (Vpp— V) in 65-nm CMOS technology is reduced to around 0.5 V, which
limits the voltage headroom and significantly degrades the performance of RF and
analog circuits.

For emerging applications powered by various energy-harvesting methods, the
generated supply voltage Vpp may be as low as or even lower than the device
threshold voltage Vy,, which limits practical use of many conventional RF and
analog integrated circuits design techniques. Although on-chip boost converters can
be employed to increase the supply voltage, for applications with such low input
voltages and large voltage conversion ratios, their limited efficiency of around
40-75 % would cause significant power penalty [2]. Instead, exploiting RF and
analog circuit techniques that can work under supply voltage close to Vy, has been
proven to be a promising solution to greatly reduce the power consumption [3].

On the other hand, emerging wireless applications utilizing much high carrier
frequencies can take advantages of the large bandwidth available to provide
services with data rate of multi-gigabit per second. For example, the IEEE
802.11ad (WiGig) standard [4] and IEEE 802.15.3c standard [5] located at
60 GHz provide available bandwidth of 9 GHz. However, design of wideband
transceivers to cover such a large bandwidth at such a high frequency becomes
quite challenging.

RF frequency synthesizers based on phase-locked loops (PLLs) to provide the
local oscillation (LO) signals for frequency conversion is one of the key building

© Springer International Publishing Switzerland 2015 1
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Fig. 1.1 Scaling down of supply voltage (Vpp) and threshold voltage (Vy,) with the CMOS
technologies [1]

blocks in wireless transceivers. The quality of the LO signals in terms of phase
noise and spur would significantly affect the performance of the whole transceivers,
such as the receiver sensitivity and the transmitter spurious emission. For PLLs,
researches have recently focused more and more on the digital-intensive designs to
make use of aggressive scaling down in CMOS technologies [6]. In digital PLLs
(DPLLs), although there are digital substitutes for the phase-frequency detector
(PFD), loop filter, and even frequency dividers operating at several GHz, the
voltage-controlled oscillator (VCO) or the digitally controlled oscillator (DCO)
still needs to be designed in the analog domain due to its high operating frequency
and stringent noise performance requirement. Similarly, at millimeter-wave
(mm-Wave) frequencies, the frequency dividers serving as prescalers also need to
be carefully designed in the analog domain for high performance in terms of
frequency, locking range, and power consumption [7].

VCOs and frequency dividers, as the two critical building blocks operating at the
highest frequencies, directly affect the output frequency range and the out-of-band
phase noise of the whole PLLs. LC-VCOs as shown in Fig. 1.2a are usually
employed in the frequency synthesizers for wireless applications since LO signals
with low out-band phase noise are required to meet the stringent blocker or spurious
emission requirement for the receiver or transmitter, respectively. For the design of
frequency divider, although current-mode logic (CML) dividers are fast enough for
applications at giga-Hz frequency range in submicron CMOS process,
injection-locked frequency dividers (ILFDs) [8, 9] with inductive tank as shown
in Fig. 1.2b and c are still a necessity at mm-Wave frequencies since they feature
higher operation frequencies with lower power consumption compared with CML
dividers [10, 11]. For LC-VCOs and LC-ILFDs based on conventional LC tanks,
their performance such as noise, operating frequency range, and driving capabilities
would degrade rapidly with the scaling down of supply voltage, which limits their
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Fig. 1.2 Schematic of conventional (a) LC-VCO, (b) LC-ILFD with direct injection, and (c)
LC-ILFD with indirection injection from current bias

usage as the CMOS technology is further scaled down. Even worse, for the
applications requires a supply voltage lower than the device threshold voltage
Vi, the conventional LC-VCOs and LC-ILFDs may fail to work properly since
the cross-coupled transistors cannot provide large enough negative transcon-
ductance to compensate the loss from the LC tank.

For the design of LC tanks in conventional LC-VCOs and LC-ILFDs, high tank
quality factor (Q) is preferred to suppress the noise while still maintaining low
power consumption. On the other hand, the narrowband frequency response char-
acteristics of a high-Q tank would in turn limit the operating frequency range of
LC-VCOs and the locking range of LC-ILFDs. In particular, it would impose a
critical challenge in modern RF transceivers that can support multi-standard and
multiband applications or even the software-defined radio (SDR) and cognitive
radio applications, in which ultra-wideband LOs are required. The most straight-
forward way to cover a wide frequency range is to duplicate multiple narrowband
LC VCOs and to multiplex their outputs [12, 13]. For example, in a 40-nm digital
CMOS process, two LC-VCOs (6-9 and 9-12 GHz) are needed to cover the
required 6-12 GHz frequency range with sufficient phase-noise performance for
SDR application in [14]. However, this method is not area efficient since the
monolithic inductor occupies much larger chip area than other devices and is not
scalable with CMOS technology.

To make the matter worse, the problem with insufficient tuning range of conven-
tional LC-VCOs becomes more and more acute as the oscillation frequency keeps
increasing. Since the varactor Q becomes dominantly low in the tank, the limited
varactor size degrades the frequency tuning range greatly. The typical tuning range
of LC-VCOs reported at around 60 GHz is less than 10 % [14—16], which is far from
being sufficient to cover the 9-GHz bandwidth required by IEEE 802.11ad standard
or IEEE 802.15.3c standard when taking into account process variations and inac-
curate device modeling. Similarly, high-frequency LC-ILFDs suffer from a big
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problem with insufficient frequency locking range due to their desirable high tank Q
for low power consumption and narrowband filtering. At input frequency of around
60 GHz, the typical locking range of LC-ILFDs reported is around 12 % [17, 18].

In this book, in-depth description and discussion of transformer-based design
techniques that enable CMOS VCOs and ILFDs to achieve state-of-the-art perfor-
mance in terms of low supply voltage, low-power consumption, good phase noise,
high operation frequencies, and wide frequency tuning range and locking range are
presented. To illustrate the usefulness of these transformer-based design tech-
niques, design consideration and optimization of various VCOs and dividers for
different applications together with their measured performance are discussed in
detail, focusing on not only ultra-low supply voltage but also ultrawide frequency
tuning range and locking range at high frequencies.

1.2 Book Organization

This book is organized as follows. Chapter 2 will introduce how to design, simulate,
and characterize on-chip inductors and transformers in CMOS process, including
step-by-step procedures to simulate and model the passive devices for circuit design
and to verify the model based on silicon measurement. In Chap. 3, the phase-noise
analysis and design consideration of VCOs and quadrature VCOs (QVCOs) will be
reviewed, and the performance degradation with the scaling down of Vpp will be
discussed in detail. Chapter 4 introduces the principle of ILFDs and Miller dividers
and analyzes their locking range based on the phasor diagram. To demonstrate the
usefulness of the transformer-based design techniques, detailed design consider-
ations and measured results of a couple selected low-voltage high-performance
VCOs and QVCOs using transformer feedback will be presented in Chap. 5.
Chapters 6 and 7 will focus on the designs of transformer-based dual-mode or
multimode VCOs for wideband applications. In Chap. 8, design examples for
ILFDs using transformer technique to achieve either low-voltage or wide locking
range will be discussed. Finally, conclusion will be drawn in Chap. 9, from which
recommendations for future work will be made.
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Chapter 2
Transformer Design and Characterization
in CMOS Process

2.1 Background

On-chip inductors have become essential in RF system-on-chip design and inte-
gration. As compared with off-chip inductors on the printed circuit board (PCB) or
bondwire inductors, the use of on-chip inductors prevents degradation of circuit
performance due to the loss and the parasitics from the chip interface. Moreover,
high-level integration with on-chip inductors can not only significantly reduce the
cost and the form factor but also improve the reliability of the whole wireless
systems.

Unfortunately, on-chip inductors suffer from a low quality factor Q, which
would result in performance degradation in terms of noise, gain, and power
consumption. As a consequence, modern RF CMOS processes provide one or two
thick top metal layers far above the lossy substrate to improve the quality factor Q
and the self-resonant frequency of the on-chip inductors [1, 2]. In addition, due to
its relatively narrowband characteristics, on-chip inductors may not be suitable for
wideband applications, such as multiband, multimode, or software-defined radios.

As potential replacement and improvement of on-chip inductors, integrated
transformers have recently been considered and widely used in wideband RF and
mm-Wave circuits and systems. Their main applications include (1) impedance
transformation in the impedance matching network, (2) amplification for voltage or
current signal, (3) balun for on-chip single-ended to differential or differential to
single-ended signal transformation, and (4) high-order resonant tank to obtain either
multiple narrowband or wideband frequency response of amplitude and phase for
many circuits, including LNAs, VCOs, frequency dividers, frequency
multipliers, etc.

Figure 2.1a shows the schematic symbol of an ideal N:1 transformer, where
N =V,/V, is defined as the turn ratio between the primary coil and the secondary
coil. Since an ideal transformer is passive and no energy losses occur during the
voltage and current transformation, the current ratio I,/I; equals to —N. As a result,
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Fig. 2.1 Schematic symbol of (a) an ideal N : 1 transformer and (b) a transformer made of two
coupled inductors

the impedance seen from the primary coil becomes N? times of the loading
impedance of the secondary coil.

Figure 2.1b shows a transformer made of two coupled inductors. From the
Faraday’s law of induction, the induced voltage at either coil equals to the rate of
change of the total magnetic flux going through it:

d(®); + @y1) dd,,\ dI, dd,,\ dI,
V, = — - Rl SV (N 22 2.1
! dt a, ) et \Ua ) @ (2.12)
d(Cbzz + @12) d®d,, dl, dd,, dI;
V, = — — 22— L 2.1b
2 dt dr, ) dt dr, ) dt (2.10)

where @, (®,,) is the magnetic fluxes in the primary (secondary) coil generated by
the current I; (I,) in itself and ®,; (®;,) is the magnetic fluxes in the secondary
(primary) coil generated by the current I, (I;) in its neighboring coil. By defining the
self-inductance asL; = —(d®;;/d]y),L, = —(d®,,/dl,), the mutual inductance as
M = —(d®,,/dl;) = —(d®,;/dL,), and applying Laplace transformation to (2.1a)
and (2.1b), V-I equations of the ideal transformer can then be expressed as

V1 o SL1 sM Il
|:V2:| - |:SM SL2:| |:Iz:| (22)
In the circuit analysis, the T-model as shown in Fig. 2.2 is typically employed to
represent the transformer made of coupled inductors as shown in Fig. 2.1b, which
can also be easily shown to be equivalent to (2.2). To represent the coupling
strength between the two coupled inductors, the magnetic coupling coefficient k

defined as the ratio between mutual inductance and self-inductance can be used as
below:

k:L
~VLiL,

According to the definition, k is an indicator of the coupling strength between the
primary and secondary coils. For ideal transformers, there is no leakage of magnetic
flux, and the coupling coefficient is unity. However, due to the poor confinement of

(2.3)
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Fig. 2.2 T-model of the ; Ly-M Lo-M

transformer i» -—

P- o oS-

magnetic flux in integrated transformers, the coupling coefficient is always sub-
stantially smaller than one [3].

Figure 2.3 shows another equivalent circuit model of the transformer
that employs an ideal transformer. Here, the ideal transformer with a turn ratio
N =M/L, =k/L;/L, and the inductance k’L, represents the coupling effect
between primary and secondary coils, while the inductance (1—k*)L; models the
leakage flux that does not contribute the magnetic coupling. It is easily proved that
the equivalent model as shown in Fig. 2.3 is mathematically the same as the
T-model. As shown in the following chapters, the proper choice of the equivalent
models can facilitate the circuit calculation.

It is worthwhile to note the meaning of the dots in the transformer symbols in
Fig. 2.1. Assuming k is always positive, the dots should be denoted in such a way
that when the currents are sent into the dotted terminals from both the primary and
secondary coils, the generated magnetic fluxes from both coils should go in the
same direction which reinforce each other [4]. Figure 2.4 shows the example to
determine the dot location based on this convention.

2.2 Transformer Layout

The common ways to realize integrated transformers are illustrated in Figs. 2.5, 2.6,
and 2.7, which offer different tradeoffs on self-inductances, magnetic coupling
coefficient, inter-coil and coil-to-substrate capacitances, self-resonant frequencies,
and chip area [5]. Here, all the layouts are based on the differential configurations
since they are commonly used in VCOs and frequency dividers with balanced
differential outputs.

Figure 2.5 shows an interleaved transformer layout. Both the primary and
secondary coils are implemented with the same metal layer. As for on-chip inductor
design considerations [2], the thick top metal layer is typically used for maximum
quality factor Q and high self-resonant frequency because it has much smaller
square resistance than other metal layers and far away from the low resistance
substrate in CMOS process. When the metal traces need to be crossed over, the
lower metal layer can be used as a bridge. Since the interleaved configuration
allows large common periphery between the primary and secondary coils, it can
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Fig. 2.3 Equivalent circuit (1-k3)L
model of the transformer ﬁ» ! 4'&
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Fig. 2.4 Transformers with different coupling directions and their corresponding schematic

symbol using the dot convention

Fig. 2.5 Layout of an
interleaved transformer
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Fig. 2.6 Layout of a tapped
transformer

Fig. 2.7 Layout of a
stacked transformer: (a) top
view and (b) cross-

section view
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Table 2.1 Comparison of different types of integrated transformer

Transformer structure k Self-inductance Area Self-resonant frequency
Interleaved >0.7 Medium Medium Medium

Tapped 0.3-0.7 Low Large High

Stacked ~0.9 High Small Low

provide a relatively high coupling coefficient of above 0.7 at the expense of
increased inter-coil capacitance and reduced self-inductance since the neighboring
metal traces in the same coil are separated by the metal trace from the other coil.

In a taped transformer, both the coils are also implemented in the top metal layer
shown in Fig. 2.6. Since the two coils are completely separated, the self-inductance
is maximized and the inter-coil capacitance is minimized. However, because only a
single turn in the two coils share the common periphery, the coupling coefficient k
becomes lower than that of the interleaved configuration. Depending on the space
between the two coils, the typical k of the taped transformer can vary from 0.3 to
0.7. Furthermore, the spatial separation of the two coils also results in larger
chip area.

Figure 2.7 shows a stacked transformer layout, in which the primary and
secondary coils are implemented in different metal layers. Both vertical and lateral
magnetic coupling are utilized to maximize the self-inductance and thus achieve the
best area efficiency. Since the dielectric thickness is much smaller than the minimal
space between the two neighboring top metal traces, the magnetic coupling is
enhanced compared with that of the interleaved configuration. As an example, in
a 65-nm CMOS process, the dielectric thickness is smaller than 1 pm, while the
minimal space of the top metal is around 2 pm. Consequently, the coupling
coefficient can be close to 0.9 if the metal traces in different layers are perfectly
aligned. On the other hand, the inter-coil capacitance increases due to the reduced
space between the two coils. In addition, the capacitance from the secondary coil to
the substrate also increases since it is implemented in the lower metal layer closer to
the substrate. It follows that stacked transformers usually have the lowest self-
resonant frequency. The performances of different types of integrated transformers
are summarized and compared in Table 2.1.

2.3 Transformer Measurement and Characterization

Basic considerations and guidelines for design, simulation, layout, and character-
ization of integrated transformers are mostly the same as those for on-chip induc-
tors, which have been well described in many references [2, 3] and will not be
repeated here. In the following section, only critical differences unique for inte-
grated transformers are summarized and highlighted.

As illustrated in Fig. 2.8, a typical design and characterization flow of integrated
transformers is summarized as below:
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Fig. 2.8 Design and
characterization flow of Start
integrated transformers

) Electrical _
Step 1: Parameters -
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Step 5: Structure
Step 6: Measurement
Unmatched Compared

with the

Step 1: Obtain the required electrical parameters of the transformer such as self-
inductance, quality factor, and coupling coefficient from either calculation or
simulation of the targeted transformer using equivalent circuit models.

Step 2: At the beginning, the physical parameters of the transformer can be
quickly estimated and optimized for a given transformer structure by using a fast
simulator such as ASITIC [6]. In the optimization, different layout configurations
can be considered, from which the physical parameters such as the number of turns,
the diameter, metal width, and metal space can be adjusted. Since fast simulators
usually overestimate the quality factor Q, the relative trend of the quality factor
from different parameter combinations is more useful than its absolute value as a
quick reference for optimization.
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Step 3: After obtaining the physical parameters from a fast simulation, the
transformer can be further simulated by using more accurate electromagnetic
(EM) simulator such as the ADS Momentum [7] or HFSS [8]. Usually the simula-
tion results are in the formats of S parameters. To compare with the design goals,
the simulated S-parameter data need to be converted into the Z-parameters using
the following equations [9]:

(14 S11)(1 — Sx) + S1252

711 =7 2.4a

" 0(1—511)(1—522)—312521 (24a)
251,

71y =7 2.4b

2 0(1 = S11)(1 = S22) — S12S2 ( )
2S5,

7o =7 2.4c¢

2 0(1 —S11)(1 —S22) — S12Sx (24¢)

1-S 1+S S1»S
222220( 11)(1 +S22) + S125 (2.4d)

(I =S11)(1 —Sxn)—S1252

where Z is impedance of the ports used in the simulation. With the Z-parameters,
the following equations can be employed to obtain the electrical parameters of the
transformer:

Im(Zzz)

L = Im(j“) and L, = (2.5)

o Im(le) - Im(222)
Q= o and Q; = - — (2.5b)
Im(Zo1) (2.5¢)

- \/Im(ZH) . Im(Zzz)

where @ = 2xnf. At this stage, the physical parameters can be further fine-tuned to
obtain the optimized design that can best satisfy the requirements.

Step 4: After the physical parameters of the transformer are fixed, the lumped
model as shown in Fig. 2.9 can be used for circuit simulation. This lumped model is
based on the wideband inductor model from [10], which merges the © models from
[11] and [12] and the substrate-coupled model from [13]. Here, the self-inductance
and the ohmic loss are modeled by components L,/L, and r,/r,, while the parasitic
capacitance and the resistive loss of the substrate are modeled by Cx1/Cox2, Csub1/
Csub2, and Rgyp1/Rgupa- The magnetic coupling and capacitive coupling between the
two coils are modeled by k and Cc, respectively, and the capacitive coupling
between the metal traces in the same coil is modeled by C,;/C,,,. The substrate-
coupled network made of L.q;/Leq> and Req1/Rcq2 models the substrate losses due to
the eddy current which is increased with frequency. The model parameters are
extracted from and fitted to the simulated S-parameter data by using optimizer and
fitting tools. Simulations can be used to ensure that the frequency response of the
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Fig. 2.9 A wideband transformer model for parameter extraction and circuit simulation

model can match well the EM simulation results over a wide frequency range. The
transformer model can then be directly used in the time-domain or frequency-
domain transistor-level simulation, which enables complete evaluation of the
circuit performance. In practice, several iterations with the whole procedure
repeated may be necessary to fine-tune the physical and electrical parameters of
the transformers until the circuit specifications are satisfactorily met.

Step 5: The transformer testing structure as shown in Fig. 2.10a and its
de-embedded structures as shown in Figs. 2.11a and 2.12a can be laid out and
fabricated for measurement, characterization, and comparison with the simulation
results. The de-embedded open and short structures are employed for de-embedding
purpose to eliminate the impacts from the testing PADs and the parasitic metal
traces connecting between the transformer core and the testing PADs. For simplic-
ity, the single-ended testing structures with one port of the primary and secondary
coils being directly connected to the ground plane are considered here. If a 4-port
network analyzer is available, the fully differential testing structures can be
constructed in a similar way. The de-embedding principles and procedures in
Step 6 can also be applied to the differential testing structures.
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Fig. 2.10 (a) Layout and (b) equivalent circuit of the transformer testing structure
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Fig. 2.12 (a) Layout and (b) equivalent circuit of the short de-embedded structure

Port1

Step 6: Using a 2-port network analyzer, the S-parameter of the transformer
testing structure (S,,) in Fig. 2.10a and the de-embedded structures (Sopen and
Sehort) in Figs. 2.11a and 2.12a can be obtained by on-chip probing. The
S-parameters (S;aw, Sopen> a1d Sghor) can be further converted to the Y-parameters
(Yraw> Yopen» and Ygor) by using the following equations [9]:
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I (1 —=S)(1+S»)+SinSy

Yi==—- 2.6a
"7 (14+S11)(1 4 S2) — S12S2 (2.60)
1 —2S12
Yipo=—- 2.6b
7 Zy (1+S1)(1+Sn) — SiSa (2.60)
1 =25
YZI = —- 21 (26C)

Zo (1+S11)(1+4 S2) — Si282

I (14Su)(1—S»)+SiSx
Yy =—- 2.6d
2 Zo (14 Si1)(1+ Sx)—SinSx ( )

Using the Y-parameters, the following de-embedding procedures can be applied to
obtain the corresponding electrical parameters of the transformer:

1. Extraction of the parasitic parameters Z; to Z4. According to the equivalent
circuits for the open/short de-embedded structures as shown in Figs. 2.11b and
2.12b, the parasitic parameters Z; to Z4 can be extracted by subtracting Y open
from Y g0« to Obtain Ypg, first:

YDEI = Yshort - Yopen (27)

and then converting Ypg; to Zpg;. SO0 Zpg; only contains the information of
parasitic parameters Z; to Z,.

2. Open de-embedding for measurement data of the transformer testing structure.
According to the equivalent circuits for the transformer testing structure and the
open de-embedded structures as shown in Figs. 2.10b and 2.11b, the effect of
parasitic parameters Y; to Y3 can be removed by subtracting Y pen from Y,y

YDE2 = Yraw - Yopen (28)

3. Short de-embedding for measurement data of the transformer testing structure.
After converting Ypg, to Zpg», the effect of parasitic parameters Z; to Z, can be
removed by subtracting Zpg; from Zpg,:

Zpur = Zpe2 — Zpg1 (2.9)

Here, Zpyr represents the impedance of the transformer core after
de-embedding. By applying (2.5a-2.5c), the measured self-inductance, quality
factor, and coupling coefficient for the transformer core can be obtained.

Step 7: Finally, the measured electrical parameters are compared with the EM
simulation results. If the results are not satisfactory, the transformer design would
need to be modified by going back to Step 3, starting from the EM simulation of the
modified design. The differences between the simulation and measurement results
of the transformer can also be utilized to correlate the difference in the measured
circuit performance for further optimization.

In the transformer layout in Fig. 2.10a, the primary and secondary ports are
located on the same side. If the two ports of the transformer need to be placed on the
different sides, the layouts of the testing structures also need to be changed to those
as shown in Fig. 2.13.
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Fig. 2.13 Layout of testing
structures for the
transformer with two ports
on different sides: (a) the
transformer testing
structure, (b) the open
de-embedded structure, and
(¢) the short de-embedded
structure
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Chapter 3
Design Considerations for CMOS Voltage-
Controlled Oscillators (VCOs)

3.1 Basic Concepts

Voltage-controlled oscillator (VCO) is one of the most critical building blocks in a
phase-locked loop (PLL) since it needs to operate at the highest frequency and its
phase-noise performance determines the out-of-band phase noise of the PLL at
offset frequency larger than the loop bandwidth. Besides, the output frequency
range covered by the PLL is also directly limited by the tuning range of the VCO.

3.1.1 Start-Up Oscillation Conditions

Figure 3.1a shows the feedback model of a general oscillator. The closed-loop
transfer function is expressed as

_Oujo) __H(jw)
In(jw) 1 — H(jow)

G(jo) (3.1)

To make the positive feedback system oscillate at a certain frequency g, the
amplitude and phase of the open-loop transfer function H(jw) must simultaneously
meet the conditions (Barkhausen’s criterion) expressed as below:

[H(jao)| = 1 (3.2a)
ZH(jw)) =27-n; (n=0,1,2..)) (3.2b)

The feedback model for an LC oscillator is shown in Fig. 3.1b. The LC tank serves
as a frequency selection network to stabilize the frequency and to provide narrow-
band filtering, while the negative Gy, cell injects the energy to compensate the loss
of the LC tank. Assuming the negative G, cell provides no phase shift, the phase

© Springer International Publishing Switzerland 2015 21
H.C. Luong, J. Yin, Transformer-Based Design Techniques for Oscillators
and Frequency Dividers, DOI 10.1007/978-3-319-15874-7_3



22 3 Design Considerations for CMOS Voltage-Controlled Oscillators (VCOs)

In + G Qut
— H(jeo) A Y

Z(jo)

5
+
YO
S

Fig. 3.1 Feedback model of (a) a general oscillator and (b) an LC oscillator

shift of the LC tank should be zero to enable the oscillation. The start-up condition
of the LC oscillator can be expressed as below:

Gn - real{Z(jwo)} > 1 (3.3a)
imag{Z(jwo)} =0 (3.3b)

After the oscillation starts up, the effective G,,, drops with the growth of the
output amplitude which in turn would be limited due to the nonlinearity of the
active devices. As a result, the large signal loop gain Gy, - real{Z(jwy)} will always
equal to one for stable oscillation.

If the gain and phase conditions in (3.3a) and (3.3b) are met at multiple
frequencies, the oscillator may start up with any of these frequencies and have
multiple modes of oscillation [1]. For the frequency with larger loop gain, there
would be a higher chance for the oscillator to start up because less energy is
required. If the loop gains at multiple frequencies are close to each other, concurrent
oscillation may even happen if the active devices in the negative-G, cell meet
certain nonlinearity requirement [2—4].

3.1.2 Phase-Noise Definition

In the time domain, an ideal oscillator provides a perfectly periodic output of
Vour(t) = Vg cos (wpt), with a constant amplitude V, and a constant oscillation
period Ty = 27 /w,. However, in a real oscillator, noise would cause fluctuations
on the phase of the output signal, which can be expressed as below:

Vour () = Vo(2) cos [wot + ¢, (7)) (3.4)

where ¢,,(¢) represents the small random phase noise that perturbs the zero crossings
of Vou(f) as shown in Fig. 3.2. This perturbation on the zero crossings will change
the oscillation frequency or period, which corresponds to jitter in the time domain.

Since phase perturbation ¢,(¢) is small, it can be assumed that cos [¢,(¢)] ~ 1
and sin [¢,(1)] = ¢, (). So (3.4) can be approximated by
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Fig. 3.2 Output waveforms of an ideal and a real oscillator

Vour (1) = V(2) cos (wot) — Vo (2)h, () sin (wo?) (3.5)

Since the amplitude is limited by the nonlinearity of the active devices, the
fluctuation of V(¢) is typically small and can be assumed to be constant for
simplicity. The instantaneous power of the V. (#) can be obtained by calculating
the autocorrelation E[Vgut(t)], and the power spectrum density (PSD) S, (f) of
Vou(?) can be obtained by applying the Fourier transform to the autocorrelation:

Sout(f) = Ssig(@) + Ssig (@) * Sy, (w) (3.6)

where S, (0) = (V§/2)8(w — wo) + (V§/2)8(w + @) is the PSD of the ideal
oscillation signal, Sy (@) is the PSD of the phase noise ¢,(t), and the operator *
represents convolution in frequency domain.

Figure 3.3 shows the actual spectrum of a typical oscillator. The skirts located on
both sides of the desired tone at frequency @, and —wy represent the effect of the
frequency fluctuation caused by phase perturbation ¢,(¢). Intuitively, the oscillator is
expected to spend more time at frequency @y, so the phase noise should be lower as
the frequency offset from w( becomes larger. Typically, the phase noise is defined as
the ratio of the single-side-band noise power within 1-Hz bandwidth at a frequency
offset Aw away from w to the carrier signal power as shown in Fig. 3.4:

Proise (Aw, 1HZ):| (3.7)

L(Aw) = 1010g10[

carrier

which has a unit of “decibels below the carrier per Hertz”” or dBc/Hz.
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3.1.3 LC-Tank Properties

As shown in Fig. 3.5a, an LC resonant tank is made of an inductor L and a capacitor
C with their resistive loss modeled by a parallel tank resistor R;,. The tank imped-
ance Z, can be expressed as

1
Z(w) = m (3.8)

According to the phase condition in (3.3b), the resonant frequency w is

1
vLC

From Fig. 3.5b, the amplitude of tank impedance also reaches its maximum (R;,) at
. Since the frequency response of the LC tank exhibits the band-pass character-
istic, g is also called the center frequency.

Denoting the series resistive losses in the actual inductor and capacitor as ry and
rec, their quality factors are defined as Q; = wL/rg. and Q¢ = 1/(wC - ryc),

w0 = 2nfy = (3.9)
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respectively. If the Qp, and Q¢ are high (Qf > 1, Q% > 1), the effective parallel
resistances become R ~ Qi -1 and R pc = Q% - Tsc. So the total parallel resis-
tance of the LC tank is given by R, = RpL| |Rpc, and the quality factor of the LC
tank (Qr) can be defined as

1wl 1 1 1
U= — 1
o Re (@0 Re~ Qulen) " Qelen) (3.10)

In other words, the tank quality factor Qr equals to QLHQC and is typically
dominated by the inductor Q. at frequencies below ~20 GHz but by the capacitor
Qc at frequencies above ~40 GHz.

When the operating frequency has a small deviation A@w from the resonant
frequency wy, the tank impedance can be approximated as below:
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1
1 i(2Qr . A
w i 2)

Equation (3.11) is quite useful when calculating the amplitude and phase of the LC
tank at a frequency offset close to my.

It is worth to note that the definition of Qt in (3.10) only works for the second-
order LC tank. For a high-order resonant tank, more general definitions of the tank
quality factor can be used [5]:

Z(Aw) =~ (3.11)

1. From the perspective of energy, the tank quality factor can be defined as the ratio
of the energy stored in the resonant tank to the energy dissipated per cycle:

Eslored
Pdiss

QT_Energy = o (312)

From the definition, a high Qt_gperey indicates a small energy loss and thus
a small power consumption of the oscillator. In the second-order LC
tank, it is easy to prove that Qr_gperey just equals to Qr defined in (3.10) since
Estored = LIrznax /2 and Pgiss = (RSL + RSC)Iﬁmx/z-

2. From the perspective of band-pass filters, the quality factor can also be defined

as the ratio of the center frequency to the 3 dB-bandwidth as shown in Fig. 3.5b:

wo
Q ] =
T_BW BW3dB

(3.13)

Here, a high Qt_gw indicates a narrow passband that provides better frequency
selection and thus better phase-noise rejection capability. According to (3.11),
BWi4g = wo/Qr if BW3q4p is small. So, as long as Qr _gw is high, it can also be
well approximated by Qr defined in (3.10).

3. From the perspective of feedback systems, the quality factor can be defined as a
measure of the phase slope of the open-loop transfer function H(jw):

dg(w)
dw

_%
Qr_ps = >

(3.14)

W=

In this definition, a higher Qt ps indicates a sharper phase response to the
frequency change around w,, which suggests that if the phase noise causes a
deviation from the oscillation frequency, it will tend to return to w, faster,
resulting in a “purer” frequency spectrum since the oscillation frequency stays
at wq for a longer time [6]. This definition of quality factor is useful in the
oscillator design since it can be directly derived from the open-loop transfer
function regardless of the types of the resonant tanks employed.
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Generally, for an oscillator with a second-order open-loop transfer function as
H(s) = bys/(s*> +ays + ag), by substituting s with jw, it can be rearranged as
below:

j(biw)

Hjw) = (a0 — @?) + j(a10)

(3.15)

The phase of H(jw) is ¢(w) = /2 — tan ~'[a 0/ (ag — @?)]. According to the
Barkhausen criterion, the oscillation frequency wy = /a¢ can be determined by
satisfying the phase condition. And the tank quality factor can be obtained by using
(3.14)

do(w)
dw

_%
Qrps = 2

_ VA (3.16)

aj

W=wq

Again, from (3.11), Qr ps equals to Qr when a second-order LC tank is
employed.

3.1.4 Frequency Tuning

According to (3.9), the oscillator frequency can be tuned by changing either the
tank inductance or capacitance. Generally, varactors (variable capacitors) are most
widely used because their capacitance can be tuned by adjusting the control voltage.
Figure 3.6a shows the tuning characteristic of a PMOS capacitor by connecting the
drain, source, and body nodes of a standard PMOS transistor together. When Vgg is
lower than the flat-band voltage Vg, the device works in the accumulation mode.
Since electrons can move freely at the channel surface, the MOS capacitor just
equals to the oxide capacitor Cox = Eox(WL)/tox, where W and L represent the
channel width and length, respectively, while &£, and t,, represent the oxide
permittivity and thickness, respectively. As Vpg increases, the PMOS enters the
depletion region, and the total capacitor becomes the oxide capacitor in series with
the depletion capacitor. When Vpg is much larger than the threshold voltage Vy,,
the device is operated in the strong inversion region, where the channel is open to
allow the holes from the source and drain to move freely at the channel surface. So
the MOS capacitor rises up to C,, again.

In a VCO, since the varactors are connected to the nodes with a larger voltage
swing, the effective capacitor is determined by the average capacitance during each
cycle. So the monolithic C—V characteristic is necessary to guarantee the mono-
lithic frequency tuning. By preventing the PMOS transistor from entering the
inversion or accumulation region, either accumulation-mode MOS (AMOS)
varactor or inversion-mode MOS (IMOS) varactor can be realized, respectively.
Figure 3.6b shows the cross section of an AMOS varactor. Removing the P+ doping
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Fig. 3.6 Cross sections and tuning characteristics of (a) a pMOS capacitor and (b) an AMOS
varactor

of source and drain would avoid the inversion mode since there are no suppliers for
the holes. In the advanced CMOS technologies, the AMOS varactor is mostly used
since it displays better noise performance than both the IMOS and diode
varactor [7].

The tuning range of the varactor is determined by the C,.x/Cpin ratio. Since
most of the C,,;, comes from the overlap capacitors between the gate and the drain/
source, the C,,,/Cpin ratio can be increased by increasing the channel length at the
cost of the Q degradation due to the increased channel resistance.

3.2 Phase-Noise Analysis

VCO phase noise has direct and negative impact on the performance of wireless
communication systems. In the receiver path, blockers and interference at some
frequency offset from the desired RF frequency would be folded into the frequency
band of the desired signal through reciprocal mixing with the phase noise of the
VCO at the same frequency offset. On the other hand, in the transmitter path, the
LO phase noise would cause spurious emission outside the frequency band of the
desired signal, which may become blockers or interference for other receivers
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nearby. Besides, the LO phase noise also corrupts phase-modulated signals during
frequency up-conversion or down-conversion [6]. So this section will deal with
various methods to analyze the phase noise in an LC-VCO, which would serve as
guidelines on how to achieve a low phase-noise LC-VCO design.

3.2.1 Linear and Time-Invariant (LTI) Model

In an NMOS LC-VCO shown in Fig. 3.7, the noise comes from the tank loss, the
active devices in the cross-coupled pair, and the current bias. From a linear time-
invariant model in Fig. 3.8a, the noises from the active devices and the parallel
resistor of the tank can be modeled by noise currentsi, , andiy (, respectively. When
the oscillation becomes stable, the effective Gy, should be equal to —1/R , to satisfy
the Barkhausen criterion, so the effective impedance seen by both the noise currents
is just the impedance of lossless LC tank as shown in Fig. 3.8b. Since i, , and i, , are
uncorrelated, the total output noise voltage can be expressed by

—— l/5— 5
VZow = E(lﬁ,a + lﬁ,t> N2 g (A)

1 -
=5F 2 |Ziigea (Aw) [

(3.17)

where F=1+ iﬁ,a /ii’t is the excess noise factor. Since the amplitude noise is
greatly suppressed by the amplitude-limiting mechanism in practical oscillators, the
total output noise would be dominated by the phase noise. So according to the
equipartition theorem of thermodynamics that noise energy would split equally
between phase and amplitude noises [8], a scaling factor 1/2 is added to (3.17). By
substituting /2, = 4kT/R, and |Z_jgea(Aw)| = [R}/(2Qr)] - (wo/Aw) in (3.17)
and normalizing the output noise power to the carrier power, the phase-noise
equation can be expressed as

v2 XXTE [ 1 o\
L(Aw) = 101o Lo ) — 10log,, | —— (——)
(Aw) g1o< Py, ) 210 l Py \2QqAw

From (3.18), the most straightforward way to reduce phase noise is to increase Qt

(3.18)

and the signal power. Furthermore, (3.18) can be rearranged by substituting Py,
= (Vo/\/i)z/Rp and Qr = woC - R, as below:

F kT Cl)())

L(Aw) = 1010g10< C—

Qv C et (3.19)
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Fig. 3.8 (a) Equivalent circuit for the calculation of phase noise from the active devices and the
tank loss in a LC-VCO, (b) simplified equivalent circuit for stable oscillation

where V is the output amplitude. In other words, the noise contribution from the
tank is proportional to kT/C if w is fixed, which suggests that the combination of a
large capacitor and a small inductor would reduce the phase noise if Qr and V, are
kept unchanged. However, large power consumption would be required to keep the
same V since a small L would decrease the parallel tank impedance R,,.
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3.2.2 Linear and Time-Variant (LTV) Model

Despite its simplicity, the time-invariant model has two major limitations when
converting the noise from the resonator and from the active devices to the output
phase noise:

1. The impulse responses of the phase and amplitude of the output waveform
strongly depend on when the noise current pulse 5(¢ — 7) is actually injected
into the LC tank. As shown in Fig. 3.9, assuming Vo (f) = Vo - cos (wof) where
Ty = 27/ wy is the oscillation period, injection of the noise current 6(¢ — 7) at the
time 7; when V,u(#;) =0 would cause maximum phase shift but with zero
amplitude shift. On the other hand, if 6(¢ — 7) is injected at the time 7, when
Vou(f2) = Vo, the phase shift would be zero, but the amplitude shift would be
maximum. If the injection of 5(¢ — 7) is at times other than ¢, and #,, both phase
and amplitude shift would occur. In other words, the impulse response of the LC
tank has the time-variant property. Due to the amplitude-limiting mechanism in
practical oscillators, the amplitude shift would decay with time. However, the
phase shift would always persist.

2. The amplitude of the current noise from the active device is not constant. As
shown in Fig. 3.10 with @ and ¢ being the conduction angle of the active devices
and the phase of output voltage, respectively, in Region 1 (R1), when
n/2+®/2 < ¢ <37/2—@/2, M; is off and produces no noise current. In
Region 2 (R2), when 0 < 7/2 — ®/2 or37/2 + @/2 < ¢ < 2z, although M is
on, its noise current cannot find a path to return to the LC tank since M, is off.
Assuming that the current source I is ideal, which has infinite output imped-
ance, and that the parasitic capacitor at the common source node of M; and M, is
negligibly small, the noise current cannot sink to the ground either. So the noise
current would not be converted to the output phase noise. Only in Region 3 (R3),
whenz/2 — ®/2 < z/2+ ®/20r37/2 — ®/2 < 37/2 + ®/2, both M and M,
are on, and their noise current would be injected into the LC tank and converted
to phase noise. The effective noise injected to the tank from M, is cyclo-
stationary since their amplitude changes with the phase of the output signals
within one cycle but stays the same when injected at the same phase for different
cycles.

To handle the time-variant and cyclo-stationary properties of the noise sources in
the oscillator, Harjimiri and Lee proposed a phase-noise theory based on impulse-
sensitivity function (ISF) [8]. Assuming that a small current impulse is injected to
the oscillator output node at time 7z (Fig. 3.9), the resultant output phase shift can be
expressed as [9]

Ap = T(wor) f]—v ~ D{ayr) 24

3.20
0 Gmax ( )

where Ag = AV - C is the effective charge injected into the tank and C is the tank
capacitance, ¢,,,x = Vo - C is the maximum charge swing, and I'(x) being periodic
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Fig. 3.10 Cyclo-stationary property of the effective noise from the active device M,

in 2z is a dimension-less time-varying ISF, which is a measure of how sensitive the
output phase is to the small charge injected. When normalized to gyax, ['(x) is made
to be independent of the output amplitude V and can be used to compare the phase
noise of oscillators with different output amplitudes.

Since the injection charge Ag due to the noise current impulse is quite small, the
system is still linear. As a result, the output excess phase ¢,(¢) can be obtained using
the superposition integral [8]

¢ (1) = LJ, I'(wot)a(wor) in(7)dz (3.21)

qmax

where a(wo?)iy(?) is the cyclo-stationary noise current injected to the interested node
and a(wot) represents the noise amplitude modulation in each cycle. Usually, the
effective ISF Tepr(x) = I'(x)a(x) is defined to merge the cyclo-stationary effect of
the noise current into the ISF.
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The noise power spectrum can be directly calculated in the frequency domain
[10]. First, the Fourier transform is used to convert the product I'es(@ot)i,(?) to the
convolution [eg(w) * I,(w) in the frequency domain. Then, the spectrum of ¢, (?)
can be expressed as

1 1
() = {041, (0)] + #9(0) Fen 041,01}
qmax .]a)
L1 (3.22)
=5 —[Cett (@) *In(@)] (@ # 0)
Since I'os(@ot) is also periodic, its spectrum ['.(@) can be expressed by
+00
Teir(@) = Y acd(w — k) (3.23)
k=—00

Since the coefficients a, are real, then ay = a_i. The convolution with the impulse
functions of I'.¢f(@) generates frequency components with frequency shifted by kawg
and amplitude amplified of by ay. Then these frequency components are added
together to get the final result of the convolution. As shown in Fig. 3.11, the current
noise located at both kg + Awy (k = 0,1,2) is converted to equal sidebands at
+Awy in Sy (f). So the single sideband phase noise can be expressed as

2
L(Aw) = 10log,, (M>
1 " R (3.24)
= 10logy, l4q2aAa)2 Anf< kz: )]

where ¢y = 2ax = 2a_x. According to Parseval’s relation,
G N ] 2 2 2
P =] @) dp = Mo, (3.25)

Equation (3.24) can also be expressed as

Fg ,rms 1_2
max

From the time-variant model, not only the noise in the vicinity of @ contributes
to the phase noise, the noise located at low frequencies close to DC as well as at the
vicinity of the integral multiples of wg are also folded to the vicinity of @g and also
contribute to the phase noise. This noise folding phenomena cannot be captured by
the time-invariant model descript in Sect. 3.2.1. Figure 3.12 shows a typical phase-
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Fig. 3.11 Calculation of the convolution I'eif(@) * I,(w) [8]

noise plot. If the flicker noise of the active devices are considered and used to

replace the current noise power at low frequency with E/ Af =K;/Aw, according
to (3.24), the phase noise can be expressed as

1 c% E
42 Aw? 2 Af

max

(3.27)

Kf 21 2
= 10logy, 87 Ao Uo Feff(x)dx:|
where the phase noise becomes proportional to 1/(Aw)>, which also coincides with
the measurement results. At moderate offset frequencies Aw, the phase noise is
proportional to 1/(Aw)* as predicted by both the time-invariant and time-variant
models since the thermal noise in the active devices becomes dominant. At large Aw,
the frequency response of the tank amplitude becomes flat, which indicates that the
tank provides weak noise filtering, and the phase noise is limited by the noise floor.
To calculate the total phase noise due to more than one noise sources, I'egs;(w)
from each source to the output excess phase can be calculated separately, and the
phase-noise power density ICIJ,Li(cu)I2 induced by each noise source can be deter-
mined accordingly. If the noise sources are uncorrelated from each other, I(ID,,,i(a))I2
can be directly summed up to obtain the total phase-noise power [8].

3.3 Design Insights Using the Time-Variant Model

Based on the time-variant model, intensive researches have been done to study the
LC-VCO phase noise due to different noise sources.
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Fig. 3.12 A typical phase-noise plot of LC oscillators as a function of offset frequency (x-axis in
log scale)

3.3.1 Phase Noise in 1/f* Region
Thermal Noise from the Cross-Coupled Transistors

For an LC-VCO with NMOS cross-coupled pair and tail-biasing transistor as shown
in Fig. 3.7, if assuming that (1) M; and M, always stay in the saturation region when
turned on, (2) the parasitic capacitor Cr at the common source nodes of M; and M,
is negligibly small, and (3) the output voltage is a sinusoidal waveform, then the
phase noise in 1/f? region due to the M, and M, can be calculated using the ISF
method as [11, 12]

1 KT 205R
L(Aw) = 10log,, R (1 + ﬂ‘i}op-yﬂ (3.28)

where V) is the differential output amplitude and y is the MOS channel noise factor
which is around 2/3 for long-channel devices but may become 2 to 3 or even larger
for short-channel devices [13]. Compared with (3.18), the excess noise factor F can
be explicitly determined as below:

205Rp

F=1
+ HVO

v (3.29)

In the current-limited region where the output amplitude is small, Mt always stays
in the saturation region and provides constant Iz during the entire oscillation period
as shown in Fig. 3.13a. Since the harmonics of Iy are filtered by the LC tank, the
output amplitude V|, is proportional to the fundamental component I, of the bias
current and the current efficiency is defined as f = Ig 4, /Is. So if I keeps constant,
Vo = PIgRp also increases linearly with Ig, and the excess noise factor F is kept
constant, which indicates that phase noise can be reduced by increasing I at a slope
of —20 dB/dec according to (3.28). However, when Vj is large enough, Mt enters
the triode region during the period when either V,,+ or V,,— is close to its
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minimum amplitude as shown in Fig. 3.13b. Eventually V, approaches its maxi-
mum value, which is around 2Vpp' for the NMOS LC-VCO in Fig. 3.7 and cannot
be further increased by increasing Ig. So the oscillator enters the voltage-limited
region. Since the current efficiency f drops, then F increases, indicating that M, and
M, now contribute more noise and that the phase noise is increased with Ig. As a
result, Iz should be properly chosen to bias the oscillator at the boundary between
the current-limited and voltage-limited regions to achieve the minimum phase-
noise performance, as shown in Fig. 3.14.

In the current-limited region, if the current commutation between M; and M, is
fast, square-wave waveform is reasonable to be assumed with # = 2 /x. Together with
(3.28), the excess noise factor can be simplified to F' = 1 + y, which indicates the
noise contribution from M, and M, is independent of the transconductance and thus of
the transistor size for the same Ip. Intuitively, as shown in Fig. 3.15, large transistor
sizes of M| and M, will result in a large equilibrium g, when Iy;; = Iy and thus large

noise power ii’Ml = 4kTyg,Af. On the other hand, large transistor size allows a fast
current steering between M; and M,, and the conductance angle @ is reduced which
implies that M; and M, spend less time injecting noise into the tank. As a result, the
total noise energy injected into the tank during each cycle is kept the same [6].

It’s worthwhile to note that if the parasitic capacitor Cr is large, even harmonics
of the noise current from M; will find a path to ground from Cr and thus contribute
to the output phase noise even when M, is off [14]. Moreover, if M; and M, enter
the deep triode region under large output amplitude V, their output impedance will
significantly drop. Since M, is off, M; will be in series with Ct and effectively a
low Q capacitor will be added in parallel with the tank, which degrades the tank Q
and thus the output phase noise. So it is important to keep Cr small.

" The exact value of the maximum V,, should be 2(Vpp — Vpmr), Where Vp yr is the minimum
drain voltage of Mt. The maximum V,, approaches 2Vpp, for a large Vpp.
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Thermal Noise from the Tail-Biasing Transistor

The noise current from tail-biasing transistor Mt experiences frequency trans-
lations when converted to the phase noise [6, 14]. Assuming the V is large and
the currents commutated by M; and M, are close to the square wave, the noise
current from My is mixed with the harmonic tones of the square wave through the
cross-coupled pair. Since the square wave contains only odd harmonics, only the
noise current around DC and even harmonics are translated to the frequency in the
vicinity of @wg. At low frequencies, flicker noise only modulates the output ampli-
tude after frequency up-conversion and can be ignored at this stage®. The even
harmonic components of the noise current are down-converted, which results in
both amplitude and phase noise in the vicinity of @. If the noise contribution from
Mr is also considered, the excess noise factor F can be revised by adding a third
term [11]:

215R
F=1+=—07 4+ nrgmRy (3.30)
Il'V()

where the scaling factorn = 21“3&1]’”“3(@) depends on the current conductance angle
@. From the plot of (&) in Fig. 3.16, #(®) and thus the phase noise from Mt can be
reduced by making M; and M, switch more softly. However, large @ makes the
current flowing through M; or M, deviate from the square-wave assumption and
causes the current efficiency S to drop, which in turn reduces V, and increases the
noise contribution from M; or M,. Consequently, the total output phase noise would
increase for large @. Another way to reduce the noise contribution from Mr is to
reduce its transconductance g.,r while still keeping the same bias current, which
can be realized by increasing its overdrive voltage or reducing the W/L ratio for the
same bias current. However, increasing overdrive voltage would result in a large
Vp.mT, Which decreases the maximum V,, that can be achieved.

3.3.2 Phase Noise in 1/f° Region

According to the time-variant model, the flicker noise of MOS transistors is
up-converted to the vicinity of @, and causes the close-in phase noise proportional to
l/(Aa))3. In this section, flicker noise up-conversion mechanisms from the cross-
coupled pair and the tail-biasing transistor in the current-biased VCO (Fig. 3.7) are
discussed.

2 As will be discussed later, the amplitude noise can also convert to phase noise if a varactor is
employed for frequency tuning in a VCO.
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Fig. 3.16 Tail current phase noise scaling factor #(®) as a function of @ [11]
Up-Conversion of Flicker Noise from the Cross-Coupled Transistors

In the previous analysis of the phase noise induced by the thermal noise of the
cross-coupled transistors, only the currents generated by the cross-coupled transis-
tors at fundamental frequency are considered, and the waveform of the output
voltage is assumed to be pure sinusoidal. However, the MOS transistor is a
nonlinear device, and its drain current is rich of harmonics, which cannot be ignored
when analyzing the effect of flicker noise.

As shown in Fig. 3.17, the fundamental component of the drain current Ip;(Ipy)
only flows through the parallel tank impedance R;, since the tank inductance and
capacitance are resonant at the fundamental frequency. But the harmonic currents
will flow through the tank capacitors since the capacitor exhibits lower impedance
than the inductor at high frequencies. As a result, the electrical energy stored in the
capacitors would be larger than the magnetic energy stored in the inductor. So the
resonant frequency of the LC tank has to decrease to guarantee the resonance
condition that the average electrical energy in the capacitor and magnetic energy
in the inductor are kept the same. The shift of resonant frequency due to the current
harmonics is commonly referred to as the Groszkowski effect [15]. If the drain
current Ip1(Ipy) is constant, then this frequency shift is static. But in the presence of
flicker noise, the amplitude and thus the switching time of Ip;(Ip,) will change with
time, which causes the fluctuation of the ratios between the harmonic currents and
fundamental current. As a consequence, the flicker noise will modulate the oscil-
lation frequency and contribute to the phase noise in 1/f° region [14, 16]. Usually,
the second harmonic current is the dominant source for the frequency shift, since
the flicker noise in M;(M,) modulates the voltage waveform at the common source
node, which induces a second harmonic current in the parasitic capacitors Cgy of
M;(M,) that directly injects into the tank [17].
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In the NMOS LC-VCO as shown in Fig. 3.7, if an ideal current source is used,
the common source node of M; and M, is floating so that the second harmonic
current is prevented from flowing into the ground. However, when a real transistor
My is used as current source, second harmonic current always exists due to its finite
output impedance and the presence of Ct. So one effective way to reduce flicker
noise contribution from M;(M,) by eliminating the effect of second harmonic
current is to insert an inductor Lg between the common source node and M [18],
as shown in Fig. 3.18. The L is chosen to be resonant with the parasitic capacitors
Cs and Cr at twice the oscillation frequency 2f,. So a high impedance Zg of the
common source node at 2fy is created to block the second harmonic current.
Besides reducing the flicker noise from M;(M,), the advantages of the tail filter
also include (1) preventing the tank Q degradation when M;(M,) enters into the
triode region and (2) allowing the use of a large Crt to eliminate the thermal noise
from Mr at 2fy.

Up-Conversion of Flicker Noise from the Tail-Biasing Transistor

Let’s consider the situation when a varactor is included in the LC tank for frequency
tuning. If the voltage dependence of Cy only has odd-order terms, e.g.,
Cy = Cvo(l + aVou + anu[ + - ~), the C-V characteristic of the varactor is
symmetrical to the point (Vou pe, Cvo) as shown in Fig. 3.19a, where Vo pc is
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Fig. 3.18 NMOS LC-VCO T
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the output DC voltage and Cyy is the varactor capacitance when V. = Vo pe. If

the output voltage is a sinusoid waveform, the average capacitance of varactor
T

defined as Cy avg = (1 /T)JCV(I)dt always equals to Cyq even if the output

0

amplitude is changed. So there is no noise conversion from amplitude modulation
(AM) to phase modulation (PM). However, if the voltage dependence of Cy
includes some even-order terms, e.g., Cy = Cyo(1 4+ aVou +aVy, +--), the
C-V characteristic of the varactor would not be symmetrical to the point (Vo pe,
Cyo) anymore as shown in Fig. 3.19b. As a result, the average capacitance Cy ,y,
would deviate from Cyq and change with the output amplitude. Accordingly, the
oscillation frequency would be modulated by the fluctuation of the output ampli-
tude which indicates AM-to-PM noise conversion. Since the flicker noise of Mt
modulates the output amplitude after frequency up-conversion, it also contributes to
the output phase noise at 1/f> region through the asymmetric C—V characteristic of
a varactor. Besides the varactor, the nonlinear parasitic junction capacitors from M;
and M, in parallel with the LC tank also cause the AM-to-PM noise conversion due
to the same mechanism.

To reduce the phase noise caused by the AM-to-PM modulation, it is better to
use the region of the C—V curve that has a C—V relationship similar to that shown in
Fig. 3.19a, which can be realized by properly choosing the voltage bias Vg at the
gate as shown in Fig. 3.20a. Furthermore, the contribution of capacitance in an LC
tank from both the varactor and the parasitic capacitor must be minimized. To
reduce the varactor size while still covering enough frequency range, a switch-
capacitor array (SCA) in Fig. 3.20a can be employed for coarse frequency tuning
[19, 20]. As such, only a small varactor is needed for fine-tuning to cover the
frequency gap between the adjacent frequency bands as shown in Fig. 3.20b. Here
the capacitors and switches are sized to be binary-weighted to reduce the number of
segments and the control complexity. For switch transistor, a minimum channel
length is preferred to reduce both on resistance R, and parasitic junction capacitor
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Fig. 3.19 Average capacitance of a varactor with (a) a C-V curve containing only odd-order
terms and (b) a C—V curve containing also even-order terms

C4 at the drain of the turned-off switch. So with the scaling down of CMOS process,
a larger capacitor ratio C,,/C,s between the on and off states of the SCA can be
achieved when the Q of SCA is kept the same. It is worthwhile to note that at high
frequencies when most switches in the SCA are turned off, the nonlinear parasitic
capacitors Cy may dominate the tank capacitance, and the VCO may suffer from
larger AM-to PM conversion than at low frequencies when most of the switches are
turned on and the tank capacitance is dominated by fixed capacitors C,. As a result,
the phase-noise plot at high-frequency end is expected to have a higher flicker noise
corner frequency Aw, s (Fig. 3.12), which would degrade the close-in phase-noise

performance.
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Fig. 3.20 (a) Schematic and (b) frequency tuning curves of combing a binary-weighted SCA and
a varactor

3.3.3 Comparison of Different LC-VCO Topologies

Figure 3.21a shows the schematic of a current-biased LC-VCO with complemen-
tary cross-coupled pairs, which employs both NMOS and PMOS cross-coupled
pairs to provide the required negative transconductance for oscillation. For the same
bias current Ig, the complementary LC-VCO can achieve twice the output ampli-
tude compared with the NMOS LC-VCO in Fig. 3.7, assuming both are in the
current-limited region [21]. In the current-limited region, with the similar assump-
tions for the NMOS LC-VCO in Sect. 3.3.1, the phase noise of the complementary
LC-VCO in 1/f? region due to the cross-coupled transistors can be obtained with the
help of the LTV model [22]:

1 kT wy Ynt7
L(Aw) = 101 — (1 P 3.31
(Aw) 0gi V2 C Da? ( + 5 ﬂ (3.31)

where y, and y, are the channel noise factor for NMOS and PMOS transistor,
respectively. If y, =y, (3.31) becomes exactly the same with (3.28) in the
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Fig. 3.21 (a) Complementary LC-VCO, (b) complementary LC-VCO with tail filter [23]

current-limited region when the current commutated by the cross-coupled pairs
can be well approximated by a square wave. So the phase noises of both NMOS
and complementary LC-VCO only depend on the output amplitude assuming the
same LC tank is used. Thus, the complementary LC-VCO can achieve a phase
noise 6 dB lower than the NMOS LC-VCO given the same current, assuming both
are in the current-limited region. However, with both PMOS and NMOS cross-
coupled pairs, the maximum differential output amplitude in the complementary
LC-VCO is limited to only Vpp, which is only half of that in the NMOS LC-VCO.
So the minimum phase noise achieved by the NMOS LC-VCO is 6 dB lower than
that by the complementary LC-VCO, when both are biased at the boundary
between the current-limited region and the voltage-limited region. Besides, for
the same supply voltage, the complementary LC-VCO is easier to start up since it
requires only half the current to achieve the same g;,, compared with the NMOS
LC-VCO. As a consequence, the complementary topology is suitable for the
low-power applications with relaxed phase-noise requirements. On the other
hand, NMOS LC-VCO is more suitable for the application requiring low supply
voltage.

Similar to the NMOS VCO, the tail filter can also be applied in the com-
plementary LC-VCO to reduce the flicker noise from My;(Mn3;) and Mp;(Mp;)
as well as to eliminate the thermal noise of My at 2f;, as shown in
Fig. 3.21b [23].
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Fig. 3.22 (a) Schematic and (b) voltage waveforms of the class-C VCO

Figure 3.22a shows the schematic of a class-C VCO [24]. By intentionally
adding a large capacitor Ct to the common source node and bias the cross-coupled
pair in the class-C mode, the waveforms of the currents commutated by M; and M,
are shaped to narrow pulses as shown in Fig. 3.23b [25]. If the current conduction
angle @ is small and M{(M,) stays in saturation region, the amplitude of the
fundamental current harmonic I, is close to the bias current Iz, which results in
an improved current efficiency close to unity. Since the current efficiency of the
class-B VCO in Fig. 3.7 is 2/m, the class-C VCO can theoretically achieve a 3.9 dB
lower phase noise given the same bias current Iz when both the class-C and class-B
VCO work in the current-limited region [24]. Besides, a large Cr also prevents the
noise up-conversion in 1/f* region by bypassing the thermal noise of My in the
vicinity of even-order harmonics of @ to ground.

However, if My, in the class-C VCO enters the deep triode region, the current
waveforms are no longer narrow pulses as shown in Fig. 3.23c, so the current
efficiency f in turn drops. Even worse, the low Q tail capacitor will load the tank
and degrade the phase noise severely. According to Fig. 3.22b, the maximum
differential output amplitude V, that still keeps M;(M,) in the saturation region
can be calculated as

Vo < Vpp — VB + Vi (3.32)

If Vg = Vy,, the maximum V,, equals to Vpp, which is only half of that in the class-
B NMOS VCO.
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3.3.4 VCO Figure of Merit

To compare the phase-noise performance of VCOs that consumes different power
and operates at different frequencies, the figure of merit (FoM) is defined as [26]

Paiss (Aw :
1 mW wo

where Py is the power consumption of the VCO normalized to 1 mW to keep the
FoM the same unit with the phase noise. Here, a high FoM represents better VCO
performance when the facts of phase noise, power, and oscillation frequency are all
taken into account. It is worthwhile to note that only the phase noise in 1/f* region is
normalized with offset frequency Aw according to (3.33). As such, the FoM would
drop significantly at small offset frequency Aw for the same oscillation frequency
and power since 1/f 3 noise becomes dominant. If substituting &£(Aw) with (3.19),
the equation of FoM can be rewritten as

FoM = —L(Aw) — 10log,, (3.33)
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Table 3.1 Comparison of the best phase noise and FoM for different LC-VCO topologies

Max.
LC-VCO topology F p | Vo Min. PN Best FoM
Class-B NMOS (with tail 1+v, 2/ | ~2Vpp |Ly FoM,
filter) n
Class-B complementary (with |1+ (y, + }’p)/2 4/ |~ Vpp |Ly+6dB |FoM,
tail filter) T
Class-C NMOS 1+y, 1 |~Vpp |Ly+6dB |FoM,— 1dB
kT F V
FoM = —1010g g |~ - = - (3.34)
1ImW PQ7 Vo

where = 1,,,/Ip is the current efficiency. It can be seen that the FoM in (3.34) is
independent of the oscillation frequency, offset frequency, and current consump-
tion, which allows a fair comparison of different VCO designs and provides some
design insights. Since the FoM is inversely proportional to Q%, increasing the tank
quality factor is the most effective way to improve the FoM. At frequencies below
10 GHz, Qr is dominant by the inductor quality factor which depends on process
parameters, such as the metal thickness, the distance between the metal to the
substrate, and the resistivity of the substrate. The noise excess factor F and current
efficiency f are related to the VCO topology used. Besides, for a chosen VCO
topology, the best FoM is achieved by biasing the VCO for the maximum output
amplitude.

Table 3.1 lists the minimum phase noise and best FoM that can be achieved in
the 1/f? region for different LC-VCO topologies. Since in both class-B VCO with
tail filter and class-C VCO, a large Ct can be used, the noise from the tail transistor
My can be ignored® and only the noise from the tank loss and cross-coupled
transistors are considered. It can be seen although the class-C NMOS VCO has
better current efficiency, the best FoM is still 1 dB worse than that of the class-B
NMOS VCO with tail filter due to the degradation of the maximum output ampli-
tude. However, the tail filter requires extra inductors and thus large chip area. On
the other hand, without the tail filter, the phase noise of the class-B VCOs would
degrade severely due to the noise from the tail transistor Mr. So it is expected that
the best FoM of class-B VCO without tail filter would be worse than that of the
class-C VCO.

To include the frequency tuning range in the comparison, the figure of merit with
tuning range (FoMr) is also frequently used:

? Here the effect of AM-PM noise conversion is ignored for simplicity so that the flicker noise from
the MT does not contribute to the phase noise, which is a well approximation as long as the
varactor is kept small.
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FrR()

FoMt = FoM — 20log;, { 10 (3.35)

where FTR is the frequency tuning range in percentage.

3.4 Quadrature VCOs

Modern wireless transceiver architectures require quadrature LO signals for both
up-conversion and down-conversion mixing [6]. To generate the quadrature sig-
nals, three techniques are commonly used as follows: (1) a single-phase oscillator
followed by a polyphase filter [27], (2) a single-phase oscillator operating at twice
the desired LO frequency followed by a quadrature frequency divider [28], and
(3) quadrature oscillators [29]. A polyphase filter using passive RC network
requires cascading of multiple stages to achieve a wide bandwidth with sufficient
quadrature accuracy, which would result in high loss of the LO signals. Oscillators
operating at twice the LO frequency suffers from high power, reduced frequency
tuning range, and small signal amplitude. Furthermore, the quadrature frequency
divider consumes significant extra power. Finally, these drawbacks are further
exacerbated at mm-Wave frequencies and beyond. As a result, the quadrature LO
generation scheme using quadrature VCOs (QVCOs) becomes more attractive at
high frequencies. Figure 3.24 shows the well-known parallel-coupled QVCO
(P-QVCO) architecture that couples two LC-VCOs using additional coupling
transistors Mz 4 and M;_g [29].

In the P-QVCO, since the total current injected into the tank equals to the
superposition of the currents from the cross-coupled pair and the coupling transis-
tor, the tank voltage and tank current is no longer in phase and there exists a phase
shift a between them as shown in Fig. 3.25a. To guarantee the total phase shift of
the loop to be zero, the tank must provide an additional phase shift —a. As shown in
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Fig. 3.24 Schematic of the parallel-coupled QVCO (P-QVCO) [29]
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Fig. 3.25 (a) The relationship between current and voltage phasors in a P-QVCO; (b) frequency
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Fig. 3.26 Current phasors of the P-QVCO: (a) V| leads V; (b) Vylags Vg

Fig. 3.25b, the oscillation frequency wys.; would need to deviate from the tank

resonant frequency @y = v/LC and is eventually determined by both the phase shift
—a and the phase response of the tank. The reason that the output voltages Vi and
V are quadrature with each other can be explained by the phase relationship of the
current phasors as shown in Fig. 3.25a. First, we assume that the phase difference ¢
between Vyand Vg can be an arbitrary value. Since I, (Ips) is always in phase with
Vi (V@4), the tank current I, (Ig,) has a phase shift a;(a,) with the tank voltage
Vi (Vg4). If the two oscillators are synchronized, they should have the same
oscillation frequency. If the two LC tanks are identical, a; must equal to a, to
keep the same oscillation frequency of two oscillators. Since the transistor sizes of
M,, and Ms_¢ (M3_4 and M-_g) are the same, |l =IIpsl and I3l =IIp;l. To
guarantee the condition that @) = a», the phase difference ¢ between Vi, and Vo
must be /2 as shown in Fig. 3.26a, which forces the quadrature relationship
between the output voltages Vy and V.

One thing to be noted is that the phase sequence between V; and Vg is not well
defined if the frequency response of tank impedance is symmetric with @, because
the situation that V; lags Vg as shown in Fig. 3.26b can also satisfy the phase
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Fig. 3.27 Variation of
phase shift a due to the
flicker noise from the
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condition and guarantee the oscillation at a lower frequency @s» as shown in
Fig. 3.25b. The detailed analysis on this bimodal oscillation phenomenon can be
found in [30], which suggests that the ambiguity on the oscillation frequency
(Wosc1, Wosc2) and 1Q phase sequence can be eliminated by adding sufficient phase
shift in the coupling paths.

In the P-QVCO, since extra coupling transistors are employed, they would
inevitably consume extra power and contribute noise to the VCO output. In the
1/f* region of phase noise, the contribution from thermal noise of the coupling
transistors behaves like that from the cross-coupled transistors. By defining the
coupling strength m = Ip3/Ip; as the ratio between the quadrature and in-phase
currents injected into each tank, the excess noise factor F in (3.19) increases to (1
+m) times of that in a single-phase cross-coupled VCO [31]. Moreover, since the
oscillation frequency w,s. of the P-QVCO in Fig. 3.24 deviates from the resonant

frequency w, the effective tank Qr at . is degraded to around 1/+/1 + m? times
of that at @, [32], which further degrades the phase noise. Although the excess noise
factor F and tank Qr can be improved by reducing the coupling strength m, IQ
phase accuracy would suffer in presence of mismatches of the tank components and
the active transistors between the two coupled oscillators.

In the 1/f° region of phase noise, as shown in Fig. 3.27, the flicker noise from the
coupling transistors changes the amplitude of the coupling current slowly which
causes the variation of the phase shift @ between the tank voltage and current and
thus modulates the oscillation frequency w,s. of the QVCO. This kind of flicker
noise up-conversion mechanism does not happen in a single-phase LC oscillator
since the tank voltage and current are always in phase. As a result, the corner
frequency Aw,, ;s between the 1/f * and 1/f* region (Fig. 3.12) is increased
compared to that of a single-phase LC oscillator [33], which indicates degraded
close-in phase-noise performance in the P-QVCO.

Particularly, for the P-QVCO, the coupling transistors consume extra currents,
which only induce the frequency shift and have no contribution to the output
amplitude since they are in quadrature with the output voltage. As such, the current
efficiency drops. To improve the current efficiency and the phase-noise perfor-
mance, the series-coupled QVCO (S-QVCO) with coupling transistors connected in
series with the cross-coupled transistors is proposed in [34] (Fig. 3.28). Since the
phase-noise contribution from the coupling transistors is reduced as a result of
degeneration in cascode configuration, the trade-off between phase noise and phase
accuracy can be relaxed. Unfortunately, the coupling transistors need to be much
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Fig. 3.28 Schematic of the series-coupled QVCO (S-QVCO) [34]

Fig. 3.29 QVCO using
superharmonic coupling
(SHC-QVCO) [36]

larger than the negative-resistance transistors to minimize their drain-to-source
voltage overhead to maximize the output amplitude and thus minimize the phase-
noise contribution, which would introduce large loading to the resonate tank and
significantly reduce both the operation frequency and the frequency tuning range.
Furthermore, connecting the coupling transistors in cascode would increase the
voltage headroom and make it unsuitable for low-voltage operation. To remove the
noise and power penalty of the coupling transistors, the signals can also be coupled
through the substrate terminal of the core transistors [35]. However, the large
signals coupled through the substrate may forward bias the substrate junction and
hence overload the resonant tank.

Another way to synchronize the LC-VCOs for quadrature generation is to couple
the LC-VCOs at the second harmonic frequency. For a single LC-VCO, the tail
node exhibits a periodic waveform at 2my. If this periodic voltage at the tail nodes
of two LC-VCOs is kept 180° out of phase, the outputs of the two VCOs will
operate in quadrature. Figure 3.29 shows one way to realize the out-of-phase
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relationship between the two tail nodes Vg; and Vg by coupling them together with
a 1:1 transformer [36]. For this superharmonic-coupled (SHC) QVCO, the coupling
relies on the second harmonic and does not require the oscillation frequency to
deviate from the self-resonant frequency g, which avoids the degradation of tank
quality factor. However, the phase error and the phase noise of the SHC-QVCO are
still not independent to each other. On one hand, the on-resistance of the cross-
coupled transistors has to be sufficiently low for effective coupling and reduced
sensitivity of the phase error to mismatches. On the other hand, large cross-coupled
transistors would inevitably limit the maximum oscillation frequency, load the
resonator, and thus degrade the phase-noise performance [37].

3.5 Low-Voltage CMOS VCOs

Assuming a VCO is in the current-limited region, according to (3.19) and (3.33), the
phase noise and FoM of the LC-VCO are degraded by 6 dB and 3 dB respectively,
when the output amplitude is reduced by half. Since the maximum output amplitude
is directly limited by the supply voltage, the minimum phase noise is significantly
degraded for low-voltage designs. From Table 3.1, it is obvious that both comple-
mentary LC-VCO and class-C LC-VCO are not suitable for low-voltage application
since its maximum output amplitude is inherently half compared with the NMOS
counterparts. Actually, even the NMOS LC-VCO cannot be practically used in the
wireless transceivers when supply voltage is reduced to 0.5 V or even lower due to
the poor phase-noise performance. In Chap. 5, transformer-feedback techniques
will be presented to break the output amplitude limitation set by the supply voltage
to achieve a much larger output amplitude than 2Vpp, which would improve the
phase noise and FoM under low supply voltage.

3.6 Wideband CMOS VCOs

The SCA as shown in Fig. 3.20 has been widely used for wideband VCO design to
reduce the varactor size and thus flicker noise up-conversion of the tail-biasing
transistor through AM-to-PM noise conversion. However, as already pointed out,
large tuning range requires large C,,,/C ratio and thus small switch size to reduce
Cofr, Which in turn results in large turn-on resistance and degradation of the quality
factor of the switched capacitor and thus the phase noise and FoM. Qr degradation
also reduces the parallel tank resistance Rp, which requires a large power consump-
tion to maintain the same output amplitude. At high frequency, the degradation of
tank Qr is even exacerbated since the capacitor Q becomes dominant. Moreover,
the large parasitic junction capacitors from the switches may dominate the tank
capacitance at high frequency, which exacerbates the AM-to-PM noise conversion.
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Fig. 3.30 Frequency V-
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An alternative way to tune the oscillation frequency is to change the tank
inductance [38—41]. As shown in Fig. 3.30, a switch is connected in parallel with
one segment of the total tank inductor so that the tank inductance can be changed by
controlling the switch to be on or off. Since the switched-inductor method provides
the coarse frequency tuning, the frequency range that the SCA and varactors need to
cover is reduced, which alleviates the capacitor Q degradation. On the other hand,
since the turn-on resistor of the switch is directly in series with L, it would severely
degrade the inductor Q. Increasing the switch transistor size can alleviate the
inductor Q degradation at the cost of a large parasitic capacitor C4 when the switch
is turned off. A large C4 would in turn decrease the effective inductance of L, and
limits the frequency tuning range.

In Chap. 6, the fourth-order amplitude and phase characteristic of a transformer
tank will be proposed to enable the VCO to operate in dual bands without the use of
lossy MOS switches. Chapter 7 will present a magnetically tuning method that
changes the effective coupling coefficient k of a transformer to extend the fre-
quency tuning capability from dual bands to multiple bands, which can significantly
increase the VCO tuning range at mm-Wave frequencies.
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Chapter 4
Design Considerations for CMOS Frequency
Dividers

4.1 Background

In addition to the VCO, a frequency divider is another key building block in PLLs
(Fig. 4.1), in particular the one following the VCO. Working at a much higher
frequency, frequency dividers typically consume substantially more power than
other building blocks operating at much lower frequencies, such as the PFD and the
loop filter.

Furthermore, as shown in Fig. 4.2, frequency dividers can also be employed
together with a differential VCO to generate in-phase and quadrature-phase
(IQ) LO signals that are essential for single-sideband mixers and modern wireless
transceivers [1].

4.2 Latch-Based Frequency Dividers

One simple way to realize a divide-by-2 (/2) frequency divider is to use two latches
in a feedback loop as shown in Fig. 4.3. The choice of circuit implementation of the
latch depends on the input frequency and the CMOS technology. For example, in a
65-nm CMOS process, the latch based on static logics [2] functions well for input
frequency below ~100 MHz. As the input frequency increases to a range from
several hundreds of MHz to several GHz, the latch based on dynamic logic such as
the true single-phase clocking (TSPC) logics [3] and the transmission-gate-based
logics [4] can be employed to achieve high-speed operation with low power
consumption as shown in Fig. 4.4a, b, respectively.

To expand the input frequency range, the latch based on the current-mode logic
(CML) can be employed. Figure 4.5 shows the CML latch with resistive load
[5]. Operating in the current mode, CML dividers can achieve much faster speed
than both the TSPC and transmission-gate-based dividers. Moreover, CML dividers
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do not require input signals with full swings, which renders them more suitable for
high-frequency applications. The maximum operating frequency that CML dividers
can achieve depends on the loading capacitance and the required output swing.
Typically in a 65-nm CMOS process, CML dividers can function well at input
frequencies up to 10 GHz.

To increase the input frequency, the dynamic load with the PMOS transistors
controlled by the clock signal can be employed, as shown in Fig. 4.6. In the sensing
mode, the PMOS transistors are operated in the linear region to provide a small RC
time constant at the output node. While in the latching mode, the PMOS transistors
are turned off to achieve a large RC time constant and small static current [6]. To
further boost the input frequency of the dividers, inductive load can also be used to
replace the resistive load in the CML latch at the cost of a large chip area.
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4.3 Injection-Locked Frequency Dividers

Frequency division can also be realized utilizing the injection-locked phenomenon
[7]. Figure 4.7a shows the model of an injection-locked oscillator (ILO), where an
input signal with frequency f;, and power P;, is injected into an oscillator with a
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Fig. 4.6 Schematic of the
CML latch with dynamic

load [6] CLK=

D+ L M; M, |—|l\/|3 |—><—| M,

D-

CLK+o [ M, Mg, o CLK-

free-running frequency of fys.. Assuming fi, is close to f,s, when Pj, is small
(Pin <Ppun), the oscillation frequency will not be disturbed by the input signal
and the output frequency f, of the ILO remains as fo... As Pi, increases above Py,
the output frequency will be pulled away from f,... But since P;, is not strong
enough to make the oscillator perfectly synchronized with the input signal, the
output frequency is unstable. Finally, when P;, is larger than the minimum required
power P,;, that guarantees the perfect synchronization between the oscillator and
input signal, the output frequency will be locked to f;,. When the ILO is locked and
fin 1s close to f,, the output phase noise would follow the input phase noise since
the output jitter will be corrected by the input signal every cycle.

By plot P.,;, for different fi,, the input sensitivity curve of an ILO can be
obtained as shown in Fig. 4.8. Since f;, can be either higher or lower than f,.., a
certain minimum input power P;, o will correspond to two different input frequen-
cies f_ and fy in the plot of sensitivity curve. Under the input power of P, o, the
ILO can be properly locked only when the input frequency f;, is located between fi.
and f. So the locking range at certain input power is defined as f; g = fy — f.. When
the input power is reduced, the locking range will decrease. Finally, the locking
range becomes zero when Py, <Py, which indicates that the input signal is too
weak to affect the f,.. As a result, f,, just equals to fc.

The ILO can be expanded to an injection-locked frequency divider (ILFD) by
mixing the output with the input signal first and then inject the two tones ( fi,, — four)
and ( fi, +fouy) at the mixer output into an ILO, as shown in Fig. 4.9. Since f;,, is close
to 2f,u, the injection-locked phenomena will force fi, — four =four- As a result, the
output frequency will be exactly f;,/2 if (i, — four) 1S Within the locking range of the
ILO.

4.3.1 Indirect-Injection ILFDs

Figure 4.10 shows the circuit implementation of the indirect-injection ILFD. The
input signal v;(2w) to be divided is applied directly to the gate of the tail-biasing
transistor, which converts the input voltage to the current i;(2w) and then mixes it
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with the output voltage v,(®) through the cross-coupled transistor M, to generate
the injected current i;y(w) to the LC tank. In the indirect-injection topology, the
cross-coupled pair providing the negative transconductance for the oscillator also
functions as the mixer.

In the indirect-injection ILFD, the total current i(w) injected into the tank
consists of two components: () and ic.p(w). Figure 4.11 shows the behavioral
model of the indirect-injection ILFD [8]. The cross-coupled transistor My, acts as a
single-balanced mixer which mixes the output voltage v,(w) with the currents
1;(2w) and Ipc from tail transistor, respectively. The expressions for ijn;(w) and
iccp(@) can be summarized as

iini (@) = K - i5(20) - vo () (4.1a)
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Fig. 4.10 Schematic of the
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iccp(w) = K2 : IDC : Vo(w) (41b)

where K; and K, are the conversion gains of the mixer. According to (4.1a) and
(4.1b), icep(w) is in the same direction with v,(w), while the phase relationship
between ijpj(@) and vo(w) is not fixed and can be an arbitrary value.

Since the injected current components ijj(@) and iccp(w) are all at the same
frequency @ with different phase, they can be summed up to obtain the total current
ii(w) injected into the LC tank using the phasor calculation as

(@) = finj (@) + iccp(@) (4.2)

Similar to an oscillator, for an ILFD to work properly, Barkhausen criterion
defined in (3.2a) and (3.2b) needs to be satisfied. Figure 4.12a shows the magnitude
and phase plots of the impedance of an LC tank. At the resonant frequency @, the
impedance magnitude is maximum, and the phase is zero. To lock the ILFD at a
frequency w different from the resonant frequency @y, it is necessary that the LC
tank operates away from the resonant frequency with a nonzero phase shift.
Assuming the phase of tank impedance is a(w) at the frequency w, the phase shift
y(w) between the tank current i(w) and the tank voltage v,(w), as shown in
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Fig. 4.12 (a) Frequency response of the LC tank impedance and (b) phasor diagram of the
currents injected into the LC tank

Fig. 4.12b, should meet the phase condition, which guarantees that the total phase
of the open loop gain is zero:

7(w) = —a(w) (4.3a)

In addition, to satisfy the gain condition, the amplitude of the tank current also
needs to be large enough to guarantee that the divider can properly oscillate, and the
output voltage is larger than the requirement across the whole locking range.
Assuming that the minimal output amplitude required is |V, min(®)!, the minimal
amplitude of the injection current can be expressed as below:

[ Vo, min(@)]

Z(@) (4.30)

lit, min (@)] =

The amplitude and phase requirements of i(w) can be analyzed with the help of
the phasor diagram as shown in Fig. 4.12b [9]. At certain output frequency @ within
the locking range, the position of the i, ,in(@) can be determined by substituting the
amplitude and phase of the tank impedance into (4.3a) and (4.3b). To achieve
a minimal output amplitude larger than v, min(®)l, li(w)l must be larger than
li¢ min(@)l. By connecting the end points of i, ,,;,(w) at different frequencies on the
phasor plane, the optimal locus of i y;,(@) can be determined. When the output
frequency @ moves further away from the tank resonant frequency @y, the tank
impedance |Z(w)! decreases and the phase shift la(w)! increases, and both li¢ yin(@)!
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and ly(w)l need to be increased in order to maintain the same output amplitude and
to satisfy the phase condition. At the edge of the locking range, if i(w) locates to the
left side of the optimal locus of i min(®), the divider has excess phase for the phase
condition but insufficient amplitude to satisfy the gain condition. On the other hand,
if i(w) locates to the right side of the optimal locus, the divider achieves enough
amplitude for the gain condition but insufficient phase to meet the phase condition.
Although Fig. 4.12 only shows the situation that w > w,, the phasor diagram
method and the above discussions can also be applied to the situation when
@ < wy by mirroring the phasor i(w) and the locus of i ,,;,(@) down to the bottom
region of the reference phasor v,(®).

By adding the current phasors ij,j(@) and i.p(@), the complete phasor diagram
can be drawn as shown in Fig. 4.13, which provides an intuitive way for locking
range analysis and optimization. Based on the definitions from (4.1a) and (4.2b), the
directions of ic.p(@) is in the same direction with v (@), while the direction of i;n;(@)
is arbitrary, and the phase difference f between i;pj(®) and i..p(@) can be any value
between 0 and 2. As a result, the locus of ij,j(@) or i(w) becomes a circle.

As shown in Fig. 4.13, if Ipc of the indirect-injection ILFD is large, liccp(@)! is
large so that the locus of phasor i;yj(@) is located to the right side of the optimal
locus of iy min(@) but do not intersect with it. In this case, since li(w)l is always
larger than li; min(®)|, the gain condition is always met, and the locking range is
limited only by the phase condition. So the divider is working in the phase-
condition-limited (PCL) region. In the PCL region, the maximum and minimum
output frequencies wy and @y are only determined by the maximum phase shift y,,,.x
that i,(w) can provide. Based on the phasor diagram in Fig. 4.13, y.x is achieved
when i(w) is tangent to the locus of ij,j(w) which can be expressed as below:

[Ymax| = arcsin <M> (4.4)

[icep ()]

It follows that the value of wy and w; can be determined by finding the
corresponding frequency for the phase shift @ = —y,,, on the phase plot of the
tank impedance as shown in Fig. 4.12a. If the frequency response is symmetrical to
the resonant frequency @y, the total output locking range can be expressed as
A(ULR = Wy — W, = 2((1)[-[ — a)()).

In the PCL region, according to (4.4), the locking range can be increased by
increasing li;j(w)! while still keeps li..p(@)! the same. In Fig. 4.10, since i;(2w) =
g.Vi(2w) and gt = 2Ipc/(Vpe — Vi), where gt is the transconductance of the
tail transistor Mr, lijl can be increased by reducing the overdrive voltage
(Vpc — Vi), while Ipc is kept the same. So M with a large W/L ratio is preferred.

To boost the locking range of indirect-injection ILFDs, the current-bleeding
technique is proposed in [8] (Fig. 4.14). By adding a current path from Vpp to the
drain of Mr, the total current flowing through the cross-coupled pair M), is
reduced, while the total DC current flowing through My is still kept the same.
Since lij(2w)l can be still kept the same, the lij,j(@w)l/liccp(@)! ratio is increased.
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Fig. 4.13 Phasor diagram Locus of it min
of the indirect-injection
ILFD in the PCL region

iccp( ) V(@)

So according to (4.4), the locking range is increased. The current source Igje.q can
be implemented with a PMOS transistor as shown in Fig. 4.15. In addition to
bleeding the DC current, the input voltage can also be applied to the gate of
PMOS transistor to create another injection current i; ,(2w). So the total inject
current at frequency 2@ is increased to ij(2w) =i;,(2w) +i; p(2w). As a result,
‘iinj(a))’ /licep()| and thus the locking range is further increased by reusing the
gm of the PMOS transistor for DC current bleeding.

4.3.2 Direct-Injection ILFDs

An ILFD can also be realized by directly injecting the currents into the LC tank of
an oscillator as shown in Fig. 4.16a. Figure 4.16b shows the equivalent half-circuit
of the direct-injection ILFD where the total current i(w) injected into the tank
consists of three components: ijyj(w), ip(@), and ic.p(@). In a direct-injection ILFD,
the input transistor M;, and the cross-coupled transistor M, act as single-balanced
mixers. As shown in the behavioral model in Fig. 4.17, one input of Mixer 1 (M;,) is
from the total voltage Vpc+ viyj(2w) applied at the gate of M;,, while the other
input is fed back from the divider output v,_(w). Correspondingly, the output
current of Mixer 1 consists of the current components ijyj(@) and ig(w). Similarly,
the injected current ic.p(w) is generated by mixing v,_(w) and the DC current Ipc
through Mixer 2 (M,). The expressions for ijj(@), ig(@), and icp(@) can be
summarized as [10]

io(@) = Ki - Ve - Vo(®) (4.5a)
iinj (a)) = K2 . V,(2a)) . vo(a)) (45b)
icep(@) = —K3 - Ipc - vo(®) (4.5¢)

where K and K, are the conversion gains of the Mixer 1, while K3 is the conversion
gain of the Mixer 2. According to (4.5a)—(4.5¢), iccp(w) is in the same direction
with v(w), while ig(w) is in the opposite direction with v,(w) since the mixing
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Fig. 4.17 Behavioral model of the direct-injection ILFD

inputs v,,(w) and v,_(w) to generate this two currents are out of phase. The phase
relationship between ijj(w) and vo(w) is not fixed and can be an arbitrary value.

The phasor diagram can also be employed to analyze the locking range of the
direct-injection ILFD. As shown in Fig. 4.18, similar to the direct-injection ILFD, if
Ipc is large, the direct-injection ILFD is working in the PCL region. The maximum
phase shift y,,., that i(w) can provide is achieved when i(w) is tangent to the locus
of ij5j(w) which can be expressed as below:

Vmax| = arcsin( g )| ) (4.6)

[icep ()] = [io(@))|

Compared with the indirect-injection ILFD, since ijyj(@) and i.cp(@) in the direct-
injection ILFD comes from two different mixers, one more degree of freedom can
be utilized for the locking range optimization. In the PCL region, according to (4.6),
if lijhj(w)! and lig(w)! from the transistor M, is kept the same, ym. and thus the
locking range can be increased by reducing licp(@)l. On the other hand, reducing
liccp(@w)l would reduce the output amplitude. As the output amplitude is still
guaranteed to be larger than li; y,i,(@)! in the PCL region, the bias current Ipc should
be kept small in order to achieve a large locking range.

In the PCL region, as Ipc decreases, the locus of ij,j(@) moves to the left. After it
crosses the locus of i ,;,(®), the divider starts to work in the gain-condition-limited
(GCL) region, as shown in Fig. 4.19. In the GCL region, the maximum locking
range is achieved when the direction of ij,j(w) is vertical to that of vo(w). So the
maximum phase shift y,.x can be expressed as below:

— arctg< iy (@) ) (47)

[icep ()] = lio ()|
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If Ipc is further reduced after its optimum value is achieved, the maximum phase
shift y,ax starts to decrease which in turn degrades the locking range as shown in
Fig. 4.19.

To design a direct-ILFD with large locking range, the divider is preferred to
operate in the GCL region. When the LC tank and the input transistor M;, are fixed,
Ipc can be properly chosen to make sure that i;,;(w) is vertical to v,(w). To further
extend the locking range, large size of M, can be employed to increase both lijp;()!
and lip(w)l. At the same time, ic.p(@) and thus the DC current of the divider also
need to be increased accordingly to ensure that i;p(w) is still vertical to vo(w). In
other words, the locking range is increased at the cost of larger power. Besides,
large M;, would add more parasitic capacitance, which would limit the maximum
operating frequency of the divider.

4.3.3 Design Consideration for the LC-Tank

The locking range depends not only on the maximum phase shift y,,,.x that i(@w) can
provide but also on the characteristics of the tank impedance. Consider two ILFDs
using two LC-tanks with the same resonant frequency @ and quality factor Qr but
different inductance values as shown in Fig. 4.20a. Since the tank with larger L has a
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Fig. 4.20 Frequency responses of the LC tank impedance for (a) different L/C ratios (with the
same Qr and @) and (b) different tank quality factors (with the same L/C ratio and @)

less steep phase response when the frequency is close to @y, its ILFD can achieve a
wider locking range when operating in the PCL range for the same phase shift y,,,.x
that i(w) can provide. In the GCL region, to achieve the same wy, the tank with the
larger L can provide a larger IZ(w)I, which results in a smaller I to fulfill the gain
condition. As a result, a larger inductance or a larger L/C ratio is always preferred in
both PCL and GCL regions. In practice, the L/C ratio is limited by the capacitive
loading from the next stage as well as the parasitic capacitance at the output node.

Now, let us consider two ILFDs using two LC-tanks with the same @, and the
same L/C ratio but different Qt as shown in Fig. 4.20b. Since the tank with the
lower Q has a less steep phase response when the frequency is close to @, its ILFD
can achieve a wider locking in the PCL range, again for the same phase shift y,,.x
that i(w) can provide. However, in the GCL range, to achieve the same wy, the
ILFD with the lower Q tank needs to consume more power since its IZ(w)! is
smaller at the same frequency. In other words, in the GCL region, a tank with a
higher Q is preferred to minimize the power consumption.

4.3.4 Phase-Noise Performance

Figure 4.21 shows the noise model of the ILFD, which is similar to a Type-I first-
order PLL [11, 12]. Here N is the division ratio while ¢y, in, @n ou. and @y osc
represent the phase noises of the injection signal, the divider output, and the divider
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as a free-running oscillator, respectively. The output phase noise can be expressed
as below [11]:

@, Lin(Aw) Aw?

Aw? + a2, N2 + Aw? + a2,

Low(Aw) = Losc(Aw) (4.8)

where w,, can be approximated by the locking range Aw; g of the ILFD when the
deviation of the output frequency from the tank resonant frequency w, is small
[13]. It is worthwhile to note that w, decreases as the output frequency moves
toward the edge of the locking range [12, 14], which indicates less suppression of
the phase noise from the free-running ILFD.

According to (4.8), the output phase noise contains two terms. In the first term,
the input phase noise ¥£;,(Aw) is firstly scaled by 1/N? and then filtered by a
low-pass filter (LPF) with a 3-dB bandwidth of w,. Meanwhile, in the second
term, the phase noise from the free-running ILFD is filtered by a high-pass filter
with a 3-dB bandwidth of w,,. The output phase noise can be obtained by summing
up the noise contributions from both the input and the free-running ILFD as shown
in Fig. 4.22. At low offset frequencies, the output phase noise is dominated by the
input phase noise plus 20 log(N). On the other hand, at offset frequencies larger
than w,, the output phase noise just follows the phase noise of the free-running
ILFD since the input does not affect the output anymore. For an ILFD operating at
mm-Wave frequencies, the locking range is typically of several GHz so that the
output phase noise would be dominated by the input phase noise at offset frequen-
cies in the range of several hundreds of MHz.

4.3.5 ILFD Figure of Merit

Based on the locking range analysis in Sects. 4.3.1 and 4.3.2, the maximum locking
range achieved is a direct trade-off with the power consumption. So the most used
figure of merit (FoM) of the ILFD is defined as below:

_ Afr [GHz]
FoM = m (49)
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Fig. 4.22 Phase noises of the ILFD as functions of the offset frequency

where Afj g and Py are the frequency locking range and power consumption of the
ILFD, respectively. When properly locked, the output phase noise within the
interested offset frequency is determined by the input phase noise, and the phase
noise is excluded from the FoM expression to make sure that ILFDs with different
injection sources can be fairly compared.

4.4 Miller Frequency Dividers

Another effective way to realize the frequency division at high frequencies is based
on a regenerative topology consisting of a mixer and a LPF in a feedback loop, as
shown in Fig. 4.23. The mixer has two inputs: one being the input signal to be
divided and the other being the output signal itself. Due to the mixing operation,
there are two output tones at frequencies of (fi, —fou) and (fin +four) at the mixer
output. After passing through the LPF, only the tone with the lower frequency of
(fin — fouy) 1s remained. Since the feedback loop forces that fi, — fou =four, the
output frequency will be exactly f,/2.

Figure 4.24a shows the circuit implementation of the mixer-based frequency
divider which is also well known as a Miller divider [15]. Here, a double-balanced
mixer is employed with the inputs connected to the gates of the tail transistors M;_
g and the outputs fed back to the gates of switching transistors M_4. The inputs of the
Miller divider can also be swapped. In other words, the outputs of the Miller divider
can also be fed back to the gates of the tail transistors Mg, while the inputs are
connected directly to the gates of the switching transistors M;_, as shown in
Fig. 4.24b, which can reduce the output capacitance at the cost of increased input
capacitance. To achieve better suppression of the unwanted frequency component
(fin + four), Wwhich becomes the third harmonic of the desired output signal, the LPF is
typically replaced by a narrow-band band-pass filter formed by an LC tank load [16].
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Fig. 4.23 Simplified
behavioral model of the
Miller divider

Fig. 4.24 (a) Type-I and
(b) Type-II Miller dividers
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Fig. 4.25 Behavioral model of the Type-I Miller divider

Figure 4.25 shows the corresponding behavioral model for the Miller divider in
Fig. 4.24a, in which ii(20) = —g,7/3Vi(20) and icp(@) and ijyj(w) are the mixing
products of the output voltage v, (w) with the DC current —Ipc and with input
current i;(2w), respectively. The expressions for i;y; and i, can be summarized as

iinj (@) = K - §(20) - vo() (4.10a)
iccp(a)) = K2 . IDC . Vo(a)> (410b>

where K; and K, are the conversion gains of the Mixer 1 and 2, respectively.

Due to the double-balanced configuration, the i.cp(@) from Mixers 1 and 2 are in
the opposite direction and thus completely canceled with each other. Since the total
current injected into the tank contains only one component of 2i;,j(@), there will be
no current flowing through the tank without the input signal, which indicates that
the Miller divider cannot self-oscillate. The lack of i..,(w) also explains the reason
for large power consumption required by the Miller divider. As shown in the phasor
diagram in Fig. 4.26, the Miller divider can only operate in the DCL region, in
which the phase condition can always be satisfied, and the locking range is limited
by insufficient loop gain. Since the DC current only serves to provide the transcon-
ductance converting the input voltage to current and has no contribution to the loop
gain, the FoM of the conventional Miller divider is certainly much lower than
ILFDs.

To improve the performance of the Miller divider, the double-balanced mixer
architecture can be modified to intentionally introduce imbalance to prevent the
current icp(w) from Mixers 1 and 2 from being perfectly canceled. One way to
realize this imbalance is to bleed the DC current flowing through the transistors M,
and M, by adding another current source as shown in Fig. 4.27 [9]. As shown in the
behavioral model in Fig. 4.28, since the DC current of M5 is kept the same as that of
Mg, the input currents 1;(2w) generated by My and Mg and thus the ij,j(w) generated
by Mixers 1 and 2 still have the same amplitude. However, since the DC currents of
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Fig. 4.26 Phasor diagram ~ _eemeeeel
of the Miller divider LT, .

~ .
~~~~~~
..........

Mixer 1 is smaller than that of Mixer 2, the mixing product liccp p1(2@)! becomes
smaller than li..,(2w)l. Consequently, the total current injected into the tank is
increased t0 2ijpj(@) + Aicep(2w), Where Aleep(2w) = icep(20) — igep pi(2w) and can
be adjusted by controlling the bleeding current Iyjeeq. As shown in Fig. 4.29, with
the help of the current phasor Ai..,(2w), the locus of ij,j(2w) can be moved toward
the right, and the divider can achieve a larger locking range compared with the
conventional Miller divider without consuming more power.

Unlike the conventional Miller divider, the current-bleeding Miller divider may
oscillate even when there is no input signal if I.q and Ipc are large enough.
Actually, as shown in Fig. 4.29, to achieve the optimal condition that i;,j(2w) is
vertical to v,(2w) for maximum locking range, Ai..p,(2w) is already large enough to
sustain the oscillation without input signals. As the main difference between the
conventional Miller dividers and ILFDs is whether the divider can self-oscillate
without input signals, the current-bleeding Miller divider is more suitable to be
categorized as an ILFD.

4.5 Summary

As discussed in Sects. 4.3 and 4.4, the indirect-injection ILFD, direct-injection
ILFD, and current-bleeding Miller divider can all achieve a large locking range at
mm-Wave frequency. Since the size of input transistor in direct-injection ILFD is
much smaller than those in indirect-injection ILFD and current-bleeding Miller
divider. The direct-injection ILFD presents the smallest loading capacitance to the
VCO output and thus is most widely used in the frequency synthesizer [17-19] at
mm-Wave frequency.

In Chap. 8, the transformer techniques will also be employed to effectively
reduce the supply voltage of the regenerative ILFD which evolves from the Miller
divider and significantly boost the locking range of the direct-injection ILFD.
Thanks to the compact layout of the integrated transformer, the area of the ILFD
with a transformer tank can be kept almost the same as that of the ILFD with a
simple LC tank.
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Fig. 4.29 Phasor diagram
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Chapter 5
Ultralow-Voltage VCO and QVCO Using
Transformer Technique

5.1 Introduction

For the conventional NMOS LC-VCO as shown in Fig. 3.7, a low supply voltage
would result in the decrease of the output signal amplitude V, and thus the
degradation of the phase-noise performance since the phase noise is inversely
proportional to V,? according to (3.19). For example, if the supply voltage is
reduced from 1.2 to 0.3 V, the maximum V, would roughly decrease from 2.4 to
0.6 V (ignoring the voltage headroom required by the current-biasing transistor). As
a result, the minimum achievable phase noise will degrade by 12 dB' assuming all
other parameters, including the tank capacitance, the tank Qr, the oscillation
frequency wy, and the offset frequency Aw, are kept the same. Such a phase-
noise degradation is unacceptable for many cellular standards with stringent
phase-noise requirements such as GSM requiring —162 dBc/Hz at 20-MHz fre-
quency offset from a carrier frequency of 900 MHz [1].

Firstly, in this chapter, a novel design technique is presented to realize a
transformer-feedback VCO (TF-VCO) in a standard CMOS process with high
performance even at a supply lower than the threshold voltages of the MOS
transistors [2]. The advantages of the TF-VCO over the conventional LC-VCOs
are twofold: (1) the main limitation of the signal amplitude of a VCO with a low
supply voltage is overcome by the concept of dual signal swings, which enables the
output signals to swing above the supply voltage and below the ground potential to
increase the carrier power and thus to improve the phase noise; (2) the transformer-
feedback technique also improves the tank quality factor and shows an excellent
cyclo-stationary noise property, which helps reduce the phase noise for a given

'The FoM is still kept the same according to (3.30) since the current to sustain the maximum V,,
also reduces by 4 times, and thus the power consumption reduces by 16 times. However, at low
supply voltage, even the power budget can be increased, and the phase noise could not be
improved anymore since the oscillator would enter the voltage-limited region.

© Springer International Publishing Switzerland 2015 77
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power consumption. The transformer-feedback technique was demonstrated with
two VCO prototypes fabricated in a standard 0.18-pm CMOS process. The first
version is a 0.35-V 1.46-mW 1.4-GHz TF-VCO using PMOS transistors and two
single-ended transformers [3]. The second version is a 0.5-V 570-pW 3.8-GHz
TF-VCO using NMOS transistors and a single differential transformer. Measure-
ment results of the two designs show comparable FoMs with the recent state-of-the-
art VCOs that operate at much higher supply voltages.

Secondly, the technique to passively couple two LC-VCOs through on-chip
transformers for quadrature generation is presented [4, 5]. By replacing the cou-
pling transistors with the coupling transformer, undesirable effects contributed by
the coupling transistors (including flicker noise, channel thermal noise, parasitic
capacitance, and extra power consumption) are eliminated, which reduces both the
phase noise and power consumption and increases the oscillation frequency of the
QVCO. Moreover, the transformer-coupling technique also enjoys all the advan-
tages of the TF-VCOs, including reduction of the minimum supply voltage required
for the QVCO.

5.2 Transformer-Feedback VCO (TF-VCO)

5.2.1 Topology and Circuit Model

Figure 5.1a shows the schematic of the transformer-feedback VCO, which employs
an integrated transformer in place of the inductor in the conventional LC-VCO. The
primary coil of the transformer with self-inductance L, is connected at between
Vpp and the drain terminal of the cross-coupled transistor M, », which constitutes
the tank together with the capacitor C4, while the secondary coil with self-
inductance L is connected between ground and the source terminal of M;,,. The
primary coil Ly and the secondary coil Lg are magnetically coupled to each other
with a coupling coefficient k.

Figure 5.1b plots the single-ended voltage waveforms, where V4 and V; repre-
sent the voltages at the drain and source terminals of the transistor My, respec-
tively. Since the source of M, is connected to the secondary coil of the transformer
instead of directly being connected to the ground, it can swing below the ground
potential. Furthermore, when the gate voltage is increased, the drain and source
voltages are decreased at the same time. The reduction of the source voltage
effectively lowers the ground potential and allows the drain voltage to go to a
negative potential when the transistor is turned on. Since the drain and source
signals oscillate in phase, the gate and source voltages are forced to be out of phase,
which enlarges the effective gate-source overdrive voltage. Compared to the con-
ventional LC-oscillators which can only achieve a maximal output amplitude
of ~Vpp, this phase synchronization provides extra voltage headroom for the
drain oscillation and increases the driving capability of the cross-coupled
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Fig. 5.1 Transformer-feedback VCO: (a) schematic and (b) waveforms of drain and source
terminals

transistors, which effectively boosts the maximum oscillation amplitude. To esti-
mate the maximum output amplitude, assuming an ideal coupling coefficient k = 1
for simplicity, the source signal amplitude V is related to the drain signal amplitude
Vg by Vi = V4/N, where N is the turn ratio between the primary and secondary
coils defined as N = y/L4/Ls. As shown in Fig. 5.1b, the maximum drain voltage
amplitude is given by V4 = Vpp + V; for the TF-VCO. So by substituting V with
V4/N, Vamax 1s expressed as

N
N-1

Vd,max = Vbp (51)

Figure 5.2 compares the output amplitude of the TF-VCO with that of a conven-
tional LC-VCO. At a 0.5-V supply voltage, the TF-VCO with N =2 achieves a
maximal V4 of 1 V, which is twice of the maximum V, that the conventional
LC-VCO can achieve at the same supply voltage.

To analyze the performance of a TF-VCO, the feedback loop through the cross-
coupled pair is broke and the circuit is rearranged as shown in Fig. 5.3. Now the
open-loop transfer function becomes Vou/Vin = (Vou/Vx)(Vx/Vin). Since Vou/
Vi = Vi/Vi, due to the symmetric property, then |Vou/Via| = |Vx /Vin|2 and
Z(Vout/Vin) = 22£(Vx/Vin). So the loop can be characterized by calculating the
half-circuit transfer function V,/Vj,.

5.2.2 Oscillation Frequency and Phase Noise

To calculate the transfer function V,/Vj,, the transformer is replaced by the
equivalent circuit model in Fig. 2.3 to obtain the small-signal equivalent circuit
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Fig. 5.2 Simulated voltage
waveforms at the drain and
source of M1/2 for both the
TF-VCO and the
conventional VCO at a
same Vpp of 0.5 V
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Fig. 5.3 Open-loop rearrangement of the TF-VCO

for the half-circuit as shown in Fig. 5.4, where R4 and R, represent the parallel tank
resistances of the primary and secondary coils, respectively. For simplicity, assume
that k =1 and that the output impedance of M, are negligibly large. By applying
Kirchhoff’s current law to both the source and the drain terminals, the following

equations can be obtained:

gm(Vin — Vs) = (

1 1 .
R—S + SCS —+ S_L§> VS —+ le (523)
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Fig. 5.4 Small-signal equivalent circuit for the half-circuit

1
iy = — (— + SCd> Vi — gm(vin — Vs) (52b)
Ry

Substituting i, with (5.2b) and V with V,/N in (5.2a), the transfer function V,/V;,
can be expressed as

Vs _ sgnla('5) (5.3a)

Vin 2(LaCy + LCy) + s[gLad (b — 1)+ + 5] +1

Assuming the inductor loss dominates the tank loss and the quality factor Q4 and
Qs of Ly and Ly are high, which is typically true at the frequency range of several
GHz, then R4 and R, can be expressed by wgLqQq(@wq) and oL Q4(wy), respectively,
where wq = 1/4/LqCq and ws = 1/4/LsC; are the resonant frequencies of the tanks
at drain and source terminals, Qq(@q) is the quality factor of L at frequency wgy, and
Qs(wy) is the quality factor of L at frequency ws. By further defining K = /Cq/Cs,
(5.3a) can be rearranged as

Vy 5g2m (5

Vi 2 L IN) 1111
PLoCo (14 ) + 5[ emla () s + g +1

(5.3b)

According to Barkhausen criterion, the phase of V,/V;, needs to be 180° to
guarantee the oscillation. So the oscillation frequency can be expressed as

1 1 _ (OF] (54)

= /LG 1 2
VLG, \/1+<NK)2 \/1+(%)

According to (5.4), if ws is much larger than @y, wo can be approximated by wq
= 1/4/L4C4y so that the oscillation frequency of the TF-VCO is only determined by
the tank at drain terminal.

o
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Equation (3.16) can be employed here to directly obtain the tank Qr from the
second-order transfer function given by (5.3b):

(@0 N-1\1 1]
e e ey o

Since the resonant frequency of the secondary tank wj in this design is far above the
oscillation frequency wq and the inductor quality factor Q at higher frequency w;
would be larger than Qq at w, the second term of (5.5) can be reasonably ignored.
Using the approximation that wy ~ w4, Qr can be well approximated as below:

1

ngd) %

Qr = 11— ( Qq (5.6)

The term (N — 1)/N? could be optimized with a maximum value of 1/4 when N
equals to 2. So a maximum Qg is achieved when N =2. Assuming g, R4=2,
Ly=3nH, wg =27 - (4GHz), s = 4wy, Qg=13, and Q= 10, Fig. 5.5 compares
the simulated Q and the calculated Qr by using (5.5), which are quite close to each
other.

Figure 5.5 also plots the simulated magnitude of the transfer function V,/V;, at
the oscillation frequency. It can be seen that IV,/V;,l is increased with N. Since a
large 1V,/Vi,l indicates a large open-loop gain, a large N is preferred to make the
TF-VCO easier to start up. However, according to (5.1), a small N is preferred to
achieve a large maximal output amplitude. So the choice of N needs to take
considerations of the Qr, the start-up condition, and the maximum output amplitude
comprehensively. In this design, N &~ /5 is chosen to guarantee the robust start-up
at low supply voltages, for which the Qr degradation is negligible compared to its
maximum value obtained at N =2. Meanwhile, according to (5.1), N = /5 still
gives a maximum output amplitude of ~1.8 times larger than that of the conven-
tional LC-VCO.

In addition to the enhancement of the tank Qr, the TF-VCO also inherits the low
phase-noise feature of the Colpitts oscillator because of the similar feedback
mechanism. Figure 5.6a and b shows a comparison between a common-gate
Colpitts VCO and the half-circuit of TF-VCO, where the transformer is represented
by the equivalent circuit model in Fig. 2.3. For the Colpitts oscillator, the capacitors
C, and C, form the feedback network. These capacitors constitute an important part
of the total tank capacitance and thus limit the maximum achievable L/C ratio. This
contradicts the requirement for a high tank impedance to achieve a low phase noise
and low-power design. Furthermore, the capacitor dividers also limit the maximum
oscillation frequency the Colpitts VCO can achieve. So the Colpitts VCO is not
favorable for low-power applications. The TF-VCO, on the other hand, uses a
single transformer for the feedback across the drain and source nodes and does
not impose extra capacitance to the tank circuit, which is similar to the Hartley
design [6, 7]. As aresult, the TF-VCO can operate at a higher oscillation frequency.
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Fig. 5.6 Schematics of (a) Colpitts VCO and (b) the TF-VCO

The TF-VCO, which consists of cross-coupling of two single-ended VCOs,
further enhances the cyclo-stationary noise property of the Colpitts structure. The
idea is similar to the designs in [8] in which a single-ended Colpitts VCO uses a
transformer to dynamically control the gate voltage bias or a differential Colpitts
VCO uses two cross-coupled Colpitts VCO at the gate nodes. The TF-VCO shows
advantage over [8] by using a single transformer rather than two capacitors for the
feedback action.

In order to verify the cyclo-stationary noise advantage of the TF-VCO over the
conventional LC-VCO, the impulse sensitivity function (ISF) I'(x) and T'og(x)
defined in Sect. 3.2.2 of the two topologies are compared. Two 4-GHz oscillators
using the transformer tank and the conventional LC-tank are simulated with the
same drain inductance value with quality factor of 5. The TF-VCO consumes
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Fig. 5.7 Comparison between the TF-VCO and the conventional LC-VCO: (a) voltage wave-
forms of the drain, (b) current waveforms of the drain, and (c) ISF and ISFeff of the cross-coupled
transistor M1/2

4.2 mA at a 0.5-V supply voltage, while the conventional VCO has the same current
consumption but at a higher supply voltage of 0.9 V. A current source between
transistor’s drain and source nodes is included and acts as a noise impulse with a
total charge of 7.8 fC. Figure 5.7 plots the voltage and current waveforms of the
drain terminals and the ISFs of the two topologies, which shows that the TF-VCO
gives much lower ISF and ISF. than those of the conventional LC-VCO. The
simulated phase noise of the TF-VCO and LC-VCO are —105.6 dBc/Hz and
—101.5 dBc/Hz at 1-MHz frequency offset, respectively.
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5.2.3 Circuit Implementation

To demonstrate the effectiveness of transformer-feedback techniques on reducing
the supply voltage of the VCO, two TF-VCO prototypes are designed.

Figure 5.8 shows the first design, which employs PMOS cross-coupled pair and
two single-ended transformers. The schematic is similar with that in Fig. 5.1a with
the NMOS being replaced with PMOS transistors. To avoid forward biasing of the
source-bulk junction when the instantaneous voltage at source terminal is larger
than Vpp, the source and bulk of M, are connected together.

Figure 5.9 shows the single-ended transformer used in the PMOS TF-VCO. Here
both the two inter-winding square spirals with three turns for the primary coils and a
single turn for the secondary coil are implemented in the top metal layer. Under-
passes are constructed with stacking of metal 4 and metal 5 to reduce their losses.
The transformer has an outer diameter of 325 um, an inner hole with a diameter of
120 pm, a metal width of 25 pm, and a spacing of 1 pm. From the measurement
results at 1.4 GHz, the self-inductances of the primary and secondary coils are
2.6 nH and 0.55 nH, respectively, while the quality factors are 6 and 2.8, respec-
tively. The coupling coefficient k is around 0.66.

The second design using NMOS transistors is exactly the same as that shown in
Fig. 5.1a. To avoid the forward biasing of the source-bulk junction, the NMOS
transistor is placed in a deep n-well which enables the direct connection between
the bulk and source terminals. This design takes advantage of the higher mobility of
the NMOS transistors compared to PMOS transistors so that the NMOS TF-VCO
can oscillate at a higher frequency.

Besides, a single differential transformer as shown in Fig. 5.10 is employed in
the NMOS TF-VCO. Compared to the single-ended inductor, the differential
inductor can achieve a better quality factor because the magnetic coupling between
the adjacent conductors reinforces the magnetic field and thus increase the induc-
tance value while the series loss is unchanged [9]. The differential transformer also
enjoys the same advantage over the single-ended transformer. In addition, the chip
area occupied by the differential transformer is also reduced for a given inductance
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Fig. 5.9 Layout of the Vpp ground
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value. In this design, the quality factor of differential transformer is further opti-
mized by increasing the metal width progressively from the inner to the outer turn
[10]. As such, the series loss in the outer turn is reduced, while its substrate loss
associated with the wider metal width does not cause much degradation on the
quality factor since it is more close to the virtual ground at the inductor’s center tap.
The transformer has an outer diameter of 343 pm and an inner hole with a diameter
of 156 pm. Both the two inter-winding octagonal spirals with five turns for the
primary coil and two turns for the secondary coil are implemented in the top metal
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Fig. 5.11 Chip micrograph of the PMOS TF-VCO

layer. Metal width of the innermost turn is chosen to be 9 pm and is increased
progressively to 15 pm for the outermost turn. From EM simulation, the self-
inductance of the primary and secondary coils are 7.74 nH and 1.65 nH, respec-
tively. The coupling coefficient is around 0.78.

5.2.4 Experimental Results

Both the PMOS and NMOS TF-VCO are fabricated in a standard 0.18-pm CMOS
process with a nominal supply voltage of 1.8 V and 6 metal layers. The thickness of
the top metal is 2-pm. The threshold voltages of the NMOS and PMOS devices are
around 0.45 V and —0.52 V, respectively.

Figure 5.11 shows the chip micrograph of the PMOS TF-VCO with a core area
of 0.33 mm®. The PMOS TFE-VCO consumes 1.46 mW at a supply voltage of
0.35 V.

For testing, an open-drain buffer is employed at the output of the VCO to drive
the 50-Q loading from spectrum analyzer. Figure 5.12 shows the output spectrum of
the PMOS TF-VCO. Figure 5.13 compares the measured and simulated phase noise
and supply sensitivity. The measured phase noise is —128.6 dBc/Hz at 1-MHz
frequency offset from a center frequency of 1.38 GHz, while the measured fre-
quency sensitivities to the supply voltage are —230 MHz/V. It can be seen that the
improvement of phase-noise performance with the increase of supply voltage from
the measurement is less significant compared to the simulated value, especially at
the supply higher than 0.5 V. This is because the oscillation amplitude increases
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Fig. 5.13 Measured and simulated phase noise and supply sensitivity of the PMOS TF-VCO

with the supply voltage and the transient gate-drain voltage of the cross-coupled
transistors approaches the breakdown voltage of 1.8 V. Since the simulated peak
gate-drain voltage increases from 1.75 V at 0.6-V supply to 2.52 V at 0.8-V supply,
the transistor model is no longer valid.
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Figure 5.14 shows the micrograph of the 0.5-V NMOS TF-VCO with a core area
of 0.23 mm? The NMOS TE-VCO consumes 0.57 mW at a supply voltage of
0.35 V.

The measured phase noise can be obtained from the closed-in spectrum as shown
in Fig. 5.15, which is —119 dBc/Hz at 1-MHz frequency offset from a 3.7 GHz
carrier at a varactor tuning voltage of 0.2 V. The TF-VCO is tuned by a simple
AMOS varactor, and the measured and simulated frequency tuning curves are
shown in Fig. 5.16. The frequency is tuned from 3.65 to 3.76 GHz when the tuning
voltage varies from 0 to 0.5 V, which corresponds to a tuning range of 3.0 %. With a
higher tuning voltage of 1.8 V, the tuning range will increase to 8.4 %. Phase-noise
performance across the tuning range is also plotted in Fig. 5.16. It can be seen that
the phase noise is degraded as the VCO gain increases since the AM-PM noise
conversion becomes significant. The measured and simulated frequency sensitivi-
ties to the supply voltage are plotted in Fig. 5.17 at a fixed tuning voltage of 0.9 V.
The supply sensitivity is around 273 MHz/V when Vpp changes from 0.35to 0.8 V.
Figure 5.17 also shows the measured phase noise as a function of the supply
voltage. The phase noise can be reduced by increasing the supply voltage at the
cost of a large power consumption.

Table 5.1 summarizes the performance of the two low-voltage low-power
TF-VCO prototypes and compare them with the published state-of-the-art
low-power VCOs. The average FoM of the NMOS TF-VCO is larger than both
the VCO reported in [12] and [14] and around 2-3 dB lower than that of the VCO
reported in [11] or [13]. However, the class-C VCO in [11] requires a relatively
high supply voltage of 1.0 V for achieving the best FoM of 195. Since the class-C
topology suffers from degraded maximum output amplitude as discussed in Sect.
3.3.3, the cross-coupled transistor would enter the deep triode region when turned
on if the supply voltage is further reduced, which would cause a sharp degradation
of the FoM. For the enhanced-swing differential Colpitts VCO demonstrated in
[13], since two separate differential inductors are needed, its core area would be
larger than that of the NMOS TF-VCO employing only a single differential
transformer when both VCOs operate at the same frequency.

5.3 Transformer-Coupled QVCO (TC-QVCO)

5.3.1 Topology and Circuit Model

Figure 5.18 shows the schematic of the transformer-coupled QVCO (TC-QVCO).
Two LC-VCOs are coupled passively by on-chip transformers instead of actively
by coupling transistors as in conventional QVCOs to generate quadrature outputs.
The architecture of each VCO is similar to the TF-VCO presented in Sect. 5.2. The
primary coil of the transformer (L) at the drain of each VCO is used to resonate
with the total output capacitance and to simultaneously couple to the secondary coil
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Fig. 5.17 Measured and simulated phase noise and oscillation frequency of the NMOS TF-VCO
as functions of supply voltage

(Ls) at the source of the other VCO. As such, the parasitic capacitance and the
power contributed by the coupling transistors are removed, which results in higher
operating frequency, larger tuning range, and lower power consumption. Moreover,
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Fig. 5.18 Transformer-coupling QVCO (TC-QVCO)

by utilizing the transformer coupling, the thermal noise and the flicker noise of the
active coupling devices are completely removed. In addition, the transformers
enable signals at the source terminals to swing below the ground, which helps
effectively reduce the voltage headroom and the minimum supply voltage as
discussed in Sect. 5.2.

To gain more insight into the operation of the TC-QVCO, the schematic in
Fig. 5.18 is redrawn as in Fig. 5.19. Similar to the P-QVCO, the TC-QVCO can be
rearranged as a ring structure with active coupling replaced by magnetic coupling.
Figure 5.20a shows the linear model of each stage with the transformer replaced by
its equivalent model given in Fig. 2.3. All the capacitances at the drain including the
frequency tuning capacitance, parasitic capacitance, and the loading capacitance
are lumped into the total capacitance C. For simplicity, the magnetic coupling
coefficient k of the transformer is assumed to be 1, and the loss of the transformer is
being modeled as a parallel resistance R. The equivalent circuit can be simplified as
shown in Fig. 5.20b, where N is the turn ratio between the primary and secondary
coils defined as N = /L, /L. It can be seen that the impedance looking into the
source node is boosted up by N? times when presented to the tank at the drain.

As shown in Fig. 5.20b, the current components injected into the tank can be
expressed as

. v
i1 = —g, <V[+ - %) (5.7a)

iz Em V],
= =M V5, —— 5.7b
2= (vo. - ) (5.7b)

So the total current injected into the tank can be calculated by summing the current
phasors i; and i,/N together:
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where ij and i, are the in-phase and quadrature-phase currents, respectively. The
in-phase current is mainly generated by the cross-coupled transistor, while the
quadrature-phase current comes from both the transformer and the cross-coupled
transistor, which is inversely proportional to N. Similar to the P-QVCO, the tank
voltage is also in phase with I;.

According to (5.7c), the coupling strength m of the TC-QVCO is given by

i 2N
m=2_

iI_NZ—]

(5.8)

which would decrease as N increases.
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5.3.2 Oscillation Frequency

Since the load of the TC-QVCO can be modeled as an equivalent parallel RLC
resonator, the admittance of the tank impedance can be expressed as

Aljo) = Mjo) = Aolio) = g+ 12 (2 -2) =G+ ¥(jo)  (59)

where wy = v/LC is the resonance frequency of the tank and R and Qr are the tank
impedance and quality factor at w, respectively. Applying Kirchhoff’s voltage law
to the in-phase and the quadrature-phase resonators, the following equations can be
derived to describe the behavior of the TC-QVCO:

Vi=gn Kl - 1\%) Vi —;VQ} Al(ljw) (5.10a)

By replacing Vi =V, and Vg = Voe/® in (5.10a) and (5.10b), ¢ is solved to be
either m/2 or —m/2 which represents two possible oscillation modes of the
TC-QVCO. So the corresponding oscillation frequencies @wys; and @wqe» can be
derived by substituting ¢ = £z /21in (5.10a) and (5.10b) and equating the imaginary
parts:

2
m m
wosc1/2:w0 iﬂ+ (E) +1 (511)

where m is the coupling strength defined in (5.8). Figure 5.21 plots the normalized
oscillation frequency as a function of the transformer turn ratio N assuming the tank
quality factor is 6. It can be seen that the deviation of the oscillation frequency from
the resonant frequency increases when the coupling strength increases. This is
similar to the situations for both the P-QVCO and the S-QVCO, in which a larger
quadrature-phase current injected into the tank results in a larger phase shift to be
compensated by the resonator and thus a larger deviation of the oscillation fre-
quency from the tank resonant frequency. So the similar method by adding phase
shift in the coupling path as discussed in Sect. 3.4 can also be employed here to
avoid the bimodal oscillation and guarantee a well-controlled 1Q phase sequence.
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5.3.3 IQ Imbalance and Phase Noise

When the TC-QVCO is implemented in the CMOS process, there exist inevitable
component mismatches between the two resonators, which would cause the phase
and amplitude imbalance and thus cause the performance degradation of wireless
transceivers. As discussed earlier, for the P-QVCO, the phase noise and the phase
error are strong functions of the coupling strength m. The phase and amplitude
errors decrease, while the phase noise increases with the increase of the coupling
strength. This trade-off is more relaxed in the S-QVCO as the coupling strength is
relatively constant.

To simulate the phase and amplitude errors of the TC-QVCO in presence of the
component mismatches, a 0.1 % mismatch between the tank capacitances of the
two resonators is assumed. The phase and amplitude errors of the TC-QVCO are
translated into the sideband rejection (SBR), which measures the power ratio of the
wanted sideband to the unwanted sideband. Figure 5.22 shows the simulated phase
noise and SBR as functions of N for the TC-QVCO with a tank Qt of 6 and a
transformer-coupling coefficient of 0.7. The oscillation frequency is set to be
around 17 GHz. When N is small, the source impedance will load the tank and
degrade the effective quality factor significantly, which is similar to the case in the
TF-VCO discussed in Sect. 5.2. Besides, small N also results in a large coupling
strength which further degrades the phase noise. When N becomes large, the
coupling strength is reduced, and the phase noise is improved, but the QVCO
becomes more sensitive to the component mismatches, which degrades the SBR.
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So the transformer turn ratio N should be chosen as a compromise between phase
accuracy and phase noise.

Notice that all the above analyses and results are obtained assuming that the
magnetic coupling coefficient k of the transformer is equal to 1 for simplicity. In
practice, k of a tightly coupled transformer at 17 GHz is around 0.6-0.8. As proved
in Appendix A.1, when k is close to 1, the results obtained before is still applicable
by replacing N with the effective turn ratio Negy = N/k given by (A.5).

To fairly compare the phase noise of QVCOs with different coupling methods, it
is important to keep the same level of phase error since there always exists trade-off
between the phase noise and the phase error in any QVCO topology. Figure 5.23
compares the simulated phase-noise performance of the P-QVCO (Fig. 3.24), the
S-QVCO (Fig. 3.28), the SHC-QVCO (Fig. 3.29), and the TC-QVCO. All QVCOs
are designed to have the same level of phase errors under 1-V supply voltage at
17 GHz. The quality factors of the inductor and transformer are both assumed to be
6. From Fig. 5.23, the TC-QVCO shows significant improvement in phase noise
compared to the P-QVCO and is closed to that of S-QVCO due to the structural
similarity. The TC-QVCO shows comparable performance with the SHC-QVCO at
high frequency offset although the tank Qr is degraded due to the deviation from
the resonant frequency. An alternate super-harmonic QVCO architecture in [15]
shows improved phase-noise performance at the expense of two more LC
resonators.

5.3.4 Circuit Implementation

Figure 5.24 shows the complete schematic of the TC-QVCO, where 2-bit binary-
weighted SCAs are used for coarse frequency tuning, while AMOS varactors are
used for fine frequency tuning. To further reduce the parasitic off capacitance, the
switches in the SCA are drawn in square-gate structure (donut structure) [16, 17] as


http://dx.doi.org/10.1007/978-3-319-15874-7_BM1
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Fig. 5.24 Complete schematic of the TC-QVCO

shown in Fig. 5.25. For this structure, the gate of the transistor encloses the drain
junction, which minimizes the drain junction and maximizes the grounded source
junction. So the parasitic capacitor at the drain is reduced at the cost of larger
parasitic capacitor at the source. However, the increase of the source capacitor is
not important as it is not directly connected to the output tank.

As the TC-QVCO is fully differential, two symmetrical octagonal differential
transformers as shown in Fig. 5.26 are used to implement (L4; and Ly;) and (L4, and
Ly») to achieve higher quality and smaller area compared with its single-ended
counterpart. The top thick metal is employed for both the primary and secondary
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coils to maximize both the quality factor and the self-resonant frequency. To achieve
large inductance ratio, the 2-turn primary coil is laid totally outside the single-turn
secondary coil. The bias can also be applied through the center tap nodes (CTp, CTy)
without affecting the RF performance. From the measurement, L, and L are 328 pH
and 97 pH, respectively, which corresponds to a turn ratio N of 1.84. The Qs of the L
and L are 5.2 and 2.5, respectively. The coupling coefficient k is around 0.59.

To measure the phase accuracy, a single-sideband (SSB) mixer as shown in Fig. 5.27
is included on chip. The phase and amplitude errors of the QVCO, which are very
difficult to measure directly and reliably at high operating frequencies, are translated
into the sideband rejection (SBR) by using the SSB mixer, which measures the power
ratio of the wanted sideband to the unwanted sideband. The IQ outputs of the
TC-QVCO are directly connected to the LO ports of the SSB mixer, while the baseband
1Q signals are applied off chip. By monitoring the RF,,,, ports with a spectrum analyzer,
the SBR and thus the phase accuracy can be measured [18]. To reduce the mis-
matches due to the long LO interconnection, the connection is being shielded by a
ground cave at expense of slightly larger parasitic capacitance.
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Fig. 5.27 Schematic of the SSB mixer for phase accuracy measurement

5.3.5 Experimental Results

The TC-QVCO is fabricated in a 0.18-pm CMOS process. Figure 5.28 shows the
chip microphotograph with a core area of 0.126 mm?.

Besides the transformer testing structure, other passive devices, including the
accumulation-mode varactors and SCAs, are also characterized using individual
test structures. Two-port S-parameters of the devices are measured using a vector
network analyzer with proper calibration. For the AMOS varactor, the capacitance
can be tuned from around 2667 fF when the tuning voltage changes from 0 to
1.8 V, which corresponds to a capacitance tuning range of C,,.x/Cinin =2.58, with a
minimum quality factor of 12. For the SCA, the capacitance can be switched from
22.5 to 47.5 fF, which corresponds to a capacitance tuning range of C,x/
Chin =2.11, and the minimum quality factor across the tuning range is measured
to be 24. The size of the switch can be further reduced if large tuning range of SCA
is preferred at the cost of degraded quality factor.

To measure the phase noise, the differential signals are combined using an
external power combiner and amplified by an external amplifier before going to
the spectrum analyzer. Figures 5.29 and 5.30 show the measured frequency spec-
trum and the tuning characteristic of the TC-QVCO, respectively. The TC-QVCO
can be tuned from 14.8 to 17.6 GHz with a tuning voltage from 0 to 1.8 V,
corresponding to a tuning range of 16.5 %.

Figure 5.31 shows the measured phase-noise plot. Drawing 5 mA from a supply
voltage of 1 V, the TC-QVCO measures a phase noise of —110 dBc/Hz at 1-MHz
offset from the 17-GHz carrier frequency. The TC-QVCO is also tested at lower
supply voltages and can operate properly for a supply voltage as low as 0.6 V.
Figure 5.32 shows the phase-noise plot at a 0.6-V supply, from which the measured
phase noises at 1-MHz and 10-MHz offset frequency are —102.6 dBc/Hz and
—125.3 dBc/Hz, respectively.

In order to measure the quadrature accuracy, the TC-QVCO together with a
single-sideband mixer (Fig. 5.27) is also implemented as a separate testing
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Fig. 5.29 Measured frequency spectrum of the TC-QVCO

structure, where the baseband low-frequency 1Q signals are generated off chip by
the vector signal generator. Figure 5.33 shows the up-converted frequency spec-
trum at the RF,, ports. The worst-case SBR is 38 dB among the measurement
results of four samples. The output frequency of the SSB mixer is lower than that of
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Fig. 5.33 Measured SBR at the output of the SSB mixer

the standalone TC-QVCO due to the extra parasitic capacitance from the SSB
mixer. Assuming that the IQ mismatch of the low-frequency external signals is
negligibly small, the measured SBR of >38 dB is equivalent to a phase error of
<1.4°[5.5].

Table 5.2 summarizes the measured performance of the TC-QVCO and com-
pares it with those of published state-of-the-art CMOS QVCOs.
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Chapter 6
Transformer-Based Dual-Mode VCO

6.1 Introduction

The ever-increasing demand for global mobility and multimedia services has
motivated realizations of multimode, multiband, and multi-standard wireless com-
munication systems. Software-defined radios (SDR) that can cover not only all the
existing wireless standards (including cellular, WLAN, WPAN, broadcast, posi-
tioning, etc.) but also future standards would be a promising and attractive platform.
Such radios require a local oscillator capable of ultrawide frequency tuning range
(TR) with sufficiently high spectrum purity to support diverse specifications.

In order to achieve a wide-tuning range using the capacitive-tuning method, a
large Cpax/Cuin ratio is required, which would inevitably degrade the Q of the SCA
or the varactor. Furthermore, even if it does not consider the degradation of
capacitor Q, the FoM cannot be kept constant over a wide frequency tuning
range. To elaborate this point, firstly the design goal is set to keep the phase noise
reduced with frequency in a slope of 20 dB/dec as shown in Fig. 6.1a. The phase-
noise expression of (3.18) is rearranged as below:

KTF /1 o\’
B I2Rp \Qr Aw

where I is the VCO current consumption, R, is the tank parallel resistance, and /3 is
the current efficiency. Assuming that tank Qr is kept constant across the frequency
tuning range from f; to f>, then to guarantee that the phase noise is proportional to
w?, I%Rp needs to be kept constant when @ changes. Assuming that R, is still
dominant by the inductor loss, then R, = Qp - (wL)  @. So Iy &< 1/y/w which
indicates that the power consumption at the low-frequency end needs to be
increased as shown in Fig. 6.1b. In case of FoM, according to (3.34), it can be
seen that FoM o 1/4/@, which indicates that FoM would degrade at the

L(Aw) = 10log (6.1)
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Fig. 6.1 (a) Phase noise and FoM as functions of oscillation frequency with x-axis in log scale;
(b) tank parallel resistance Rp and current consumption as functions of oscillation frequency with
x-axis in normal scale. (The solid line and dash line represent the cases using a single inductor and
two inductors, respectively)

low-frequency end as shown in Fig. 6.1a. For example, if f, = 2f, the required
current needs to be increased by ~1.4 times, and the FoM will degrade by 1.5 dB at
the low-frequency end as compared with the current and FoM at the high-frequency
end. If considering the loss from the SCA and the varactors, R, will further decrease
significantly, which would result in an even larger power consumption as well as an
even worse FoM at the low-frequency end.

If multiple inductors are used to create multiple frequency bands, the power and
FoM degradation can be alleviated. Here consider the case with two inductors for
simplicity. If L, with the same inductance value as that in the single inductor case is
employed only to cover frequency range from f,, to f> (assuming f> = af;,,), then L;
of a larger inductance L; = aL, can be employed. Since the use of a larger L; makes
R, at f;,, the same as that at f>, the current consumption and the FoM at f;, can also be
kept the same as those at f>. As a result, the increase of power consumption and the
degradation of FoM can be significantly reduced across the whole tuning range. For
example, by assuming f, =2f; and choosing f,, = \/f,f,, the FoM degradation
can be reduced to 0.75 dB, and the required current only needs to be increased by
~1.2 times across the whole tuning range from f; to f>.

To extend the frequency tuning range while still keeping the constant power and
FoM performance, multiple VCOs with optimized inductance values are used in [1,
2]. However, these solutions are quite inefficient in terms of chip area and cost.
Multiple frequency bands can also be generated by employing single-sideband
mixers [3, 4], but narrowband LC filtering is required to overcome the sideband-
rejection problem and the spurious emission caused by the mixing nonlinearity and
mismatches, which is not an area-efficient solution either. To keep a compact chip
area, switching inductors are used to realize dual-band or wideband VCOs [5—
8]. However, as discussed in Sect. 3.6, the use of switches inevitably introduces
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extra loss and degrades the inductor Q. Consequently, the switches contribute large
parasitic capacitance, which in turn results in the reduced tuning range.

Recently, multiple frequency peaks of high-order LC resonant tanks based on
multi-tapped inductors or transformers are exploited to realize multiband or wide-
band VCOs [9-13]. In [9], multi-tapped inductors are used to realize a fourth-order
tank, and based on one-port oscillations, a 0.8-GHz/1.8-GHz dual-mode VCO is
demonstrated with phase noise good enough for GSM/DCS/PCS standards. How-
ever, the use of multiple inductors still consumes large chip area. In [10], a
differential dual-mode VCO is introduced and demonstrated using transformers
with small turn ratio and moderate coupling. To cover a wide tuning range from 3.4
to 7.0 GHz, a one-port oscillator configuration is employed for the low-band mode,
while a two-port oscillator configuration is used for the high-band mode. Making
use of transformers with large turn ratio and high coupling, [11] demonstrates a
4-GHz/10-GHz dual-band QVCO and shows that one-port oscillators can be stabi-
lized with a notch-peak cancelation technique. Finally, exploiting a loosely coupled
3-coil transformer, [13] presents a one-port triple-mode wideband VCO tunable
from 1.28 to 6.06 GHz.

As demonstrated in these works, because the inductive components of a high-
order LC tank can be integrated as transformers, the chip area penalty is not as
much as compared to the conventional VCOs based on second-order LC tanks. In
addition, because there is no extra physical resistive loss introduced into the tank as
in the switched-inductor-based VCOs, the high-order LC tank-based VCOs show
great potential for the wideband or multiband applications. Moreover, with higher-
order resonant tanks, both one-port and two-port oscillation configurations become
available. However, compared to the conventional LC-VCO design, as the order of
the resonator increases, the design complexity is also increased, stability becomes
an issue, and more design parameters (including the inductor ratio, the capacitor
ratio, and the coupling between the inductors) need to be considered and optimized
simultaneously. As a result, it is desirable to have comprehensive evaluations and
comparisons of different circuit topologies and of their design parameters to
achieve optimal designs at different frequency bands for specific applications.

In [10], close-form expressions of the oscillation frequencies and the start-up
conditions for transformer-based one-port and two-port oscillators are derived by
assuming all capacitors are lossless, which unfortunately becomes invalid in wide-
tuning-range VCOs for multiband multi-standard applications. In this chapter, to
provide more complete understanding and to facilitate better performance evalua-
tion and optimization, the transformer-based one-port and two-port oscillator con-
figurations are systematically analyzed and compared not only with capacitive loss
but also for other key design parameters, including tank Qr, phase noise, and power
[14]. Tt will be shown that, comparatively, one-port oscillators consume less power
but need to be stabilized if the oscillation at the higher peak frequency is desired,
while two-port oscillators have no stability issue and have superior phase-noise
performance for a given output swing but is less efficient in converting the bias
current to the tank swing. Based on the analysis, a 2.7—4.3- and 8.4—12.4-GHz dual-
mode QVCO for SDR applications is designed and illustrated as a case study [14].
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Fig. 6.2 Transformer-based LC tank: (a) original network, (b) an equivalent network with
T-model, and (c) a simplified network in a special case when M is equal to L,

It is worthwhile to notice that a fourth-order LC tank based on multi-tapped
inductors is possibly equivalent to a transformer tank. Figure 6.2a shows the
transformed-based fourth-order LC tank with lossless inductors and capacitors.
By replacing the transformer with its equivalent T-model, the network is redrawn
in Fig. 6.2b. Considering a special case when M is equal to L, (L,/L; =k?), the
network can be further simplified to the one in Fig. 6.2c, which is exactly a fourth-
order LC tank based on a multi-tapped inductor without considering the coupling
between the inductors. This network is used by many designs [9, 12, 15] and shows
very similar properties as the transformer-based LC tank. Consequently, most of the
conclusions drawn for the transformer-based VCOs are also applicable for multi-
tapped-inductor VCOs.
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6.2 Analysis of the Transformer-Based Dual-Mode
Oscillators

6.2.1 One-Port Oscillators
Oscillation Frequency

Figure 6.3a shows the general model of the one-port dual-mode oscillator. Resistive
components are added in series with the inductors and capacitors to account for the
loss of the network, which can be typically compensated for oscillation by
employing a negative transconductance cell at either Port 1 or Port 2. The quality
factors of inductors and capacitors are defined as QL = wL/ry g,
Qci = 1/(0C - 15c1), Qua = @L/1g2, and Qcy = 1/(wC - 1yc2).

To facilitate the calculation of the tank impedance, the transformer is replaced
by the equivalent circuit model in Fig. 2.3. The network in Fig. 6.3b can be
represented by a simple network in Fig. 6.3c where C; is in parallel with the
effective inductance L; =L + AL,. The expression of AL; and Ary; can be derived
as below:

K () () - 1]

AL, = [k}_iz(ru N rcz)}z N (”:5‘)2 [1 ~ (%)2}2 L; (6.2a)

k]z-‘_II‘z(rL2 +102)(@Ly)’

s ] + () -

where the @; and , are given by w; = 1/4/L1Cyandw, = 1/1/L,C,, respectively.

Without loss of generality, let’s define L; = mL, =mL and C; =nC, =nC and
assume that k >0 and /mn = w,/w; > 1 in all the following discussions so that
@1 < wy. Then Z; can be quickly estimated by assuming a low-loss case (1, Iy,
rcr, ez — 0):

AI‘Ll = (62b)

jolLio[(1 - k*)w? — 3]

6.3
Dot @i+ ado-ated O

Zy =~ (1/sC1)||(sL1’> = i

Due to the symmetric property of the network in Fig. 6.3a, Z,, can be directly
rewritten from Z, as below:
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Fig. 6.3 Transformer-based one-port oscillator: (a) general model, (b) equivalent network for Z,
calculation, and (c) a simplified network for Z;; calculation

jo3Lo[(1 - K)e? — i

Z =
270 - 1) ot + (0 + 0d)0? — 0le?

(6.3b)

From (6.3a) and (6.3b), Z;; and Z,, have exactly the same two peak frequencies
located at
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) 0} + w3 & \/(a)% — a)%)2 + 4kza)%a)%
PH/L = 2(1— 1)

(6.4)

Besides the peak frequencies, there is one notch frequency @i noren in Z1; and
another notch frequency s noren i Z3,, Which are given as below:

w
@1 notch = ﬁ (653)
o (6.5b)

@2 notch = —F7—=
V-
Start-Up Condition

Figure 6.4 plots the magnitude and phase responses of Z;; and Z,, with high-Q
inductors and capacitors. The phase shift begins from 90° at low frequencies,
crosses 0° at the first peak frequency w;, and returns to 90° after either @1 potcn in
Z11 OF W2 noteh 1N Zsp and crosses 0° again at the second peak frequency wy.

According to (3.3), the start-up condition of the one-port oscillator shown in
Fig. 6.4a is given as below:

1
G, > 6.6
e feal{zll/zz(jwosc)} (6.62)
imag{zll/22(j0)osc)} =0 (66b)

where wps. = 1/ L'1C1 is equal to either wy or wy in the lossless case.

Assuming high Q; and Q¢;, the minimum G, for Port 1 to start-up oscillation
can be expressed as

1

I S
(Qu iy )[[(QeiPrer) L+ AL ™" At +re) - (6.7)

Gml],min =

Substituting AL; and Ar;; with (6.2a) and (6.2b), G,11.min can be further
expressed as below:

1 1 1 1 1 1 1
o (] o
a AjwoscLi [A1 QL Qg A2 QL Qe (6.82)

where A; = w%/wfm, A, = w%/wgsc, A= (Ag(A] — l))/(Al(Az — 1)), and the

high-order terms such as 1/(Qr.;Qc1Qc2) can be ignored due to high Qr; and Qc;.
Symmetrically, G2z min can also be rewritten from (6.8a) as below:
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Fig. 6.4 Impedance of a fourth-order LC tank: (a) Z;; and (b) Z,,
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At both the potential oscillation frequencies @y and wy, the phase shift is 0°, and
thus (6.6b) is satisfied. So the necessary conditions for start-up oscillation at wp
would become Gpi1 > Gt min(@L) or Gmz > Gmoz.min(@r), and for start-up
oscillation at wy would become Gy11 > Gmit,min(@H) O G2z > Gz, min(@n). If
Gp11 or G, is large enough to satisfy the two conditions, the oscillator can
potentially oscillate at either frequency w;. or wy or concurrently oscillate at both
frequencies. The final steady-state oscillation depends on detailed configuration of
the high-order LC tank and specific form of nonlinearity of the active device.

In either case, to avoid the concurrent oscillation and the potential stability
problem that the one-port oscillator could jump from one oscillation frequency to
the other in the presence of some disturbances, it is highly desirable to control the
oscillator to operate stably at only the wanted frequency. This can be achieved by
introducing the notch-peak cancelation concept [11]. From (6.4), (6.5a), and (6.5b),
if [kl — 0 or mn — oo, the notch frequency @1 poten and w2 porch Would approach wy
and wy, respectively, which suggests that the notch in Z; is prone to cancel the
high-frequency peak at wy, while the notch in Z,, is prone to cancel the
low-frequency peak at w;. As such, in Fig. 6.4a, b, there would be only one
dominant peak at oy (wy) in the magnitude response of Z;; (Z,,) for a practical
tank Qt. The phase shift of Z;; (Z,;) would stay around but fail to cross 0° at
wp(®L) a8 01 noteh(®W2.noten) 15 close by. So in both cases, there is no stability
problem since the start-up condition can be satisfied at only one peak frequency.

Figure 6.5a, b plots the transconductance ratio G 1 min(@n)/Gm22 min(®L) and
Gm22.min(®L)/Gmz2 min(@p) in a log scale, using the component values of L =1 nH,
C=300 fF, QL1 =Qr2=7, Qci =Qc2=20, m =n = 0)2/0)1- For Gui1,min(@n)/
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Fig' 6'5 One‘POIT oscillator: (a) Gmll,min((’-)H)/Gmll,min((UL) and (b) Gm22,min((UL)/G1n22,min((‘)H)
(both in log scale)

Gmi1.min(®wy), with different values of /mn and k, the transconductance ratio is
always larger than 1, which implies that if the cross-coupled pair is placed at Port
1 and designed such that Gy min(®L) < Gmi1 < Gmi1,min(@n), the VCO will
always oscillate at the low peak frequency. Usually, large Gui1min(@n)/Gmii,
min(@) 18 preferred since in some applications that requires low phase noise, and
Gp11 could be quite large to maximize the output amplitude. For Gyoo min(@r)/
Gm22.min(®n), the transconductance ratio is not always larger than 1, so the values
of /mn and k need to be properly chosen. For example, when k = 0.4, /mn needs to
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be larger than 1.5 to provide at least 6-dB margin for designing Gy;2;. On the other
hand, when k=0.8, \/mn needs to be larger than 4.5 to prevent the VCO from
oscillating at ;. Consistent with the notch-peak cancelation concept, large +/mn
and small [kl values are critical for the implementation of dual-band one-port
oscillator.

Tank Quality Factor (Qr)

According to (3.14), the tank quality factor Qr ;; for one-port oscillators at the
oscillation frequency @, can be expressed as

doy,
dw

. a)OSC

QT,ll - 2

- !
L + el

OSCL/ OSCdL,
Dose 1 (1 Dose T | gy = > (6.9)

2L, do

where ¢ denotes the phase of Z; and again w,s. = 1/ L'l C, is equal to either o,

or wy in the lossless case.
Combining (6.2a) and (6.2b) and ignoring high-order terms such as
1/(Q11Qc1Qc2) due to high Qp; and Qc¢y, Q.11 in (6.9) can be further expressed as

Q = ! ! + ! ! + ! ! + ! ! (6.10a)
T 0+DAIQy  1424Q  (1+4)A Qe 1447 Qe
Symmetrically, Qr 2, can be rewritten from (6.10a) as below:
1 1 1 1 1 1 1 1
Qrxn = (6.10b)

— — —
(1+2 A Qn 1+24'Qx (1+4)AQ  14+4Q¢

Although the expressions of Qr ;; and Qg are exactly the same, their values are
distinguishable since the desired oscillation frequencies are different (all the
parameters, A, A,, and A, are functions of @gg).

Phase Noise

Figure 6.6a shows the schematic of the transformer-based one-port dual-mode
oscillator, where the negative transconductance cells are implemented with the
NMOS cross-coupled pairs. The tail capacitor Cry, can be employed for current
shaping to increase the current efficiency [16]. The oscillation at either low-band
frequency wy, or high-band frequency wy can be selected by controlling the bias
current Ig; and Ig,. At the low-band mode, Ig; is enabled while I, is disabled, and
the negative G, formed by M; and M, is added at Port 1 to compensate the loss of
the tank as shown in Fig. 6.6b. Based on the notch-peak cancelation concept
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Fig. 6.6 Transformer-based one-port dual-mode oscillator: (a) complete schematic, (b) simplified
schematic for low-band mode, and (¢) simplified schematic for high-band mode

described earlier, C, is minimized to maximize w,/@; for stable oscillation at wy . At
the high-band mode, as shown in Fig. 6.6c, I, is enabled while Iy, is disabled, and
the negative G, formed by M3 and M, is added at Port 2 to compensate the tank
loss. Here, C; is maximized to maximize w,/@; for stable oscillation at wy.

Within a narrow bandwidth around w,., the characteristic and thus the noise-
shaping property of a transformer-based LC tank are the same as a second-order LC
tank, since the high-order tank can be equivalently treated as a single capacitor in
parallel with an effective inductor L, or L,, like in Fig. 6.3c. Thus, the phase noise
of the one-port oscillator can be expressed, directly using (3.28), as

kT ,
L1 port, 11/22(Aw) = 10log | —-- = (1+7) (6.11)
port, 11/ C QT,11/22A032A%1/22\

where C is the differential tank capacitance, which is equal to C,/2 for the low-band
mode or C,/2 for the high-band mode. The differential output amplitude A/, can
be derived:


http://dx.doi.org/10.1007/978-3-319-15874-7_3

118 6 Transformer-Based Dual-Mode VCO

2Ly /2
Gumt1/22,min (@L/m)”

Al = (6.12)

where the current efficiency f equals to 2/x or 1 without or with current shaping,
respectively.

6.2.2 Two-Port Oscillators
Oscillation Frequency

Figure 6.7a shows the general model of a transformer-based two-port oscillator.
Replacing the transformer with the equivalent model as shown in Fig. 6.3b, the
transfer impedance Z,; =V,/i; can be derived as below:

k<RC1 +ﬁ) (Rcz +ﬁ>
(1 —AR; t—;+(1—A2)R1\/E:T— e+ jovEL[(1 = A (1 — Ay) — 7]
(6.13)

Zy =

where R; =Ry ; +R¢y, R, =Ry, + Rep. The result in (6.13) is perfectly symmetrical
with respect to the two ports, which indicates Z,; =Z,, as expected for such a
passive network.

Again, with high-Q assumption (ry i, 15, I'ci, ez — 0), Z»; can be simplified as

jk\/Llea)%a)ga)

7 ~
2T -0t - (0 + 0d)0? + wlwl

(6.14)

From (6.14), the two peak frequencies of Z,; can also be expressed by (6.4), which
implies that the potential oscillation frequencies w and wy are exactly the same for
both one-port or two-port configurations as long as the inductors and capacitors Qs
are sufficiently high.

Start-Up Conditions

For the two-port oscillator as shown in Fig. 6.7a, the current provided by the G5,
cell flows into the tank and generates a voltage across the transformer, which is then
fed back to the input of the G,,,; to form a feedback loop. The start-up conditions of
the two-port oscillator can be expressed as



6.2 Analysis of the Transformer-Based Dual-Mode Oscillators 119

a
i{ — IL4 UE]
O
k +
rcq of'\‘, (fe7) Vo
C; I L Le I C, j,-
b
1Z21(w)l
> W
WL WH
ZL1Zxn(w)l
902
09 )
909}
T, L] EO——

_2709| \

Fig. 6.7 Transformer-based two-port oscillator: (a) general model and (b) frequency response of
Zy

Gm21 . real{ZZI(jmosc)} > 1 (615&)
imag{Z; (joosc)} =0 (6.15b)

From the frequency response as shown in Fig. 6.7b, due to the absence of the
nonzero frequency notch, the phase shifts of Z,; are distinct as 0° and —180° at the
peak frequencies wy and wy, respectively. So if G,,,»; is positive, the oscillator will
operate at @y since real{Z,;} also needs to be positive. If G5, is negative, the
oscillator will operate at wy since real{Z,,} needs to be negative. As a result, the
selection of the low-band and high-band modes for the two-port oscillators can be
realized simply by controlling the polarity of G,,>;. As long as the polarity of Gy,
is fixed, there is only one w,s that meets the start-up condition. In other words,
unlike the one-port counterpart, two-port oscillators are free from the stability
problem.

From (6.15a), with high-Q approximation, the minimum G,,; to sustain the
oscillation can be simplified as below:
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(A — 1)g=+ (A1 — Dgs + Ai(A — g+ As(A) — 1)k
(6.16)
kA]Aza)gsc\/ L1L2

Gm21,min =

Note that when wosc = @, Ay > Aj > 1, and Gz min 1S positive. When wese = @,
A, <A <1, and Gp1min 1S negative. If all the capacitors are assumed to be
lossless, Gp21.min can be simplified exactly to the result obtained in [10].

Tank Quality Factor (Qr)

The tank quality factor Qt,; for the two-port oscillator at the desired oscillation
frequency can be derived from (@s./2)|(d¢h21)/(dw)|, where ¢h»; denotes the phase
of Z,,. After simplification with high-Q approximation, it can be derived that
expression for Qrp; is exactly the same as (6.10a) or (6.10b), which indicates
that both the one-port and the two-port oscillators have approximately the same
tank quality factor at the low-band (or the high-band) mode as long as the inductors
and capacitors are low losses.

Phase Noise

Figure 6.8a shows the schematic of a transformer-based two-port dual-mode oscil-
lator. When only the current source Ig; is enabled as shown in Fig. 6.8b, the
associated transistors M; and M, forms an equivalently positive G,,, and the
oscillator operates at the lower-frequency w;. When only the current source Ig; is
enabled as shown in Fig. 6.8c, the associated transistors M3 and M, forms an
equivalently negative Gy,;,, and the circuit oscillates at the higher-frequency wy.

Making use of the transformer, the gate and drain voltages of M;_4 can be
independently biased to redistribute the amplitudes and keep the transistors from
entering into triode region [17]. If the Vgg of My, or M3, voltages are reduced
equal to or even lower than the threshold voltage and a large tail capacitor Cry/r; is
employed for current shaping, the two-port oscillator would operate in the class-C
mode and the phase noise can be expressed as [18]

KT ®oe (1 n L)] (6.17)

L2-pon(Aw) = 10l0g | = QroA0?AZ " kap

where C is the differential capacitance at the transistor’s gate, which is equal to C,/2
for the low-band mode or C,/2 for the high-band mode, and kgp is the voltage ratio
of the gate amplitude to the drain amplitude. According to (6.17), it is desirable to
maximize kgp to minimize the phase noise. Therefore, in the low-band mode, the
drain of M, is connected with L, as shown in Fig. 6.8b, and in the high-band
mode, the drain of M3 is connected with L; as shown in Fig. 6.8c. With the above
analysis, kgp can be well determined as equal to G2 min(®1.)/Gm21 min(@y) for the
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Fig. 6.8 Transformer-based two-port dual-mode oscillator: (a) complete schematic, (b) simplified
schematic for low-band mode, and (c¢) simplified schematic for high-band mode

low-band mode and G 11 min(®n)/Gma21 min(@n) for the high-band mode. According
to (6.8a), (7.7b), and (6.16), kgp increases with larger @w,/w; ratio and smaller
coupling coefficient k, which implies that the notch-peak cancelation technique not
only improves the stability of one-port oscillator but also reduces the phase noise of
a two-port oscillator. Finally, the differential output amplitude A,; is derived as


http://dx.doi.org/10.1007/978-3-319-15874-7_7
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21
Ay = p— B2 (6.18)
Gm21,min (CUL/H)
where the current efficiency f equals to 2/x or 1 without or with current shaping,
respectively.

6.2.3 Comparison of One-Port and Two-Port Oscillators
Oscillation Frequency

Figure 6.9a, b plots and compares the two peak frequencies w;, and wy of nonideal
one-port and two-port oscillators for different values of k and different w,/w, ratios.
The tank inductance and capacitance values are the same as above. From the plots,
the calculated result of (6.4) with low-loss assumption is in general a good estima-
tion of the actual peak frequencies of typical one-port and two-port oscillators
although special attention needs to be paid to the higher peak frequency when the
two coils of the transformer are tightly coupled. Furthermore, the plots also show
that ey is always smaller than w,, while wy is always larger than ,. It is expected
because the effective inductance L, is larger than L; in the low-frequency band
according to (6.2b), while L, is smaller than L, in the high-frequency band. When
k — 0, the transformer behaves as two independent inductors, and wy /g is close to
@12 As k increases from O to 1, @ decreases and eventually reaches a minimum
value of \/w?w3/(w? + ®}) when k = 1, which is equal to 0.707w; if w2 /w; = 1 or
equal to w; if wy/w; — oo. At the same time, wy also increases and finally
approaches to infinity when k is very close to 1.

Start-Up Conditions

For comparison, Fig. 6.10 plots the calculated and simulated required Gy, i, to
oscillate at w; and wy for both one-port and two-port configurations. It can be
clearly seen that in most situations the two-port oscillator requires much larger G,
to sustain oscillation than the one-port oscillator does. For the one-port oscillator, it
can be observed from Fig. 6.10a that Gy, min required to oscillate at the lower
frequency is relatively constant for different w,/w; ratios and k values. On the
contrary, Fig. 6.10b shows that Gy, min required to oscillate at the higher-
frequency wy is reduced with large w,/@; ratio and small k. Intuitively, for Z,;,
as the low-frequency peak is always dominant as compared to the high-frequency
peak, there is not too much variation for the peak impedance at wy . In contrast, for
Z,,, because the high-frequency peak is not always dominant as compared to the
lower-frequency peak, the requirements for w,/w; and k are the same as the
stabilizing conditions. G2 min is not plotted for small w,/w; and large k values
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Fig. 6.9 Calculated and simulated oscillation frequencies of transformer-based one-port and
two-port oscillators: (a) o and (b) oy

because the one-port oscillator could hardly oscillate at the high-frequency peak
under these conditions. For the two-port oscillator, large k and small w,/w, ratio
result in reduced G min at the low-frequency peak, while, for the high-frequency
peak, small k and small @w,/w ratio are required to facilitate the oscillation start-up.
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Fig. 6.10 Calculated and simulated start-up conditions of transformer-based one-port and
two-port oscillators: (a) required Gy, min at @r. and (b) required Gy, min at @y

Tank Quality Factor (Qr)

Figure 6.11 plots the calculated and simulated one-port and two-port tank quality
factors at the two peak frequencies with the same parameters used previously and
with the inductors Qs and capacitors Qs being set to 7 and 20, respectively. The
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Fig. 6.11 Calculated and simulated tank quality factor of transformer-based one-port and
two-port oscillators at @y, and oy

discrepancy between the calculated and simulated tank quality factors for the two
oscillators is decreased and finally approaches to zero as the inductor and capacitor
Qs are increased, which validates the derivation. Moreover, Fig. 6.11 shows that, in
general, compared to a second-order LC tank with the same inductor Q and
capacitor Q, the transformer-based fourth-order LC tank has a better Qt at the
lower-frequency peak but a worse Qt at the higher-frequency peak. This can be
understood from Fig. 6.3c and (6.2a) and (6.2b). At the lower-frequency w;, the
effective inductance L, is larger than L. Although the effective inductor loss 1y ;
also increases, the effective inductor Qp; still increases, which results in an
improved Q. At the higher-frequency wy, the effective inductance L, becomes
smaller than L,, while the effective inductor loss rj, still increases. As a conse-
quence, the effective inductor Qp, inevitably decreases, which corresponds to a
degraded Qr.

From Fig. 6.11, it can be further concluded that the improvement or degradation
of the tank Qr at wy or wy becomes more effective with a smaller w,/w; ratio and/or
a larger k. This can also be estimated from (6.10a) and (6.10b). Assuming that

QLi=0Q12=0QL, Qc1=Qc2=0Qc, and m =n = w,/w;, the equations can be
rewritten as below:
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1 (mAT-1)-kK* 1 1
= —+— 6.19
Qrlon) ~ (PAT— 1)+ K2 Q1 ' Q0 (6.192)
1

(1A 4R 11
Qrlom)  (1-AYm) K Q. Qe (6.19b)

From (6.19a) and (6.19b), it can be directly seen that when n is decreased or k is
increased, the Qr(wy ) is improved, while the Qr(wy) is degraded because A at o,
and A, at wy are weakly dependent on n and k when k is not close to 1. In the
limiting case when w,/w; = 1 and k=1, wy_ is reduced to 0.707wy, and A is 2. If
the capacitor loss is ignored, the maximum Qr(wy ) is 2. On the other hand, under
the same condition, as wy is close to infinity, A, is close to zero, which indicates
that the Qr(wy) would be infinitely small.

Phase Noise

As shown in Figs. 6.9 and 6.11, the oscillation frequencies and the tank quality
factors of one-port and two-port oscillators are approximately the same as long as
the inductors and capacitors are of low loss. Moreover, according to (6.11) and
(6.17), it is obvious that two-port oscillators can achieve lower phase noise than
one-port oscillators assuming that they have the same output amplitude (A,
2> =A5) and that the transistors M;_4 are always kept in the saturation region to
reduce their phase-noise contributions by properly controlling the ratio of the gate
and drain voltages. However, the two-port oscillators require a larger current to
sustain the same output amplitude as shown in Fig. 6.10. In other words, the phase-
noise improvement for the two-port oscillators is at the cost of large power
consumptions.

Assuming that the capacitor at the tail node Cry,, is much smaller than C,, and
using the passive component values in previous discussion together with m =n =4
and k=0.6, the output amplitude and phase-noise values are simulated versus
different tail currents Ig; and capacitances Cr; and plotted in Fig. 6.12a when the
one-port oscillator operates at w; . The transistors size of 50 pm/0.12 pmina 0.13-pm
CMOS process (with Vi, being around 0.4 V) are used for M _, to make the operation
close to hard switching. The calculated phase noise and output amplitude based on
(6.11) and (6.12) are also plotted for comparison with no C,; and with very large C;.

In Fig. 6.12a, when I, is small and A, is not larger than Vy, so that M;_, do not
enter into triode region, both the output amplitude and the phase noise are linearly
improved with the increase of Iz, and the simulated results can be well predicted
by the calculated ones. Since the tail capacitor can help improve the current
efficiency, the output amplitude and thus the phase noise are improved with larger
tail capacitance even when Ig; is kept the same [16]. However, when Ig; and Ay,
are further increased, M, would enter the triode region, and the output amplitude
begins to deviate from the predicted linear curve because the tank is loaded by the
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tail capacitor with the finite turn-on resistance of the M;,, in triode region as
discussed in Chap. 3. Furthermore, the degradation of the tank Qr also causes the
degradation of the phase noise.

Using the same parameters as above, Fig. 6.12b plots the calculated and simu-
lated amplitudes and phase noise with different Ig; and Cp; when the two-port
oscillator operates at w;. Compared to the one-port oscillator, the Ig; of two-port
oscillator needs to be around three times larger in order to achieve the same output
amplitude. However, because the drain amplitude is much smaller than the gate
amplitude and the gate voltage can be biased to be much lower than the supply, M,
can be kept away from the triode region even when the differential output amplitude
is as large as 2 V (Vpp is 1.2 V). Even if the negative transconductance M/, in
one-port oscillators are also biased in the class-C mode using AC-coupled capac-
itors as shown in Fig. 3.22, the maximum output amplitude that keeps M, in the
saturation region still cannot be as large as that in the two-port oscillator since the
ratio kgp between the gate and drain amplitude cannot exceed unity in one-port
oscillators. As such, the two-port oscillator exhibits better amplitude and better
phase-noise “linearity” with the increase of Ig;, which also agrees well with the
ideal calculated results. It follows that, with sufficiently large bias current, the
two-port oscillator is able to achieve lower phase noise compared to the one-port
oscillator.

6.3 Case Study of a Dual-Mode QVCO for SDR Frequency
Synthesizer

6.3.1 Circuit Implementation

Making use of the analytical results in Sect. 6.2, a dual-mode transformer-based
QVCO is designed for a wideband SDR frequency synthesizer as described in
[19]. The design target is to generate IQ LO signals to support all wireless standards
from 47 MHz to 10 GHz (utilizing direct-conversion transceiver architecture) and
from 57 to 66 GHz (employing dual-conversion transceiver architecture). With
dual-band operations, the transformer-based QVCO covers the fundamental fre-
quency bands from 3 to 4.2 GHz as well as from 8.4 to 12 GHz. After divided by
2, the high band can cover a frequency range from 4.2 to 6 GHz with IQ signals.
Consequently, together with the low-band frequency, a continuous tuning range
from 3 to 6 GHz can be achieved. With a cascade of /2 dividers, IQ LO signals from
47 MHz to 3 GHz can be further derived. Moreover, to support all the 14 OFDM
UWRB frequency bands from 3 to 10 GHz, the 8.448-GHz 1Q signals covered by the
high-band mode is used to generate the required IQ LO signals at frequencies 4224,
2112, 1056, 528, and 264 MHz for single-sideband (SSB) mixings [20] by reusing
the divider chain in the PLL.


http://dx.doi.org/10.1007/978-3-319-15874-7_3
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Fig. 6.13 Frequency plan for the transformer-based dual-mode QVCO

As discussed in Sect. 6.2.3, compared to a second-order LC tank, the Qt of a
transformer-based LC tank is improved at the lower-frequency peak but degraded at
the higher-frequency peak. It is therefore more desirable to make the VCO operate
at the low-frequency band when the phase-noise requirement is stringent. So the
corresponding frequency plan is made, in which the frequency of interest can be
generated at either of the two frequency bands or at a subharmonic of these
frequency bands by dividing them down by 2" as shown in Fig. 6.13. Here, the
frequency bands covering all the standards with the most stringent phase-noise
requirement (such as GSM requiring < —162 dBc/Hz at 20-MHz offset and passive
UHF RFID requiring —144 dBc/Hz at 3.6-MHz offset) are all assigned into the
low-frequency band, while the frequency bands for the other standards with more
relaxed phase-noise requirement are assigned in the high-frequency band.

Since the tank Qt is dominated by the inductor Q at the operating frequency
range, Q; and Qp , should be optimized at the low-band and high-band frequencies,
respectively. Assuming Qp ; = 14, =Qp, =7 at the low-band mode, while Q;; =7,
=Qp, = 14 at the high-band mode, which are the typical values of the achievable
inductor Q using a 2-pm-thick top metal layer, all the design parameters (including
the required bias currents to obtain differential output amplitude of 2 V, the tank
quality factors, the phase noise of both one-port and two-port oscillators, as well as
stability conditions of the one-port oscillator) can be quickly and accurately esti-
mated by using the equations in Sect. 6.2, which are plotted in Fig. 6.14. Since the
desired frequency ratio wy/w; around 2.8 is not achievable when k becomes larger
than 0.77, the curves are only plotted up to k=0.7.
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Fig. 6.14 Estimated (a) required bias current for maximum output swing, (b) tank Qr, (c¢) phase
noise at 3 MHz frequency offset, and (d) stability margin of one-port oscillator at different k

When plotting Fig. 6.14, L, and L, are varied to make the dual-mode VCO
oscillate at 3 and 8.4 GHz for the worst scenario when all the switching capacitors
are turned on. It is also assumed that the tail capacitance is negligibly small for the
one-port oscillator and is large enough for the two-port oscillator to achieve the
lowest achievable phase noise and the maximum output swing. As shown in
Fig. 6.14a, when k is increased, the required bias current is reduced for the
two-port oscillator but increased for the one-port oscillator. As k is increased to
around 0.6, the bias current of two-port oscillator can be comparable to that of the
one-port oscillator for the low-band oscillation. On the other hand, to sustain a
maximum swing for the high-band oscillation, the two-port oscillator requires large
current above 60 mA while the one-port oscillator required around 25 mA when k is
less than 0.5. In Fig. 6.14b, the low-band tank Qr is improved from 8.4 to 9.7, while
the high-band tank Qr is degraded from 4.8 to 2.2 when k is increased from 0.1 to
0.7. In the high-band mode, the loss from SCA (Qc,) also becomes significant, and
Qc> can be improved by increasing the switch size in SCA at the expense of smaller
tuning range. In Fig. 6.14c, for the one-port oscillator, when k is increased, the
low-band phase noise is improved because the low-band Qr is improved, but the
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high-band phase noise is degraded because the high-band Qr gets smaller. On the
other hand, for the two-port oscillator, when k is increased, because the gate and
source voltage ratio kgp is decreased for both the low band and the high band, the
low-band phase noise actually degrades slightly although the Q is improved, while
the high-band phase noise degrades significantly. Figure 6.14d illustrates that the
one-port oscillator can operate stably at the low band for any k value but would fail
to operate at the high band when k is close to 0.7.

In this design, to meet the most stringent phase-noise requirement with a bias
current of less than 10 mA, the two-port configuration is chosen for the low-band
operation, while the one-port configuration is used for the high-band operation to
greatly save the power consumption. To balance the phase noise and power
consumption as well as guarantee the stability condition in high-band mode, k is
optimally selected to be around 0.5.

Figure 6.15 shows the schematic of the transformer-based dual-band QVCO.
The operation can be divided into two modes. In the low-band mode, the current
sources I ore; and e are turned on while I and I;,e> are turned off, for which
the VCO operates as a two-port oscillator. As M; and M, are connected to make the
Gpo1 positive, the VCO oscillates at the low-frequency band. In the high-band
mode, the current sources I oe; and I,ne; are turned off while I .,..> and I;,uep are
turned on, and the VCO operates at the high-frequency band as a one-port oscilla-
tor. According to the frequency plan, around 45 % tuning range is required for
either the low band or the high band to cover the PVT variations with enough
margins. So 5-bit binary-weighted SCAs are employed to achieve the coarse tuning
for each band in both modes, while the fine frequency tuning is realized by varying
the coupling current [21] instead of using varactors to reduce AM-to-PM noise
conversion and to prevent the tank Qt from being further degraded by varactors. To
control the tuning current, a voltage-to-current converter with tunable transcon-
ductance is implemented to convert the control voltage from the loop filter to the
tuning current to make effective Kyco tunable for dynamic control of the loop
bandwidth. 5-bit binary-weighted SCAs are placed at both the first and the second
coils of the transformer to realize the coarse tuning and to reduce the required
tuning range of Iyyne1/2. In the low-band mode, the SCAs at Port 2 are turned off in
the first mode, while in the high-band mode, the SCAs at Port 1 are turned on in the
second mode to ensure a large frequency ratio w,/w; is always achieved, which
helps not only minimize the phase noise of the two-port oscillator in the first mode
but also stabilize the one-port oscillator in the second high-band mode. To eliminate
any potential bimodal oscillations, the cascode transistors Ms_g are added to create
enough delay in the coupling paths.

To improve the IQ matching, the current sources of “I” and “Q” parts are
connected correspondingly as shown in the dotted lines in Fig. 6.3 [22]. In order
to measure the 1Q sideband-rejection (SBR) ratio directly, the QVCO’s 1Q outputs
are connected to an on-chip SSB mixer. A low-frequency divider is also embedded
to generate the second low-frequency IQ input signals for the SSB mixer from an
external low-frequency input signal.
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<

Fig. 6.15 Schematic of the transformer-based dual-mode QVCO

Figure 6.16a shows the layout of the transformer designed for the dual-mode
QVCO. To achieve a desired k value of 0.5, the 3-turn primary coil is placed inside
the 1-turn secondary coil with a space of 3 pm. The widths of the primary and
secondary coils are optimized to be 9 and 12 um to locate the peak Qp ; and peak
Q. at the low band and high band, respectively. From EM simulations, L; =2.6
nH, L, =0.43 nH, Qr; ~ 13 at the low-frequency band, and Q;, = 14 at the high-
frequency band. Simulation also verifies that at the worst case when all the switched
capacitors at the secondary coil are turned on, the high-frequency peak impedance
|Zzz(a)H)] is more than 10 dB larger than the low-frequency peak impedance
‘Zzz(wL) ’ In the QVCO layout, all the transistors and SCAs for the high-frequency
band are placed closer to the transformer than those for the low-frequency band to
maximize the ratio C;/C, and to balance the power consumption of the two modes.

6.3.2 Experimental Results

The dual-band QVCO is fabricated in a 0.13-pm CMOS process. Figure 6.17 shows
the chip micrograph together with the on-chip SSB mixer and divider for the SBR
measurement, where the QVCO core occupies an area of 0.84 mm>.

The dual-mode QVCO draws a current from 12 to 20 mA from a 1.2-V supply
voltage in both modes. Figure 6.18 shows the measured frequency curves of the
QVCO in the two modes as functions of the tuning current. The QVCO is
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Fig. 6.16 Layout of the
transformer
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Fig. 6.17 Chip micrograph of the transformer-based dual-mode QVCO

continuously tunable from 2.7 to 4.3 GHz in the low-band mode and from 8.4 to
12.4 GHz in the high-band mode, corresponding to tuning ranges of 45.7 % and
38.5 %, respectively. As a result, the experimental dual-mode QVCO can success-
fully meet the target frequency requirement for the SDR applications. During the
measurement, it is found that the QVCO could oscillate at the lower-frequency peak
in the second mode when the SCAs at the Port 1 are all intentionally turned off,
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Fig. 6.18 Measured frequency tuning curves for the QVCO in (a) the low-band mode and (b) the
high-band mode

while the SCAs at Port 2 are all on, which further verifies that keeping a large
capacitor ratio C,/C, is important for the stability of the one-port oscillation.

Figure 6.19 shows the measured phase-noise profiles at 3.6 and 10.4 GHz with
the QVCO drawing 16 mA, from which the phase-noise values of —135.9 and
—119 dBc/Hz at 3-MHz offset are achieved, respectively. With proper frequency
division as required, in the low-band mode, the measured phase noise exceeds the
requirement of GSM standard. In the high-band mode, the measured phase noise
meets all the requirements of the target standards including WLAN and UWB
standards.
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Fig. 6.19 Measured QVCO phase noise as a function of offset frequency at (a) 3.6 GHz (the
low-frequency band) and (b) 10.4 GHz (the high-frequency band)
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Fig. 6.20 Measured phase noise at 1-MHz offset as functions of tuning current for different SCA
settings: (a) in the low-band mode and (b) in the high-band mode

Figure 6.20 shows the measured phase noises as functions of the tuning current
with different SCA settings. When the tuning current varies from 2 to 10 mA, the
measured phase noise at 1-MHz offset is between —118.9 and —130.2 dBc/Hz for
the lower-band mode and between —99.7 and —108.1 dBc/Hz for the high-band
mode. As expected, the phase noise is degraded with increased tuning current. From
the frequency tuning curves plotted in Fig. 6.18, a tuning current between 2 and
6 mA is sufficient for covering the required frequency bands with 5-bit binary-
weighted SCAs. As a result, at 1-MHz frequency offset, the low-band phase noise
can be reduced to between —122.1 and —130.2 dBc/Hz, and the high-band phase
noise can be reduced to between —102.1 and —108.1 dBc/Hz.

Figure 6.21 shows the measured spectrum at the SSB mixer’s output. Assuming
that the mismatch of the QVCO is dominant, SBRs of 37 and 41 dB are achieved for
the low-band and high-band modes, corresponding to IQ phase errors of 1.6° and
1°, respectively.

Table 6.1 summarizes the performance of the designed dual-band QVCO com-
pared with the state-of-the-art dual-mode or wideband VCOs.
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Chapter 7
Magnetically-Tuned Multimode CMOS VCO

7.1 Introduction

As the operation frequency of VCOs increases, it becomes more and more difficult
to achieve large tuning range while still maintaining low phase noise and low
power. At mm-Wave frequencies, since the varactor Q is dominantly low, increas-
ing the frequency tuning range by increasing the varactor size would inevitably
degrade the tank impedance. To guarantee the oscillation, the size of the negative-
gm cell in the VCO would need to be increased, which in turn would increase the
parasitic capacitance, degrade the frequency tuning range, and limit the maximum
oscillation frequency. So it is necessary to explore other frequency tuning methods.

At mm-Wave frequencies, the existing tuning-range enhancement techniques
introduced in the previous chapters become less effective. For the switch-inductor
technique [1] discussed in Sect. 3.6, since the tank inductance is quite small,
increasing the switch size to improve the tank Q is ineffective because the large
parasitic capacitance would prevent the switch from being turned off. For the coarse
frequency tuning using high-order LC resonant tanks with transformers or multi-
tapped inductors [2—4], the tuning range is still limited when applied at mm-Wave
frequency since only two or three coarse tuning bands are created.

In [5], switched-coupled inductors are used for coarse frequency tuning. Because
both the effective turn-on resistance and turn-off parasitic capacitance of the
switches are significantly reduced due to the impedance transformation with
small coupling coefficient, the tank Q degradation is much less than that of the
switched-inductor technique. However, the total number of the frequency bands
and thus the total frequency tuning range created by the switched-coupled inductors
are limited because the inductor Q drops significantly as the number of switched-
coupled inductors is increased.

In this chapter, a novel frequency tuning technique by changing the coupling
coefficient of a transformer tank in a dual-band VCO is presented. By exploiting
the three states with different magnetic coupling coefficients created by the
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switched-triple-transformer technique, the stability problem is eliminated, and
continuous frequency tuning range can be achieved, which significantly increase
the tuning rang of VCO at mm-Wave frequency [6]. Furthermore, the design
insights and design procedure of the multiband magnetically tuned VCO
(MT-VCO) are also presented based on the derived analytical expressions of
the switched transformers.

7.2 Transformer-Based Magnetic-Tuning Method

7.2.1 Working Principle

Before introducing the magnetic-tuning method, let’s review the conventional
one-port dual-band VCO with a transformer tank as shown in Fig. 6.3 first.
According to (6.4), the oscillation frequencies wy and wy can be tuned by changing
o and w, through changing the capacitor C; and C,, which corresponds to the
conventional varactor tuning method and is limited at mm-Wave frequency as
discussed earlier. On the other hand, wy and @, can also be tuned by changing
the magnetic coupling coefficient k even when ; and w, are kept constant. As
shown in Fig. 7.1, which plots the relationships between wy(wy ) and k for different
w,/w; ratios, with oy(wy ) being normalized to w,(w@,), it is clear that wy is quite
sensitive to the coupling coefficient k. For example, if ; = 60GHz and w, = 75
GHz are chosen, wy is changed from 77.2 to 85.6 GHz (or 11 %) when k increases
from 0.15 to 0.35. In other words, changing the magnetic coupling coefficient k is
an effective way to change the oscillation frequency and can be employed for
coarse frequency tuning.

The switched-single-shielded transformer as shown in Fig. 7.2a provides a way
to change the magnetic coupling coefficient k, where the shielded coil L, along
with a series switch My is inserted between the coils L; and L,. Intuitively, when
M, turns on, the current i; in L; induces a current i, in L, and another current i,’ in
L,, both of which are in the opposite direction with i;. Since i’ also in turn induces
another current i,” in L,, which tends to cancel i,’ and reduce the total induced
current in L,, as a result, the effective coupling coefficient k;, between L, and L,
actually becomes lower as compared with the original transformer without L4
[7]. On the other hand, when My turns off, the coil of L, is open, and there is no
induced current flowing through L,. So k;, remains almost the same. Conse-
quently, ki, can be effectively changed by switching the transistor M, “on” and
“off.” To calculate the effect of the switch on the inductance and energy loss, the
switch transistor M can be modeled as a resistor Ry, o when turned on and a
parasitic capacitor Cyg o When turned off as shown in Fig. 7.2b. The loss of each
coil is modeled by the series resistance Ry;=wL/Qr;, R, =wL,/Qr,, and
Rpa=wLA/Qpa, where Qp 1, Qro, and Q4 are the quality factors of coils Ly,
L,, and L4, respectively. The model in Fig. 7.2b can be further simplified to the
equivalent model constituted of two coupled coils with different model
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Fig. 7.1 Calculated (a) oy and (b) wy as functions of the magnetic coupling coefficient k for
different w,/w; ratios

parameters for low-k and high-k states as shown in Fig. 7.3. Here, the loss of
the two coils are modeled by Ry 12 10w-k = ®L1/2 10w-k/QL1/2.10w-k at low-k state
and Ry i/2 nigh-k = @L1/2 high-k/QL1/2.high-k at high-k state, where Qs 1ow-x and
QL 12 nigh-k are the quality factors of the two coils at low-k and high-k states, respectively.

By applying the V-I equations to the three coupled coils, the model parameters
for the single-shielded transformer in both the low-k and high-k states can be
obtained (Appendix A.2).

In the low-k state, the switch M4 is on. With an assumption of a high-quality factor
QLA and a small on-resistance R, o of the switch so that (R A+ROH,A)2 < (wLp)?,
the effective inductance L o,. " and the effective magnetic coupling coefficient
Ki210wk can be approximated as

Liowk ~ (1 —Kk,)Ly (7.1a)

LiL,

!
ki low-k ~ (ki — kiakon ) | —————
L1 1ow-k L2, 1ow-k

(7.1b)
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a b

Fig. 7.2 Single-shielded transformer: (a) schematic and (b) model

a b
RL1,low-k' RL2,low-k! RL1,high-k' RL2,high-k'

k12, low-k' k12,high-k'

L2, high-k'

Fig. 7.3 Simplified equivalent models of the shielded transformer at (a) low-k state and (b) high-k
state

In the high-k state, the switch M, is off. It is reasonable to assume that
RLA2<<[(cuCoff,A)7l fa)LA]z with a small parasitic capacitance Coyga Of the
switch. Then L pigh-k” and Ky pigh-«” can be estimated as:

! 1 2
Ll,high-k ~ <1 -+ WKIA>L1 (723)
' kiakoa
K12, highk =2 (ku + ; ; (7.2b)
¢ i /@ — 1)\ Li nighx Lo, nighx

where wa = (LaCofr, A)fl/ 2, Actually, two possible solutions for L pign- €Xist in
(7.2a), which indicates the dual-resonance characteristic of the transformer tank
with the capacitor load [5]. Here, the switch size is kept small enough to make sure
wa > o so that only one resonant mode can occur over the entire frequency tuning
range. Since coils L; and L, are in the symmetric positions, the model parameters
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for the secondary coil L (L jow.i” and Lz,high-kl ) can be obtained by just replacing
kia and L; with kp5 and L, in (7.1a) and (7.2a), respectively.

The problem for the single-shielded transformer is that switching on and off the
coil L, changes not only the coupling coefficient k;,” but also the effective
inductance of L jow-k’ and Ly nigh-k’, Which can be seen from (7.1a) to (7.2b).
So it makes the change of the effective magnetic coupling coefficient Ak’ =k;5.
high_k’ — k12,10w—k/ less significant. For example, a high oy requires a high k; on the
other hand, switching to the high-k state results in an increased effective inductance
of coil L, since LZ,high—k/ > L jow-k’» Which in turn will make @, drop. From either
(7.1a) and (7.1b) or Fig. 7.1b, the large drop of w, would decrease wy even when
ki, increases. As such, in order to increase the frequency tuning range, it is highly
desirable to keep L jow-k’ = L pigh-k’ and L jow-k" = Lo nigh-k” When the switch M is
turned on and off.

7.2.2 Analysis of the Switched-Triple-Shielded Transformer

To solve the inductance imbalance problem in the single-shielded transformer, a
switched-triple-shielded transformer is proposed to keep L jow-i’ :Ll,high»k/ and
Lsjow-k' =Lonigh-’- In the switched-triple-shielded transformer as shown in
Fig. 7.4a, two extra coils Lg and L with the switches Mg and M¢ connected to
their two ends are added to the left and right sides of L; and L,, respectively. By
replacing the switches M, Mg, and Mc with the impedance Z,, Zg, and Z¢ as
shown in Fig. 7.4b and using the similar method as that for the single-shielded
transformer, the model parameters in both low-k and high-k states of the simplified
model (Fig. 7.3) for the switched-triple-shielded transformer can be derived
(Appendix A.2). Although the simplified model topology is the same as that of
the switched-single-shielded transformer, the expressions for the model parameters
are quite different.

In the low-k state, Mg and Mc are off while My is on. With the assumptions
that (Rpa "'Ron,A)2 < (wLa)* and RLB/C2 < [(@Cotpic) _CULB/C]z: L1 jow-k >
Ryt 1ow-k'> and K;2 jow-i” can be approximated as

1

! ~ 2 2
Ll,low—k ~ [1 - klA + Wkug] Ll (733.)

; L 1 L
Riilowk = Rpi + L K2, (Rpa + Rona) + — lk%BRLB (7.3b)
La w3/~ 1Ly

, L,L
Kizowk = (Ki2 — kiakoa)y [ (7.3¢)
Li1ow-k Lo, low-k

where wg = (LBCOff’B)_I/z and wg > w.
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Fig. 7.4 The switched-triple-shielded transformer: (a) schematic and (b) model

In the high-k state, Mg and M¢ are on while M, is off. With the assumption
that (Rpg,c+ Ron,B/c)2 < (CULB/C)2 and Rpa’< [(CUCoff,AYl — LAl L1 highx's
R 1 highk’» and K2 high-k” can be estimated as:

! l
Ll,highfk ~ |:1 + mk%/\ — k%B:| Ll (743)
A
/ 1 L L
Ryihighk ~ Rei +-—— ; 2Ll k2 \Rpa + L_lk%B (Rig + Rong)  (7.4D)
(03 /w? —1)7La B
/ kiakoa LiL,
K12 highx = (klz + ) : . (7.4¢)
¢ wj/@? — 1 L1 nighk L2, nigh-k

where s = (LACOff’A)_l/Z and ws > .

Interestingly, an additional state can also be exploited to further increase the
frequency tuning range and relieve the stability problem by simultaneously turning
on all the three switches. In this low-inductance (low-L) state, with assumptions
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2 2
that (Rpa/m/c +Ronam/c)” < (@La/c)”s LiowL's Ritlow-L's and Kz jow.1’ can be
approximated as:

Litowt & [I = Kiy — Kip]Ls (7.52)

L, L,
RL1,10w- L ~Rpy + klA(RLA +Ron,a) +—
La Lg

/ L,L
kiztow-L & (ki2 — Kiakaa), [—— 2 (7.5¢)
L1 iow-L L2 1ow-L

The expressions of L jow-«'s RL2 1ow-k » L2,high—k/» RLZ,high—k/s L5 jow-1's and Ry jow-1.
can be obtained by replacing ki, ki, L1, Lg, ®p, RL1, Rig, and Ry, 5 With koa,
kzc, L2, Lc, @c, RL27 RLC5 and Ron,C in (73&), (73b), (743), (74b), (753), and
(7.5b), respectively.

In both the low-k and high-k states, one of the two coils adjacent to L; or L, is
always switched on, while the other is switched off. Consequently, it is possible to
design the coupling coefficients ki 5, kg, koa, and k,c and the switch sizes to keep
Lijow-k’ = Lihight” and Lo jow-1’ = Lo nign«’- By using the expressions of Ly jow-k’
and L, /z,high,k’ derived before, the following conditions can be obtained:

kig(Rip + RonB) (7.5b)

k2 1 — 272 k2 1— 2 /.2
e B 76)
kig 1-—o?/wg ki 11— w?/wg

By making k;o =k, koa =ksc, and wa = wp = o, (7.6) can be satisfied even
when the frequency w changes, and the effective change of the coupling coefficient
Ak12' =Ki2 nigh-k’ — Ki210w-k” can be expressed below:

Ak;y' _1/\/ klA ot ) (7.7)

where a = (2 — 0} /0?) /(0% /0* — 1).

Figure 7.5 compares the calculated parameters for both the low-k and high-k
states with the simulated results using the model shown in Fig. 7.4b, where
L, =115 pH, L, =66 pH, L, =86 pH, Lg =150 pH, L =60 pH, and k;, =0.3.
For simplicity, the Q of each coil is assumed to be constant at 30 as the frequency is
changed. To guarantee Lijowk =Li/2highk's the condition
kia=kig=koa =koc=Kky is kept, and the switch sizes are designed to keep
wp = wp = wc = wog = 115GHz. The effective parameters are plotted with differ-
ent kg values. From both Fig. 7.5¢ and (7.7), larger Kk, results in larger Ak;," which
is defined as the difference between K2 pign-«” and Ki2 jow-«’. However, as shown in
Fig. 7.5a, b, larger ky would also increase the loss from the shielded coils, which
would increase RLl/L2, 10W_kl and RLl/LZ, high-kl and degrade QL]/Lz’]UW_k/ and QL]/Lz’
high_k’ . So the choice of kq is the trade-off between the change of the magnetic
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Fig. 7.5 Calculated and
simulated values: (a) L,
and Q/', (b) Ly’ and Q./,
(¢) Ak’ for different kg (wa
=W = Wc — Wy = 115
GHz)
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coupling coefficient Ak;," and the quality factors Qpi/12 10wk and QL2 nigh-k’” Of
the effective inductances.

Figure 7.6 plots the calculated and simulated effective parameters by using the
same L;p, Lami, and k;p values as used in Fig. 7.5. Here
kia=kip=kya=koc=0.4 is kept, and the switch sizes of M, Mg, and Mc
are changed to obtain different w, values. The turn-on resistors R, Rg, and R¢
are also scaled with the switch sizes. It can be seen that small @, results in better
QLi/210wk’ and Qg /L2,high-k/ when the operating frequency @ is much lower than
wo because the loss of the effective inductances is dominant by the turn-on
resistances of the switches, which could be reduced with large switch sizes or
small wo. However, when w approaches @g, Qri/21ow-k” and Qri/i2nigh-k’ Would
start to drop quickly because the series resistance in the shielded coils with the
switches being off would dominate the total loss of the effective inductances. As a
result, an optimal @, exists for maximizing Qp /210w and Qg /L2,high—k, in the
desired operating frequency range.

7.3 Design and Analysis of the MT-VCO

To verify the magnetic-tuning technique, a MT-VCO prototype as shown in Fig. 7.7
is designed. The switched-triple-shielded transformer described in Sect. 7.2 is used
for coarse frequency tuning, while a digitally controlled binary-weighted AMOS
varactor array controlled by 2-bit BBy and a varactor with an analog control
voltage V¢ are employed for fine frequency tuning. The PMOS current tails are
used to bias the gates of varactors at around 0.8 V with 1.2 V supply voltage to
increase the capacitance tuning range of the varactors and thus the frequency tuning
range of the MT-VCO. The RC filters between the biasing PMOS transistors Mse
and Mps,g¢ are employed to remove the thermal noise from Mgs/¢, Which would
contribute to a large portion of the output phase noise after frequency up-conversion
if a large current ratio is used.

Since the topology of the MT-VCO is exactly the same as the conventional
one-port dual-band oscillator with different designed parameters in the three states,
the model shown in Fig. 6.3a can also be applied to it, and the VCO design
parameters can be obtained as follows by simply using the results from Sect. 6.2
with appropriate expressions for the transformer’s parameters L1/ jow-'» L1/2,nigh-k s
RL]/LZ,low—k/, RLI/LZ,high—k/a klZ,low»k/’ and k]2,high»k/ as derived in Sect. 7.2.2.

)@y = (LyCy) " and k., the

oscillation frequency of wlL and a);_I for the MT-VCO can still be expressed by (7.1a)

By replacing @, @, and k with a)/1 = (L/1 CI1

and (7.1b). Since large Aw’H between the low-k and high-k states requires large
Ak, large kg is desired for larger coarse tuning range. Moreover, from Fig. 7.6b,
when o approaches wy, L, starts to increase quickly with frequency, which would

. / . . . . /

in turn decrease w, and limit the maximum achievable wy. As a result, the
. ! . .

maximum value of wy can be further extended by increasing .
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Fig. 7.7 Schematic of the MT-VCO

The one-port dual-band VCO will suffer from the stability problem as discussed
in Sect. 6.2. If the amplitude of the two peak impedance at frequency a)/L and a);_[
shown in Fig. 6.4 are close to each other, then the oscillator could jump from one
desired equilibrium oscillation frequency to the other with some disturbance. So the
difference between the two peak impedances must be kept large enough to make
sure the oscillator is only operating at the wanted frequency, which can be achieved
by either separating w/L and a)/H far away or reducing the ki,’. Figure 7.8 shows the
arrangement of the low-frequency band and high-frequency band in all the three
states. The frequency bands of the low-k state are placed between the frequency
bands of the high-k state to separate a)'L,highfk and a);{’highfk. Moreover, from (7.5a),
because the inductance in the low-L state is smaller than that in both the low-k and
high-k states, w’L’lowfk and a)'H’lowfk can be further separated by placing the
low-frequency band of the additional low-L state between the two frequency
bands of the low-k state. Consequently, the MT-VCO can achieve a continuous
ultrawide frequency tuning range without a stability problem. In addition, the high-
frequency band of the low-L state can be employed to further increase the maxi-
mum oscillation frequency.

In either low-k or high-k state, by assuming that Qp,'=Qi, =Q//,
Qci' =Qc' =Q¢, and L,'/L,’ =C/'/C,, according to (6.10a) and (6.10b), the
tank Q of both the primary coil (Quuii’) and the secondary coil (Quni’) can be
estimated as


http://dx.doi.org/10.1007/978-3-319-15874-7_6
http://dx.doi.org/10.1007/978-3-319-15874-7_6
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Fig. 7.8 Allocation of the three states for the two frequency bands
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where D; = a)lf/a)z, D; = a)/i/a)z, and n = w,/w,. Compared with the second-
order LC tank with the same Q;’ and Q(/, the contribution of Q¢’ to the fourth-order
LC tank’s Q is the same, so whether the tank Q of the fourth-order LC tank is
enhanced or degraded would mainly depend on the quality factor Q' of the
effective inductances in the switched-triple-shielded transformer derived in
Sect. 7.2.2. By assuming Q. =30, Qc=6, the Q of the second-order tank is
calculated to be 5. By using a)/1 = 60GHz, a)’2 = 75GHz, and k5’ =0.15/0.35
and assuming that Q;’ drops to around 12 (which is consistent to the simulation
results in Figs. 7.5 and 7.6), Quanii” and Qo are calculated to be around 4.1 and
3.9 and 4.3 and 3.5 in the low-k and high-k states, respectively. From (7.8a) and
(7.8b), it can be seen that Qi is always larger than Q,»’, and the difference
between Qunki’ and Qnio’ can be reduced by increasing a)’z/a)/1 or decreasing k;,’
when k is small. As such, the allocation of the frequency bands in the MT-VCO also
helps reduce the difference between Qnii’ and Qunio’ by enlarging the w’z/w’] ratio.

The noise-shaping property of a transformer-based LC tank is basically the same
as that of a second-order LC tank within a narrow bandwidth around the oscillation
frequency. It follows that the phase noise of the MT-VCO in either the low band or
the high band can also be obtained directly by using the time-variant phase-noise
analysis result from [8]:

kBT w
L(Aw) = 10log |2 —— 2 (1+y) (7.9)
C Qtankl/Z szA%/Z
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where K is the Boltzmann constant, T is the absolute temperature, C' = C,,'/2 is the
tank capacitance connected to either the primary coil or the secondary coil as shown
in Fig. 6.3a, Quank1/2’ is the tank Q from either the primary or the secondary coil, Aw
is the offset frequency from the oscillation frequency w, y is the MOS channel noise
factor, and A, is the output amplitude. From (7.9), it can be seen that the phase
noise is directly related to the Qau12. Compared with a conventional oscillator
using a second-order LC tank with Q,« =3, the phase-noise degradation of the
MT-VCO with Q12 =4 is only about 1 dB assuming that both oscillators are
biased at the boundary of the voltage- and current-limited region to achieve the
same maximum output voltage swing.

From the analysis above, the design procedure of the MT oscillator can be
summarized as below:

1. Selecting and designing the geometrical dimensions of the primary and the
secondary coils for suitable values of L;, L, and k;». Since k;,’ is dominant
by ki, from (7.3¢c) and (7.4c), for the same Ak;,’, larger ki, would result in
larger frequency difference between the low-k and high-k states as can be
seen from the plots in Fig. 7.5¢, which implies more effective coarse fre-
quency tuning capability. However, for stability considerations, larger ki,
requires larger ratio of a)’H/wL. This would cause a larger frequency gap
between the low-frequency band and the high-frequency band of the low-k
state, which however cannot be covered effectively even by employing the
low band of the low-L state. As a result, the frequency tuning range can be
discontinuous.

2. After fixing the design parameters of L and L,, the spaces between L; and L
and Ly and between L, and L, and Lc can be designed to guarantee that
kia =k and ko5 =Kk,c. As discussed earlier, the choices of the absolute values
of ki or ko4 are the trade-off between the coarse frequency tuning capability
and the Q' and Q.

3. Designing the ratios between the switch sizes of M, Mg, and M to make sure
that Cogr A, Cosrs, Cotr,c are properly chosen to guarantee that wa = wp = wc.
The choice of the absolute value of the switch sizes is to obtain high Qp;’ and
Q_,’ while still preventing Q; ;" and Q;,’ from dropping at the desired maximum
oscillation frequency.

Figure 7.9 shows the layout of the switched-triple-shielded transformer with all
the five coils being implemented by the top thick metal, which occupies an area of
124 x 115 pmz. The metal widths of coils L;,, La, Lp,c are 4.5, 4, 2 pm,
respectively. The spacing between Ly and L;, between L; and L4, between L,
and L,, and between L, and L¢ are 5, 3.5, 4.5, and 3.5 pm, respectively. The W/L
ratios of M, Mg, and M are designed to be 27.5 pm/0.06 pm, 17.5 pm/0.06 pm,
42.5 pm/0.06 pm, respectively, all with 2.5-pum finger widths. Odd finger number
is used to keep the same parasitic capacitance at the drain and the source in the
layout. The source and drain of the switches M, Mg, and M are biased to the
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Fig. 7.9 Layout of the
switched-triple-shielded
transformer

Vor+ Voot Voi— Vor-

opposite logic levels of the gate voltages through the center taps of the shielding
inductors to reduce the parasitic junction capacitance when the switches are off.
By doing so, the biasing resistors connected to the drain and source in the
conventional designs [5] can be eliminated, which helps prevent further degrada-
tion of Q" and Q5.

Figure 7.10 shows the electromagnetic simulation results of the effective induc-
tances and Qs for the primary and secondary coils of the triple-shielded trans-
former. L," and L,’ are 105 pH and 75 pH in both the low-k and high-k states and
80 pH and 50 pH in the low-L state, respectively. ki, is reduced from 0.35 to 0.15
from the high-k to the low-k state. Q" and Q' are around 10 and 12 in all the
three states, which are still much higher than the varactors Q at the target mm-Wave
frequencies.

7.4 Experimental Results

The MT-VCO is fabricated in a 1P6M LP 65 nm CMOS process and draws 7-9 mA
from 1.2 V supply. The DC gate bias voltages for Ma, Mg, and Mc are the same as
the supply voltage. Figure 7.11 shows the chip micrograph occupying a core area of
0.03 mm”.
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Fig. 7.10 EM simulation results of the triple-shielded transformer: (a) inductances and quality
factor Qs, (b) magnetic coupling coefficients

Table 7.1 summarizes the control logics of the switches in the shielding coils and
the biasing currents for the negative-g,, cell connecting to the primary and the
secondary coils of the transformer tank for six different modes associated with the
three different states. The final implementation uses BgBABc =011 in Mode 2 and
BgBaABc =001 in Mode 5 instead of BgBoBc =010 and BgBsBc =101 to obtain
large a)/z/co/l ratios to shift up the frequency tuning range in Mode 2 and minimize
the tanks’ Qs degradation in Mode 5 as discussed in Sect. 7.3, respectively. Since
changing BgBABc from “010” to “011” in Mode 2 or changing BgBsBc from
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Fig. 7.11 Chip micrograph of the MT-VCO
Table 7.1 Control logics and arrangement for mode selection
Mode 1 Mode 2 Mode 3 Mode 4 Mode 5 Mode 6
BpBaBc 101 011 111 010 001 111
I On On On Off Off Off
I, Off Off Off On On On
States High-k Low-k Low-L Low-k High-k Low-L
Bands Low band High band

Table 7.2 Measured frequency tuning range in mode 2 and 5 for different BgB B¢ combinations

Mode 2 BgBABc =010 (theoretical BgBaBc =011 (practical
configuration) configuration)

Tuning 57.2-64.3 GHz 57.9-64.9 GHz

range

Mode 5 BgBABc =101 (theoretical BgBABc =001 (practical
configuration) configuration)

Tuning 79.2-85.7 GHz 78.5-85.3 GHz

range

“101” to “001” in Mode 5 only changes @, in Mode 2 or w, in Mode 5, the
oscillation frequency would not change significantly if k;,’ between L," and L' is
small, which can be seen from either Fig. 7.1a or be verified by the measured
frequency tuning range in Table 7.2. So the theoretical analysis in Sect. 7.3 can still

be applied.
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Fig. 7.13 Measured VCO phase noise and at 10-MHz offset frequency

Figure 7.12 shows the measured frequency tuning range as functions of the
varactor tuning voltage for the different modes. As shown in (6.4), @ is not so
sensitive to the change of k;, compared with wy when ki, is small. As such, the
operating frequency in Mode 1 and 2 are almost the same as expected. Due to
inaccurate modeling, a small frequency gap exists from 76.2 to 78.5 GHz between
Mode 4 and Mode 5, which can be eliminated by shifting up the operating
frequency of Mode 4 with modification of the transformer tank parameter. Since
the total frequency tuning range relies on the tuning range of fine-tuning varactors
and the frequency separation between different modes, the frequency separation
between each mode needs to be reduced if smaller varactor tuning voltage or larger
overlapping between each mode is required in the practical application, which
would inevitably decrease the total frequency tuning range.

Figure 7.13 shows the measured phase noise over the entire frequency tuning
range. The current consumption is 7 mA for Modes 1, 2, 4, 5, and 6 and 9 mA


http://dx.doi.org/10.1007/978-3-319-15874-7_6

158 7 Magnetically-Tuned Multimode CMOS VCO

-50 -50- , r—rrrr
60 =58 GHz ||  -60 T——— Tt Sf=72.2 GHz |
= .70 | == =& .70 - : E 1
S 80 LIS _gof : L
g 90 LI 8 o0 |
£-100— I £-100, ! _‘H\-w-.._.‘k 1 | N T .
£-110 H 210 ! 3
%120 S v e I I I 1 i S MM B
_E | _E i | | | 1T
£-130 T &-10 i T
-140 1 -140' S - -
S00K. 1M 10M S0M S00K 1M 10M 50M
Offset Frequency (Hz) Offset Frequency (Hz)
-50 — -5 — S
| | pmy |1 I7—on 1 cms 1
-60 T il f=805GHz || -60 T T [fe=90.1 GHz ||
g 70 | ) -m&_\ . .
= I I = T —t
g o § oS H
= s ) | SR N N U N I T 1S A N — = 90 e 1—d
2-100 : \H“m\‘s . %-100- ‘i\\,\_\_‘_ i
2110 | —— b -110 — T ‘“;":v-.-—-,..__;___‘__._,
2.120 S E— T §-120 1 1
£.130 | ! £ 130 -t |
[ | I | |
-140 : L -140
500K IM 10M C50M 500K 1M 10M 50M
Offset Frequency (Hz) Offset Frequency (Hz)

Fig. 7.14 Measured VCO phase noise as functions of offset frequency at different carrier
frequencies

for Mode 3, respectively. It can be seen that phase noise in Mode 4 is better than
that in other modes. Compared with Mode 5, the tank Q degradation in the high-
band mode of dual-band VCO is reduced when k5" is small even when Q2 jow-’
and QLZ,high-kl are kept the same as discussed in Sect. 8.3. It follows that Q" in
Mode 4 (low-k state) is larger than that in Mode 5 (high-k state). Compared with
Modes 1, 2, and 3, it is because that the effective quality factor Qp,’ is larger
than Qg ,’. In the Modes 6 (low-L state), since the tank impedance drops due to
that the tank capacitance does not scale with the inductance when frequency
increases, the phase noise is degraded when the same bias current as that in
Mode 4 is used. Figure 7.14 shows the phase-noise plots after down-converting
the VCO output to around 400 MHz by V-band and W-band balanced mixers.
The measured single-ended output power varies from —20 to —25 dBm over the
tuning range after de-embedding. Finally, Table 7.3 summarizes and compares
the measured performance of the presented MT-VCO with that of the recently
reported state-of-art mm-Wave CMOS VCOs. Thanks to the triple-shielded-
transformer-based magnetic-tuning technique, the MT-VCO prototype achieves
a much larger frequency tuning range of 41.4 % while still keeping a compact

area of 0.03 mm?>.
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Chapter 8
Transformer-Based Injection-Locked
Frequency Divider

8.1 Introduction

In Chap. 5, ultralow-voltage VCOs operating near or even lower than the transistor
threshold voltage while still achieving low phase-noise performance were demon-
strated by employing the transformer-feedback technique. In order to realize
ultralow-voltage frequency synthesizers with high performance, the next obstacle
to be conquered is the design of frequency dividers capable of operating at ultralow
supply voltages, especially the first frequency divider (prescaler) following the
VCO, which has the input frequency as high as the output frequency of the VCO.

On the other hand, at mm-Wave frequency, the conventional LC tank-based
ILFDs suffer from a critical problem with limited locking range as discussed in
Chap. 4. Recently, many design techniques have been reported to increase the
locking range of mm-Wave ILFDs. In [1-4], the reported locking ranges are still
smaller than 13 %, while wide locking (>17 %) is achieved at the cost of large
power consumption (>6 mW) in [5, 6]. In [7], wide locking range of 25.1 % is
achieved with small power consumption of 1.65 mW, by separating the loading
capacitance with multi-order LC tanks [7]. However, the use of multi-order LC
tanks not only significantly increases the silicon area but also decreases the output
power and degrades the driving capability of the ILFD.

Firstly, in this chapter, regenerative-ILFD architecture is proposed to reduce the
power consumption and boost the operating frequency range of the conventional
Miller divider as shown in Fig. 4.6. Moreover, the regenerative-ILFD architecture
enables the use of transformer-feedback techniques to achieve ultralow-voltage
operation. As illustration, two ultralow-voltage frequency divider architectures are
presented and discussed [8, 9]. Working at a supply voltage comparable to the
transistor’s threshold voltage, the first design, referred to as transformer-feedback
regenerative ILFD (TF-ILFD), provides fully balanced differential inputs and
differential outputs, while the second design, referred to as transformer-feedback
regenerative quadrature ILFD (TF-QILFD), provides fully balanced quadrature
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outputs when differential inputs are applied. Both designs successfully demonstrate
wide input frequency range and low-power consumption even at ultralow supply
voltages.

Secondly, a single-transformer-based self-frequency-tracking (SFT) technique
[10] is presented to increase the locking range of the conventional direct-injection
ILFD at mm-Wave frequency while still keeps low-power consumption and com-
pact chip area.

8.2 Ultralow-Voltage ILFDs Using Transformer Feedback

8.2.1 Regenerative-ILFD Architecture

As discussed in Sect. 4.4, the locking range of conventional Miller divider as shown
in Fig. 4.24b is limited by the insufficient loop gain to maintain the oscillation since
the double-balanced mixer architecture cancels the mixing outputs ig(@) and —ig(w)
between the DC bias voltage and the output voltage vo(w) so that the total injection
current to the tank i) only consists of i;j(w) as shown in Fig. 4.26. To achieve
certain operating frequency range, ij,j(w) needs to be large to satisfy the gain
condition, which can be realized by increasing the size of the mixing transistors
and/or biasing them at a large current. However, the power consumption would be
inevitably large, and large parasitic capacitance from the mixing transistors would
limit the maximum operating frequency as well.

Besides the current-bleeding Miller dividers presented in Sect. 4.4, the
regenerative-ILFD as shown in Fig. 8.1 can also enhance the loop gain and thus
significantly boost the operating frequency range by adding the negative transcon-
ductance provided by the cross-coupled pair Msj. The gain enhancement effect can
also be recognized from the corresponding behavioral model as shown in Fig. 8.2.
A new current component iccp (@) = —k;iIgVe (@), which comes from the mixing of
the bias current I and the output voltage —v,(w) through Mixer 2 (Ms) has been
added to the total current injected into the LC tank. With the help of i..p(@), |i(@)]is
increased, and the locus of i(w) is shifted to the right, which relaxes the gain
condition as shown in Fig. 8.3. As a result, the maximum phase shift that i,(w) can
provide is increased, and the frequency locking range is increased accordingly.
Since the conversion gain of Mixer 2 is much larger than that of Mixer la (or Mixer
1b) which makes use of the weak second-order distortion effect of the transistor M3
(or M), it is more power efficient to increase i..p(@) than to increase ijn(@). As
such, the regenerative ILFD is capable of achieving a large locking range at a small
power consumption. Unlike the conventional Miller frequency divider, if the negative
transconductance provided by Ms/ is large enough, the regenerative ILFD will self-
oscillate even when there is no input signals, so we still catalog it into the family of
ILFDs.
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Fig. 8.2 Behavioral model of the regenerative ILFD

8.2.2 Ultralow-Voltage Regenerative ILFD

The regenerative ILFD requires at least two cascoded transistors in each path from
supply to ground, which limits the minimum supply voltage. To further reduce the
supply voltage, the bottom transistor in the regenerative ILFD should be eliminated.
Alternatively, transformers become an attractive approach.
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Transformer-Based Regenerative ILFD

Figure 8.4 shows the schematic of the differential-input differential-output
transformer-based regenerative ILFD (TF-ILFD) [8, 9], which can be viewed as
the combination of an oscillator and a mixer (Fig. 8.5). In the TF-ILFD, the
conventional LC-VCO is replaced with a TF-VCO as presented in Sect. 5.2,
which is made of by the cross-coupled transistors Ms,, and the integrated trans-
former with primary coil Ly and secondary coil Ls. A double-balanced mixer,
constructed by the transistors M; 4 is also implemented with the input signals
applied at the gates of the switching pair M;_4. Different from the topology in
Fig. 8.1, the feedback from the VCO outputs to the second inputs of the mixer are
implemented by employing the same transformers used in the TF-VCOs. By
replacing the active devices at the bottom of the switching pairs in the conventional
Gilbert mixers with the second coils L of the transformers, the supply voltage can
be reduced. In addition, with proper transformer coupling, the signals at the drain
and the sources can oscillate in phase and swing above the supply voltage and
below the ground, respectively. Consequently, the effective minimum supply
voltage can be further reduced.

Figure 8.6 illustrates the behavioral model of the TF-ILFD. The two mixers
Mixer la and Mixer 1b that model the input transistors M;_ in Fig. 8.2 are
combined into Mixer 1 since the mixing outputs —ig(w) and ig(w) are canceled
with each other, and only the term 2i;,;(w) is preserved after summing up the
outputs of Mixers la and 1b. For simplicity, assuming k =1 and defining the turn
ratio between the primary and secondary coils asN = /Lq4/Ls, the transformer will
have a voltage transfer ratio vq4/vs = N. As such, for Mixer 1, the second input is
just vy(w) since the gate of transistors M;_4 are connected to the inputs v;(2w).
For Mixer 2, the second input is the overdrive voltage Ve(®) = Voi (@) — Vi ().
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Fig. 8.4 Schematic of the TF-ILFD

Fig. 8.5 Simplified block TF-VCO
diagram of the TF-ILFD

Since the drain and source voltage are in phase, Vs (@) = Vo(@) + v¢(@) = (1 + 1/
N)v,(w) and a scaling factor of 1+ 1/N is inserted to the feedback path between
vo(w) and Mixer 2. The phasor diagram of the TF-ILFD is just the same as the one
in Fig. 8.3 with the ij,j(®) and i..p(@w) expressed as below:

iinj(@) =Ki -%vo(a)) -vi(2w) (8.1a)
iec (@) = K2<1 +§) Vo(w) (8.1b)

where K; and K, are the conversion gains of Mixers 1 and 2, respectively.
To estimate the frequency response of the transformer tank, the T-model as
shown in Fig. 8.7a is employed to model the transformer, where Ry represents the
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Fig. 8.6 Behavioral model of the TF-ILFD

loading impedance at the secondary coil. Consequently, the impedance of trans-
former looking into the primary coil can be derived as:

joLp[LCRL (1 — K*)@? — joL(1 —k*) —Ry]
—L4CqLyCs (1 — k*)0* + @?Rp (LaCq + LyCs) — RL + j[@’LaCuLs(1 — K*) — L]
(8.2)

Ziy =

As plotted in Fig. 8.7b, there is only one dominant peak frequency for the tank
impedance when N =4 is chosen. In other words, the transformer tank can be
represented by the equivalent LC tank (L', C’, and R’) within the frequency locking
range of the divider as shown in Fig. 8.6.

Similar to the discussion in Sect. 5.2, a small turn ratio of N = y/L4/Ls would
increase vy(w) and the conversion gain of Mixers 1 and 2, which helps increase
liinj(®)| and [iccp(@)| and thus the frequency locking range at low supply voltages.
On the other hand, a small N would degrade the loop-gain condition and push the
locus of the optimal i, to the right, which tends to degrade the frequency locking
range for given |ij,;()| and |iccp(w)l. As a result, in the TF-ILFD, N is designed to
be optimally around 4 to balance the increasing of |ijyj(@)| and |iccp(w)| and the
degradation of the loop-gain condition.

According to the phasor diagrams in Fig. 8.8a, if [iccp(w)| is fixed, a larger
liinj(®)| is always preferred to obtain a larger phase |ymax| and thus larger locking
range no matter whether the divider is limited by the phase condition or the gain
condition. However, a large |iinj(w)| requires large transistor sizes of M;_4, which
increases both the input and output loadings and limits the maximum operating
frequency. On the other hand, for a fixed [ij,j(@)l, as shown in Fig. 8.8b, an optimal
licep(@)| exists for achieving maximum operating frequency range under the con-
dition that the phasor 2i;,j(@) is vertical to the phasor v,(w), while the end point of
the phasor 2i;,;(w) is kept on the locus of i min(@). In practice, this optimal condition
can be achieved by properly sizing the W/L ratios of Ms.
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Fig. 8.7 (a) T-model for calculating the primary coil impedance Z;, of the integrated transformer
in the TF-ILFD; (b) typical impedance plot of Z;,, with R, =100Q (N=4)

If quadrature outputs are needed, two TF-ILFDs with different input phases can
be employed. To obtain the relationship between the phases of the input and output
signals, v;(2w) and v,(w) are expressed as: vi(2w) = |vi| cos 2wt + ¢;,), and
Vo(®) = |Vo| cos (wt + ¢y ). Tt follows that (8.1a) can be rewritten as:

Ky - [vil - [vol

N €os (wt + Pin — ¢0ut) (83)

linj(@) =

The phase difference f between ijyj(w) and vo(w) is given by:
B = ¢in = 20ou (8.4)
If the two TF-ILFDs are identical, then § will always be the same as long as the two

dividers operate at the same input frequency. According to (8.4), it is clear that the
output phase difference between the two TF-ILFDs will be exactly n/2 if the input
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signals have a phase shift of z. The block diagram of the quadrature frequency
divider employing two identical TF-ILFDs is shown in Fig. 8.9.

One drawback of the quadrature outputs generation scheme in Fig. 8.9 is that the
IQ phase sequence at output of the TF-ILFDs (whether v 5, leads or lags vy, by 7/2)
is not well determined since the phase difference between the two input signals
could be either —z or z. To realize a low-voltage divider with a deterministic 1Q
phase sequence, another transformer-based regenerative quadrature ILFD
(TF-QILFD) topology as described in the next section can be used. Moreover, as
will be explained later, the TF-QILFD can also achieve wider input locking range
than the TF-ILFD.
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Transformer-Based Regenerative Quadrature ILFD

Figure 8.10 shows a simplified block diagram of the TF-QILFD topology. For
intuitive understanding, it is constructed by one QVCO and two mixers with cross-
coupled feedback loops. Similar to the operation in the TF-ILFD divider, the
divide-by-2 function of the TF-QILFD is accomplished by injecting the output
current from the double-balanced mixers into a QVCO, which forces it to oscillate
at the frequency of f;,/2.

Figure 8.11 shows the detailed schematic of the TF-QILFD with quadrature
outputs. The divider contains a TF-QVCO as presented in Sect. 5.3 and two double-
balanced active mixers. The TF-QVCO is configured by two cross-coupled tran-
sistor pairs Ms,s and M/, and two integrated transformers. The two VCOs are
cross-coupled by on-chip transformers, rather than active devices, to generate
quadrature signals with better performance in terms of operation frequency,
power, supply voltage, and phase noise. The primary coil Ly of each transformer
resonates with the total capacitance at the drain and is simultaneously cross coupled
to the secondary coil Ly for quadrature outputs. As such, the loading capacitance
contributed by the coupling transistors in conventional QVCOs is removed, and the
supply voltage can be lower because the transformer enables the signals at the
sources to swing below the ground.

Two double-balanced active mixers, constructed by transistors M;_4 and M7_q
and transformers, are also configured in cross-coupled connection through the same
transformers used in the QVCO. The second coil L of each of the transformer is
placed at source terminal of the mixer to realize the second input. The first mixer’s
output signals are then coupled to the second input of the second mixer through the
transformer to form the cross-coupled connections. Thanks to the transformer
coupling for both the mixer and the VCO, the minimum necessary supply voltage
of the TF-QILFD is significantly reduced.

Similar to the analysis performed for the TF-ILFD in Sect. 8.2.2, the left half-
circuits of the TF-QILFD in Fig. 8.11 are modeled with two mixers and an
equivalent LC tank as shown in Fig. 8.12, where the ideal transformer is assumed
with a voltage transfer ratio of N = ,/L,/L,. The input transistors M; 4 are
modeled with one double-balanced mixer (Mixer 2). The two inputs of the mixer
are the input clock signal at the gate and the signal coupling to the source from the
right half-circuits via transformer. On the other hand, the gate and source voltage
signals of the cross-coupled pair M, appear in quadrature phases, which results in
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Fig. 8.10 Simplified block
diagram of the TF-QILFD
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Fig. 8.11 Schematic of the TF-QILFD

two different feedback paths. The multiplier factor e*/(*/2) in the behavioral model
represents a phase shift of either n/2 or —n/2 since the output signal v,.(@) can
either lead or lag the output signal vp,(w) with 7/2.

Figure 8.13 shows the phasor diagrams of the TF-QILFD when the output
frequency w is higher than the peak frequency w, of the tank. 6 = +arctan(1/N)
represents the phase difference between ic.p(@) and vao(w), which is positive when
Vao(®) lags vgo(w) and becomes negative when v ao(w) leads vy, (). If @ is close to
p, y becomes small, and either Case 1 (vao(w) lags vgo(w) with the phasors in red
color) or Case 2 (Vao(®w) leads vgy(w) with the phasors in blue color) can satisfy
both the phase and gain conditions and potentially make the divider function
properly as shown in Fig. 8.13a. However, the divider would choose to oscillate
in Case 1 since it provides a larger open-loop gain (Ji¢.;(@)! > [i;2(@)l). On the other
hand, if @ goes much higher than w,, y becomes large, Case 2 would not provide
enough phase shift y to satisfy the loop phase condition as shown in Fig. 8.13b, and
the divider can only function properly as Case 1. As a result, the phase
sequence with v, (w) lagging vgo(w) (Case 1) is well determined as long as @ > w,,.
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Fig. 8.12 Behavioral model of the TF-QILFD

When o is lower than w,, the phase sequence would be swapped so that v 5(@) will
always lead vgo(w) instead as shown in Fig. 8.14.

The TF-QILFD can also achieve wider locking range as compared to the TF-ILFD,
since icp(@) as a combination of the currents from I and Q paths provides an additional
phase shift €, which helps increase the maximum phase shift y,,,x provided by i(®).

However, if 16] is larger than ¢y which is defined as ¢, = arcsin (|2iin i(@)]/licep(@) |) ,

the divider would fail to function when y <6 — ¢y(foro>w,) or
y>—60+ (/)O(fora) < a)p), as shown in Fig. 8.15. Consequently, ¢, must be larger

than 16| to guarantee the continuous locking range, which can be achieved by
properly sizing the W/L ratios of M;_4 (M7_1¢) and Ms/Mg (M;1/M;5).

8.2.3 Experimental Results

Both the TF-ILFD and TF-QILFD are designed and fabricated in a 0.18-pm CMOS
process with six metal layers. Figure 8.16a shows the chip micrograph of quadra-
ture divider employing two identical TF-ILFDs (Fig. 8.4), and Fig. 8.16b shows the
chip micrograph of the TF-QILFD (Fig. 8.11). Both dividers occupy the same core
area of 0.3 mm”. And a single-sideband (SSB) mixer as shown in Fig. 5.27 is
included to test the IQ imbalance. Two 4-port differential center-tap transformers
with the same structure as that used in the TC-QVCO (Fig. 5.26) are designed and
implemented in both designs. The single-turn secondary coil L of transformer is
laid out to be completely inside the two-turn primary coil Ly. The self-inductances
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Fig. 8.13 Phasor diagrams of the TF-QILFD when the output frequency @ > @, with: (a) small y
and (b) large y

of the primary and secondary coils are measured to be 465 pH and 147 pH,
respectively, with a coupling coefficient k of around 0.7.

At 0.5-V supply voltage, the single TF-ILFD consumes a total power from 2.75
to 4.35 mW across the whole locking range. An input frequency range from 16.1 to
20 GHz is measured with 3-bit switched-capacitors tuning, which corresponds to a
tuning range of 21.6 % and is actually limited by the maximum frequency of the
external power splitter used. Figure 8.17 shows the output spectrum of the TF-ILFD
at the minimum and maximum input frequencies. In Fig. 8.18, the output power of
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Fig. 8.14 Phasor diagram of the TF-QILFD when output frequency o < w,
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Fig. 8.15 Phasor diagram of the situation that the TF-QILFD fails to function when output
frequency @ is close to
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Fig. 8.16 Chip micrographs: (a) the quadrature frequency divider employing two identical
TF-ILFDs and (b) the TF-QILFD

single TF-ILFD versus input frequency under different power consumptions is
plotted. The power consumption is changed by changing the supply voltage from
0.5t0 0.7 V. The common DC input voltage of the input clock signal is biased at the
corresponding supply voltage. When the power consumption is small, the locking
range can be significantly increased with the increase of supply voltage and thus
power consumption since the divider works in the GCL region. On the other hand,
the locking range extension is no longer obvious when the power consumption is
beyond 8 mW since the divider enters into the PCL region.

To verify the phase accuracy of the quadrature signals generated by two identical
TF-ILFDs with antiphase inputs (Fig. 8.9), an on-chip SSB mixer is included to
measure the SBR. Vector signal generator is used to generate the IQ baseband
signals at 5 MHz. As shown in Fig. 8.19, SBR of >35 dB is measured, which
corresponds to a phase mismatch of around 2° if amplitude mismatch is neglected.

Under a 0.6-V supply, the TF-QILFD consumes a total power from 11.4 to
13.6 mW across the whole locking range. An input frequency range from 15.1 to
20 GHz is measured with 3-bit switched-capacitors tuning, which corresponds to a
locking range of 27.8 % and is actually limited by the maximum frequency of the
external balun used for testing. Figure 8.20a, b shows the output spectrums of the
TF-QILFD at the minimum and maximum input frequencies, respectively. The
measured output power versus the input frequency is plotted in Fig. 8.21. The two
discontinuous regions in the locking range plot when the switched-capacitor setting
is fixed is because that the divider fails to work properly around the peak frequency
wy, of the tank due to the reason that has been explained in Sect. 8.2.2. To cover all
the frequency gaps and achieve a continuous and wide locking range, a 3-bit SCA
was included and tuned to vary the peak frequency w;, of the tank in this design. The
TF-QILFD has the same device sizes as those in the TF-ILFD. However, the
minimum required supply voltage for the TF-QILFD is around 100 mV higher
than the TF-ILFD, which is limited by the reduced open-loop gain. In the TF-ILFD
divider, both the feedback paths through the transformer and through the
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Fig. 8.17 Measured output spectrum of the TF-ILFD at (a) the minimum input frequency of
16.2 GHz and (b) the maximum input frequency of 20 GHz
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Fig. 8.18 Measured output power of the single TF-ILFD as a function of input frequency

cross-coupled pair contribute to the open-loop gain of the divider. In contrast, in the
TF-QILFD, the transformer-coupled loop is utilized to form the required quadrature
loop. As a consequence, the TF-QILFD has a smaller open-loop gain and thus
requires a higher minimum supply voltage.

A SBR of 31 dB is measured for the TF-QILFD as shown in Fig. 8.22, which
corresponds to a phase mismatch of around 3.2° if amplitude mismatch is neglected.
As plotted in Fig. 8.23, the SBR and thus the IQ phase accuracy of the TF-QILFD
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Fig. 8.20 Measured output spectrums of the TF-QILFD at: (a) the minimum input frequency of
15.1 GHz and (b) the maximum input frequency of 20 GHz
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Fig. 8.23 Measured SBR of the TF-QILFD as a function of input frequency

are degraded for output frequencies close to the peak frequency of the tank, at
which the coupling from the corresponding quadrature phase becomes weak. As
expected, the SSB mixer’s output is changed from the upper sideband to the lower
sideband when the divider’s input frequency is swept from lower to higher as
compared to twice of the peak frequency w,, of the tank.
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8.3 Self-Frequency-Tracking ILFD

8.3.1 Locking Range Limitation of the Conventional
Direct-Injection ILFDs

As discussed in Sect. 4.3, the locking range of the ILFD can be analyzed based on
the phasor diagram. When the conventional direct-injection ILFD works in the PCL
region as shown in Fig. 8.24a, the maximum locking range is decided by the
maximum phase shift y between the total current i,(w) injected to the tank and the
output voltage v,(w), which can always be increased by increasing ij,j(w) and ip(w)
if the bias current Ipc is kept constant. Since ijyj(w) and ig(w) are the outputs of the
same mixer M;,, they both increase with the increasing of the transistor size W/L or
Vg of M, as long as it stays in the saturation region.

With the increasing of iy(w), the circle of the injection current moves toward the
left and finally intersects with the locus of the minimal i,(w) that guarantees the gain
condition. Afterwards, the divider enters into the GCL region as shown in
Fig. 8.24b. In this region, the locking range no longer depends on the maximum
phase y shift but is restricted by the amplitude of i(w) that can still maintain
oscillation. As shown in Fig. 8.25a, the maximum locking range under a certain
Ipc is achieved when the phasor ij,j(w) is vertical to the phasor ig(w) or vo(w), which
can be achieved by an optimal combination of V4, and W/L of Mj,,. The only way to
further boost the locking range is to increase the |i;,j(w)l. However, [io(w)| would
also be increased since it comes from the same mixer M;,, which makes the circle of
the injection current move further toward the left and in turn degrades the locking
range. Consequently, the bias current Ipc needs to be increased at the same time to
increase the [iccp(@)| so that the circle of the injection current would move back
toward the right to keep ijj(w) vertical to ig(w) as shown in Fig. 8.25b. However, a
large Ipc would result in large power consumption. Moreover, Vs and W/L of My,
cannot be increased unlimitedly. Large Vg, would eventually push M;, into the
triode region, which in turn degrades the effective g, and thus |i;,j(@)!, while large

Fig. 8.24 Phasor diagram of the conventional LC tank-based direct-injection ILFD in: (a) the
PCL region and (b) the GCL region
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Fig. 8.25 Maximum locking range of the conventional LC tank-based direct-injection ILFD in
the GCL region with (a) a small Ipc and (b) a large Ipc

W/L would add a large parasitic capacitance to the output nodes, which degrades
the maximum operating frequency of the divider.

8.3.2 Self-Frequency-Tracking ILFD

To extend the locking of the ILFD while still maintaining low-power consumption,
the self-frequency-tracking ILFD (SFT-ILFD) based on a transformer tank is shown
in Fig. 8.26 [10]. Instead of being directly injected to the LC tank from the output
nodes (v, and v,_), the output currents of the mixer M, are injected through the
nodes (v, and v_) at the secondary coils (L, and L,) of the transformer, while the
negative g, cell is connected to the primary coils (L; and L3). The capacitors C,
and C; represent the total capacitance at the primary coil (including the loading
capacitance of the output buffer and the parasitic capacitance from M;, and
interconnecting wires), while the capacitors C, and C, represent the total capaci-
tance at the secondary coil (including the parasitic capacitance of M;, and
interconnecting wires).

The two injected currents ip(w) and i;nj(@) generated by M;, can be modeled as
two admittances Y, and Y;,; which is defined as below:

()
Yo = re(@) Ki - (Vgs — Vi) = |Yo (8.5a)
iir1 (a)) i i
Yinj = Vsi(a)) = K2 . }vinj(Zw)| cel? = }Yinj| -el? (85b)

where K; and K, are the conversion gains and Vy, is the threshold voltage of the
M;,. In this way, the mixer M;, can be modeled as a two-terminal device for a given
input signal Vi, = V4, +vi,j(2w) as shown in Fig. 8.27. Since ig(w) is always in
phase with v, (w), Y, only contains a real part. On the other hand, Yjy; is a complex
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Fig. 8.26 Schematic of the Vin=Vo+Vin;
SFT-ILFD -?_
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Fig. 8.27 Equivalent admittance model of the mixer M;,

admittance because the phase difference ¢ between i;yj(w) and v, (@) changes with
the input frequency. Moreover, according to (8.5a) and (8.5b), 1Y,| and IYinj|
depend on K; and K, and thus are well controlled by the input DC bias Vg, the
input power, and the amplitude of v, (w).

To calculate the impedance seen from the output node, the equivalent circuits as
shown in Fig. 8.28a are used. Due to the symmetrical property of the differential
topology, the half-circuit is considered for simplicity, in which M;, is replaced with
the admittances Yo and Yj,. By replacing the transformer with its equivalent
T-model, the tank impedance is simplified as shown in Fig. 8.28b. Here, the circuit
can be regarded as having the two currents iy'(w) and iinj’ (w) directly injected into a
simple LC tank with the inductance L, and the capacitance C; + kz(Lz/Ll)Cz. The
corresponding equivalent admittances Y and Y, can be expressed as:

£ss
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Fig. 8.28 (a) Equivalent circuits of the transformer tank with injection, (b) equivalent tank
impedance Z, seen from the output node

Y, =n- {Yo+j{a(1 e, - +a)(Yj _Y%)” (8.6a)

wC

’

Yi,j=n- | Yin | el (8.6b)

where w is the output frequency; parameters a and n are given as below:

a=o’LCy(1 — k) (8.7a)
K2 L,
n= (8.7b)
() (G -¥3) + (1) )

According to (8.6a), now Yy’ contains both the real and imaginary parts, which
indicates that iy (w) is no longer in phase with v (). In addition, a phase shift & has
been created by the transformer tank between iy (w) and vy (@) or —iccp’ (w) as
shown in Fig. 8.29a, which can be expressed as:
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Fig. 8.29 Phasor diagrams a
of the SFT-ILFD: (a) at w,
and (b) at w, (where

Wy > @ > W)

a(l+a)£}§i7Yﬂ‘j) _ a(l _ a)a)Cg

Yo

(8.8)

0 = arctg

Figure 8.30 plots the phase shift # as a function of frequency for different C,
values. It is important to note that @ is increased with frequency. From the phasor
diagrams shown in Fig. 8.29b, this self-frequency-tracking property of @ helps
increase the locking range even when [ij,;'(@)| and [ice,'(@)| are kept the same as
long as the output frequency w is larger than the self-oscillation frequency @ of the
divider because a larger 6 increases the maximum phase shift y between i/(w) and
icep (@) when the input frequency increases.

When the output frequency o is smaller than @, the locking range is actually
degraded as shown in Fig. 8.31. However, € changes only a little due to its
frequency-dependent property, and the degradation of the locking range becomes
negligibly small. As a result, the total locking range is still enhanced but shift to
higher frequencies.

Usually, it is difficult to increase [ii;'(@)| to boost the locking range because both
the input voltage swing and the conversion gain of the mixer M, are significantly
degraded at high frequencies. Moreover, even if it is possible to increase [iiy; (@)l
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licep' ()| and thus the current consumption are also required to be increased to
achieve the optimal condition for the maximum locking range as discussed in
Sect. 8.3.1. In contrast, by exploiting the frequency-dependent phase shift 8, the
self-frequency tracking technique can boost the locking range without the need of
increasing |i;(w)| and [icep'(@)l. As shown in Fig. 8.30, increasing C, also helps
increase 0 at the high-frequency end. However, since the equivalent tank capaci-
tance C; +k2(L2/L1)C2 also increases as shown in Fig. 8.28b, the self-oscillation
frequency of the divider would drop. In this design, C, is the parasitic capacitance
and is estimated to be around 20 fF.

Moreover, in the conventional ILFDs, an AC coupling capacitor is needed
between the VCO’s output and the ILFD’s input to obtain the optimal bias condition
(Vgs = Vpc — Vpp) of M, since the source and drain voltages of M, are fixed to Vpp.
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Fig. 8.32 Layout of the Ve— Vot
four-port transformer
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At mm-Wave frequencies, the use of AC coupling capacitor adds parasitic capacitance
and degrades the input signal swing, which in turn limits the locking range. In the
SFT-ILFD as shown in Fig. 8.26, since the currents are injected through the secondary
coil instead of directly into the output nodes as in the conventional ILFD, the source and
drain of M, can be biased independently (Vs = Vpc — Vi), which eliminates the lossy
AC coupling capacitor needed in the conventional ILFDs.

Figure 8.32 shows the layout of the four-port differential transformer. Both the
primary and secondary coils are implemented by using the top metal (Metal 6) to
maximize their quality factors (Qs). The input ports of the two coils are placed in
the opposite direction to reduce the coupling capacitance. From the electromagnetic
simulation, the inductance of the primary coil (L;+L3) and the secondary coil
(L, +Ly4) are 680 pH and 920 pH, respectively. From EM simulation, at 30 GHz, the
Qs of the primary and secondary coils are 17 and 10, respectively. The coupling
coefficient k is around 0.65.

8.3.3 Experimental Results

To verify the effectiveness of the SFT technique, an SFT-ILFD prototype is
fabricated in a 65-nm 1P6M LP CMOS process. Figure 8.33 shows the chip
micrograph of the SFT-ILFD with a core area of 0.023 mm?. The size of mixer
M, is 13 pm/0.06 pm with 1 pm finger width. The odd finger number is used to
keep the parasitic capacitance of the drain and the source symmetrical.
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Fig. 8.33 Chip micrograph
of the SFT-ILFD

Fig. 8.34 Measurement
set-ups for different input
frequency ranges
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Figure 8.34 shows the measurement set-ups. Since the signal generator available
to us can only provide a maximum output frequency of 67 GHz, it is directly
connected to the SFT-ILFD for testing with the input frequency lower than 67 GHz.
For the input frequency higher than 67 GHz, a frequency doubler is employed. A
power attenuator is used after the frequency doubler to adjust the input power

because the output power from the frequency doubler is fixed.

The measured input sensitivity curve is shown in Fig. 8.35. Consuming 1.9 mW
from a 0.8-V supply, the input locking range with 0-dBm input power is measured
to be 18.3 GHz or 29 % from 53.7 to 72.0 GHz at an optimal V4, 0f 0.75 V, which is
large with sufficient margins to cover the 9-GHz bandwidth required by typical
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Fig. 8.36 Measured output spectrums at (a) the minimum input frequency of 53.7 GHz and (b) the
maximum input frequency of 72 GHz

mm-Wave applications at 60 GHz. Figure 8.36 shows the measured ILFD’s output
spectrums at both the lowest and the highest input frequencies.

Figure 8.37 shows the measured locking range as a function of the current
consumption Ipc. When Ipc is increased to 5 mA, the locking range can be further
increased from 18.3 to 24 GHz. Finally, Table 8.1 summarizes and compares the
measured performance of the SFT-ILFD prototype with that of the recently
reported state-of-art low-power wide locking range mm-Wave ILFDs. Thanks to
the frequency-tracking technique, the SFT-ILFD achieves an ultrawide locking
range while still consuming a low power, which results in an excellent FoM of
9.53, as defined in (4.9). Furthermore, the use of a single four-port differential
transformer tank helps maintain a compact chip area.
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Table 8.1 Performance summary and comparison
Input Locking | Power
CMOS power Input freq. range (mW) @ Area
Reference | technology |(dBm) (GHz) (GHz) Vpp (V) FOM (mmz)
[1] 90-nm 0 85.2~96.2 11 35@12 |3.14 |0.336°
(12.2 %)
[2] 90-nm 0 53.4~60.8 7.4 25@ 3 0.015
(13%) |N/A®
[3] 65-nm -5 128.34~137 | 8.76 55@ 1.1 1.6 0.05
(6.6 %)
[4] 65-nm <=5 104~112.8 8.8 712@1.2 |1.22 |0.144
(8.14 %)
[5] 65-nm <=2 107.9~128.8* |20.9 627 @ 1.1 |3.341 |0.0544
17.7 %)
[6] 0.13-pm 0 49.8~62.0 12.2 108 @ 0.9 |2.02 |0.324°
(21.8 %)
[7] 65-nm 0 48.5~62.9 14.4 1.65@ 1.0 |8.73 |0.0157
(25.9 %)
[11] 0.13-pm 0 56.7~71.6 14.9 50@0.8 |298 |0.007
(23.2 %)
[12] 65-nm 0 53.4~79.4 26 29@ 0.8 |897 |0.126
(39.2 %)
[13] 0.13-pm 0 59.6~67 7.4 1.6@0.8 |4.63 |0.0165
(11.7 %)
[14] 90-nm 0 52.7~64.8 12.1 86@1.2° |14 0.0828
(20.5 %)
[15] 65-nm 0 57.2~67 9.7 l@ 1.0 9.7 0.013
(15.6 %)
[16] 65-nm 0 58~77.8 19.8 144 @ 1.2 |13.75 |0.013
(29.2 %)
This work | 65-nm 0 53.7~72 18.3 19@0.8 [9.53 ]0.023
29 %)

#Area including PADs
"Quadrature outputs
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Chapter 9
Conclusion

In conclusion, as elaborated in Chaps. 5-8, integrated transformers are demon-
strated to be very useful in VCOs and ILFDs mainly because they help to either
reduce the supply voltage by breaking the output amplitude limitation due to supply
and ground potentials or increase the frequency tuning/locking range by creating
multiple bands as compared to the designs using on-chip inductors.

Several useful design techniques were described in this book in which integrated
transformers are exploited to improve the performance of VCOs and ILFDs in
terms of supply voltage, power consumption, phase noise, operation frequency, or
frequency tuning/locking range, corresponding to state-of-the-art FoM’s and
FoMr’s. More specifically, detailed transformer-based designs were presented
with high performance demonstrated for TF-VCOs and a TC-QVCO in Chap. 5,
a dual-mode QVCO in Chap. 6, a MT-VCO in Chap. 7, and low-voltage TF-ILFD
and TF-QILFD and a wideband SFT-ILFD in Chap. 8.

For comprehensive comparison, the FoM’s as a function of supply voltage and
the FoMrt’s as a function of the oscillation frequency of the state-of-art CMOS
LC-VCOs with oscillation frequencies below 20 GHz are summarized and plotted
in Figs. 9.1 and 9.2, respectively, while the FoMrt’s of the state-of-art CMOS
mm-Wave LC-VCOs are plotted in Fig. 9.3.

Although designed in a relatively old 0.18-pm CMOS technology in which the
transistors’ threshold voltages are as large as 0.5 V, the TF-VCOs described in
Chap. 5 achieve an FoM of 190 dBc/Hz at 0.35-V supply using PMOS cross-
coupled pair and a FoM of 193 dBc/Hz at 0.5-V supply using NMOS cross-coupled
pair. For the supply voltage equal or lower than 0.5 V, only [9, 14] achieve better
FoM’s, which are both implemented in more advanced CMOS technologies. The
enhanced-swing differential Colpitts (ESDC) topology in [9] requires two separate
inductors, which generally would occupy larger chip area than a single transformer.
Besides, the ESDC-VCO only demonstrates a narrow tuning range of 2.5 %
corresponding to an FoMrt lower than that of the TF-VCO as shown in Fig. 9.2.
For the class-D VCO in [14], the advanced CMOS technology is a necessity since
the turn-on resistance of the cross-coupled transistors needs to be even smaller than
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Fig. 9.1 FoM’s as a function of supply voltage for state-of-art CMOS VCOs ([reference] center
oscillation frequency, CMOS technology)

the series resistance of the inductor to prevent the degradation of phase noise. If
implemented in a more advanced technology with lower threshold voltage and less
parasitic capacitance of the switches in the SCA, the TF-VCO should be able to
achieve a larger tuning range at an even lower supply voltage.

The TC-QVCO proposed in Chap. 5 achieves a high oscillation frequency of
17 GHz and an FoM of 187.6 dBc/Hz at a low supply voltage of 1 V. Although the
SHC-QVCO in [20] achieves a much better FoM, it requires a much higher supply
voltage of 1.8 V.

Implemented in a 0.13-pm CMOS technology, the transformer-based dual-mode
VCO proposed in Chap. 6 achieves an FoMt of 203 in the low-band mode. As
extension of the proposed principle, the triple-mode VCO in [27] based on a loosely
coupled 3-coil transformer achieves a similar FoMr in a similar 0.13-pm CMOS
technology. The VCOs in [12, 14, 16, 17] can achieve better FoMr, but are all
implemented in more advanced technologies including 65-nm and 40-nm CMOS
processes in which the switch-capacitor array enjoys a larger C,,/C, ratio when Q
is kept same.

At the mm-Wave frequency around 60 GHz, the proposed MT-VCO in Chap. 7
can work in multiple modes with the help of a switched-shielded transformer,
which greatly increases the frequency tuning range. As shown in Fig. 9.3, the
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Fig. 9.2 FoMr’s as a function of oscillation frequency for state-of-art wideband CMOS VCOs
([reference] frequency tuning range, CMOS technology)

MT-VCO achieves a highest average FoMt of 188.2 with a wide frequency tuning
range of 41.1 %.

In Fig. 9.4, the state-of-art CMOS mm-Wave ILFDs are summarized, and their
FoM’s are plotted as a function of supply voltage. For applications that require low
supply voltages, the TF-ILFD proposed in Chap. 8 can be a good candidate. Using a
0.18-um CMOS technique, the TF-ILFD is demonstrated to operate at a supply
voltage as low as 0.5 V. The relatively poor FoMs are due to the small absolute
locking ranges in the unit of GHz. Actually, as shown in Fig. 9.4, the locking ranges
in the unit of percentage of the two TF-ILFDs (21.6 and 27.9 %) are quite high. So if
implemented in a more advanced technology, the TF-ILFD is expected to operate in
a much higher frequency and thus achieve a much better absolute locking range and
FoM at an even lower supply voltages.

The proposed SFT-ILFD in Chap. 8 features a self-frequency-tracking property
by injecting the input signal through a transformer tank and achieves an FoM of
9.63, with a wide locking range of 29.1 % at a relative low supply voltage of 0.8 V.
Although the ILFDs in [37, 54] achieve comparable and even higher FoMs,
respectively, higher supply voltages of 1.0 and 1.2 V are required. Incidentally,
both the ILFDs in [37, 54] are also based on transformer techniques.
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Appendix

A.1 Effective Turn Ratio for the TC-QVCO in Chap. 5

To calculate the voltages Vy and Vg of the TC-QVCO as shown in Fig. 5.9 and
obtain the effective turn ratio N.g for an arbitrary coupling coefficient k value for
the transformer, the equivalent circuit model in Fig. 5.10a can be used. Applying
Kirchhoff voltage law, (5.10a) and (5.10b) can be modified as functions of k as:

X 1+Y 1
Vi=g, ——|Vi— \Y% , Alla
e { (NP LN/@} Q}Amw) (A-1a)
X 1+Y 1
Vo=g.4 [1-—— VQ—[ }VI . (A.1b)
{ (N/K)* (N/K)] " | Aqlj@)
where X and Y are expressed as:
L+ 50l (1 - k)
X = g - (A.2a)
1 +ﬁij(1 -k )
1—EmjoL(1-12)
y=—7F (A.2b)
1+ N—“;ja)L(l k%)

If the oscillation frequency w is close to the resonant frequency @, and gm is close
to 1/R for stable oscillation with R being the tank resistance, Q ~ R/wL and
g.oL =~ (g,R)/Q = 1/Q. As a result, X and Y can be approximated as:
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X= I (A.3a)
1+ ,;'NTQ(l - k%)
1= (1K)

Y = NIQ (A.3b)
1+ jNTq(l - k%)

For k being close to 1, X =~ 1 and Y = 1. Consequently, (A.la) and (A.1b) can be
further approximated as:

1 2 1

V”‘g‘“{ e M LN/kJVQ}ijw) (Ade)
1 2 1

vor g‘“{ =] e V‘}Aqum e

Compared to (5.10a) and (5.10b), the effective turn ratio N.¢r can be defined as:

N
Negr = X (A.S5)

A.2 Design Parameters of Switched-Shield Transformer
in Chap. 7

This section shows how to derive the effective inductances and the coupling
coefficients for the switched-shield n-coil transformer in Chap. 7. Basically, the
V-I equations for a traditional 2-coil transformer can be expanded to represent a
more general n-coil transformer with magnetic coupling coefficients k;;’s between
any two coils with self-inductances L; and L; as shown in Fig. A.1. According to the
basic law of electromagnetic induction, the induced voltage in the ith coil can be
expressed as:

2P dd;;dI

Z.:l dlL
L= —NiJ = N A.6
¢ dt JZ( dI, dt> (A.6a)
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Fig. A.1 Schematic
of a multi-coil transformer

D;; .

—Nd I=1; (i=j) (A.6b)
I
dd..

“N—==M; (i#]) (A.6c)
I

where L; is the self-inductance of the ith coil, ®;; is the magnetic flux through the
coil L; induced by the coil L, and M;; = M; = k;j4/L;L; is the mutual inductance
between the ith and jth coils. By putting (A.6b) and (A.6c) into (A.6a) and applying
the Laplace transformation, the V-I equation for the ith coil can be expressed as:

n
=1, j#

Extending the results in (A.7) to the switched-tripled-shield transformer as
shown in Fig. A.2 to get:

Vi = (sLy + R)I + sMyalp + sMjals + sMigls (A.8a)

Vi = (sLy + Rpa)ly 4 sMialy + sMaals 4 sMoclc (A.8b)
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VA = (SLA + RLA)IA + SM]AII + SM2A12 = —IAZA (A8C)
Vg = (sLg +Ryp)Ig + sMygl; = —IsZp (A.84d)
VC = (SLC + RLC)IC + SMzclz = _ICZC (ASC)

Here, the coupling between L, and Ly and L, and L are ignored because they do
not affect L; and L, directly. By putting (A.8c)—(A.8e) into (A.8a) and (A.8b), the
voltages V; and V; as functions of I; and I, can be expressed as:

2M2 2M2
Vl = (SL1 +RL1 — i 1A — i 1B > 1
sLa +Rpa +Zo sLp +Rip +7Zp
, (A.9a)
s“MjaM
(o M,
sLa +Rpa +7Z4
s2M? s2M?
V, = (sL, + Ry, — 2A — 2€
: ( 2T LA Ra +Za SLc+Ric+2Zc/)
(A.9b)

M aM
+ (SM12— 1ATY2A )Il

sLa +Rpa +Za
In the low-k state, M, is on and Mg and Mc are off, replacing Z, =R, a,

Zp =1/(jwCosp), and Zg = 1/(jwCosc) in (A.9a) and (A.9b), the following expres-
sions can be obtained:

V) = (L’1+RU’)11 + joMp' L + Ru'l (A.10a)
Vv, = (L’2+RL2’)12 +joMp'T + Ry (A.10b)

where L/, Ly, Rp./, Ro’, My, and Ry’ can be expressed as:

Lijowk =4 1— (@La)” K2
, 1OW-! - K
(Rea + Ron,A)2 + (CULA)2 A

) (A.11a)
wLp {(a)coff,B) - CULB}

2
+ kigLi

2
RiB + |:(a)C0ff,B)71 — a)LB}
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Lojowk =9 1— (@L)” K2
Jow-k = K
(Rea + Ron,A)2 + (wLA)2 A

| (A.11b)
Cl)LC |:(0)C0ff)c) — a)LC )
+ 1 2k2CL2
R]%C + |:((1)C0ff’c)7 — (x)Lc}
. @*k?, LL
Riilowk =Rea — R R 1A 2A ! L 5 (RLa +Ron,a)
(Rea +Ron,a)” + (wLa)
Allc)
@k, LgL (
+ 1B 11 5 Ri
R]2_B + (a)CoffYB)f — wLB
21,2
’ wk LAL2
Ri2lowk = Rpa — 24 (Rea + Ron,a)
° (Rea + Ron,A)2 + (a)LA)2 o
A.11d)
w*k3.LcL (
+ 20C 12 2RLC
RI%C + (a)Coff’c)_ — a)LC
2
/ o MiaM>ALL
Mz iow-k = Mi2 — A ;A A 5 (A.1le)
(RLA + ROH,A) + (CULA)
, M2 low-k
K12, lowk = ]2’](: X , (A.11f)
v/ L1, 1lowk L2, 10wk
2
. @®MiAMa(Rpa + Rop,
Rm,iow-k = 14M24(Ria + Ron, ) (A.11g)

(Ria + Rona)® + (0Ly)?

where MlA = klA\/LlLA and MZA = sz\/LzLA.

In (A.11a), the effect of Z, on the effective series resistance of L;’ through the
coupling from L, to L, is already absorbed into the term Ry ;. The term Ry/I,
represents the effect of Z, on the equivalent series resistance of L’ through the
coupling from L5 to L, to L; because this term becomes zero if the secondary coil is
open. As a result, the term Ry, can be ignored when k4, koa, and ki, are small.
Because of the symmetric property for V, and Vi, the term Ry,/T; in (A.11b) can
also be neglected for the same reason. Consequently, the simplified model for the
switched-triple-shield transformer shown in Fig. 8.4 can be obtained, and (A.11a)
and (A.11b) can be approximated by the following equations:


http://dx.doi.org/10.1007/978-3-319-15874-7_8

202 Appendix
Vl ~ (L,I—FR]_I,)II + jO)Mlz/Iz (AlZa)
Vs & (L’2+RL2’)12 + joMp T, (A.12b)

With assumptions that (Rpa+Rena)? < (@La)’, Rige2 < [(mcoff,g /C)*L

wLp /C]z, (A.11a)—(A.11f) can be used to obtain (7.3a)—(7.3c) for L jow’s
Rijowk’» and Ki2 jowk” and the expressions for L jow.” and Ry jow.k’- Furthermore,
by replacing Zx = 1/(jowCogr.a), Zp = Ron g, and Zc = Ry c in (A.92) and (A.9b) and
using similar assumptions, the expressions for L; pigh-’s R high-k’> and K2 pigh-” as
shown in (7.4a)—(7.4c) and L; pigh’ and Ry pign’ can also be derived.

Finally, replacing Zx =Rona, Zs =Ron s, and Zc =Ry c in (A.9a) and (A.9b)
and using similar assumptions, the expressions for L; jow.1.'s R1jow-1/s and K121 ow-1
as shown in (7.6a)—(7.6¢) and L, 0.1, Rajow.l’ can be derived. Furthermore, by
making kg =k,c =0, the parameters L;’ and k;,’ in (7.1a)—(7.2b) and L,’ for the
switched-single-shield transformer can also be derived.
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