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Preface

Voltage-controlled oscillators (VCOs) and frequency dividers are two of the key

building blocks in phase-locked loops (PLLs) and frequency synthesizers, not only

to generate clean LO signals for frequency conversion in wireless transceivers but

also to generate accurate high-frequency clock signals for wireline systems. As the

system applications continue to demand higher and higher performance in terms of

higher frequency, wider bandwidth, lower phase noise, and lower power consump-

tion, the design of these building blocks becomes more and more challenging, in

particular in aggressively scaled low-voltage CMOS processes for low cost and

high system-on-chip integration.

Many years ago, we published a book entitled “Low-Voltage CMOS RF

Frequency Synthesizers” to discuss and summarize various inductor-based design

techniques for low-voltage high-performance frequency synthesizers. The main

focus was on low-voltage and low-power designs for narrow-band applications,

in which integrated inductors play a critical role. However, due to their high-Q and

narrow-band characteristics, these design techniques have limited applications in

recently emerging multi-band multi-mode and software-defined radios. Fortu-

nately, transformer-based design techniques have recently been developed and

emerged as potential replacement of integrated inductors for more features and

even better performance. However, to the best of our knowledge, there has still been

no book aiming to introduce transformer-based low-voltage and wideband CMOS

VCOs and frequency dividers.

As continuation and complementary to our previous book and intended for

engineers, mangers, researchers, and students who are working on or interested in

CMOS radio frequency or mm-Wave integrated circuits and systems, this book

presents in-depth description and discussion of transformer-based design tech-

niques that enable CMOS oscillators and frequency dividers to achieve ultra-wide

frequency tuning range and ultra-wide frequency locking range while maintaining

state-of-the-art performance in terms of high operation frequency, low supply

voltage, good phase noise, and low power consumption. In addition to the design,

simulation, and characterization of integrated transformers for different
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applications, this book will also discuss their unique characteristics and features

that enable performance improvement, such as passive coupling or multiple imped-

ance peaks, which have not been covered in any of the existing books. Finally, to

illustrate the usefulness of these transformer-based design techniques, design con-

sideration and optimization of various CMOS oscillators and frequency dividers for

different applications together with their measured performance are elaborated,

focusing on not only ultra-low supply voltage but also ultra-wide frequency tuning

range and locking range at very high frequencies.

More specifically, detailed description and discussion of the following selected

designs will be included in the book.

1. A transformer-feedback VCO (TF-VCO) features high swing and low phase

noise even at a supply voltage below the device threshold voltage. Fabricated in

a 0.18-μm CMOS process, a 1.4-GHz PMOS TF-VCO achieves an FoM of

190 at 0.35-V supply voltage, and a 3.8-GHz NMOS TF-VCO achieves an FoM

of 193 at 0.5-V supply voltage.

2. A quadrature VCO using transformer coupling (TC-QVCO) eliminates both

noise and power consumption by active coupling devices in existing QVCOs

while exhibiting all advantages in the TF-VCO. Fabricated in a 0.18-μm CMOS

process, a 17-GHz TC-QVCO achieves an FoM of 187.6 and a phase error of

1.4� at 1-V supply voltage.

3. A transformer-based dual-mode VCO achieves a wide frequency tuning range

exploiting the two impedance peaks of a transformer tank. Fabricated in a 0.13-μ
m CMOS process, the 2.7-to-4.3 GHz and 8.4-to-12.4 GHz dual-mode QVCO

achieves average FoMT of 195 and 203 in the two bands, respectively.

4. A magnetically tuned multi-mode VCO (MT-VCO) measures ultra-wide

frequency tuning range around 70 GHz by changing the coupling coefficient

of the transformer. Fabricated in a 65-nm CMOS process, the 57.1-to-90.1 GHz

MT-VCO achieves an average FoMT of 188.2 at 1-V supply.

5. Transformer-feedback injection-locked frequency dividers (TF-ILFDs) feature

quadrature outputs with enhanced output swing even with low supply and low

power. Fabricated in a 0.18-μm CMOS process, a 18.1-GHz TF-ILFD

with differential outputs achieves 21.6 % locking range when consumes

2.75–4.35 mW at 0.5-V supply, and a 17.5-GHz TF-ILFD with quadrature

outputs achieves 27.8 % locking range when consuming 11.4–13.6 mW at a

0.6-V supply.

6. A self-frequency-tracking injection-locked frequency divider (SFT-ILFD) uti-

lizing transformer to generate the injection current with frequency-dependent

phase shift to extend the locking range. Fabricated in a 65-nm CMOS process, a

62.9-GHz SFT-ILFD achieves 29 % locking range while consuming 1.9 mW at a

0.8-V supply voltage.

Kowloon, Hong Kong SAR Howard Cam Luong

Taipa, Macau, China Jun Yin
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Chapter 1

Introduction

1.1 Motivation

Wireless and wireline transceiver systems have greatly been benefited from the

aggressive scaling down of CMOS technology to improve their performance in

terms of speed, power, and form factor. On the other hand, the CMOS technology

scaling down also imposes great challenges to designs of radio frequency (RF) and

analog circuits mainly because the supply voltage (VDD) scales much faster than the

threshold voltage (Vth) of CMOS transistors. From Fig. 1.1, the available overdrive

voltage (VDD�Vth) in 65-nm CMOS technology is reduced to around 0.5 V, which

limits the voltage headroom and significantly degrades the performance of RF and

analog circuits.

For emerging applications powered by various energy-harvesting methods, the

generated supply voltage VDD may be as low as or even lower than the device

threshold voltage Vth, which limits practical use of many conventional RF and

analog integrated circuits design techniques. Although on-chip boost converters can

be employed to increase the supply voltage, for applications with such low input

voltages and large voltage conversion ratios, their limited efficiency of around

40–75 % would cause significant power penalty [2]. Instead, exploiting RF and

analog circuit techniques that can work under supply voltage close to Vth has been

proven to be a promising solution to greatly reduce the power consumption [3].

On the other hand, emerging wireless applications utilizing much high carrier

frequencies can take advantages of the large bandwidth available to provide

services with data rate of multi-gigabit per second. For example, the IEEE

802.11ad (WiGig) standard [4] and IEEE 802.15.3c standard [5] located at

60 GHz provide available bandwidth of 9 GHz. However, design of wideband

transceivers to cover such a large bandwidth at such a high frequency becomes

quite challenging.

RF frequency synthesizers based on phase-locked loops (PLLs) to provide the

local oscillation (LO) signals for frequency conversion is one of the key building

© Springer International Publishing Switzerland 2015
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blocks in wireless transceivers. The quality of the LO signals in terms of phase

noise and spur would significantly affect the performance of the whole transceivers,

such as the receiver sensitivity and the transmitter spurious emission. For PLLs,

researches have recently focused more and more on the digital-intensive designs to

make use of aggressive scaling down in CMOS technologies [6]. In digital PLLs

(DPLLs), although there are digital substitutes for the phase-frequency detector

(PFD), loop filter, and even frequency dividers operating at several GHz, the

voltage-controlled oscillator (VCO) or the digitally controlled oscillator (DCO)

still needs to be designed in the analog domain due to its high operating frequency

and stringent noise performance requirement. Similarly, at millimeter-wave

(mm-Wave) frequencies, the frequency dividers serving as prescalers also need to

be carefully designed in the analog domain for high performance in terms of

frequency, locking range, and power consumption [7].

VCOs and frequency dividers, as the two critical building blocks operating at the

highest frequencies, directly affect the output frequency range and the out-of-band

phase noise of the whole PLLs. LC-VCOs as shown in Fig. 1.2a are usually

employed in the frequency synthesizers for wireless applications since LO signals

with low out-band phase noise are required to meet the stringent blocker or spurious

emission requirement for the receiver or transmitter, respectively. For the design of

frequency divider, although current-mode logic (CML) dividers are fast enough for

applications at giga-Hz frequency range in submicron CMOS process,

injection-locked frequency dividers (ILFDs) [8, 9] with inductive tank as shown

in Fig. 1.2b and c are still a necessity at mm-Wave frequencies since they feature

higher operation frequencies with lower power consumption compared with CML

dividers [10, 11]. For LC-VCOs and LC-ILFDs based on conventional LC tanks,

their performance such as noise, operating frequency range, and driving capabilities

would degrade rapidly with the scaling down of supply voltage, which limits their
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Fig. 1.1 Scaling down of supply voltage (VDD) and threshold voltage (Vth) with the CMOS

technologies [1]
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usage as the CMOS technology is further scaled down. Even worse, for the

applications requires a supply voltage lower than the device threshold voltage

Vth, the conventional LC-VCOs and LC-ILFDs may fail to work properly since

the cross-coupled transistors cannot provide large enough negative transcon-

ductance to compensate the loss from the LC tank.

For the design of LC tanks in conventional LC-VCOs and LC-ILFDs, high tank

quality factor (Q) is preferred to suppress the noise while still maintaining low

power consumption. On the other hand, the narrowband frequency response char-

acteristics of a high-Q tank would in turn limit the operating frequency range of

LC-VCOs and the locking range of LC-ILFDs. In particular, it would impose a

critical challenge in modern RF transceivers that can support multi-standard and

multiband applications or even the software-defined radio (SDR) and cognitive

radio applications, in which ultra-wideband LOs are required. The most straight-

forward way to cover a wide frequency range is to duplicate multiple narrowband

LC VCOs and to multiplex their outputs [12, 13]. For example, in a 40-nm digital

CMOS process, two LC-VCOs (6–9 and 9–12 GHz) are needed to cover the

required 6–12 GHz frequency range with sufficient phase-noise performance for

SDR application in [14]. However, this method is not area efficient since the

monolithic inductor occupies much larger chip area than other devices and is not

scalable with CMOS technology.

To make the matter worse, the problem with insufficient tuning range of conven-

tional LC-VCOs becomes more and more acute as the oscillation frequency keeps

increasing. Since the varactor Q becomes dominantly low in the tank, the limited

varactor size degrades the frequency tuning range greatly. The typical tuning range

of LC-VCOs reported at around 60 GHz is less than 10 % [14–16], which is far from

being sufficient to cover the 9-GHz bandwidth required by IEEE 802.11ad standard

or IEEE 802.15.3c standard when taking into account process variations and inac-

curate device modeling. Similarly, high-frequency LC-ILFDs suffer from a big

Fig. 1.2 Schematic of conventional (a) LC-VCO, (b) LC-ILFD with direct injection, and (c)
LC-ILFD with indirection injection from current bias

1.1 Motivation 3



problem with insufficient frequency locking range due to their desirable high tank Q

for low power consumption and narrowband filtering. At input frequency of around

60 GHz, the typical locking range of LC-ILFDs reported is around 12 % [17, 18].

In this book, in-depth description and discussion of transformer-based design

techniques that enable CMOS VCOs and ILFDs to achieve state-of-the-art perfor-

mance in terms of low supply voltage, low-power consumption, good phase noise,

high operation frequencies, and wide frequency tuning range and locking range are

presented. To illustrate the usefulness of these transformer-based design tech-

niques, design consideration and optimization of various VCOs and dividers for

different applications together with their measured performance are discussed in

detail, focusing on not only ultra-low supply voltage but also ultrawide frequency

tuning range and locking range at high frequencies.

1.2 Book Organization

This book is organized as follows. Chapter 2 will introduce how to design, simulate,

and characterize on-chip inductors and transformers in CMOS process, including

step-by-step procedures to simulate and model the passive devices for circuit design

and to verify the model based on silicon measurement. In Chap. 3, the phase-noise

analysis and design consideration of VCOs and quadrature VCOs (QVCOs) will be

reviewed, and the performance degradation with the scaling down of VDD will be

discussed in detail. Chapter 4 introduces the principle of ILFDs and Miller dividers

and analyzes their locking range based on the phasor diagram. To demonstrate the

usefulness of the transformer-based design techniques, detailed design consider-

ations and measured results of a couple selected low-voltage high-performance

VCOs and QVCOs using transformer feedback will be presented in Chap. 5.

Chapters 6 and 7 will focus on the designs of transformer-based dual-mode or

multimode VCOs for wideband applications. In Chap. 8, design examples for

ILFDs using transformer technique to achieve either low-voltage or wide locking

range will be discussed. Finally, conclusion will be drawn in Chap. 9, from which

recommendations for future work will be made.

References

1. Packan, P. (2007, December). Device and circuit interactions. IEEE International Electron

Device Meeting Short Course: Performance Boosters for Advanced CMOS Devices.

2. Carlson, E. J., Strunz, K., & Otis, B. P. (2010). A 20 mV input boost converter with efficient

digital control for thermoelectric energy harvesting. IEEE Journal of Solid-State Circuits, 45,
741–750.

3. Zhang, F., Wang, K., Koo, J., Miyahara, Y., & Otis, B. (2013). A 1.6mW 300mV-supply
2.4GHz receiver with �94dBm sensitivity for energy-harvesting applications. IEEE ISSCC

Digest of Technical Papers, pp. 456–457.

4 1 Introduction

http://dx.doi.org/10.1007/978-3-319-15874-7_2
http://dx.doi.org/10.1007/978-3-319-15874-7_3
http://dx.doi.org/10.1007/978-3-319-15874-7_4
http://dx.doi.org/10.1007/978-3-319-15874-7_5
http://dx.doi.org/10.1007/978-3-319-15874-7_6
http://dx.doi.org/10.1007/978-3-319-15874-7_7
http://dx.doi.org/10.1007/978-3-319-15874-7_8
http://dx.doi.org/10.1007/978-3-319-15874-7_9


4. Wireless LAN medium access control (MAC) and physical layer (PHY) specifications, amend-
ment 3: Enhancements for very high throughput in the 60 GHz band, IEEE Std 802.11adTM.
(2012). New York: IEEE.

5. Wireless medium access control (MAC) and physical layer (PHY) specifications for high rate
wireless area network, amendment 2, IEEE 802.15.3cTM. (2009). New York: IEEE.

6. Staszewski, R. B., Hung, C.-M., Maggio, K., Wallberg, J., Leipold, D., & Balsara, P. T. (2004).

All-digital phase-domain TX frequency synthesizer for bluetooth radios in 0.13μm CMOS.
IEEE ISSCC Digest of Technical Papers, pp. 272–273.

7. Wu, W., Bai, X., Staszewski, R. B., & Long, J. R. (2013). A 56.4-to-63.4GHz spurious-free
all-digital fractional-N PLL in 65nm CMOS. IEEE ISSCC Digest of Technical Papers,

pp. 352–353.

8. Rategh, H. R., Samavati, H., & Lee, T. H. (2000). A CMOS frequency synthesizer with an

injection-locked frequency divider for a 5-GHz wireless LAN receiver. IEEE Journal of Solid-
State Circuits, 35, 780–787.

9. Tiebout, M. (2004). A CMOS direct injection-locked oscillator topology as high-frequency

low-power frequency divider. IEEE Journal of Solid-State Circuits, 39, 1170–1174.
10. Kim, D., Kim, J., & Cho, C. (2008). A 94 GHz locking hysteresis-assisted and tunable CML

static divider in 65 nm SOI CMOS. IEEE ISSCC Digest of Technical Papers, pp. 460–461.

11. Ghilioni, A., Mazzanti, A., & Svelto, F. (2013). Analysis and design of mm-wave frequency

dividers based on dynamic latches with load modulation. IEEE Journal of Solid-State Circuits,
48, 1842–1850.

12. Borremans, J., Vengattaramane, K., Giannini, V., Debaillie, B., Thillo, W. V., & Craninckx,

J. (2010). A 86 MHz–12 GHz digital-intensive PLL for software-defined radios, using a

6 fJ/step TDC in 40 nm digital CMOS. IEEE Journal of Solid-State Circuits, 45, 2116–2129.
13. Yu, S.-A., Baeyens, Y., Weiner, J., Koc, U.-V., Rambaud, M., Liao, F.-R., et al. (2011). A

single-chip 125-MHz to 32-GHz signal source in 0.18-μm SiGe BiCMOS. IEEE Journal of
Solid-State Circuits, 46, 598–614.

14. Cao, C., & O, K. K. (2006). Millimeter-wave voltage-controlled oscillators in 0.13-μm CMOS

technology. IEEE Journal of Solid-State Circuits, 41(6), 1297–1304.
15. Kim, D. D., Kim, J., Plouchart, J.-O., Cho, C., Li, W., Lim, D., et al. (2007). A 70GHz

manufacturable complementary LC-VCO with 6.14GHz tuning range in 65nm SOI CMOS.
IEEE ISSCC Digest of Technical Papers, pp. 540–541.

16. Li, L., Reynaert, P., & Steyaert, M. S. J. (2009). Design and analysis of a 90 nm mm-wave

oscillator using inductive-division LC tank. IEEE Journal of Solid-State Circuits, 44,
1950–1958.

17. Gu, Q., Xu, Z., Huang, D., LaRocca, T., Wang, N.-Y., Hant, W., et al. (2008). A low power

V-band CMOS frequency divider with wide locking range and accurate quadrature output

phases. IEEE Journal of Solid-State Circuits, 43, 991–998.
18. Rong, S., Ng, A. W. L., & Luong, H. C. (2009). 0.9 mW 7 GHz and 1.6 mW 60 GHz frequency

dividers with locking-range enhancement in 0.13 μm CMOS. IEEE ISSCC Digest of Technical

Papers, pp. 96–97.

References 5



Chapter 2

Transformer Design and Characterization
in CMOS Process

2.1 Background

On-chip inductors have become essential in RF system-on-chip design and inte-

gration. As compared with off-chip inductors on the printed circuit board (PCB) or

bondwire inductors, the use of on-chip inductors prevents degradation of circuit

performance due to the loss and the parasitics from the chip interface. Moreover,

high-level integration with on-chip inductors can not only significantly reduce the

cost and the form factor but also improve the reliability of the whole wireless

systems.

Unfortunately, on-chip inductors suffer from a low quality factor Q, which

would result in performance degradation in terms of noise, gain, and power

consumption. As a consequence, modern RF CMOS processes provide one or two

thick top metal layers far above the lossy substrate to improve the quality factor Q

and the self-resonant frequency of the on-chip inductors [1, 2]. In addition, due to

its relatively narrowband characteristics, on-chip inductors may not be suitable for

wideband applications, such as multiband, multimode, or software-defined radios.

As potential replacement and improvement of on-chip inductors, integrated

transformers have recently been considered and widely used in wideband RF and

mm-Wave circuits and systems. Their main applications include (1) impedance

transformation in the impedance matching network, (2) amplification for voltage or

current signal, (3) balun for on-chip single-ended to differential or differential to

single-ended signal transformation, and (4) high-order resonant tank to obtain either

multiple narrowband or wideband frequency response of amplitude and phase for

many circuits, including LNAs, VCOs, frequency dividers, frequency

multipliers, etc.

Figure 2.1a shows the schematic symbol of an ideal N:1 transformer, where

N¼V1/V2 is defined as the turn ratio between the primary coil and the secondary

coil. Since an ideal transformer is passive and no energy losses occur during the

voltage and current transformation, the current ratio I2/I1 equals to �N. As a result,
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the impedance seen from the primary coil becomes N2 times of the loading

impedance of the secondary coil.

Figure 2.1b shows a transformer made of two coupled inductors. From the

Faraday’s law of induction, the induced voltage at either coil equals to the rate of

change of the total magnetic flux going through it:

V1 ¼ � d Φ11 þΦ21ð Þ
dt

¼ �dΦ11

dI1

� �
� dI1
dt

þ �dΦ21

dI2

� �
� dI2
dt

ð2:1aÞ

V2 ¼ � d Φ22 þΦ12ð Þ
dt

¼ �dΦ22

dI2

� �
� dI2
dt

þ �dΦ12

dI1

� �
� dI1
dt

ð2:1bÞ

whereΦ11 (Φ22) is the magnetic fluxes in the primary (secondary) coil generated by

the current I1 (I2) in itself and Φ21 (Φ12) is the magnetic fluxes in the secondary

(primary) coil generated by the current I2 (I1) in its neighboring coil. By defining the

self-inductance asL1 ¼ � dΦ11=dI1ð Þ, L2 ¼ � dΦ22=dI2ð Þ, the mutual inductance as

M ¼ � dΦ12=dI1ð Þ ¼ � dΦ21=dI2ð Þ, and applying Laplace transformation to (2.1a)

and (2.1b), V–I equations of the ideal transformer can then be expressed as

V1

V2

� �
¼ sL1 sM

sM sL2

� �
I1
I2

� �
ð2:2Þ

In the circuit analysis, the T-model as shown in Fig. 2.2 is typically employed to

represent the transformer made of coupled inductors as shown in Fig. 2.1b, which

can also be easily shown to be equivalent to (2.2). To represent the coupling

strength between the two coupled inductors, the magnetic coupling coefficient k

defined as the ratio between mutual inductance and self-inductance can be used as

below:

k� Mffiffiffiffiffiffiffiffiffiffi
L1L2

p ð2:3Þ

According to the definition, k is an indicator of the coupling strength between the

primary and secondary coils. For ideal transformers, there is no leakage of magnetic

flux, and the coupling coefficient is unity. However, due to the poor confinement of

Fig. 2.1 Schematic symbol of (a) an ideal N : 1 transformer and (b) a transformer made of two

coupled inductors
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magnetic flux in integrated transformers, the coupling coefficient is always sub-

stantially smaller than one [3].

Figure 2.3 shows another equivalent circuit model of the transformer

that employs an ideal transformer. Here, the ideal transformer with a turn ratio

N ¼ M=L2 ¼ k
ffiffiffiffiffiffiffiffiffiffiffiffiffi
L1=L2

p
and the inductance k2L1 represents the coupling effect

between primary and secondary coils, while the inductance (1�k2)L1 models the

leakage flux that does not contribute the magnetic coupling. It is easily proved that

the equivalent model as shown in Fig. 2.3 is mathematically the same as the

T-model. As shown in the following chapters, the proper choice of the equivalent

models can facilitate the circuit calculation.

It is worthwhile to note the meaning of the dots in the transformer symbols in

Fig. 2.1. Assuming k is always positive, the dots should be denoted in such a way

that when the currents are sent into the dotted terminals from both the primary and

secondary coils, the generated magnetic fluxes from both coils should go in the

same direction which reinforce each other [4]. Figure 2.4 shows the example to

determine the dot location based on this convention.

2.2 Transformer Layout

The common ways to realize integrated transformers are illustrated in Figs. 2.5, 2.6,

and 2.7, which offer different tradeoffs on self-inductances, magnetic coupling

coefficient, inter-coil and coil-to-substrate capacitances, self-resonant frequencies,

and chip area [5]. Here, all the layouts are based on the differential configurations

since they are commonly used in VCOs and frequency dividers with balanced

differential outputs.

Figure 2.5 shows an interleaved transformer layout. Both the primary and

secondary coils are implemented with the same metal layer. As for on-chip inductor

design considerations [2], the thick top metal layer is typically used for maximum

quality factor Q and high self-resonant frequency because it has much smaller

square resistance than other metal layers and far away from the low resistance

substrate in CMOS process. When the metal traces need to be crossed over, the

lower metal layer can be used as a bridge. Since the interleaved configuration

allows large common periphery between the primary and secondary coils, it can

P+

P−

S+

S−

L1-Mi1
L2-M i2

M

Fig. 2.2 T-model of the

transformer
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(1-k2)L1

k2L1

P+

P−

S+

S−

 M : L2

Ideal

I1 I2
Fig. 2.3 Equivalent circuit

model of the transformer

P+ P−S+ S−

I1 i2

P+ P−

S+ S−

i1 i2

k

L1 L2

P+

P−

S+

S−

I1 I2
k

L1 L2

P+

P−

S+

S−

I1

I2

Fig. 2.4 Transformers with different coupling directions and their corresponding schematic

symbol using the dot convention

P+ P−S+ S−

Fig. 2.5 Layout of an

interleaved transformer
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P+ P−S+ S−

Fig. 2.6 Layout of a tapped

transformer

Substrate

Metal
Trace

a

b
P+ S+ P− S−

Dielectic

Dielectic

Fig. 2.7 Layout of a

stacked transformer: (a) top
view and (b) cross-
section view
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provide a relatively high coupling coefficient of above 0.7 at the expense of

increased inter-coil capacitance and reduced self-inductance since the neighboring

metal traces in the same coil are separated by the metal trace from the other coil.

In a taped transformer, both the coils are also implemented in the top metal layer

shown in Fig. 2.6. Since the two coils are completely separated, the self-inductance

is maximized and the inter-coil capacitance is minimized. However, because only a

single turn in the two coils share the common periphery, the coupling coefficient k

becomes lower than that of the interleaved configuration. Depending on the space

between the two coils, the typical k of the taped transformer can vary from 0.3 to

0.7. Furthermore, the spatial separation of the two coils also results in larger

chip area.

Figure 2.7 shows a stacked transformer layout, in which the primary and

secondary coils are implemented in different metal layers. Both vertical and lateral

magnetic coupling are utilized to maximize the self-inductance and thus achieve the

best area efficiency. Since the dielectric thickness is much smaller than the minimal

space between the two neighboring top metal traces, the magnetic coupling is

enhanced compared with that of the interleaved configuration. As an example, in

a 65-nm CMOS process, the dielectric thickness is smaller than 1 μm, while the

minimal space of the top metal is around 2 μm. Consequently, the coupling

coefficient can be close to 0.9 if the metal traces in different layers are perfectly

aligned. On the other hand, the inter-coil capacitance increases due to the reduced

space between the two coils. In addition, the capacitance from the secondary coil to

the substrate also increases since it is implemented in the lower metal layer closer to

the substrate. It follows that stacked transformers usually have the lowest self-

resonant frequency. The performances of different types of integrated transformers

are summarized and compared in Table 2.1.

2.3 Transformer Measurement and Characterization

Basic considerations and guidelines for design, simulation, layout, and character-

ization of integrated transformers are mostly the same as those for on-chip induc-

tors, which have been well described in many references [2, 3] and will not be

repeated here. In the following section, only critical differences unique for inte-

grated transformers are summarized and highlighted.

As illustrated in Fig. 2.8, a typical design and characterization flow of integrated

transformers is summarized as below:

Table 2.1 Comparison of different types of integrated transformer

Transformer structure k Self-inductance Area Self-resonant frequency

Interleaved >0.7 Medium Medium Medium

Tapped 0.3–0.7 Low Large High

Stacked ~0.9 High Small Low
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Step 1: Obtain the required electrical parameters of the transformer such as self-

inductance, quality factor, and coupling coefficient from either calculation or

simulation of the targeted transformer using equivalent circuit models.

Step 2: At the beginning, the physical parameters of the transformer can be

quickly estimated and optimized for a given transformer structure by using a fast

simulator such as ASITIC [6]. In the optimization, different layout configurations

can be considered, from which the physical parameters such as the number of turns,

the diameter, metal width, and metal space can be adjusted. Since fast simulators

usually overestimate the quality factor Q, the relative trend of the quality factor

from different parameter combinations is more useful than its absolute value as a

quick reference for optimization.

Fast 
Simulation

Start

Accurate 
Simulation

Model Fitting

Circuit
Simultion

End

Measurement

Electrical
Parameters

Compared 
with the 

Simulation

Unsatisfied 

Satisfied 

Matched 

Unmatched 

Testing
Structure

Step 2:

Step 3:

Step 5:

Step 6:

Step 4:

Step 1:

Simulation
Results

Calibration

Fig. 2.8 Design and

characterization flow of

integrated transformers
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Step 3: After obtaining the physical parameters from a fast simulation, the

transformer can be further simulated by using more accurate electromagnetic

(EM) simulator such as the ADS Momentum [7] or HFSS [8]. Usually the simula-

tion results are in the formats of S parameters. To compare with the design goals,

the simulated S-parameter data need to be converted into the Z-parameters using

the following equations [9]:

Z11 ¼ Z0

1þ S11ð Þ 1� S22ð Þ þ S12S21

1� S11ð Þ 1� S22ð Þ � S12S21
ð2:4aÞ

Z12 ¼ Z0

2S12

1� S11ð Þ 1� S22ð Þ � S12S21
ð2:4bÞ

Z21 ¼ Z0

2S21

1� S11ð Þ 1� S22ð Þ � S12S21
ð2:4cÞ

Z22 ¼ Z0

1� S11ð Þ 1þ S22ð Þ þ S12S21

1� S11ð Þ 1� S22ð Þ � S12S21
ð2:4dÞ

where Z0 is impedance of the ports used in the simulation. With the Z-parameters,

the following equations can be employed to obtain the electrical parameters of the

transformer:

L1 ¼ Im Z11ð Þ
ω

and L2 ¼ Im Z22ð Þ
ω

ð2:5aÞ

Q1 ¼
Im Z11ð Þ
Re Z11ð Þ and Q2 ¼

Im Z22ð Þ
Re Z22ð Þ ð2:5bÞ

k ¼ Im Z21ð Þffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
Im Z11ð Þ � Im Z22ð Þp ð2:5cÞ

where ω¼ 2πf. At this stage, the physical parameters can be further fine-tuned to

obtain the optimized design that can best satisfy the requirements.

Step 4: After the physical parameters of the transformer are fixed, the lumped

model as shown in Fig. 2.9 can be used for circuit simulation. This lumped model is

based on the wideband inductor model from [10], which merges the π models from

[11] and [12] and the substrate-coupled model from [13]. Here, the self-inductance

and the ohmic loss are modeled by components L1/L2 and r1/r2, while the parasitic

capacitance and the resistive loss of the substrate are modeled by Cox1/Cox2, Csub1/

Csub2, and Rsub1/Rsub2. The magnetic coupling and capacitive coupling between the

two coils are modeled by k and CC, respectively, and the capacitive coupling

between the metal traces in the same coil is modeled by Cm1/Cm2. The substrate-

coupled network made of Led1/Led2 and Red1/Red2 models the substrate losses due to

the eddy current which is increased with frequency. The model parameters are

extracted from and fitted to the simulated S-parameter data by using optimizer and

fitting tools. Simulations can be used to ensure that the frequency response of the

14 2 Transformer Design and Characterization in CMOS Process



model can match well the EM simulation results over a wide frequency range. The

transformer model can then be directly used in the time-domain or frequency-

domain transistor-level simulation, which enables complete evaluation of the

circuit performance. In practice, several iterations with the whole procedure

repeated may be necessary to fine-tune the physical and electrical parameters of

the transformers until the circuit specifications are satisfactorily met.

Step 5: The transformer testing structure as shown in Fig. 2.10a and its

de-embedded structures as shown in Figs. 2.11a and 2.12a can be laid out and

fabricated for measurement, characterization, and comparison with the simulation

results. The de-embedded open and short structures are employed for de-embedding

purpose to eliminate the impacts from the testing PADs and the parasitic metal

traces connecting between the transformer core and the testing PADs. For simplic-

ity, the single-ended testing structures with one port of the primary and secondary

coils being directly connected to the ground plane are considered here. If a 4-port

network analyzer is available, the fully differential testing structures can be

constructed in a similar way. The de-embedding principles and procedures in

Step 6 can also be applied to the differential testing structures.

Csub1 Rsub1 Csub1Rsub1Rsub1/22Csub1

Red1/2 Led1/2 Red1/2Led1/2

R1/2 L1/2 R1/2L1/2

Cox1 Cox12Cox1

Cm1

Csub2 Rsub2 Csub2Rsub2Rsub2/22Csub2

Red2/2 Led2/2 Red2/2Led2/2

R2/2 L2/2 R2/2L2/2

Cox2 Cox22Cox2

Cm2CC CC

S−

P−

S+ 

P+ 

kk

ked1 ked1

ked2 ked2

Fig. 2.9 A wideband transformer model for parameter extraction and circuit simulation
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Step 6: Using a 2-port network analyzer, the S-parameter of the transformer

testing structure (Sraw) in Fig. 2.10a and the de-embedded structures (Sopen and

Sshort) in Figs. 2.11a and 2.12a can be obtained by on-chip probing. The

S-parameters (Sraw, Sopen, and Sshort) can be further converted to the Y-parameters

(Yraw, Yopen, and Yshort) by using the following equations [9]:
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Fig. 2.10 (a) Layout and (b) equivalent circuit of the transformer testing structure
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Fig. 2.11 (a) Layout and (b) equivalent circuit of the open de-embedded structure

Ground Plane

a

G
G

SS
G

G

Z1

Z3

Y1

Z2

Z4

Port2Port1

P
o

rt
1

P
o

rt
2

b
Y3

Y2

Fig. 2.12 (a) Layout and (b) equivalent circuit of the short de-embedded structure
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Y11 ¼ 1

Z0

� 1� S11ð Þ 1þ S22ð Þ þ S12S21

1þ S11ð Þ 1þ S22ð Þ � S12S21
ð2:6aÞ

Y12 ¼ 1

Z0

� �2S12

1þ S11ð Þ 1þ S22ð Þ � S12S21
ð2:6bÞ

Y21 ¼ 1

Z0

� �2S21

1þ S11ð Þ 1þ S22ð Þ � S12S21
ð2:6cÞ

Y22 ¼ 1

Z0

� 1þ S11ð Þ 1� S22ð Þ þ S12S21

1þ S11ð Þ 1þ S22ð Þ � S12S21
ð2:6dÞ

Using the Y-parameters, the following de-embedding procedures can be applied to

obtain the corresponding electrical parameters of the transformer:

1. Extraction of the parasitic parameters Z1 to Z4. According to the equivalent

circuits for the open/short de-embedded structures as shown in Figs. 2.11b and

2.12b, the parasitic parameters Z1 to Z4 can be extracted by subtracting Yopen

from Yshort to obtain YDE1 first:

YDE1 ¼ Yshort � Yopen ð2:7Þ

and then converting YDE1 to ZDE1. So ZDE1 only contains the information of

parasitic parameters Z1 to Z4.

2. Open de-embedding for measurement data of the transformer testing structure.

According to the equivalent circuits for the transformer testing structure and the

open de-embedded structures as shown in Figs. 2.10b and 2.11b, the effect of

parasitic parameters Y1 to Y3 can be removed by subtracting Yopen from Yraw:

YDE2 ¼ Yraw � Yopen ð2:8Þ

3. Short de-embedding for measurement data of the transformer testing structure.

After converting YDE2 to ZDE2, the effect of parasitic parameters Z1 to Z4 can be

removed by subtracting ZDE1 from ZDE2:

ZDUT ¼ ZDE2 � ZDE1 ð2:9Þ

Here, ZDUT represents the impedance of the transformer core after

de-embedding. By applying (2.5a–2.5c), the measured self-inductance, quality

factor, and coupling coefficient for the transformer core can be obtained.

Step 7: Finally, the measured electrical parameters are compared with the EM

simulation results. If the results are not satisfactory, the transformer design would

need to be modified by going back to Step 3, starting from the EM simulation of the

modified design. The differences between the simulation and measurement results

of the transformer can also be utilized to correlate the difference in the measured

circuit performance for further optimization.

In the transformer layout in Fig. 2.10a, the primary and secondary ports are

located on the same side. If the two ports of the transformer need to be placed on the

different sides, the layouts of the testing structures also need to be changed to those

as shown in Fig. 2.13.
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Chapter 3

Design Considerations for CMOS Voltage-
Controlled Oscillators (VCOs)

3.1 Basic Concepts

Voltage-controlled oscillator (VCO) is one of the most critical building blocks in a

phase-locked loop (PLL) since it needs to operate at the highest frequency and its

phase-noise performance determines the out-of-band phase noise of the PLL at

offset frequency larger than the loop bandwidth. Besides, the output frequency

range covered by the PLL is also directly limited by the tuning range of the VCO.

3.1.1 Start-Up Oscillation Conditions

Figure 3.1a shows the feedback model of a general oscillator. The closed-loop

transfer function is expressed as

G jωð Þ ¼ Out jωð Þ
In jωð Þ ¼ H jωð Þ

1� H jωð Þ ð3:1Þ

To make the positive feedback system oscillate at a certain frequency ω0, the

amplitude and phase of the open-loop transfer function H( jω) must simultaneously

meet the conditions (Barkhausen’s criterion) expressed as below:

H jω0ð Þj j ¼ 1 ð3:2aÞ
∠H jω0ð Þ ¼ 2π � n ; n ¼ 0, 1, 2 . . .ð Þ ð3:2bÞ

The feedback model for an LC oscillator is shown in Fig. 3.1b. The LC tank serves

as a frequency selection network to stabilize the frequency and to provide narrow-

band filtering, while the negative Gm cell injects the energy to compensate the loss

of the LC tank. Assuming the negative Gm cell provides no phase shift, the phase
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shift of the LC tank should be zero to enable the oscillation. The start-up condition

of the LC oscillator can be expressed as below:

Gm � real Z jω0ð Þf g > 1 ð3:3aÞ
imag Z jω0ð Þf g ¼ 0 ð3:3bÞ

After the oscillation starts up, the effective Gm drops with the growth of the

output amplitude which in turn would be limited due to the nonlinearity of the

active devices. As a result, the large signal loop gain Gm � real Z jω0ð Þf gwill always
equal to one for stable oscillation.

If the gain and phase conditions in (3.3a) and (3.3b) are met at multiple

frequencies, the oscillator may start up with any of these frequencies and have

multiple modes of oscillation [1]. For the frequency with larger loop gain, there

would be a higher chance for the oscillator to start up because less energy is

required. If the loop gains at multiple frequencies are close to each other, concurrent

oscillation may even happen if the active devices in the negative-Gm cell meet

certain nonlinearity requirement [2–4].

3.1.2 Phase-Noise Definition

In the time domain, an ideal oscillator provides a perfectly periodic output of

Vout tð Þ ¼ V0 cos ω0tð Þ, with a constant amplitude V0 and a constant oscillation

period T0 ¼ 2π=ω0. However, in a real oscillator, noise would cause fluctuations

on the phase of the output signal, which can be expressed as below:

Vout tð Þ ¼ V0 tð Þ cos ω0tþ ϕn tð Þ½ � ð3:4Þ

where ϕn(t) represents the small random phase noise that perturbs the zero crossings

of Vout(t) as shown in Fig. 3.2. This perturbation on the zero crossings will change

the oscillation frequency or period, which corresponds to jitter in the time domain.

Since phase perturbation ϕn(t) is small, it can be assumed that cos ϕn tð Þ½ � � 1

and sin ϕn tð Þ½ � � ϕn tð Þ. So (3.4) can be approximated by

Gm

Z(jω)

Out
Out

H(jω)

+

+In

a b

+

+In

Fig. 3.1 Feedback model of (a) a general oscillator and (b) an LC oscillator

22 3 Design Considerations for CMOS Voltage-Controlled Oscillators (VCOs)



Vout tð Þ � V0 tð Þ cos ω0tð Þ � V0 tð Þϕn tð Þ sin ω0tð Þ ð3:5Þ

Since the amplitude is limited by the nonlinearity of the active devices, the

fluctuation of V0(t) is typically small and can be assumed to be constant for

simplicity. The instantaneous power of the Vout(t) can be obtained by calculating

the autocorrelation E[V2
out(t)], and the power spectrum density (PSD) Sout( f ) of

Vout(t) can be obtained by applying the Fourier transform to the autocorrelation:

Sout tð Þ � Ssig ωð Þ þ Ssig ωð Þ∗Sϕn
ωð Þ ð3:6Þ

where Ssig ωð Þ ¼ V2
0=2

� �
δ ω� ω0ð Þ þ V2

0=2
� �

δ ωþ ω0ð Þ is the PSD of the ideal

oscillation signal, Sϕn
ωð Þ is the PSD of the phase noise ϕn(t), and the operator *

represents convolution in frequency domain.

Figure 3.3 shows the actual spectrum of a typical oscillator. The skirts located on

both sides of the desired tone at frequency ω0 and �ω0 represent the effect of the

frequency fluctuation caused by phase perturbationϕn(t). Intuitively, the oscillator is
expected to spend more time at frequency ω0, so the phase noise should be lower as

the frequency offset fromω0 becomes larger. Typically, the phase noise is defined as

the ratio of the single-side-band noise power within 1-Hz bandwidth at a frequency

offset Δω away from ω0 to the carrier signal power as shown in Fig. 3.4:

L Δωð Þ ¼ 10log10
Pnoise Δω, 1Hzð Þ

Pcarrier

� �
ð3:7Þ

which has a unit of “decibels below the carrier per Hertz” or dBc/Hz.

t

T0 T0 T0

T1 T2 T3

Ideal Oscillator Real Oscillator

Fig. 3.2 Output waveforms of an ideal and a real oscillator
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3.1.3 LC-Tank Properties

As shown in Fig. 3.5a, an LC resonant tank is made of an inductor L and a capacitor

C with their resistive loss modeled by a parallel tank resistor Rp. The tank imped-

ance Zt can be expressed as

Zt ωð Þ ¼ 1
1
RP

þ j ωC� 1
ωL

� � ð3:8Þ

According to the phase condition in (3.3b), the resonant frequency ω0 is

ω0 ¼ 2π f 0 ¼
1ffiffiffiffiffiffiffi
LC

p ð3:9Þ

From Fig. 3.5b, the amplitude of tank impedance also reaches its maximum (Rp) at

ω0. Since the frequency response of the LC tank exhibits the band-pass character-

istic, ω0 is also called the center frequency.

Denoting the series resistive losses in the actual inductor and capacitor as rsL and

rsC, their quality factors are defined as QL ¼ ωL=rsL and QC ¼ 1= ωC � rsCð Þ,

f
f0−f0 0

f
0

Sfn 
( f )Ssig( f )

f
f0−f0 0

Sout( f )  = Ssig ( f )+Ssig( f )∗Sfn
( f )

∗

Fig. 3.3 Frequency spectrum of a real oscillator

1Hz

Pcarrier

Sout (f )

Pnoise

0

( , 1Hz)

Fig. 3.4 Definition of

phase noise
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respectively. If the QL and QC are high Q2
L � 1, Q2

C � 1
� �

, the effective parallel

resistances become RpL � Q2
L � rsL and R pC � Q2

C � rsC. So the total parallel resis-

tance of the LC tank is given by R p ¼ RpL

����R pC, and the quality factor of the LC

tank (QT) can be defined as

1

QT

¼ ω0L

RP

¼ 1

ω0Cð Þ � RP

¼ 1

QL ω0ð Þ þ
1

QC ω0ð Þ ð3:10Þ

In other words, the tank quality factor QT equals to QL

����QC and is typically

dominated by the inductor QL at frequencies below ~20 GHz but by the capacitor

QC at frequencies above ~40 GHz.

When the operating frequency has a small deviation Δω from the resonant

frequency ω0, the tank impedance can be approximated as below:

Zt (ω) L C Rp

a

ω

ω0

ω

b
|Zt (ω)|

Zt (ω)

0

π/2

−π/2

Rp

φ (ω)=

2Rp /

BW3dB

Fig. 3.5 (a) LC tank with a

parallel resistor and (b)
frequency responses of its

amplitude and phase
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Zt Δωð Þ � 1

1
RP

þ j 2QT

RP
� Δωω0

� 	 ð3:11Þ

Equation (3.11) is quite useful when calculating the amplitude and phase of the LC

tank at a frequency offset close to ω0.

It is worth to note that the definition of QT in (3.10) only works for the second-

order LC tank. For a high-order resonant tank, more general definitions of the tank

quality factor can be used [5]:

1. From the perspective of energy, the tank quality factor can be defined as the ratio

of the energy stored in the resonant tank to the energy dissipated per cycle:

QT Energy ¼ ω0 � Estored

Pdiss
ð3:12Þ

From the definition, a high QT_Energy indicates a small energy loss and thus

a small power consumption of the oscillator. In the second-order LC

tank, it is easy to prove that QT_Energy just equals to QT defined in (3.10) since

Estored ¼ LI2max=2 and Pdiss ¼ RsL þ RsCð ÞI2max=2.
2. From the perspective of band-pass filters, the quality factor can also be defined

as the ratio of the center frequency to the 3 dB-bandwidth as shown in Fig. 3.5b:

QT BW ¼ ω0

BW3dB

ð3:13Þ

Here, a high QT_BW indicates a narrow passband that provides better frequency

selection and thus better phase-noise rejection capability. According to (3.11),

BW3dB ¼ ω0=QT if BW3dB is small. So, as long as QT_BW is high, it can also be

well approximated by QT defined in (3.10).

3. From the perspective of feedback systems, the quality factor can be defined as a

measure of the phase slope of the open-loop transfer function H( jω):

QT PS ¼ ω0

2

dϕ ωð Þ
dω

����
����
ω¼ω0

ð3:14Þ

In this definition, a higher QT_PS indicates a sharper phase response to the

frequency change around ω0, which suggests that if the phase noise causes a

deviation from the oscillation frequency, it will tend to return to ω0 faster,

resulting in a “purer” frequency spectrum since the oscillation frequency stays

at ω0 for a longer time [6]. This definition of quality factor is useful in the

oscillator design since it can be directly derived from the open-loop transfer

function regardless of the types of the resonant tanks employed.
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Generally, for an oscillator with a second-order open-loop transfer function as

H sð Þ ¼ b1s= s2 þ a1sþ a0ð Þ, by substituting s with jω, it can be rearranged as

below:

H jωð Þ ¼ j b1ωð Þ
a0 � ω2ð Þ þ j a1ωð Þ ð3:15Þ

The phase of H( jω) is ϕ ωð Þ ¼ π=2� tan �1 a1ω= a0 � ω2ð Þ½ �. According to the

Barkhausen criterion, the oscillation frequency ω0 ¼ ffiffiffiffiffi
a0

p
can be determined by

satisfying the phase condition. And the tank quality factor can be obtained by using

(3.14)

QT PS ¼ ω0

2

dϕ ωð Þ
dω

����
����
ω¼ω0

¼
ffiffiffiffiffi
a0

p
a1

ð3:16Þ

Again, from (3.11), QT_PS equals to QT when a second-order LC tank is

employed.

3.1.4 Frequency Tuning

According to (3.9), the oscillator frequency can be tuned by changing either the

tank inductance or capacitance. Generally, varactors (variable capacitors) are most

widely used because their capacitance can be tuned by adjusting the control voltage.

Figure 3.6a shows the tuning characteristic of a PMOS capacitor by connecting the

drain, source, and body nodes of a standard PMOS transistor together. When VBG is

lower than the flat-band voltage VFB, the device works in the accumulation mode.

Since electrons can move freely at the channel surface, the MOS capacitor just

equals to the oxide capacitor Cox ¼ Eox WLð Þ=tox, where W and L represent the

channel width and length, respectively, while Eox and tox represent the oxide

permittivity and thickness, respectively. As VBG increases, the PMOS enters the

depletion region, and the total capacitor becomes the oxide capacitor in series with

the depletion capacitor. When VBG is much larger than the threshold voltage Vth,

the device is operated in the strong inversion region, where the channel is open to

allow the holes from the source and drain to move freely at the channel surface. So

the MOS capacitor rises up to Cox again.

In a VCO, since the varactors are connected to the nodes with a larger voltage

swing, the effective capacitor is determined by the average capacitance during each

cycle. So the monolithic C–V characteristic is necessary to guarantee the mono-

lithic frequency tuning. By preventing the PMOS transistor from entering the

inversion or accumulation region, either accumulation-mode MOS (AMOS)

varactor or inversion-mode MOS (IMOS) varactor can be realized, respectively.

Figure 3.6b shows the cross section of an AMOS varactor. Removing the P+ doping
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of source and drain would avoid the inversion mode since there are no suppliers for

the holes. In the advanced CMOS technologies, the AMOS varactor is mostly used

since it displays better noise performance than both the IMOS and diode

varactor [7].

The tuning range of the varactor is determined by the Cmax/Cmin ratio. Since

most of the Cmin comes from the overlap capacitors between the gate and the drain/

source, the Cmax/Cmin ratio can be increased by increasing the channel length at the

cost of the Q degradation due to the increased channel resistance.

3.2 Phase-Noise Analysis

VCO phase noise has direct and negative impact on the performance of wireless

communication systems. In the receiver path, blockers and interference at some

frequency offset from the desired RF frequency would be folded into the frequency

band of the desired signal through reciprocal mixing with the phase noise of the

VCO at the same frequency offset. On the other hand, in the transmitter path, the

LO phase noise would cause spurious emission outside the frequency band of the

desired signal, which may become blockers or interference for other receivers

P-Substrate

N-Well

P+ P+ n+

D
G

S B

P-Substrate

N-Well

B
G

B

n+ n+

CV

VBG

CV

VBG

a

b

Accumulation

Depletion Weak & Moderate
Inversion

Strong Inversion

Accumulation Depletion

Cox

Cox

VTH0

0

VFB

Fig. 3.6 Cross sections and tuning characteristics of (a) a pMOS capacitor and (b) an AMOS

varactor
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nearby. Besides, the LO phase noise also corrupts phase-modulated signals during

frequency up-conversion or down-conversion [6]. So this section will deal with

various methods to analyze the phase noise in an LC-VCO, which would serve as

guidelines on how to achieve a low phase-noise LC-VCO design.

3.2.1 Linear and Time-Invariant (LTI) Model

In an NMOS LC-VCO shown in Fig. 3.7, the noise comes from the tank loss, the

active devices in the cross-coupled pair, and the current bias. From a linear time-

invariant model in Fig. 3.8a, the noises from the active devices and the parallel

resistor of the tank can be modeled by noise currents in, a and in, t , respectively. When

the oscillation becomes stable, the effective Gm should be equal to�1=Rp to satisfy

the Barkhausen criterion, so the effective impedance seen by both the noise currents

is just the impedance of lossless LC tank as shown in Fig. 3.8b. Since in,a and in, t are

uncorrelated, the total output noise voltage can be expressed by

v2n,out ¼
1

2
i2n,a þ i2n, t

� 	
� Zt ideal Δωð Þj j2

¼ 1

2
F � i2n, t � Zt ideal Δωð Þj j2

ð3:17Þ

where F ¼ 1þ i2n, a=i
2
n, t is the excess noise factor. Since the amplitude noise is

greatly suppressed by the amplitude-limiting mechanism in practical oscillators, the

total output noise would be dominated by the phase noise. So according to the

equipartition theorem of thermodynamics that noise energy would split equally

between phase and amplitude noises [8], a scaling factor 1/2 is added to (3.17). By

substituting i2n, t ¼ 4kT=R p and Zt ideal Δωð Þj j ¼ R p= 2QTð Þ
 � � ω0=Δωð Þ in (3.17)

and normalizing the output noise power to the carrier power, the phase-noise

equation can be expressed as

L Δωð Þ ¼ 10 log10
v2n,out

Psig

 !
¼ 10 log10

2kTF

Psig

1

2QT

ω0

Δω

� 2
" #

ð3:18Þ

From (3.18), the most straightforward way to reduce phase noise is to increase QT

and the signal power. Furthermore, (3.18) can be rearranged by substituting Psig

¼ V0=
ffiffiffi
2

p� �2
=Rp and QT ¼ ω0C � R p as below:

L Δωð Þ ¼ 10 log10
F

QTV
2
0

� kT
C

� ω0

Δω2

� 
ð3:19Þ
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where V0 is the output amplitude. In other words, the noise contribution from the

tank is proportional to kT/C if ω0 is fixed, which suggests that the combination of a

large capacitor and a small inductor would reduce the phase noise if QT and V0 are

kept unchanged. However, large power consumption would be required to keep the

same V0 since a small L would decrease the parallel tank impedance Rp.

M1 M2

Vout+ Vout

L

C

MT
CT

Rp

IB

Fig. 3.7 Current-biased

LC-VCO with a NMOS

cross-coupled pair and a

NMOS tail-biasing

transistor

L C Rp in,t−1/Gmin,a

L Cin,tin,a

Negative Gm Cell LC tank

Lossless LC tank

a

b

Fig. 3.8 (a) Equivalent circuit for the calculation of phase noise from the active devices and the

tank loss in a LC-VCO, (b) simplified equivalent circuit for stable oscillation
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3.2.2 Linear and Time-Variant (LTV) Model

Despite its simplicity, the time-invariant model has two major limitations when

converting the noise from the resonator and from the active devices to the output

phase noise:

1. The impulse responses of the phase and amplitude of the output waveform

strongly depend on when the noise current pulse δ t� τð Þ is actually injected

into the LC tank. As shown in Fig. 3.9, assuming Vout tð Þ ¼ V0 � cos ω0tð Þwhere
T0 ¼ 2π=ω0 is the oscillation period, injection of the noise current δ t� τð Þ at the
time t1 when Vout t1ð Þ ¼ 0 would cause maximum phase shift but with zero

amplitude shift. On the other hand, if δ t� τð Þ is injected at the time t2 when

Vout t2ð Þ ¼ V0, the phase shift would be zero, but the amplitude shift would be

maximum. If the injection of δ t� τð Þ is at times other than t1 and t2, both phase

and amplitude shift would occur. In other words, the impulse response of the LC

tank has the time-variant property. Due to the amplitude-limiting mechanism in

practical oscillators, the amplitude shift would decay with time. However, the

phase shift would always persist.

2. The amplitude of the current noise from the active device is not constant. As

shown in Fig. 3.10 withΦ and φ being the conduction angle of the active devices

and the phase of output voltage, respectively, in Region 1 (R1), when

π=2þ Φ=2 < φ < 3π=2�Φ=2, M1 is off and produces no noise current. In

Region 2 (R2), when 0 < π=2�Φ=2 or 3π=2þ Φ=2 < φ < 2π, although M1 is

on, its noise current cannot find a path to return to the LC tank since M2 is off.

Assuming that the current source IB is ideal, which has infinite output imped-

ance, and that the parasitic capacitor at the common source node of M1 and M2 is

negligibly small, the noise current cannot sink to the ground either. So the noise

current would not be converted to the output phase noise. Only in Region 3 (R3),

when π=2� Φ=2 < π=2þ Φ=2 or 3π=2� Φ=2 < 3π=2þ Φ=2, both M1 and M2

are on, and their noise current would be injected into the LC tank and converted

to phase noise. The effective noise injected to the tank from M1/2 is cyclo-

stationary since their amplitude changes with the phase of the output signals

within one cycle but stays the same when injected at the same phase for different

cycles.

To handle the time-variant and cyclo-stationary properties of the noise sources in

the oscillator, Harjimiri and Lee proposed a phase-noise theory based on impulse-

sensitivity function (ISF) [8]. Assuming that a small current impulse is injected to

the oscillator output node at time τ (Fig. 3.9), the resultant output phase shift can be
expressed as [9]

Δϕ ¼ Γ ω0τð ÞΔV
V0

¼ Γ ω0τð Þ Δq
qmax

ð3:20Þ

where Δq ¼ ΔV � C is the effective charge injected into the tank and C is the tank

capacitance, qmax ¼ V0 � C is the maximum charge swing, and Γ(x) being periodic
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in 2π is a dimension-less time-varying ISF, which is a measure of how sensitive the

output phase is to the small charge injected. When normalized to qmax, Γ(x) is made

to be independent of the output amplitude V0 and can be used to compare the phase

noise of oscillators with different output amplitudes.

Since the injection charge Δq due to the noise current impulse is quite small, the

system is still linear. As a result, the output excess phase ϕn(t) can be obtained using
the superposition integral [8]

ϕn tð Þ ¼ 1

qmax

ð t
�1

Γ ω0τð Þα ω0τð Þ in τð Þdτ ð3:21Þ

where α(ω0t)in(t) is the cyclo-stationary noise current injected to the interested node
and α(ω0t) represents the noise amplitude modulation in each cycle. Usually, the

effective ISF Γeff xð Þ ¼ Γ xð Þα xð Þ is defined to merge the cyclo-stationary effect of

the noise current into the ISF.

Fig. 3.9 Impulse response of the LC tank

M1 M2

Vout+ Vout− ϕ

Vout

Vout+

ϕ

Vout−

0

in,M1,eff

IB

in,M1

π/2 3π/2

R1 R2R2 R3 R3

Fig. 3.10 Cyclo-stationary property of the effective noise from the active device M1
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The noise power spectrum can be directly calculated in the frequency domain

[10]. First, the Fourier transform is used to convert the product Γeff(ω0t)in(t) to the

convolution Γeff(ω) * In(ω) in the frequency domain. Then, the spectrum of ϕn(t)
can be expressed as

Φn ωð Þ ¼ 1

qmax

1

jω
Γeff ωð Þ∗In ωð Þ½ � þ πδ ωð Þ Γeff 0ð Þ∗In 0ð Þ½ �

� �

¼ 1

qmax

1

jω
Γeff ωð Þ∗In ωð Þ½ � ω 6¼ 0ð Þ

ð3:22Þ

Since Γeff(ω0t) is also periodic, its spectrum Γeff(ω) can be expressed by

Γeff ωð Þ ¼
Xþ1

k¼�1
akδ ω� kω0ð Þ ð3:23Þ

Since the coefficients ak are real, then ak ¼ a�k. The convolution with the impulse

functions of Γeff(ω) generates frequency components with frequency shifted by kω0

and amplitude amplified of by ak. Then these frequency components are added

together to get the final result of the convolution. As shown in Fig. 3.11, the current

noise located at both kω0 � Δω0 k ¼ 0, 1, 2ð Þ is converted to equal sidebands at

�Δω0 in Sϕn
fð Þ. So the single sideband phase noise can be expressed as

L Δωð Þ ¼ 10 log10
Φn ωð Þj j2

2

 !

¼ 10 log10
1

4q2maxΔω2
� i2n
Δ f

c20
2
þ
X1
k¼1

c2k

 !" # ð3:24Þ

where ck ¼ 2ak ¼ 2a�k. According to Parseval’s relation,

c20
2
þ
X1
k¼1

c2k ¼
1

π

ð2π
0

Γeff ϕð Þj j2dϕ ¼ 2Γ2
eff, rms ð3:25Þ

Equation (3.24) can also be expressed as

L Δωð Þ ¼ 10 log10
Γ2
eff, rms

2q2maxΔω2
� i2n
Δ f

" #
ð3:26Þ

From the time-variant model, not only the noise in the vicinity of ω0 contributes

to the phase noise, the noise located at low frequencies close to DC as well as at the

vicinity of the integral multiples of ω0 are also folded to the vicinity of ω0 and also

contribute to the phase noise. This noise folding phenomena cannot be captured by

the time-invariant model descript in Sect. 3.2.1. Figure 3.12 shows a typical phase-
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noise plot. If the flicker noise of the active devices are considered and used to

replace the current noise power at low frequency with i2n=Δ f ¼ K f =Δω, according
to (3.24), the phase noise can be expressed as

L Δωð Þ ¼ 10 log10
1

4q2maxΔω2
� c

2
0

2
� i2n
Δ f

" #

¼ 10 log10
K f

8πq2maxΔω3
�
ð2π
0

Γeff xð Þdx
� �2( ) ð3:27Þ

where the phase noise becomes proportional to 1/(Δω)3, which also coincides with

the measurement results. At moderate offset frequencies Δω, the phase noise is

proportional to 1/(Δω)2 as predicted by both the time-invariant and time-variant

models since the thermal noise in the active devices becomes dominant. At largeΔω,
the frequency response of the tank amplitude becomes flat, which indicates that the

tank provides weak noise filtering, and the phase noise is limited by the noise floor.

To calculate the total phase noise due to more than one noise sources, Γeff,i(ω)
from each source to the output excess phase can be calculated separately, and the

phase-noise power density |Φn,i(ω)|
2 induced by each noise source can be deter-

mined accordingly. If the noise sources are uncorrelated from each other, |Φn,i(ω)|
2

can be directly summed up to obtain the total phase-noise power [8].

3.3 Design Insights Using the Time-Variant Model

Based on the time-variant model, intensive researches have been done to study the

LC-VCO phase noise due to different noise sources.

ωω

In(ω)

ω

ω 0 2ω0 3ω 00

Δω Δω Δω

Δω

Φn (ω)
−ω 0−2ω 0−3ω 0

ΔωΔωΔω
Δω

x a-3 x a-2 x a-1

x a0 

x a1 x a2 x a3 

Fig. 3.11 Calculation of the convolution Γeff(ω) * In(ω) [8]
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3.3.1 Phase Noise in 1/f 2 Region

Thermal Noise from the Cross-Coupled Transistors

For an LC-VCO with NMOS cross-coupled pair and tail-biasing transistor as shown

in Fig. 3.7, if assuming that (1) M1 andM2 always stay in the saturation region when

turned on, (2) the parasitic capacitor CT at the common source nodes of M1 and M2

is negligibly small, and (3) the output voltage is a sinusoidal waveform, then the

phase noise in 1/f 2 region due to the M1 and M2 can be calculated using the ISF

method as [11, 12]

L Δωð Þ ¼ 10 log10
1

QTV
2
0

� kT
C

� ω0

Δω2
� 1þ 2IBRP

πV0

� γ
� � �

ð3:28Þ

where V0 is the differential output amplitude and γ is the MOS channel noise factor

which is around 2/3 for long-channel devices but may become 2 to 3 or even larger

for short-channel devices [13]. Compared with (3.18), the excess noise factor F can

be explicitly determined as below:

F ¼ 1þ 2IBRP

πV0

� γ ð3:29Þ

In the current-limited region where the output amplitude is small, MT always stays

in the saturation region and provides constant IB during the entire oscillation period

as shown in Fig. 3.13a. Since the harmonics of IB are filtered by the LC tank, the

output amplitude V0 is proportional to the fundamental component IB,ω0
of the bias

current and the current efficiency is defined as β ¼ IB,ω0
=IB. So if IB keeps constant,

V0 ¼ βIBRP also increases linearly with IB, and the excess noise factor F is kept

constant, which indicates that phase noise can be reduced by increasing IB at a slope

of �20 dB/dec according to (3.28). However, when V0 is large enough, MT enters

the triode region during the period when either Vout+ or Vout� is close to its

Δω

L (Δω)

30 dB/Dec

20 dB/Dec

noise floor

(Δω)3
1

Δω1/f 3

(Δω)2
1

Δω floor

1/f 3 region 1/f 2  region

Fig. 3.12 A typical phase-noise plot of LC oscillators as a function of offset frequency (x-axis in
log scale)
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minimum amplitude as shown in Fig. 3.13b. Eventually V0 approaches its maxi-

mum value, which is around 2VDD
1 for the NMOS LC-VCO in Fig. 3.7 and cannot

be further increased by increasing IB. So the oscillator enters the voltage-limited

region. Since the current efficiency β drops, then F increases, indicating that M1 and

M2 now contribute more noise and that the phase noise is increased with IB. As a

result, IB should be properly chosen to bias the oscillator at the boundary between

the current-limited and voltage-limited regions to achieve the minimum phase-

noise performance, as shown in Fig. 3.14.

In the current-limited region, if the current commutation between M1 and M2 is

fast, square-wave waveform is reasonable to be assumed withβ ¼ 2=π. Together with
(3.28), the excess noise factor can be simplified to F ¼ 1þ γ, which indicates the

noise contribution fromM1 andM2 is independent of the transconductance and thus of

the transistor size for the same IB. Intuitively, as shown in Fig. 3.15, large transistor

sizes ofM1 andM2 will result in a large equilibrium gmwhen IM1¼ IM2 and thus large

noise power i2n,M1 ¼ 4kTγgmΔ f . On the other hand, large transistor size allows a fast

current steering between M1 and M2, and the conductance angle Φ is reduced which

implies that M1 and M2 spend less time injecting noise into the tank. As a result, the

total noise energy injected into the tank during each cycle is kept the same [6].

It’s worthwhile to note that if the parasitic capacitor CT is large, even harmonics

of the noise current from M1 will find a path to ground from CT and thus contribute

to the output phase noise even when M2 is off [14]. Moreover, if M1 and M2 enter

the deep triode region under large output amplitude V0, their output impedance will

significantly drop. Since M2 is off, M1 will be in series with CT and effectively a

low Q capacitor will be added in parallel with the tank, which degrades the tank Q

and thus the output phase noise. So it is important to keep CT small.

Vout

Vout+

t

Vout−

I

t

IM1

IM2

a
Vout

Vout+

t

Vout−

I

t

IM1

IM2

b

MT in triode region

Fig. 3.13 Voltage and current waveforms in (a) the current-limited region and (b) the voltage-

limited region

1 The exact value of the maximum Vo should be 2(VDD�VD,MT), where VD,MT is the minimum

drain voltage of MT. The maximum Vo approaches 2VDD for a large VDD.
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Fig. 3.15 Waveforms of (a) the drain currents in M1 and M2, (b) the effective ISF for the current

noise from M1, and (c) the effective PSD for the current noise from M1
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Thermal Noise from the Tail-Biasing Transistor

The noise current from tail-biasing transistor MT experiences frequency trans-

lations when converted to the phase noise [6, 14]. Assuming the V0 is large and

the currents commutated by M1 and M2 are close to the square wave, the noise

current from MT is mixed with the harmonic tones of the square wave through the

cross-coupled pair. Since the square wave contains only odd harmonics, only the

noise current around DC and even harmonics are translated to the frequency in the

vicinity of ω0. At low frequencies, flicker noise only modulates the output ampli-

tude after frequency up-conversion and can be ignored at this stage2. The even

harmonic components of the noise current are down-converted, which results in

both amplitude and phase noise in the vicinity of ω0. If the noise contribution from

MT is also considered, the excess noise factor F can be revised by adding a third

term [11]:

F ¼ 1þ 2IBRP

πV0

� γ þ ηγgmTR p ð3:30Þ

where the scaling factor η ¼ 2Γ2
tail, rms Φð Þ depends on the current conductance angle

Φ. From the plot of η(Φ) in Fig. 3.16, η(Φ) and thus the phase noise from MT can be

reduced by making M1 and M2 switch more softly. However, large Φ makes the

current flowing through M1 or M2 deviate from the square-wave assumption and

causes the current efficiency β to drop, which in turn reduces V0 and increases the

noise contribution fromM1 or M2. Consequently, the total output phase noise would

increase for large Φ. Another way to reduce the noise contribution from MT is to

reduce its transconductance gmT while still keeping the same bias current, which

can be realized by increasing its overdrive voltage or reducing the W/L ratio for the

same bias current. However, increasing overdrive voltage would result in a large

VD,MT, which decreases the maximum Vo that can be achieved.

3.3.2 Phase Noise in 1/f3 Region

According to the time-variant model, the flicker noise of MOS transistors is

up-converted to the vicinity of ω0 and causes the close-in phase noise proportional to

1/(Δω)3. In this section, flicker noise up-conversion mechanisms from the cross-

coupled pair and the tail-biasing transistor in the current-biased VCO (Fig. 3.7) are

discussed.

2 As will be discussed later, the amplitude noise can also convert to phase noise if a varactor is

employed for frequency tuning in a VCO.
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Up-Conversion of Flicker Noise from the Cross-Coupled Transistors

In the previous analysis of the phase noise induced by the thermal noise of the

cross-coupled transistors, only the currents generated by the cross-coupled transis-

tors at fundamental frequency are considered, and the waveform of the output

voltage is assumed to be pure sinusoidal. However, the MOS transistor is a

nonlinear device, and its drain current is rich of harmonics, which cannot be ignored

when analyzing the effect of flicker noise.

As shown in Fig. 3.17, the fundamental component of the drain current ID1(ID2)

only flows through the parallel tank impedance Rp since the tank inductance and

capacitance are resonant at the fundamental frequency. But the harmonic currents

will flow through the tank capacitors since the capacitor exhibits lower impedance

than the inductor at high frequencies. As a result, the electrical energy stored in the

capacitors would be larger than the magnetic energy stored in the inductor. So the

resonant frequency of the LC tank has to decrease to guarantee the resonance

condition that the average electrical energy in the capacitor and magnetic energy

in the inductor are kept the same. The shift of resonant frequency due to the current

harmonics is commonly referred to as the Groszkowski effect [15]. If the drain

current ID1(ID2) is constant, then this frequency shift is static. But in the presence of

flicker noise, the amplitude and thus the switching time of ID1(ID2) will change with

time, which causes the fluctuation of the ratios between the harmonic currents and

fundamental current. As a consequence, the flicker noise will modulate the oscil-

lation frequency and contribute to the phase noise in 1/f 3 region [14, 16]. Usually,

the second harmonic current is the dominant source for the frequency shift, since

the flicker noise in M1(M2) modulates the voltage waveform at the common source

node, which induces a second harmonic current in the parasitic capacitors Cgs of

M1(M2) that directly injects into the tank [17].

Fig. 3.16 Tail current phase noise scaling factor η Φð Þ as a function of Φ [11]
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In the NMOS LC-VCO as shown in Fig. 3.7, if an ideal current source is used,

the common source node of M1 and M2 is floating so that the second harmonic

current is prevented from flowing into the ground. However, when a real transistor

MT is used as current source, second harmonic current always exists due to its finite

output impedance and the presence of CT. So one effective way to reduce flicker

noise contribution from M1(M2) by eliminating the effect of second harmonic

current is to insert an inductor LF between the common source node and MT [18],

as shown in Fig. 3.18. The LF is chosen to be resonant with the parasitic capacitors

CS and CT at twice the oscillation frequency 2f0. So a high impedance ZF of the

common source node at 2f0 is created to block the second harmonic current.

Besides reducing the flicker noise from M1(M2), the advantages of the tail filter

also include (1) preventing the tank Q degradation when M1(M2) enters into the

triode region and (2) allowing the use of a large CT to eliminate the thermal noise

from MT at 2f0.

Up-Conversion of Flicker Noise from the Tail-Biasing Transistor

Let’s consider the situation when a varactor is included in the LC tank for frequency

tuning. If the voltage dependence of CV only has odd-order terms, e.g.,

CV ¼ CV0 1þ αVout þ αV3
out þ � � �� �

, the C–V characteristic of the varactor is

symmetrical to the point (Vout,DC, CV0) as shown in Fig. 3.19a, where Vout,DC is
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Fig. 3.17 Paths of the tank currents at the fundamental and harmonic frequencies [17]

40 3 Design Considerations for CMOS Voltage-Controlled Oscillators (VCOs)



the output DC voltage and CV0 is the varactor capacitance when Vctrl¼Vout,DC. If

the output voltage is a sinusoid waveform, the average capacitance of varactor

defined as CV,avg ¼ 1=Tð Þ
ðT
0

CV tð Þdt always equals to CV0 even if the output

amplitude is changed. So there is no noise conversion from amplitude modulation

(AM) to phase modulation (PM). However, if the voltage dependence of CV

includes some even-order terms, e.g., CV ¼ CV0 1þ αVout þ αV2
out þ � � �� �

, the

C–V characteristic of the varactor would not be symmetrical to the point (Vout,DC,

CV0) anymore as shown in Fig. 3.19b. As a result, the average capacitance CV,avg

would deviate from CV0 and change with the output amplitude. Accordingly, the

oscillation frequency would be modulated by the fluctuation of the output ampli-

tude which indicates AM-to-PM noise conversion. Since the flicker noise of MT

modulates the output amplitude after frequency up-conversion, it also contributes to

the output phase noise at 1/f 3 region through the asymmetric C–V characteristic of

a varactor. Besides the varactor, the nonlinear parasitic junction capacitors fromM1

and M2 in parallel with the LC tank also cause the AM-to-PM noise conversion due

to the same mechanism.

To reduce the phase noise caused by the AM-to-PM modulation, it is better to

use the region of the C–V curve that has a C–V relationship similar to that shown in

Fig. 3.19a, which can be realized by properly choosing the voltage bias VB at the

gate as shown in Fig. 3.20a. Furthermore, the contribution of capacitance in an LC

tank from both the varactor and the parasitic capacitor must be minimized. To

reduce the varactor size while still covering enough frequency range, a switch-

capacitor array (SCA) in Fig. 3.20a can be employed for coarse frequency tuning

[19, 20]. As such, only a small varactor is needed for fine-tuning to cover the

frequency gap between the adjacent frequency bands as shown in Fig. 3.20b. Here

the capacitors and switches are sized to be binary-weighted to reduce the number of

segments and the control complexity. For switch transistor, a minimum channel

length is preferred to reduce both on resistance Ron and parasitic junction capacitor

M1 M2

Vout+ Vout

MT

CS

CT

LF

ZF

Fig. 3.18 NMOS LC-VCO

with tail filter [18]
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Cd at the drain of the turned-off switch. So with the scaling down of CMOS process,

a larger capacitor ratio Con/Coff between the on and off states of the SCA can be

achieved when the Q of SCA is kept the same. It is worthwhile to note that at high

frequencies when most switches in the SCA are turned off, the nonlinear parasitic

capacitors Cd may dominate the tank capacitance, and the VCO may suffer from

larger AM-to PM conversion than at low frequencies when most of the switches are

turned on and the tank capacitance is dominated by fixed capacitors Ca. As a result,

the phase-noise plot at high-frequency end is expected to have a higher flicker noise

corner frequencyΔω1= f 3 (Fig. 3.12), which would degrade the close-in phase-noise

performance.
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Fig. 3.19 Average capacitance of a varactor with (a) a C–V curve containing only odd-order

terms and (b) a C–V curve containing also even-order terms
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3.3.3 Comparison of Different LC-VCO Topologies

Figure 3.21a shows the schematic of a current-biased LC-VCO with complemen-

tary cross-coupled pairs, which employs both NMOS and PMOS cross-coupled

pairs to provide the required negative transconductance for oscillation. For the same

bias current IB, the complementary LC-VCO can achieve twice the output ampli-

tude compared with the NMOS LC-VCO in Fig. 3.7, assuming both are in the

current-limited region [21]. In the current-limited region, with the similar assump-

tions for the NMOS LC-VCO in Sect. 3.3.1, the phase noise of the complementary

LC-VCO in 1/f 2 region due to the cross-coupled transistors can be obtained with the
help of the LTV model [22]:

L Δωð Þ ¼ 10 log10
1

QTV
2
0

� kT
C

� ω0

Δω2
� 1þ γn þ γ p

2

� � �
ð3:31Þ

where γn and γp are the channel noise factor for NMOS and PMOS transistor,

respectively. If γn ¼ γ p, (3.31) becomes exactly the same with (3.28) in the
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Fig. 3.20 (a) Schematic and (b) frequency tuning curves of combing a binary-weighted SCA and

a varactor
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current-limited region when the current commutated by the cross-coupled pairs

can be well approximated by a square wave. So the phase noises of both NMOS

and complementary LC-VCO only depend on the output amplitude assuming the

same LC tank is used. Thus, the complementary LC-VCO can achieve a phase

noise 6 dB lower than the NMOS LC-VCO given the same current, assuming both

are in the current-limited region. However, with both PMOS and NMOS cross-

coupled pairs, the maximum differential output amplitude in the complementary

LC-VCO is limited to only VDD, which is only half of that in the NMOS LC-VCO.

So the minimum phase noise achieved by the NMOS LC-VCO is 6 dB lower than

that by the complementary LC-VCO, when both are biased at the boundary

between the current-limited region and the voltage-limited region. Besides, for

the same supply voltage, the complementary LC-VCO is easier to start up since it

requires only half the current to achieve the same gm compared with the NMOS

LC-VCO. As a consequence, the complementary topology is suitable for the

low-power applications with relaxed phase-noise requirements. On the other

hand, NMOS LC-VCO is more suitable for the application requiring low supply

voltage.

Similar to the NMOS VCO, the tail filter can also be applied in the com-

plementary LC-VCO to reduce the flicker noise from MN1(MN2) and MP1(MP2)

as well as to eliminate the thermal noise of MT at 2f0, as shown in

Fig. 3.21b [23].

MN1 MN2

Vout+ Vout

IB
MT

MP1 MP2

MN1 MN2

Vout+ Vout

MP1 MP2

MT

CS1

CT

LF1

CS2LF2

a b

Fig. 3.21 (a) Complementary LC-VCO, (b) complementary LC-VCO with tail filter [23]
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Figure 3.22a shows the schematic of a class-C VCO [24]. By intentionally

adding a large capacitor CT to the common source node and bias the cross-coupled

pair in the class-C mode, the waveforms of the currents commutated by M1 and M2

are shaped to narrow pulses as shown in Fig. 3.23b [25]. If the current conduction

angle Φ is small and M1(M2) stays in saturation region, the amplitude of the

fundamental current harmonic Iω0
is close to the bias current IB, which results in

an improved current efficiency close to unity. Since the current efficiency of the

class-B VCO in Fig. 3.7 is 2/π, the class-C VCO can theoretically achieve a 3.9 dB

lower phase noise given the same bias current IB when both the class-C and class-B

VCO work in the current-limited region [24]. Besides, a large CT also prevents the

noise up-conversion in 1/f 2 region by bypassing the thermal noise of MT in the

vicinity of even-order harmonics of ω0 to ground.

However, if M1/2 in the class-C VCO enters the deep triode region, the current

waveforms are no longer narrow pulses as shown in Fig. 3.23c, so the current

efficiency β in turn drops. Even worse, the low Q tail capacitor will load the tank

and degrade the phase noise severely. According to Fig. 3.22b, the maximum

differential output amplitude Vo that still keeps M1(M2) in the saturation region

can be calculated as

Vo � VDD � VB þ Vth ð3:32Þ

If VB¼Vth, the maximum Vo equals to VDD, which is only half of that in the class-

B NMOS VCO.
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Fig. 3.22 (a) Schematic and (b) voltage waveforms of the class-C VCO
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3.3.4 VCO Figure of Merit

To compare the phase-noise performance of VCOs that consumes different power

and operates at different frequencies, the figure of merit (FoM) is defined as [26]

FoM ¼ �L Δωð Þ � 10 log10
Pdiss

1 mW

Δω
ω0

� 2
" #

ð3:33Þ

where Pdiss is the power consumption of the VCO normalized to 1 mW to keep the

FoM the same unit with the phase noise. Here, a high FoM represents better VCO

performance when the facts of phase noise, power, and oscillation frequency are all

taken into account. It is worthwhile to note that only the phase noise in 1/f 2 region is
normalized with offset frequency Δω according to (3.33). As such, the FoM would

drop significantly at small offset frequency Δω for the same oscillation frequency

and power since 1/f 3 noise becomes dominant. If substituting ℒ(Δω) with (3.19),

the equation of FoM can be rewritten as
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Fig. 3.23 Waveforms in a

class-C VCO: (a) output
voltage waveforms, (b)
current waveforms if

transistors are in saturation

region, and (c) current
waveforms if transistors are

in triode region [24]
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FoM ¼ �10 log10
kT

1mW
� F

βQ2
T

� VDD

V0

� �
ð3:34Þ

where β ¼ Iω0
=IB is the current efficiency. It can be seen that the FoM in (3.34) is

independent of the oscillation frequency, offset frequency, and current consump-

tion, which allows a fair comparison of different VCO designs and provides some

design insights. Since the FoM is inversely proportional to Q2
T, increasing the tank

quality factor is the most effective way to improve the FoM. At frequencies below

10 GHz, QT is dominant by the inductor quality factor which depends on process

parameters, such as the metal thickness, the distance between the metal to the

substrate, and the resistivity of the substrate. The noise excess factor F and current

efficiency β are related to the VCO topology used. Besides, for a chosen VCO

topology, the best FoM is achieved by biasing the VCO for the maximum output

amplitude.

Table 3.1 lists the minimum phase noise and best FoM that can be achieved in

the 1/f 2 region for different LC-VCO topologies. Since in both class-B VCO with

tail filter and class-C VCO, a large CT can be used, the noise from the tail transistor

MT can be ignored3 and only the noise from the tank loss and cross-coupled

transistors are considered. It can be seen although the class-C NMOS VCO has

better current efficiency, the best FoM is still 1 dB worse than that of the class-B

NMOS VCO with tail filter due to the degradation of the maximum output ampli-

tude. However, the tail filter requires extra inductors and thus large chip area. On

the other hand, without the tail filter, the phase noise of the class-B VCOs would

degrade severely due to the noise from the tail transistor MT. So it is expected that

the best FoM of class-B VCO without tail filter would be worse than that of the

class-C VCO.

To include the frequency tuning range in the comparison, the figure of merit with

tuning range (FoMT) is also frequently used:

Table 3.1 Comparison of the best phase noise and FoM for different LC-VCO topologies

LC-VCO topology F β
Max.

V0 Min. PN Best FoM

Class-B NMOS (with tail

filter)

1þ γn 2/

π
	 2VDD ℒ0 FoM0

Class-B complementary (with

tail filter)
1þ γn þ γ p

� �
=2 4/

π
	 VDD ℒ0 þ 6 dB FoM0

Class-C NMOS 1þ γn 1 	 VDD ℒ0 þ 6 dB FoM0 � 1 dB

3Here the effect of AM-PM noise conversion is ignored for simplicity so that the flicker noise from

the MT does not contribute to the phase noise, which is a well approximation as long as the

varactor is kept small.
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FoMT ¼ FoM� 20 log10
FTR %ð Þ

10

� �
ð3:35Þ

where FTR is the frequency tuning range in percentage.

3.4 Quadrature VCOs

Modern wireless transceiver architectures require quadrature LO signals for both

up-conversion and down-conversion mixing [6]. To generate the quadrature sig-

nals, three techniques are commonly used as follows: (1) a single-phase oscillator

followed by a polyphase filter [27], (2) a single-phase oscillator operating at twice

the desired LO frequency followed by a quadrature frequency divider [28], and

(3) quadrature oscillators [29]. A polyphase filter using passive RC network

requires cascading of multiple stages to achieve a wide bandwidth with sufficient

quadrature accuracy, which would result in high loss of the LO signals. Oscillators

operating at twice the LO frequency suffers from high power, reduced frequency

tuning range, and small signal amplitude. Furthermore, the quadrature frequency

divider consumes significant extra power. Finally, these drawbacks are further

exacerbated at mm-Wave frequencies and beyond. As a result, the quadrature LO

generation scheme using quadrature VCOs (QVCOs) becomes more attractive at

high frequencies. Figure 3.24 shows the well-known parallel-coupled QVCO

(P-QVCO) architecture that couples two LC-VCOs using additional coupling

transistors M3–4 and M7–8 [29].

In the P-QVCO, since the total current injected into the tank equals to the

superposition of the currents from the cross-coupled pair and the coupling transis-

tor, the tank voltage and tank current is no longer in phase and there exists a phase

shift α between them as shown in Fig. 3.25a. To guarantee the total phase shift of

the loop to be zero, the tank must provide an additional phase shift�α. As shown in

M1 M2

VI+ VI−

M3 M4

VQ+ VQ−

M5 M6

VQ+ VQ−

M7 M8

VI− VI+

ID1ID3 ID5ID7

Fig. 3.24 Schematic of the parallel-coupled QVCO (P-QVCO) [29]
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Fig. 3.25b, the oscillation frequency ωosc1 would need to deviate from the tank

resonant frequencyω0 ¼
ffiffiffiffiffiffiffi
LC

p
and is eventually determined by both the phase shift

�α and the phase response of the tank. The reason that the output voltages VI and

VQ are quadrature with each other can be explained by the phase relationship of the

current phasors as shown in Fig. 3.25a. First, we assume that the phase difference ϕ
between VI and VQ can be an arbitrary value. Since ID1 (ID5) is always in phase with

VI+ (VQ+), the tank current II+ (IQ+) has a phase shift α1(α2) with the tank voltage

VI+ (VQ+). If the two oscillators are synchronized, they should have the same

oscillation frequency. If the two LC tanks are identical, α1 must equal to α2 to

keep the same oscillation frequency of two oscillators. Since the transistor sizes of

M1–2 and M5–6 (M3–4 and M7–8) are the same, |ID1|¼ |ID5| and |ID3|¼ |ID7|. To

guarantee the condition that α1 ¼ α2, the phase difference ϕ between VI+ and VQþ
must be π/2 as shown in Fig. 3.26a, which forces the quadrature relationship

between the output voltages VI and VQ.

One thing to be noted is that the phase sequence between VI and VQ is not well

defined if the frequency response of tank impedance is symmetric with ω0 because

the situation that VI lags VQ as shown in Fig. 3.26b can also satisfy the phase

ω

ω

0

Zt (ω)

|Zt (ω)|

−α

ID1

II+

VI+

ID3

ID5
VQ+

IQ+

α1

α2

φ

a b

ωosc2ω0ωosc1

α

|Zt1 |

ID7

Fig. 3.25 (a) The relationship between current and voltage phasors in a P-QVCO; (b) frequency
response of the LC-tank impedance
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Fig. 3.26 Current phasors of the P-QVCO: (a) VI leads VQ; (b) VI lags VQ
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condition and guarantee the oscillation at a lower frequency ωosc2 as shown in

Fig. 3.25b. The detailed analysis on this bimodal oscillation phenomenon can be

found in [30], which suggests that the ambiguity on the oscillation frequency

(ωosc1, ωosc2) and IQ phase sequence can be eliminated by adding sufficient phase

shift in the coupling paths.

In the P-QVCO, since extra coupling transistors are employed, they would

inevitably consume extra power and contribute noise to the VCO output. In the

1/f 2 region of phase noise, the contribution from thermal noise of the coupling

transistors behaves like that from the cross-coupled transistors. By defining the

coupling strength m ¼ ID3=ID1 as the ratio between the quadrature and in-phase

currents injected into each tank, the excess noise factor F in (3.19) increases to (1

+m) times of that in a single-phase cross-coupled VCO [31]. Moreover, since the

oscillation frequency ωosc of the P-QVCO in Fig. 3.24 deviates from the resonant

frequency ω0, the effective tank QT at ωosc is degraded to around 1=
ffiffiffiffiffiffiffiffiffiffiffiffiffiffi
1þm2

p
times

of that at ω0 [32], which further degrades the phase noise. Although the excess noise

factor F and tank QT can be improved by reducing the coupling strength m, IQ

phase accuracy would suffer in presence of mismatches of the tank components and

the active transistors between the two coupled oscillators.

In the 1/f 3 region of phase noise, as shown in Fig. 3.27, the flicker noise from the

coupling transistors changes the amplitude of the coupling current slowly which

causes the variation of the phase shift α between the tank voltage and current and

thus modulates the oscillation frequency ωosc of the QVCO. This kind of flicker

noise up-conversion mechanism does not happen in a single-phase LC oscillator

since the tank voltage and current are always in phase. As a result, the corner

frequency Δω1= f 3 between the 1/f 3 and 1/f 2 region (Fig. 3.12) is increased

compared to that of a single-phase LC oscillator [33], which indicates degraded

close-in phase-noise performance in the P-QVCO.

Particularly, for the P-QVCO, the coupling transistors consume extra currents,

which only induce the frequency shift and have no contribution to the output

amplitude since they are in quadrature with the output voltage. As such, the current

efficiency drops. To improve the current efficiency and the phase-noise perfor-

mance, the series-coupled QVCO (S-QVCO) with coupling transistors connected in

series with the cross-coupled transistors is proposed in [34] (Fig. 3.28). Since the

phase-noise contribution from the coupling transistors is reduced as a result of

degeneration in cascode configuration, the trade-off between phase noise and phase

accuracy can be relaxed. Unfortunately, the coupling transistors need to be much

ID1

ID3
in,2

in,1

II+,2

II+,1

a1

a2

Fig. 3.27 Variation of

phase shift α due to the

flicker noise from the

coupling transistors
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larger than the negative-resistance transistors to minimize their drain-to-source

voltage overhead to maximize the output amplitude and thus minimize the phase-

noise contribution, which would introduce large loading to the resonate tank and

significantly reduce both the operation frequency and the frequency tuning range.

Furthermore, connecting the coupling transistors in cascode would increase the

voltage headroom and make it unsuitable for low-voltage operation. To remove the

noise and power penalty of the coupling transistors, the signals can also be coupled

through the substrate terminal of the core transistors [35]. However, the large

signals coupled through the substrate may forward bias the substrate junction and

hence overload the resonant tank.

Another way to synchronize the LC-VCOs for quadrature generation is to couple

the LC-VCOs at the second harmonic frequency. For a single LC-VCO, the tail

node exhibits a periodic waveform at 2ω0. If this periodic voltage at the tail nodes

of two LC-VCOs is kept 180
 out of phase, the outputs of the two VCOs will

operate in quadrature. Figure 3.29 shows one way to realize the out-of-phase

M1 M2

VI+ VI−

M3 M4

VQ+ VQ−

M5 M6

VQ+ VQ−

M7 M8

VI− VI+

Fig. 3.28 Schematic of the series-coupled QVCO (S-QVCO) [34]

M1 M2

VI+ VI−

M5 M6

VQ+ VQ−

kVSI VSQ 

Fig. 3.29 QVCO using

superharmonic coupling

(SHC-QVCO) [36]
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relationship between the two tail nodes VSI and VSQ by coupling them together with

a 1:1 transformer [36]. For this superharmonic-coupled (SHC) QVCO, the coupling

relies on the second harmonic and does not require the oscillation frequency to

deviate from the self-resonant frequency ω0, which avoids the degradation of tank

quality factor. However, the phase error and the phase noise of the SHC-QVCO are

still not independent to each other. On one hand, the on-resistance of the cross-

coupled transistors has to be sufficiently low for effective coupling and reduced

sensitivity of the phase error to mismatches. On the other hand, large cross-coupled

transistors would inevitably limit the maximum oscillation frequency, load the

resonator, and thus degrade the phase-noise performance [37].

3.5 Low-Voltage CMOS VCOs

Assuming a VCO is in the current-limited region, according to (3.19) and (3.33), the

phase noise and FoM of the LC-VCO are degraded by 6 dB and 3 dB respectively,

when the output amplitude is reduced by half. Since the maximum output amplitude

is directly limited by the supply voltage, the minimum phase noise is significantly

degraded for low-voltage designs. From Table 3.1, it is obvious that both comple-

mentary LC-VCO and class-C LC-VCO are not suitable for low-voltage application

since its maximum output amplitude is inherently half compared with the NMOS

counterparts. Actually, even the NMOS LC-VCO cannot be practically used in the

wireless transceivers when supply voltage is reduced to 0.5 V or even lower due to

the poor phase-noise performance. In Chap. 5, transformer-feedback techniques

will be presented to break the output amplitude limitation set by the supply voltage

to achieve a much larger output amplitude than 2VDD, which would improve the

phase noise and FoM under low supply voltage.

3.6 Wideband CMOS VCOs

The SCA as shown in Fig. 3.20 has been widely used for wideband VCO design to

reduce the varactor size and thus flicker noise up-conversion of the tail-biasing

transistor through AM-to-PM noise conversion. However, as already pointed out,

large tuning range requires large Con/Coff ratio and thus small switch size to reduce

Coff, which in turn results in large turn-on resistance and degradation of the quality

factor of the switched capacitor and thus the phase noise and FoM. QT degradation

also reduces the parallel tank resistance RP, which requires a large power consump-

tion to maintain the same output amplitude. At high frequency, the degradation of

tank QT is even exacerbated since the capacitor Q becomes dominant. Moreover,

the large parasitic junction capacitors from the switches may dominate the tank

capacitance at high frequency, which exacerbates the AM-to-PM noise conversion.
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An alternative way to tune the oscillation frequency is to change the tank

inductance [38–41]. As shown in Fig. 3.30, a switch is connected in parallel with

one segment of the total tank inductor so that the tank inductance can be changed by

controlling the switch to be on or off. Since the switched-inductor method provides

the coarse frequency tuning, the frequency range that the SCA and varactors need to

cover is reduced, which alleviates the capacitor Q degradation. On the other hand,

since the turn-on resistor of the switch is directly in series with L1, it would severely

degrade the inductor Q. Increasing the switch transistor size can alleviate the

inductor Q degradation at the cost of a large parasitic capacitor Cd when the switch

is turned off. A large Cd would in turn decrease the effective inductance of L2 and

limits the frequency tuning range.

In Chap. 6, the fourth-order amplitude and phase characteristic of a transformer

tank will be proposed to enable the VCO to operate in dual bands without the use of

lossy MOS switches. Chapter 7 will present a magnetically tuning method that

changes the effective coupling coefficient k of a transformer to extend the fre-

quency tuning capability from dual bands to multiple bands, which can significantly

increase the VCO tuning range at mm-Wave frequencies.
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Chapter 4

Design Considerations for CMOS Frequency
Dividers

4.1 Background

In addition to the VCO, a frequency divider is another key building block in PLLs

(Fig. 4.1), in particular the one following the VCO. Working at a much higher

frequency, frequency dividers typically consume substantially more power than

other building blocks operating at much lower frequencies, such as the PFD and the

loop filter.

Furthermore, as shown in Fig. 4.2, frequency dividers can also be employed

together with a differential VCO to generate in-phase and quadrature-phase

(IQ) LO signals that are essential for single-sideband mixers and modern wireless

transceivers [1].

4.2 Latch-Based Frequency Dividers

One simple way to realize a divide-by-2 (/2) frequency divider is to use two latches

in a feedback loop as shown in Fig. 4.3. The choice of circuit implementation of the

latch depends on the input frequency and the CMOS technology. For example, in a

65-nm CMOS process, the latch based on static logics [2] functions well for input

frequency below ~100 MHz. As the input frequency increases to a range from

several hundreds of MHz to several GHz, the latch based on dynamic logic such as

the true single-phase clocking (TSPC) logics [3] and the transmission-gate-based

logics [4] can be employed to achieve high-speed operation with low power

consumption as shown in Fig. 4.4a, b, respectively.

To expand the input frequency range, the latch based on the current-mode logic

(CML) can be employed. Figure 4.5 shows the CML latch with resistive load

[5]. Operating in the current mode, CML dividers can achieve much faster speed

than both the TSPC and transmission-gate-based dividers. Moreover, CML dividers
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do not require input signals with full swings, which renders them more suitable for

high-frequency applications. The maximum operating frequency that CML dividers

can achieve depends on the loading capacitance and the required output swing.

Typically in a 65-nm CMOS process, CML dividers can function well at input

frequencies up to 10 GHz.

To increase the input frequency, the dynamic load with the PMOS transistors

controlled by the clock signal can be employed, as shown in Fig. 4.6. In the sensing

mode, the PMOS transistors are operated in the linear region to provide a small RC

time constant at the output node. While in the latching mode, the PMOS transistors

are turned off to achieve a large RC time constant and small static current [6]. To

further boost the input frequency of the dividers, inductive load can also be used to

replace the resistive load in the CML latch at the cost of a large chip area.
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Fig. 4.1 Frequency dividers in the PLL
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4.3 Injection-Locked Frequency Dividers

Frequency division can also be realized utilizing the injection-locked phenomenon

[7]. Figure 4.7a shows the model of an injection-locked oscillator (ILO), where an

input signal with frequency fin and power Pin is injected into an oscillator with a

fin

fin

fin

fin

fin+

fin−

fin−

fin+

fout

fout

a

b

Fig. 4.4 Frequency divider

based on (a) TSPC logics

and (b) transmission-gate-

based logics

M3M1 M2 M4

M5 M6

D+

D−

CLK+ CLK−

IB

RD RD

Fig. 4.5 Schematic of the

CML latch with

resistive load
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free-running frequency of fosc. Assuming fin is close to fosc, when Pin is small

(Pin< Ppull), the oscillation frequency will not be disturbed by the input signal

and the output frequency fout of the ILO remains as fosc. As Pin increases above Ppull,
the output frequency will be pulled away from fosc. But since Pin is not strong

enough to make the oscillator perfectly synchronized with the input signal, the

output frequency is unstable. Finally, when Pin is larger than the minimum required

power Pmin that guarantees the perfect synchronization between the oscillator and

input signal, the output frequency will be locked to fin. When the ILO is locked and

fin is close to fosc, the output phase noise would follow the input phase noise since

the output jitter will be corrected by the input signal every cycle.

By plot Pmin for different fin, the input sensitivity curve of an ILO can be

obtained as shown in Fig. 4.8. Since fin can be either higher or lower than fosc, a
certain minimum input power Pmin,0 will correspond to two different input frequen-

cies fL and fH in the plot of sensitivity curve. Under the input power of Pmin,0, the

ILO can be properly locked only when the input frequency fin is located between fL
and fH. So the locking range at certain input power is defined as fLR¼ fH� fL. When

the input power is reduced, the locking range will decrease. Finally, the locking

range becomes zero when Pin< Ppull, which indicates that the input signal is too

weak to affect the fout. As a result, fout just equals to fosc.
The ILO can be expanded to an injection-locked frequency divider (ILFD) by

mixing the output with the input signal first and then inject the two tones ( fin� fout)
and ( fin + fout) at the mixer output into an ILO, as shown in Fig. 4.9. Since fin is close
to 2fout, the injection-locked phenomena will force fin� fout¼ fout. As a result, the

output frequency will be exactly fin/2 if ( fin� fout) is within the locking range of the
ILO.

4.3.1 Indirect-Injection ILFDs

Figure 4.10 shows the circuit implementation of the indirect-injection ILFD. The

input signal vi(2ω) to be divided is applied directly to the gate of the tail-biasing

transistor, which converts the input voltage to the current ii(2ω) and then mixes it

M3M1 M2 M4

M5 M6

D+

D−

CLK+ CLK−

CLK−

Fig. 4.6 Schematic of the

CML latch with dynamic

load [6]
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with the output voltage vo(ω) through the cross-coupled transistor M1/2 to generate

the injected current iinj(ω) to the LC tank. In the indirect-injection topology, the

cross-coupled pair providing the negative transconductance for the oscillator also

functions as the mixer.

In the indirect-injection ILFD, the total current it(ω) injected into the tank

consists of two components: iinj(ω) and iccp(ω). Figure 4.11 shows the behavioral

model of the indirect-injection ILFD [8]. The cross-coupled transistor M1/2 acts as a

single-balanced mixer which mixes the output voltage vo(ω) with the currents

ii(2ω) and IDC from tail transistor, respectively. The expressions for iinj(ω) and
iccp(ω) can be summarized as

iin j ωð Þ ¼ K1 � ii 2ωð Þ � vo ωð Þ ð4:1aÞ
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b
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Fig. 4.7 Injection-locked oscillator (ILO): (a) behavioral model, (b) output frequency as a

function of the input power
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iccp ωð Þ ¼ K2 � IDC � vo ωð Þ ð4:1bÞ

where K1 and K2 are the conversion gains of the mixer. According to (4.1a) and

(4.1b), iccp(ω) is in the same direction with vo(ω), while the phase relationship

between iinj(ω) and vo(ω) is not fixed and can be an arbitrary value.

Since the injected current components iinj(ω) and iccp(ω) are all at the same

frequency ω with different phase, they can be summed up to obtain the total current

it(ω) injected into the LC tank using the phasor calculation as

it ωð Þ ¼ iinj ωð Þ þ iccp ωð Þ ð4:2Þ

Similar to an oscillator, for an ILFD to work properly, Barkhausen criterion

defined in (3.2a) and (3.2b) needs to be satisfied. Figure 4.12a shows the magnitude

and phase plots of the impedance of an LC tank. At the resonant frequency ω0, the

impedance magnitude is maximum, and the phase is zero. To lock the ILFD at a

frequency ω different from the resonant frequency ω0, it is necessary that the LC

tank operates away from the resonant frequency with a nonzero phase shift.

Assuming the phase of tank impedance is α(ω) at the frequency ω, the phase shift
γ(ω) between the tank current it(ω) and the tank voltage vo(ω), as shown in

M1 M2

L L

vo+ vo−

ii(2ω)+IDC

iinj(ω)+iccp(ω)

vi(2ω)+VDC
MT

Fig. 4.10 Schematic of the

indirect-injection ILFD

L C R
vo(ω)

α(ω)

IDC+ii(2ω) iinj(ω)+iccp(ω)

Mixer (M1/M2)

Fig. 4.11 Behavioral model of the indirect-injection ILFD
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Fig. 4.12b, should meet the phase condition, which guarantees that the total phase

of the open loop gain is zero:

γ ωð Þ ¼ �α ωð Þ ð4:3aÞ

In addition, to satisfy the gain condition, the amplitude of the tank current also

needs to be large enough to guarantee that the divider can properly oscillate, and the

output voltage is larger than the requirement across the whole locking range.

Assuming that the minimal output amplitude required is |vo,min(ω)|, the minimal

amplitude of the injection current can be expressed as below:

it,min ωð Þj j ¼ Vo,min ωð Þj j
Zt ωð Þj j ð4:3bÞ

The amplitude and phase requirements of it(ω) can be analyzed with the help of

the phasor diagram as shown in Fig. 4.12b [9]. At certain output frequency ω within

the locking range, the position of the it,min(ω) can be determined by substituting the

amplitude and phase of the tank impedance into (4.3a) and (4.3b). To achieve

a minimal output amplitude larger than |vo,min(ω)|, |it(ω)| must be larger than

|it,min(ω)|. By connecting the end points of it,min(ω) at different frequencies on the

phasor plane, the optimal locus of it,min(ω) can be determined. When the output

frequency ω moves further away from the tank resonant frequency ω0, the tank

impedance |Zt(ω)| decreases and the phase shift |α(ω)| increases, and both |it,min(ω)|

 

0

0

Zt ( )

|Zt ( )|

−α0

vo(ω)

Locus of it,min

Constant Amplitude 
(circle)

Constant Phase (line)

D increases

ba

|Zt ( )|
it,min( )

|it,min( )|

γ=α0

ω

ω

ω

ω

ω ω ω

ω
ω

Fig. 4.12 (a) Frequency response of the LC tank impedance and (b) phasor diagram of the

currents injected into the LC tank
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and |γ(ω)| need to be increased in order to maintain the same output amplitude and

to satisfy the phase condition. At the edge of the locking range, if it(ω) locates to the
left side of the optimal locus of it,min(ω), the divider has excess phase for the phase
condition but insufficient amplitude to satisfy the gain condition. On the other hand,

if it(ω) locates to the right side of the optimal locus, the divider achieves enough

amplitude for the gain condition but insufficient phase to meet the phase condition.

Although Fig. 4.12 only shows the situation that ω>ω0, the phasor diagram

method and the above discussions can also be applied to the situation when

ω<ω0 by mirroring the phasor it(ω) and the locus of it,min(ω) down to the bottom

region of the reference phasor vo(ω).
By adding the current phasors iinj(ω) and iccp(ω), the complete phasor diagram

can be drawn as shown in Fig. 4.13, which provides an intuitive way for locking

range analysis and optimization. Based on the definitions from (4.1a) and (4.2b), the

directions of iccp(ω) is in the same direction with vo(ω), while the direction of iinj(ω)
is arbitrary, and the phase difference β between iinj(ω) and iccp(ω) can be any value

between 0 and 2π. As a result, the locus of iinj(ω) or it(ω) becomes a circle.

As shown in Fig. 4.13, if IDC of the indirect-injection ILFD is large, |iccp(ω)| is
large so that the locus of phasor iinj(ω) is located to the right side of the optimal

locus of it,min(ω) but do not intersect with it. In this case, since |it(ω)| is always

larger than |it,min(ω)|, the gain condition is always met, and the locking range is

limited only by the phase condition. So the divider is working in the phase-

condition-limited (PCL) region. In the PCL region, the maximum and minimum

output frequencies ωH and ωL are only determined by the maximum phase shift γmax

that it(ω) can provide. Based on the phasor diagram in Fig. 4.13, γmax is achieved

when it(ω) is tangent to the locus of iinj(ω) which can be expressed as below:

γmaxj j ¼ arcsin
iinj ωð Þ�� ��

iccp ωð Þ�� ��

 !

ð4:4Þ

It follows that the value of ωH and ωL can be determined by finding the

corresponding frequency for the phase shift α ¼ �γmax on the phase plot of the

tank impedance as shown in Fig. 4.12a. If the frequency response is symmetrical to

the resonant frequency ω0, the total output locking range can be expressed as

ΔωLR ¼ ωH � ωL ¼ 2 ωH � ω0ð Þ.
In the PCL region, according to (4.4), the locking range can be increased by

increasing |iinj(ω)| while still keeps |iccp(ω)| the same. In Fig. 4.10, since ii 2ωð Þ ¼
gmvi 2ωð Þ and gmT ¼ 2IDC= VDC � Vthð Þ, where gmT is the transconductance of the

tail transistor MT, |ii| can be increased by reducing the overdrive voltage

(VDC�Vth), while IDC is kept the same. So MT with a large W/L ratio is preferred.

To boost the locking range of indirect-injection ILFDs, the current-bleeding

technique is proposed in [8] (Fig. 4.14). By adding a current path from VDD to the

drain of MT, the total current flowing through the cross-coupled pair M1/2 is

reduced, while the total DC current flowing through MT is still kept the same.

Since |ii(2ω)| can be still kept the same, the |iinj(ω)|/|iccp(ω)| ratio is increased.
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So according to (4.4), the locking range is increased. The current source IBleed can

be implemented with a PMOS transistor as shown in Fig. 4.15. In addition to

bleeding the DC current, the input voltage can also be applied to the gate of

PMOS transistor to create another injection current ii,p(2ω). So the total inject

current at frequency 2ω is increased to ii(2ω)¼ ii,n(2ω) + ii,p(2ω). As a result,

iinj ωð Þ�� ��� iccp ωð Þ�� ��and thus the locking range is further increased by reusing the

gm of the PMOS transistor for DC current bleeding.

4.3.2 Direct-Injection ILFDs

An ILFD can also be realized by directly injecting the currents into the LC tank of

an oscillator as shown in Fig. 4.16a. Figure 4.16b shows the equivalent half-circuit

of the direct-injection ILFD where the total current it(ω) injected into the tank

consists of three components: iinj(ω), i0(ω), and iccp(ω). In a direct-injection ILFD,

the input transistor Min and the cross-coupled transistor M1/2 act as single-balanced

mixers. As shown in the behavioral model in Fig. 4.17, one input of Mixer 1 (Min) is

from the total voltage VDC + vinj(2ω) applied at the gate of Min, while the other

input is fed back from the divider output vo�(ω). Correspondingly, the output

current of Mixer 1 consists of the current components iinj(ω) and i0(ω). Similarly,

the injected current iccp(ω) is generated by mixing vo�(ω) and the DC current IDC
through Mixer 2 (M1). The expressions for iinj(ω), i0(ω), and iccp(ω) can be

summarized as [10]

i0 ωð Þ ¼ K1 � VDC � vo ωð Þ ð4:5aÞ
iinj ωð Þ ¼ K2 � Vi 2ωð Þ � vo ωð Þ ð4:5bÞ
iccp ωð Þ ¼ �K3 � IDC � vo ωð Þ ð4:5cÞ

where K1 and K2 are the conversion gains of the Mixer 1, while K3 is the conversion

gain of the Mixer 2. According to (4.5a)–(4.5c), iccp(ω) is in the same direction

with vo(ω), while i0(ω) is in the opposite direction with vo(ω) since the mixing

iinj(w

w

)

iccp

b

(w)

it( )

vo(w)

gmax

Locus of it,minFig. 4.13 Phasor diagram

of the indirect-injection

ILFD in the PCL region
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Fig. 4.16 (a) Schematic and (b) half-circuit of the direct-injection ILFD
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inputs vo+(ω) and vo�(ω) to generate this two currents are out of phase. The phase

relationship between iinj(ω) and vo(ω) is not fixed and can be an arbitrary value.

The phasor diagram can also be employed to analyze the locking range of the

direct-injection ILFD. As shown in Fig. 4.18, similar to the direct-injection ILFD, if

IDC is large, the direct-injection ILFD is working in the PCL region. The maximum

phase shift γmax that it(ω) can provide is achieved when it(ω) is tangent to the locus
of iinj(ω) which can be expressed as below:

γmaxj j ¼ arcsin
iinj ωð Þ�� ��

iccp ωð Þ�� ��� i0 ωð Þj j

 !

ð4:6Þ

Compared with the indirect-injection ILFD, since iinj(ω) and iccp(ω) in the direct-
injection ILFD comes from two different mixers, one more degree of freedom can

be utilized for the locking range optimization. In the PCL region, according to (4.6),

if |iinj(ω)| and |i0(ω)| from the transistor Min is kept the same, γmax and thus the

locking range can be increased by reducing |iccp(ω)|. On the other hand, reducing

|iccp(ω)| would reduce the output amplitude. As the output amplitude is still

guaranteed to be larger than |it,min(ω)| in the PCL region, the bias current IDC should

be kept small in order to achieve a large locking range.

In the PCL region, as IDC decreases, the locus of iinj(ω) moves to the left. After it

crosses the locus of it.min(ω), the divider starts to work in the gain-condition-limited

(GCL) region, as shown in Fig. 4.19. In the GCL region, the maximum locking

range is achieved when the direction of iinj(ω) is vertical to that of v0(ω). So the

maximum phase shift γmax can be expressed as below:

γmaxj j ¼ arctg
iinj ωð Þ�� ��

iccp ωð Þ�� ��� i0 ωð Þj j

 !

ð4:7Þ

L C R
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α(w)
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iccp(w)

Mixer1(Min)

Mixer2(M1/M2)

VDC+vinj(2w)

−1

Fig. 4.17 Behavioral model of the direct-injection ILFD
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If IDC is further reduced after its optimum value is achieved, the maximum phase

shift γmax starts to decrease which in turn degrades the locking range as shown in

Fig. 4.19.

To design a direct-ILFD with large locking range, the divider is preferred to

operate in the GCL region. When the LC tank and the input transistor Min are fixed,

IDC can be properly chosen to make sure that iinj(ω) is vertical to vo(ω). To further

extend the locking range, large size of Min can be employed to increase both |iinj(ω)|
and |i0(ω)|. At the same time, iccp(ω) and thus the DC current of the divider also

need to be increased accordingly to ensure that iinj(ω) is still vertical to vo(ω). In
other words, the locking range is increased at the cost of larger power. Besides,

large Min would add more parasitic capacitance, which would limit the maximum

operating frequency of the divider.

4.3.3 Design Consideration for the LC-Tank

The locking range depends not only on the maximum phase shift γmax that it(ω) can
provide but also on the characteristics of the tank impedance. Consider two ILFDs

using two LC-tanks with the same resonant frequency ω0 and quality factor QT but

different inductance values as shown in Fig. 4.20a. Since the tank with larger L has a

Fig. 4.18 Phasor diagram of the direct-injection ILFD in the PCL region

Fig. 4.19 Phasor diagram

of the direct-injection ILFD

in the GCL region
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less steep phase response when the frequency is close to ω0, its ILFD can achieve a

wider locking range when operating in the PCL range for the same phase shift γmax

that it(ω) can provide. In the GCL region, to achieve the same ωH, the tank with the

larger L can provide a larger |Zt(ω)|, which results in a smaller IDC to fulfill the gain

condition. As a result, a larger inductance or a larger L/C ratio is always preferred in

both PCL and GCL regions. In practice, the L/C ratio is limited by the capacitive

loading from the next stage as well as the parasitic capacitance at the output node.

Now, let us consider two ILFDs using two LC-tanks with the same ω0 and the

same L/C ratio but different QT as shown in Fig. 4.20b. Since the tank with the

lower Q has a less steep phase response when the frequency is close to ω0, its ILFD

can achieve a wider locking in the PCL range, again for the same phase shift γmax

that it(ω) can provide. However, in the GCL range, to achieve the same ωH, the

ILFD with the lower Q tank needs to consume more power since its |Zt(ω)| is
smaller at the same frequency. In other words, in the GCL region, a tank with a

higher Q is preferred to minimize the power consumption.

4.3.4 Phase-Noise Performance

Figure 4.21 shows the noise model of the ILFD, which is similar to a Type-I first-

order PLL [11, 12]. Here N is the division ratio while ϕn_in, ϕn_out, and ϕn_osc

represent the phase noises of the injection signal, the divider output, and the divider

0
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|Zt (w)|

−g max

High QT

Low QT

0

Zt (w)

|Zt (w)|

−g max

Large L

w

wH1wH2

w

wwH1wH2
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a b

Fig. 4.20 Frequency responses of the LC tank impedance for (a) different L/C ratios (with the

same QT and ω0) and (b) different tank quality factors (with the same L/C ratio and ω0)
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as a free-running oscillator, respectively. The output phase noise can be expressed

as below [11]:

Lout Δωð Þ ¼ ω2
p

Δω2 þ ω2
p

� Lin Δωð Þ
N2

þ Δω2

Δω2 þ ω2
p

Losc Δωð Þ ð4:8Þ

where ωp can be approximated by the locking range ΔωLR of the ILFD when the

deviation of the output frequency from the tank resonant frequency ω0 is small

[13]. It is worthwhile to note that ωp decreases as the output frequency moves

toward the edge of the locking range [12, 14], which indicates less suppression of

the phase noise from the free-running ILFD.

According to (4.8), the output phase noise contains two terms. In the first term,

the input phase noise ℒin(Δω) is firstly scaled by 1/N2 and then filtered by a

low-pass filter (LPF) with a 3-dB bandwidth of ωp. Meanwhile, in the second

term, the phase noise from the free-running ILFD is filtered by a high-pass filter

with a 3-dB bandwidth of ωp. The output phase noise can be obtained by summing

up the noise contributions from both the input and the free-running ILFD as shown

in Fig. 4.22. At low offset frequencies, the output phase noise is dominated by the

input phase noise plus 20 log(N). On the other hand, at offset frequencies larger

than ωp, the output phase noise just follows the phase noise of the free-running

ILFD since the input does not affect the output anymore. For an ILFD operating at

mm-Wave frequencies, the locking range is typically of several GHz so that the

output phase noise would be dominated by the input phase noise at offset frequen-

cies in the range of several hundreds of MHz.

4.3.5 ILFD Figure of Merit

Based on the locking range analysis in Sects. 4.3.1 and 4.3.2, the maximum locking

range achieved is a direct trade-off with the power consumption. So the most used

figure of merit (FoM) of the ILFD is defined as below:

FoM ¼ Δ f LR GHz½ �
Pdiss mW½ � ð4:9Þ

S
+ +

+

N
1

fn,osc

fn,in
fn,outwp

Fig. 4.21 Noise model of

the ILFD [12]
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where ΔfLR and Pdiss are the frequency locking range and power consumption of the

ILFD, respectively. When properly locked, the output phase noise within the

interested offset frequency is determined by the input phase noise, and the phase

noise is excluded from the FoM expression to make sure that ILFDs with different

injection sources can be fairly compared.

4.4 Miller Frequency Dividers

Another effective way to realize the frequency division at high frequencies is based

on a regenerative topology consisting of a mixer and a LPF in a feedback loop, as

shown in Fig. 4.23. The mixer has two inputs: one being the input signal to be

divided and the other being the output signal itself. Due to the mixing operation,

there are two output tones at frequencies of ( fin� fout) and ( fin + fout) at the mixer

output. After passing through the LPF, only the tone with the lower frequency of

( fin� fout) is remained. Since the feedback loop forces that fin� fout¼ fout, the
output frequency will be exactly fin/2.

Figure 4.24a shows the circuit implementation of the mixer-based frequency

divider which is also well known as a Miller divider [15]. Here, a double-balanced

mixer is employed with the inputs connected to the gates of the tail transistors M7–

8 and the outputs fed back to the gates of switching transistorsM1–4. The inputs of the

Miller divider can also be swapped. In other words, the outputs of the Miller divider

can also be fed back to the gates of the tail transistors M7/8, while the inputs are

connected directly to the gates of the switching transistors M1–4 as shown in

Fig. 4.24b, which can reduce the output capacitance at the cost of increased input

capacitance. To achieve better suppression of the unwanted frequency component

( fin + fout), which becomes the third harmonic of the desired output signal, the LPF is

typically replaced by a narrow-band band-pass filter formed by an LC tank load [16].

(Dw)

wP Dw

20Log(N)

Free-running

ILFD
Output

ILFD
Input

Free-running After filtering

Fig. 4.22 Phase noises of the ILFD as functions of the offset frequency
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Fig. 4.23 Simplified

behavioral model of the

Miller divider

M1 M2 M3 M4

vi+ vi+

vi−

M7 M8

vo+ vo−

L L

M1 M2 M3 M4

M7 M8

vo+ vo−

L L

vi+ vi−

a

IDC

ii(2w) ii(2w)

IDC

−iccp(w)+iinj(w)

iccp(w)+iinj(w)

b
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Figure 4.25 shows the corresponding behavioral model for the Miller divider in

Fig. 4.24a, in which ii 2ωð Þ ¼ �gm7=8vi 2ωð Þ and iccp(ω) and iinj(ω) are the mixing

products of the output voltage vo (ω) with the DC current �IDC and with input

current ii(2ω), respectively. The expressions for iinj and iccp can be summarized as

iinj ωð Þ ¼ K1 � ii 2ωð Þ � vo ωð Þ ð4:10aÞ
iccp ωð Þ ¼ K2 � IDC � vo ωð Þ ð4:10bÞ

where K1 and K2 are the conversion gains of the Mixer 1 and 2, respectively.

Due to the double-balanced configuration, the iccp(ω) from Mixers 1 and 2 are in

the opposite direction and thus completely canceled with each other. Since the total

current injected into the tank contains only one component of 2iinj(ω), there will be
no current flowing through the tank without the input signal, which indicates that

the Miller divider cannot self-oscillate. The lack of iccp(ω) also explains the reason

for large power consumption required by the Miller divider. As shown in the phasor

diagram in Fig. 4.26, the Miller divider can only operate in the DCL region, in

which the phase condition can always be satisfied, and the locking range is limited

by insufficient loop gain. Since the DC current only serves to provide the transcon-

ductance converting the input voltage to current and has no contribution to the loop

gain, the FoM of the conventional Miller divider is certainly much lower than

ILFDs.

To improve the performance of the Miller divider, the double-balanced mixer

architecture can be modified to intentionally introduce imbalance to prevent the

current iccp(ω) from Mixers 1 and 2 from being perfectly canceled. One way to

realize this imbalance is to bleed the DC current flowing through the transistors M1

and M2 by adding another current source as shown in Fig. 4.27 [9]. As shown in the

behavioral model in Fig. 4.28, since the DC current of M7 is kept the same as that of

M8, the input currents ii(2ω) generated by M7 and M8 and thus the iinj(ω) generated
by Mixers 1 and 2 still have the same amplitude. However, since the DC currents of

L C R

iccp(w)+iinj(w)

−IDC+ii(2w)

− 1

−iccp(w)+iinj(w)

−IDC−ii(2w)

vo(w)2iinj(w)

−α(w

w

)

Mixer1 (M1/M2)

Mixer2 (M3/M4)

Fig. 4.25 Behavioral model of the Type-I Miller divider
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Mixer 1 is smaller than that of Mixer 2, the mixing product |iccp,bl(2ω)| becomes

smaller than |iccp(2ω)|. Consequently, the total current injected into the tank is

increased to 2iinj(ω) +Δiccp(2ω), where Δiccp(2ω)¼ iccp(2ω)� iccp,bl(2ω) and can

be adjusted by controlling the bleeding current Ibleed. As shown in Fig. 4.29, with

the help of the current phasor Δiccp(2ω), the locus of iinj(2ω) can be moved toward

the right, and the divider can achieve a larger locking range compared with the

conventional Miller divider without consuming more power.

Unlike the conventional Miller divider, the current-bleeding Miller divider may

oscillate even when there is no input signal if Ibleed and IDC are large enough.

Actually, as shown in Fig. 4.29, to achieve the optimal condition that iinj(2ω) is
vertical to vo(2ω) for maximum locking range, Δiccp(2ω) is already large enough to
sustain the oscillation without input signals. As the main difference between the

conventional Miller dividers and ILFDs is whether the divider can self-oscillate

without input signals, the current-bleeding Miller divider is more suitable to be

categorized as an ILFD.

4.5 Summary

As discussed in Sects. 4.3 and 4.4, the indirect-injection ILFD, direct-injection

ILFD, and current-bleeding Miller divider can all achieve a large locking range at

mm-Wave frequency. Since the size of input transistor in direct-injection ILFD is

much smaller than those in indirect-injection ILFD and current-bleeding Miller

divider. The direct-injection ILFD presents the smallest loading capacitance to the

VCO output and thus is most widely used in the frequency synthesizer [17–19] at

mm-Wave frequency.

In Chap. 8, the transformer techniques will also be employed to effectively

reduce the supply voltage of the regenerative ILFD which evolves from the Miller

divider and significantly boost the locking range of the direct-injection ILFD.

Thanks to the compact layout of the integrated transformer, the area of the ILFD

with a transformer tank can be kept almost the same as that of the ILFD with a

simple LC tank.

vo(w)
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Locus of it,min

it(w) = 2iinj(w)

Fig. 4.26 Phasor diagram

of the Miller divider
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Chapter 5

Ultralow-Voltage VCO and QVCO Using
Transformer Technique

5.1 Introduction

For the conventional NMOS LC-VCO as shown in Fig. 3.7, a low supply voltage

would result in the decrease of the output signal amplitude Vo and thus the

degradation of the phase-noise performance since the phase noise is inversely

proportional to Vo
2 according to (3.19). For example, if the supply voltage is

reduced from 1.2 to 0.3 V, the maximum Vo would roughly decrease from 2.4 to

0.6 V (ignoring the voltage headroom required by the current-biasing transistor). As

a result, the minimum achievable phase noise will degrade by 12 dB1 assuming all

other parameters, including the tank capacitance, the tank QT, the oscillation

frequency ω0, and the offset frequency Δω, are kept the same. Such a phase-

noise degradation is unacceptable for many cellular standards with stringent

phase-noise requirements such as GSM requiring �162 dBc/Hz at 20-MHz fre-

quency offset from a carrier frequency of 900 MHz [1].

Firstly, in this chapter, a novel design technique is presented to realize a

transformer-feedback VCO (TF-VCO) in a standard CMOS process with high

performance even at a supply lower than the threshold voltages of the MOS

transistors [2]. The advantages of the TF-VCO over the conventional LC-VCOs

are twofold: (1) the main limitation of the signal amplitude of a VCO with a low

supply voltage is overcome by the concept of dual signal swings, which enables the

output signals to swing above the supply voltage and below the ground potential to

increase the carrier power and thus to improve the phase noise; (2) the transformer-

feedback technique also improves the tank quality factor and shows an excellent

cyclo-stationary noise property, which helps reduce the phase noise for a given

1 The FoM is still kept the same according to (3.30) since the current to sustain the maximum Vo

also reduces by 4 times, and thus the power consumption reduces by 16 times. However, at low

supply voltage, even the power budget can be increased, and the phase noise could not be

improved anymore since the oscillator would enter the voltage-limited region.
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power consumption. The transformer-feedback technique was demonstrated with

two VCO prototypes fabricated in a standard 0.18-μm CMOS process. The first

version is a 0.35-V 1.46-mW 1.4-GHz TF-VCO using PMOS transistors and two

single-ended transformers [3]. The second version is a 0.5-V 570-μW 3.8-GHz

TF-VCO using NMOS transistors and a single differential transformer. Measure-

ment results of the two designs show comparable FoMs with the recent state-of-the-

art VCOs that operate at much higher supply voltages.

Secondly, the technique to passively couple two LC-VCOs through on-chip

transformers for quadrature generation is presented [4, 5]. By replacing the cou-

pling transistors with the coupling transformer, undesirable effects contributed by

the coupling transistors (including flicker noise, channel thermal noise, parasitic

capacitance, and extra power consumption) are eliminated, which reduces both the

phase noise and power consumption and increases the oscillation frequency of the

QVCO. Moreover, the transformer-coupling technique also enjoys all the advan-

tages of the TF-VCOs, including reduction of the minimum supply voltage required

for the QVCO.

5.2 Transformer-Feedback VCO (TF-VCO)

5.2.1 Topology and Circuit Model

Figure 5.1a shows the schematic of the transformer-feedback VCO, which employs

an integrated transformer in place of the inductor in the conventional LC-VCO. The

primary coil of the transformer with self-inductance Ld is connected at between

VDD and the drain terminal of the cross-coupled transistor M1/2, which constitutes

the tank together with the capacitor Cd, while the secondary coil with self-

inductance Ls is connected between ground and the source terminal of M1/2. The

primary coil Ld and the secondary coil Ls are magnetically coupled to each other

with a coupling coefficient k.

Figure 5.1b plots the single-ended voltage waveforms, where Vd and Vs repre-

sent the voltages at the drain and source terminals of the transistor M1/2, respec-

tively. Since the source of M1/2 is connected to the secondary coil of the transformer

instead of directly being connected to the ground, it can swing below the ground

potential. Furthermore, when the gate voltage is increased, the drain and source

voltages are decreased at the same time. The reduction of the source voltage

effectively lowers the ground potential and allows the drain voltage to go to a

negative potential when the transistor is turned on. Since the drain and source

signals oscillate in phase, the gate and source voltages are forced to be out of phase,

which enlarges the effective gate-source overdrive voltage. Compared to the con-

ventional LC-oscillators which can only achieve a maximal output amplitude

of ~VDD, this phase synchronization provides extra voltage headroom for the

drain oscillation and increases the driving capability of the cross-coupled
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transistors, which effectively boosts the maximum oscillation amplitude. To esti-

mate the maximum output amplitude, assuming an ideal coupling coefficient k¼ 1

for simplicity, the source signal amplitude Vs is related to the drain signal amplitude

Vd by Vs ¼ Vd=N, where N is the turn ratio between the primary and secondary

coils defined as N ¼ ffiffiffiffiffiffiffiffiffiffiffiffi
Ld=Ls

p
. As shown in Fig. 5.1b, the maximum drain voltage

amplitude is given by Vd ¼ VDD þ Vs for the TF-VCO. So by substituting Vs with

Vd/N, Vd,max is expressed as

Vd,max ¼ N

N� 1
VDD ð5:1Þ

Figure 5.2 compares the output amplitude of the TF-VCO with that of a conven-

tional LC-VCO. At a 0.5-V supply voltage, the TF-VCO with N¼ 2 achieves a

maximal Vd of 1 V, which is twice of the maximum Vd that the conventional

LC-VCO can achieve at the same supply voltage.

To analyze the performance of a TF-VCO, the feedback loop through the cross-

coupled pair is broke and the circuit is rearranged as shown in Fig. 5.3. Now the

open-loop transfer function becomes Vout=Vin ¼ Vout=Vxð Þ Vx=Vinð Þ. Since Vout=

Vx ¼ Vx=Vin due to the symmetric property, then Vout=Vinj j ¼ Vx=Vinj j2 and

∠ Vout=Vinð Þ ¼ 2∠ Vx=Vinð Þ. So the loop can be characterized by calculating the

half-circuit transfer function Vx/Vin.

5.2.2 Oscillation Frequency and Phase Noise

To calculate the transfer function Vx/Vin, the transformer is replaced by the

equivalent circuit model in Fig. 2.3 to obtain the small-signal equivalent circuit

Cd

M1

Cd

M2

k k

Ld Ld

Ls Ls

VDD

Vd+ Vd−

Vs+ Vs−

gnd

VDD

Vs

Vd

a b

Fig. 5.1 Transformer-feedback VCO: (a) schematic and (b) waveforms of drain and source

terminals

5.2 Transformer-Feedback VCO (TF-VCO) 79

http://dx.doi.org/10.1007/978-3-319-15874-7_2


for the half-circuit as shown in Fig. 5.4, where Rd and Rs represent the parallel tank

resistances of the primary and secondary coils, respectively. For simplicity, assume

that k¼ 1 and that the output impedance of M1/2 are negligibly large. By applying

Kirchhoff’s current law to both the source and the drain terminals, the following

equations can be obtained:

gm Vin � Vsð Þ ¼ 1

Rs

þ sCs þ 1

sLs

� �
Vs þ Nix ð5:2aÞ

9.8 10.0 10.2 10.4 10.6

0
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Vd (TF-VCO)
Vs (TF-VCO)
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A
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itu

de
 (

V
)

Fig. 5.2 Simulated voltage

waveforms at the drain and

source of M1/2 for both the

TF-VCO and the

conventional VCO at a

same VDD of 0.5 V

Vout

k

LsCsRs

LdCdRd

M2
Vin k

LsCsRs

LdCdRd

M1

Vx

Fig. 5.3 Open-loop rearrangement of the TF-VCO
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ix ¼ � 1

Rd

þ sCd

� �
Vx � gm Vin � Vsð Þ ð5:2bÞ

Substituting ix with (5.2b) and Vs with Vx/N in (5.2a), the transfer function Vx/Vin

can be expressed as

Vx

Vin

¼ sgmLd
1�N
N

� �
s2 LdCd þ LsCsð Þ þ s gmLd

1
N

1
N
� 1

� �þ Ls

Rs
þ Ld

Rd

h i
þ 1

ð5:3aÞ

Assuming the inductor loss dominates the tank loss and the quality factor Qd and

Qs of Ld and Ls are high, which is typically true at the frequency range of several

GHz, then Rd and Rs can be expressed by ωdLdQd(ωd) and ωsLsQs(ωs), respectively,

where ωd ¼ 1=
ffiffiffiffiffiffiffiffiffiffi
LdCd

p
and ωs ¼ 1=

ffiffiffiffiffiffiffiffiffiffi
LsCs

p
are the resonant frequencies of the tanks

at drain and source terminals, Qd(ωd) is the quality factor of Ld at frequency ωd, and

Qs(ωs) is the quality factor of Ls at frequency ωs. By further definingK ¼ ffiffiffiffiffiffiffiffiffiffiffiffiffi
Cd=Cs

p
,

(5.3a) can be rearranged as

Vx

Vin

¼ sgm
1�N
N

� �
s2LdCd 1þ 1

NKð Þ2
� �

þ s gmLd
1�N
N2

� �
þ 1

ωd

1
Qd

þ 1
ωs

1
Qs

h i
þ 1

ð5:3bÞ

According to Barkhausen criterion, the phase of Vx/Vin needs to be 180� to

guarantee the oscillation. So the oscillation frequency can be expressed as

ω0 ¼ 1ffiffiffiffiffiffiffiffiffiffi
LdCd

p � 1ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
1þ 1

NKð Þ2
q ¼ ωdffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi

1þ ωd

ωs

� �2
r ð5:4Þ

According to (5.4), if ωs is much larger than ωd, ω0 can be approximated by ωd

¼ 1=
ffiffiffiffiffiffiffiffiffiffi
LdCd

p
so that the oscillation frequency of the TF-VCO is only determined by

the tank at drain terminal.

Vin

LsCsRs Cd Rd

Vs

+

−

gm(Vin-Vs)

Vx

Vin-Vs

ix

1 : N

Nix

Fig. 5.4 Small-signal equivalent circuit for the half-circuit
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Equation (3.16) can be employed here to directly obtain the tank QT from the

second-order transfer function given by (5.3b):

QT ¼ ω0

ωd

� gmRdð ÞN� 1

N2

� �
1

Qd

þ ω0

ωs

1

Qs

	 
�1

ð5:5Þ

Since the resonant frequency of the secondary tank ωs in this design is far above the

oscillation frequency ω0 and the inductor quality factor Qs at higher frequency ωs

would be larger than Qd at ω0, the second term of (5.5) can be reasonably ignored.

Using the approximation that ω0 � ωd, QT can be well approximated as below:

QT � 1

1� gmRdð Þ N�1
N2

� Qd ð5:6Þ

The term N� 1ð Þ=N2 could be optimized with a maximum value of 1/4 when N

equals to 2. So a maximum QT is achieved when N¼ 2. Assuming gmRd¼ 2,

Ld¼ 3 nH, ωd ¼ 2π � 4GHzð Þ, ωs ¼ 4ωd, Qd¼ 5, and Qs¼ 10, Fig. 5.5 compares

the simulated QT and the calculated QT by using (5.5), which are quite close to each

other.

Figure 5.5 also plots the simulated magnitude of the transfer function Vx/Vin at

the oscillation frequency. It can be seen that |Vx/Vin| is increased with N. Since a

large |Vx/Vin| indicates a large open-loop gain, a large N is preferred to make the

TF-VCO easier to start up. However, according to (5.1), a small N is preferred to

achieve a large maximal output amplitude. So the choice of N needs to take

considerations of the QT, the start-up condition, and the maximum output amplitude

comprehensively. In this design, N � ffiffiffi
5

p
is chosen to guarantee the robust start-up

at low supply voltages, for which the QT degradation is negligible compared to its

maximum value obtained at N¼ 2. Meanwhile, according to (5.1), N ¼ ffiffiffi
5

p
still

gives a maximum output amplitude of ~1.8 times larger than that of the conven-

tional LC-VCO.

In addition to the enhancement of the tank QT, the TF-VCO also inherits the low

phase-noise feature of the Colpitts oscillator because of the similar feedback

mechanism. Figure 5.6a and b shows a comparison between a common-gate

Colpitts VCO and the half-circuit of TF-VCO, where the transformer is represented

by the equivalent circuit model in Fig. 2.3. For the Colpitts oscillator, the capacitors

C1 and C2 form the feedback network. These capacitors constitute an important part

of the total tank capacitance and thus limit the maximum achievable L/C ratio. This

contradicts the requirement for a high tank impedance to achieve a low phase noise

and low-power design. Furthermore, the capacitor dividers also limit the maximum

oscillation frequency the Colpitts VCO can achieve. So the Colpitts VCO is not

favorable for low-power applications. The TF-VCO, on the other hand, uses a

single transformer for the feedback across the drain and source nodes and does

not impose extra capacitance to the tank circuit, which is similar to the Hartley

design [6, 7]. As a result, the TF-VCO can operate at a higher oscillation frequency.

82 5 Ultralow-Voltage VCO and QVCO Using Transformer Technique

http://dx.doi.org/10.1007/978-3-319-15874-7_3
http://dx.doi.org/10.1007/978-3-319-15874-7_2


The TF-VCO, which consists of cross-coupling of two single-ended VCOs,

further enhances the cyclo-stationary noise property of the Colpitts structure. The

idea is similar to the designs in [8] in which a single-ended Colpitts VCO uses a

transformer to dynamically control the gate voltage bias or a differential Colpitts

VCO uses two cross-coupled Colpitts VCO at the gate nodes. The TF-VCO shows

advantage over [8] by using a single transformer rather than two capacitors for the

feedback action.

In order to verify the cyclo-stationary noise advantage of the TF-VCO over the

conventional LC-VCO, the impulse sensitivity function (ISF) Γ(x) and Γeff(x)
defined in Sect. 3.2.2 of the two topologies are compared. Two 4-GHz oscillators

using the transformer tank and the conventional LC-tank are simulated with the

same drain inductance value with quality factor of 5. The TF-VCO consumes

Fig. 5.5 Simulated and calculated tank QT and |Vout/Vin| as functions of N2

a

VB

L

C1

C2

VB

Cd

(1-k2)Ld

k2Ld

1 : N

b

Fig. 5.6 Schematics of (a) Colpitts VCO and (b) the TF-VCO
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4.2 mA at a 0.5-V supply voltage, while the conventional VCO has the same current

consumption but at a higher supply voltage of 0.9 V. A current source between

transistor’s drain and source nodes is included and acts as a noise impulse with a

total charge of 7.8 fC. Figure 5.7 plots the voltage and current waveforms of the

drain terminals and the ISFs of the two topologies, which shows that the TF-VCO

gives much lower ISF and ISFeff than those of the conventional LC-VCO. The

simulated phase noise of the TF-VCO and LC-VCO are �105.6 dBc/Hz and

�101.5 dBc/Hz at 1-MHz frequency offset, respectively.

Fig. 5.7 Comparison between the TF-VCO and the conventional LC-VCO: (a) voltage wave-

forms of the drain, (b) current waveforms of the drain, and (c) ISF and ISFeff of the cross-coupled

transistor M1/2
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5.2.3 Circuit Implementation

To demonstrate the effectiveness of transformer-feedback techniques on reducing

the supply voltage of the VCO, two TF-VCO prototypes are designed.

Figure 5.8 shows the first design, which employs PMOS cross-coupled pair and

two single-ended transformers. The schematic is similar with that in Fig. 5.1a with

the NMOS being replaced with PMOS transistors. To avoid forward biasing of the

source-bulk junction when the instantaneous voltage at source terminal is larger

than VDD, the source and bulk of M1/2 are connected together.

Figure 5.9 shows the single-ended transformer used in the PMOS TF-VCO. Here

both the two inter-winding square spirals with three turns for the primary coils and a

single turn for the secondary coil are implemented in the top metal layer. Under-

passes are constructed with stacking of metal 4 and metal 5 to reduce their losses.

The transformer has an outer diameter of 325 μm, an inner hole with a diameter of

120 μm, a metal width of 25 μm, and a spacing of 1 μm. From the measurement

results at 1.4 GHz, the self-inductances of the primary and secondary coils are

2.6 nH and 0.55 nH, respectively, while the quality factors are 6 and 2.8, respec-

tively. The coupling coefficient k is around 0.66.

The second design using NMOS transistors is exactly the same as that shown in

Fig. 5.1a. To avoid the forward biasing of the source-bulk junction, the NMOS

transistor is placed in a deep n-well which enables the direct connection between

the bulk and source terminals. This design takes advantage of the higher mobility of

the NMOS transistors compared to PMOS transistors so that the NMOS TF-VCO

can oscillate at a higher frequency.

Besides, a single differential transformer as shown in Fig. 5.10 is employed in

the NMOS TF-VCO. Compared to the single-ended inductor, the differential

inductor can achieve a better quality factor because the magnetic coupling between

the adjacent conductors reinforces the magnetic field and thus increase the induc-

tance value while the series loss is unchanged [9]. The differential transformer also

enjoys the same advantage over the single-ended transformer. In addition, the chip

area occupied by the differential transformer is also reduced for a given inductance

M1 M2

k k

Ls Ls

Ld Ld

VDD

Vs+ Vs−

Vd+ Vd−

Fig. 5.8 Schematic of the

PMOS TF-VCO
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value. In this design, the quality factor of differential transformer is further opti-

mized by increasing the metal width progressively from the inner to the outer turn

[10]. As such, the series loss in the outer turn is reduced, while its substrate loss

associated with the wider metal width does not cause much degradation on the

quality factor since it is more close to the virtual ground at the inductor’s center tap.
The transformer has an outer diameter of 343 μm and an inner hole with a diameter

of 156 μm. Both the two inter-winding octagonal spirals with five turns for the

primary coil and two turns for the secondary coil are implemented in the top metal

Stacked Metal 4 and 5 

Metal 6

Vs 

Vd 

VDD groundFig. 5.9 Layout of the

single-ended transformer

for PMOS TF-VCO

Vs−Vd−Vd+Vs+ 

CTs

CTp

Stacked 
Metal 4 and 5 
Metal 6

Fig. 5.10 Layout of the

differential transformer for

NMOS TF-VCO
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layer. Metal width of the innermost turn is chosen to be 9 μm and is increased

progressively to 15 μm for the outermost turn. From EM simulation, the self-

inductance of the primary and secondary coils are 7.74 nH and 1.65 nH, respec-

tively. The coupling coefficient is around 0.78.

5.2.4 Experimental Results

Both the PMOS and NMOS TF-VCO are fabricated in a standard 0.18-μm CMOS

process with a nominal supply voltage of 1.8 V and 6 metal layers. The thickness of

the top metal is 2-μm. The threshold voltages of the NMOS and PMOS devices are

around 0.45 V and �0.52 V, respectively.

Figure 5.11 shows the chip micrograph of the PMOS TF-VCO with a core area

of 0.33 mm2. The PMOS TF-VCO consumes 1.46 mW at a supply voltage of

0.35 V.

For testing, an open-drain buffer is employed at the output of the VCO to drive

the 50-Ω loading from spectrum analyzer. Figure 5.12 shows the output spectrum of

the PMOS TF-VCO. Figure 5.13 compares the measured and simulated phase noise

and supply sensitivity. The measured phase noise is �128.6 dBc/Hz at 1-MHz

frequency offset from a center frequency of 1.38 GHz, while the measured fre-

quency sensitivities to the supply voltage are �230 MHz/V. It can be seen that the

improvement of phase-noise performance with the increase of supply voltage from

the measurement is less significant compared to the simulated value, especially at

the supply higher than 0.5 V. This is because the oscillation amplitude increases

Fig. 5.11 Chip micrograph of the PMOS TF-VCO
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with the supply voltage and the transient gate-drain voltage of the cross-coupled

transistors approaches the breakdown voltage of 1.8 V. Since the simulated peak

gate-drain voltage increases from 1.75 V at 0.6-V supply to 2.52 V at 0.8-V supply,

the transistor model is no longer valid.

Fig. 5.12 Output spectrum of the PMOS TF-VCO
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Fig. 5.13 Measured and simulated phase noise and supply sensitivity of the PMOS TF-VCO
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Figure 5.14 shows the micrograph of the 0.5-V NMOS TF-VCO with a core area

of 0.23 mm2. The NMOS TF-VCO consumes 0.57 mW at a supply voltage of

0.35 V.

The measured phase noise can be obtained from the closed-in spectrum as shown

in Fig. 5.15, which is �119 dBc/Hz at 1-MHz frequency offset from a 3.7 GHz

carrier at a varactor tuning voltage of 0.2 V. The TF-VCO is tuned by a simple

AMOS varactor, and the measured and simulated frequency tuning curves are

shown in Fig. 5.16. The frequency is tuned from 3.65 to 3.76 GHz when the tuning

voltage varies from 0 to 0.5 V, which corresponds to a tuning range of 3.0 %. With a

higher tuning voltage of 1.8 V, the tuning range will increase to 8.4 %. Phase-noise

performance across the tuning range is also plotted in Fig. 5.16. It can be seen that

the phase noise is degraded as the VCO gain increases since the AM-PM noise

conversion becomes significant. The measured and simulated frequency sensitivi-

ties to the supply voltage are plotted in Fig. 5.17 at a fixed tuning voltage of 0.9 V.

The supply sensitivity is around 273 MHz/V when VDD changes from 0.35 to 0.8 V.

Figure 5.17 also shows the measured phase noise as a function of the supply

voltage. The phase noise can be reduced by increasing the supply voltage at the

cost of a large power consumption.

Table 5.1 summarizes the performance of the two low-voltage low-power

TF-VCO prototypes and compare them with the published state-of-the-art

low-power VCOs. The average FoM of the NMOS TF-VCO is larger than both

the VCO reported in [12] and [14] and around 2–3 dB lower than that of the VCO

reported in [11] or [13]. However, the class-C VCO in [11] requires a relatively

high supply voltage of 1.0 V for achieving the best FoM of 195. Since the class-C

topology suffers from degraded maximum output amplitude as discussed in Sect.

3.3.3, the cross-coupled transistor would enter the deep triode region when turned

on if the supply voltage is further reduced, which would cause a sharp degradation

of the FoM. For the enhanced-swing differential Colpitts VCO demonstrated in

[13], since two separate differential inductors are needed, its core area would be

larger than that of the NMOS TF-VCO employing only a single differential

transformer when both VCOs operate at the same frequency.

5.3 Transformer-Coupled QVCO (TC-QVCO)

5.3.1 Topology and Circuit Model

Figure 5.18 shows the schematic of the transformer-coupled QVCO (TC-QVCO).

Two LC-VCOs are coupled passively by on-chip transformers instead of actively

by coupling transistors as in conventional QVCOs to generate quadrature outputs.

The architecture of each VCO is similar to the TF-VCO presented in Sect. 5.2. The

primary coil of the transformer (Ld) at the drain of each VCO is used to resonate

with the total output capacitance and to simultaneously couple to the secondary coil
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Fig. 5.14 Chip micrograph of the NMOS TF-VCO

Fig. 5.15 Output spectrum of the NMOS TF-VCO
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(Ls) at the source of the other VCO. As such, the parasitic capacitance and the

power contributed by the coupling transistors are removed, which results in higher

operating frequency, larger tuning range, and lower power consumption. Moreover,
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by utilizing the transformer coupling, the thermal noise and the flicker noise of the

active coupling devices are completely removed. In addition, the transformers

enable signals at the source terminals to swing below the ground, which helps

effectively reduce the voltage headroom and the minimum supply voltage as

discussed in Sect. 5.2.

To gain more insight into the operation of the TC-QVCO, the schematic in

Fig. 5.18 is redrawn as in Fig. 5.19. Similar to the P-QVCO, the TC-QVCO can be

rearranged as a ring structure with active coupling replaced by magnetic coupling.

Figure 5.20a shows the linear model of each stage with the transformer replaced by

its equivalent model given in Fig. 2.3. All the capacitances at the drain including the

frequency tuning capacitance, parasitic capacitance, and the loading capacitance

are lumped into the total capacitance C. For simplicity, the magnetic coupling

coefficient k of the transformer is assumed to be 1, and the loss of the transformer is

being modeled as a parallel resistance R. The equivalent circuit can be simplified as

shown in Fig. 5.20b, where N is the turn ratio between the primary and secondary

coils defined as N ¼ ffiffiffiffiffiffiffiffiffiffiffiffiffi
L p=Ls

p
. It can be seen that the impedance looking into the

source node is boosted up by N2 times when presented to the tank at the drain.

As shown in Fig. 5.20b, the current components injected into the tank can be

expressed as

i1 ¼ �gm VIþ � VQþ
N

� �
ð5:7aÞ

i2

N
¼ gm

N
VQþ � VI�

N

� �
ð5:7bÞ

So the total current injected into the tank can be calculated by summing the current

phasors i1 and i2/N together:

M1

VI+ VI−

Ld Ld

Ls Ls

M3 M4

VQ+
VQ−

Ld Ld

Ls Ls

VDD

k k k

IB

M2

Fig. 5.18 Transformer-coupling QVCO (TC-QVCO)
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itank ¼ �gm 1� 1

N2

� �
VI þ gm

2

N

� �
VQ

¼ iI þ iQ

ð5:7cÞ

where iI and iQ are the in-phase and quadrature-phase currents, respectively. The

in-phase current is mainly generated by the cross-coupled transistor, while the

quadrature-phase current comes from both the transformer and the cross-coupled

transistor, which is inversely proportional to N. Similar to the P-QVCO, the tank

voltage is also in phase with II.

According to (5.7c), the coupling strength m of the TC-QVCO is given by

m ¼ iQ

iI
¼ 2N

N2 � 1
ð5:8Þ

which would decrease as N increases.

VI−

VI+ 

VQ−

VQ+ 
(1-k2)Ld

k2Ld

M:Ls

C

VI−

VI+ 

VQ−

VQ+ 

L

a b

+
−

VI−

N
i2
N

i2

CR
+
−

VQ+

N

i1

Fig. 5.20 Equivalent circuit for the TC-QVCO: (a) k 6¼ 1 and (b) k¼ 1

VI−

VI+ 

VQ−

VQ+ 

VI+ 

VI−

VQ+ 

VQ−

k k k

k

Fig. 5.19 Ring configuration of the TC-QVCO circuit
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5.3.2 Oscillation Frequency

Since the load of the TC-QVCO can be modeled as an equivalent parallel RLC

resonator, the admittance of the tank impedance can be expressed as

A jωð Þ ¼ AI jωð Þ ¼ AQ jωð Þ ¼ 1

R
þ j

QT

R

ω

ω0

� ω0

ω

� �
¼ Gþ jY jωð Þ ð5:9Þ

where ω0 ¼
ffiffiffiffiffiffiffi
LC

p
is the resonance frequency of the tank and R and QT are the tank

impedance and quality factor at ω0, respectively. Applying Kirchhoff’s voltage law
to the in-phase and the quadrature-phase resonators, the following equations can be

derived to describe the behavior of the TC-QVCO:

VI ¼ gm 1� 1

N2

� �
VI � 2

N
VQ

	 

1

AI jωð Þ ð5:10aÞ

VQ ¼ gm 1� 1

N2

� �
VQ þ 2

N
VI

	 

1

AQ jωð Þ ð5:10bÞ

By replacing VI ¼ V0 and VQ ¼ V0e
jϕ in (5.10a) and (5.10b), ϕ is solved to be

either π/2 or �π/2 which represents two possible oscillation modes of the

TC-QVCO. So the corresponding oscillation frequencies ωosc1 and ωosc2 can be

derived by substitutingϕ ¼ �π=2 in (5.10a) and (5.10b) and equating the imaginary

parts:

ωosc1=2 ¼ ω0 � m

2QT

þ
ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi

m

2QT

� �2

þ 1

s2
4

3
5 ð5:11Þ

where m is the coupling strength defined in (5.8). Figure 5.21 plots the normalized

oscillation frequency as a function of the transformer turn ratio N assuming the tank

quality factor is 6. It can be seen that the deviation of the oscillation frequency from

the resonant frequency increases when the coupling strength increases. This is

similar to the situations for both the P-QVCO and the S-QVCO, in which a larger

quadrature-phase current injected into the tank results in a larger phase shift to be

compensated by the resonator and thus a larger deviation of the oscillation fre-

quency from the tank resonant frequency. So the similar method by adding phase

shift in the coupling path as discussed in Sect. 3.4 can also be employed here to

avoid the bimodal oscillation and guarantee a well-controlled IQ phase sequence.
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5.3.3 IQ Imbalance and Phase Noise

When the TC-QVCO is implemented in the CMOS process, there exist inevitable

component mismatches between the two resonators, which would cause the phase

and amplitude imbalance and thus cause the performance degradation of wireless

transceivers. As discussed earlier, for the P-QVCO, the phase noise and the phase

error are strong functions of the coupling strength m. The phase and amplitude

errors decrease, while the phase noise increases with the increase of the coupling

strength. This trade-off is more relaxed in the S-QVCO as the coupling strength is

relatively constant.

To simulate the phase and amplitude errors of the TC-QVCO in presence of the

component mismatches, a 0.1 % mismatch between the tank capacitances of the

two resonators is assumed. The phase and amplitude errors of the TC-QVCO are

translated into the sideband rejection (SBR), which measures the power ratio of the

wanted sideband to the unwanted sideband. Figure 5.22 shows the simulated phase

noise and SBR as functions of N for the TC-QVCO with a tank QT of 6 and a

transformer-coupling coefficient of 0.7. The oscillation frequency is set to be

around 17 GHz. When N is small, the source impedance will load the tank and

degrade the effective quality factor significantly, which is similar to the case in the

TF-VCO discussed in Sect. 5.2. Besides, small N also results in a large coupling

strength which further degrades the phase noise. When N becomes large, the

coupling strength is reduced, and the phase noise is improved, but the QVCO

becomes more sensitive to the component mismatches, which degrades the SBR.

Fig. 5.21 Normalized

oscillation frequencies as

functions of the transformer

turn ratio N (QT¼ 6)
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So the transformer turn ratio N should be chosen as a compromise between phase

accuracy and phase noise.

Notice that all the above analyses and results are obtained assuming that the

magnetic coupling coefficient k of the transformer is equal to 1 for simplicity. In

practice, k of a tightly coupled transformer at 17 GHz is around 0.6–0.8. As proved

in Appendix A.1, when k is close to 1, the results obtained before is still applicable

by replacing N with the effective turn ratio Neff ¼ N=k given by (A.5).

To fairly compare the phase noise of QVCOs with different coupling methods, it

is important to keep the same level of phase error since there always exists trade-off

between the phase noise and the phase error in any QVCO topology. Figure 5.23

compares the simulated phase-noise performance of the P-QVCO (Fig. 3.24), the

S-QVCO (Fig. 3.28), the SHC-QVCO (Fig. 3.29), and the TC-QVCO. All QVCOs

are designed to have the same level of phase errors under 1-V supply voltage at

17 GHz. The quality factors of the inductor and transformer are both assumed to be

6. From Fig. 5.23, the TC-QVCO shows significant improvement in phase noise

compared to the P-QVCO and is closed to that of S-QVCO due to the structural

similarity. The TC-QVCO shows comparable performance with the SHC-QVCO at

high frequency offset although the tank QT is degraded due to the deviation from

the resonant frequency. An alternate super-harmonic QVCO architecture in [15]

shows improved phase-noise performance at the expense of two more LC

resonators.

5.3.4 Circuit Implementation

Figure 5.24 shows the complete schematic of the TC-QVCO, where 2-bit binary-

weighted SCAs are used for coarse frequency tuning, while AMOS varactors are

used for fine frequency tuning. To further reduce the parasitic off capacitance, the

switches in the SCA are drawn in square-gate structure (donut structure) [16, 17] as

Fig. 5.22 Simulated phase

noise and SBR of the

TC-QVCO as functions the

transformer turn ratio N
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shown in Fig. 5.25. For this structure, the gate of the transistor encloses the drain

junction, which minimizes the drain junction and maximizes the grounded source

junction. So the parasitic capacitor at the drain is reduced at the cost of larger

parasitic capacitor at the source. However, the increase of the source capacitor is

not important as it is not directly connected to the output tank.

As the TC-QVCO is fully differential, two symmetrical octagonal differential

transformers as shown in Fig. 5.26 are used to implement (Ld1 and Ls1) and (Ld2 and

Ls2) to achieve higher quality and smaller area compared with its single-ended

counterpart. The top thick metal is employed for both the primary and secondary

M1 M2

VI+ VI−

Ld1 Ld1

Ls2 Ls2

M3 M4

VQ−

Ld2 Ld2

Ls1 Ls1

VDD

VB

Vc Vc

VI−

B0
B1

VI+

B0
B1

VQ−

B0
B1

VQ+

B0
B1

VQ+

Fig. 5.24 Complete schematic of the TC-QVCO

Fig. 5.23 Comparison of

simulated phase noise of the

P-QVCO, the S-QVCO, the

SHC-QVCO, and the

TC-QVCO at 17 GHz
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coils to maximize both the quality factor and the self-resonant frequency. To achieve

large inductance ratio, the 2-turn primary coil is laid totally outside the single-turn

secondary coil. The bias can also be applied through the center tap nodes (CTp, CTs)

without affecting the RF performance. From the measurement, Ld and Ls are 328 pH

and 97 pH, respectively, which corresponds to a turn ratio N of 1.84. The Qs of the Ld

and Ls are 5.2 and 2.5, respectively. The coupling coefficient k is around 0.59.

Tomeasure thephase accuracy, a single-sideband (SSB)mixer as shown inFig. 5.27

is included on chip. The phase and amplitude errors of the QVCO, which are very

difficult to measure directly and reliably at high operating frequencies, are translated

into the sideband rejection (SBR) by using the SSB mixer, which measures the power

ratio of the wanted sideband to the unwanted sideband. The IQ outputs of the

TC-QVCOare directly connected to theLOports of the SSBmixer, while the baseband

IQ signals are applied off chip. Bymonitoring theRFout portswith a spectrumanalyzer,

the SBR and thus the phase accuracy can be measured [18]. To reduce the mis-

matches due to the long LO interconnection, the connection is being shielded by a

ground cave at expense of slightly larger parasitic capacitance.

Drain

Source
Gate

Gate

Poly

OD

Fig. 5.25 Layout of the

square-gate transistor

structure

Vd+Vs+Vs−Vd−

CTs

CTp

Metal 4

Metal 5

Metal 6

9µm

124µm

Fig. 5.26 Layout of the

transformer
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5.3.5 Experimental Results

The TC-QVCO is fabricated in a 0.18-μm CMOS process. Figure 5.28 shows the

chip microphotograph with a core area of 0.126 mm2.

Besides the transformer testing structure, other passive devices, including the

accumulation-mode varactors and SCAs, are also characterized using individual

test structures. Two-port S-parameters of the devices are measured using a vector

network analyzer with proper calibration. For the AMOS varactor, the capacitance

can be tuned from around 26–67 fF when the tuning voltage changes from 0 to

1.8 V, which corresponds to a capacitance tuning range of Cmax/Cmin¼ 2.58, with a

minimum quality factor of 12. For the SCA, the capacitance can be switched from

22.5 to 47.5 fF, which corresponds to a capacitance tuning range of Cmax/

Cmin¼ 2.11, and the minimum quality factor across the tuning range is measured

to be 24. The size of the switch can be further reduced if large tuning range of SCA

is preferred at the cost of degraded quality factor.

To measure the phase noise, the differential signals are combined using an

external power combiner and amplified by an external amplifier before going to

the spectrum analyzer. Figures 5.29 and 5.30 show the measured frequency spec-

trum and the tuning characteristic of the TC-QVCO, respectively. The TC-QVCO

can be tuned from 14.8 to 17.6 GHz with a tuning voltage from 0 to 1.8 V,

corresponding to a tuning range of 16.5 %.

Figure 5.31 shows the measured phase-noise plot. Drawing 5 mA from a supply

voltage of 1 V, the TC-QVCO measures a phase noise of �110 dBc/Hz at 1-MHz

offset from the 17-GHz carrier frequency. The TC-QVCO is also tested at lower

supply voltages and can operate properly for a supply voltage as low as 0.6 V.

Figure 5.32 shows the phase-noise plot at a 0.6-V supply, from which the measured

phase noises at 1-MHz and 10-MHz offset frequency are �102.6 dBc/Hz and

�125.3 dBc/Hz, respectively.

In order to measure the quadrature accuracy, the TC-QVCO together with a

single-sideband mixer (Fig. 5.27) is also implemented as a separate testing

LO(I+) LO(I−)

BB(I+)

LO(I−) LO(I+)

BB(I−)

LO(Q+) LO(Q−)

BB(Q−)

LO(Q−) LO(Q+)

BB(Q+)

RFout−

RFout+

Fig. 5.27 Schematic of the SSB mixer for phase accuracy measurement
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structure, where the baseband low-frequency IQ signals are generated off chip by

the vector signal generator. Figure 5.33 shows the up-converted frequency spec-

trum at the RFout ports. The worst-case SBR is 38 dB among the measurement

results of four samples. The output frequency of the SSB mixer is lower than that of

Fig. 5.28 Chip micrograph of the TC-QVCO

Fig. 5.29 Measured frequency spectrum of the TC-QVCO

5.3 Transformer-Coupled QVCO (TC-QVCO) 101



15

14.5
0 0.2 0.4 0.6 0.8 1.0 1.2 1.4 1.8

VC (V)

F
re

q
u

en
cy

 (
G

H
z)

15.5

16

16.5

17

17.5

18

1.6

Fig. 5.30 Measured frequency tuning characteristic of the TC-QVCO

Fig. 5.31 Measured phase-noise plot at 1-V supply voltage
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the standalone TC-QVCO due to the extra parasitic capacitance from the SSB

mixer. Assuming that the IQ mismatch of the low-frequency external signals is

negligibly small, the measured SBR of >38 dB is equivalent to a phase error of

<1.4� [5.5].
Table 5.2 summarizes the measured performance of the TC-QVCO and com-

pares it with those of published state-of-the-art CMOS QVCOs.

Fig. 5.32 Measured phase-noise plot at 0.6-V supply voltage

Fig. 5.33 Measured SBR at the output of the SSB mixer
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Chapter 6

Transformer-Based Dual-Mode VCO

6.1 Introduction

The ever-increasing demand for global mobility and multimedia services has

motivated realizations of multimode, multiband, and multi-standard wireless com-

munication systems. Software-defined radios (SDR) that can cover not only all the

existing wireless standards (including cellular, WLAN, WPAN, broadcast, posi-

tioning, etc.) but also future standards would be a promising and attractive platform.

Such radios require a local oscillator capable of ultrawide frequency tuning range

(TR) with sufficiently high spectrum purity to support diverse specifications.

In order to achieve a wide-tuning range using the capacitive-tuning method, a

large Cmax/Cmin ratio is required, which would inevitably degrade the Q of the SCA

or the varactor. Furthermore, even if it does not consider the degradation of

capacitor Q, the FoM cannot be kept constant over a wide frequency tuning

range. To elaborate this point, firstly the design goal is set to keep the phase noise

reduced with frequency in a slope of 20 dB/dec as shown in Fig. 6.1a. The phase-

noise expression of (3.18) is rearranged as below:

ℒ Δωð Þ ¼ 10log
kTF

β2I20RP

1

QT

ω

Δω

� �2
" #

ð6:1Þ

where I0 is the VCO current consumption, Rp is the tank parallel resistance, and β is
the current efficiency. Assuming that tank QT is kept constant across the frequency

tuning range from f1 to f2, then to guarantee that the phase noise is proportional to

ω2, I20Rp needs to be kept constant when ω changes. Assuming that Rp is still

dominant by the inductor loss, then R p � QL � ωLð Þ / ω. So I0 / 1=
ffiffiffiffi
ω

p
which

indicates that the power consumption at the low-frequency end needs to be

increased as shown in Fig. 6.1b. In case of FoM, according to (3.34), it can be

seen that FoM / 1=
ffiffiffiffi
ω

p
, which indicates that FoM would degrade at the
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low-frequency end as shown in Fig. 6.1a. For example, if f2¼ 2f1, the required

current needs to be increased by ~1.4 times, and the FoM will degrade by 1.5 dB at

the low-frequency end as compared with the current and FoM at the high-frequency

end. If considering the loss from the SCA and the varactors, Rp will further decrease

significantly, which would result in an even larger power consumption as well as an

even worse FoM at the low-frequency end.

If multiple inductors are used to create multiple frequency bands, the power and

FoM degradation can be alleviated. Here consider the case with two inductors for

simplicity. If L2 with the same inductance value as that in the single inductor case is

employed only to cover frequency range from fm to f2 (assuming f2¼ αfm), then L1

of a larger inductance L1¼ αL2 can be employed. Since the use of a larger L1 makes

Rp at fm the same as that at f2, the current consumption and the FoM at fm can also be

kept the same as those at f2. As a result, the increase of power consumption and the

degradation of FoM can be significantly reduced across the whole tuning range. For

example, by assuming f2¼ 2f1 and choosing fm ¼ ffiffiffiffiffiffiffiffiffiffi
f 1 f 2

p
, the FoM degradation

can be reduced to 0.75 dB, and the required current only needs to be increased by

~1.2 times across the whole tuning range from f1 to f2.
To extend the frequency tuning range while still keeping the constant power and

FoM performance, multiple VCOs with optimized inductance values are used in [1,

2]. However, these solutions are quite inefficient in terms of chip area and cost.

Multiple frequency bands can also be generated by employing single-sideband

mixers [3, 4], but narrowband LC filtering is required to overcome the sideband-

rejection problem and the spurious emission caused by the mixing nonlinearity and

mismatches, which is not an area-efficient solution either. To keep a compact chip

area, switching inductors are used to realize dual-band or wideband VCOs [5–

8]. However, as discussed in Sect. 3.6, the use of switches inevitably introduces
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Fig. 6.1 (a) Phase noise and FoM as functions of oscillation frequency with x-axis in log scale;

(b) tank parallel resistance RP and current consumption as functions of oscillation frequency with

x-axis in normal scale. (The solid line and dash line represent the cases using a single inductor and
two inductors, respectively)
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extra loss and degrades the inductor Q. Consequently, the switches contribute large

parasitic capacitance, which in turn results in the reduced tuning range.

Recently, multiple frequency peaks of high-order LC resonant tanks based on

multi-tapped inductors or transformers are exploited to realize multiband or wide-

band VCOs [9–13]. In [9], multi-tapped inductors are used to realize a fourth-order

tank, and based on one-port oscillations, a 0.8-GHz/1.8-GHz dual-mode VCO is

demonstrated with phase noise good enough for GSM/DCS/PCS standards. How-

ever, the use of multiple inductors still consumes large chip area. In [10], a

differential dual-mode VCO is introduced and demonstrated using transformers

with small turn ratio and moderate coupling. To cover a wide tuning range from 3.4

to 7.0 GHz, a one-port oscillator configuration is employed for the low-band mode,

while a two-port oscillator configuration is used for the high-band mode. Making

use of transformers with large turn ratio and high coupling, [11] demonstrates a

4-GHz/10-GHz dual-band QVCO and shows that one-port oscillators can be stabi-

lized with a notch-peak cancelation technique. Finally, exploiting a loosely coupled

3-coil transformer, [13] presents a one-port triple-mode wideband VCO tunable

from 1.28 to 6.06 GHz.

As demonstrated in these works, because the inductive components of a high-

order LC tank can be integrated as transformers, the chip area penalty is not as

much as compared to the conventional VCOs based on second-order LC tanks. In

addition, because there is no extra physical resistive loss introduced into the tank as

in the switched-inductor-based VCOs, the high-order LC tank-based VCOs show

great potential for the wideband or multiband applications. Moreover, with higher-

order resonant tanks, both one-port and two-port oscillation configurations become

available. However, compared to the conventional LC-VCO design, as the order of

the resonator increases, the design complexity is also increased, stability becomes

an issue, and more design parameters (including the inductor ratio, the capacitor

ratio, and the coupling between the inductors) need to be considered and optimized

simultaneously. As a result, it is desirable to have comprehensive evaluations and

comparisons of different circuit topologies and of their design parameters to

achieve optimal designs at different frequency bands for specific applications.

In [10], close-form expressions of the oscillation frequencies and the start-up

conditions for transformer-based one-port and two-port oscillators are derived by

assuming all capacitors are lossless, which unfortunately becomes invalid in wide-

tuning-range VCOs for multiband multi-standard applications. In this chapter, to

provide more complete understanding and to facilitate better performance evalua-

tion and optimization, the transformer-based one-port and two-port oscillator con-

figurations are systematically analyzed and compared not only with capacitive loss

but also for other key design parameters, including tank QT, phase noise, and power

[14]. It will be shown that, comparatively, one-port oscillators consume less power

but need to be stabilized if the oscillation at the higher peak frequency is desired,

while two-port oscillators have no stability issue and have superior phase-noise

performance for a given output swing but is less efficient in converting the bias

current to the tank swing. Based on the analysis, a 2.7–4.3- and 8.4–12.4-GHz dual-

mode QVCO for SDR applications is designed and illustrated as a case study [14].
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It is worthwhile to notice that a fourth-order LC tank based on multi-tapped

inductors is possibly equivalent to a transformer tank. Figure 6.2a shows the

transformed-based fourth-order LC tank with lossless inductors and capacitors.

By replacing the transformer with its equivalent T-model, the network is redrawn

in Fig. 6.2b. Considering a special case when M is equal to L2 (L2/L1¼ k2), the

network can be further simplified to the one in Fig. 6.2c, which is exactly a fourth-

order LC tank based on a multi-tapped inductor without considering the coupling

between the inductors. This network is used by many designs [9, 12, 15] and shows

very similar properties as the transformer-based LC tank. Consequently, most of the

conclusions drawn for the transformer-based VCOs are also applicable for multi-

tapped-inductor VCOs.

Fig. 6.2 Transformer-based LC tank: (a) original network, (b) an equivalent network with

T-model, and (c) a simplified network in a special case when M is equal to L2

110 6 Transformer-Based Dual-Mode VCO



6.2 Analysis of the Transformer-Based Dual-Mode
Oscillators

6.2.1 One-Port Oscillators

Oscillation Frequency

Figure 6.3a shows the general model of the one-port dual-mode oscillator. Resistive

components are added in series with the inductors and capacitors to account for the

loss of the network, which can be typically compensated for oscillation by

employing a negative transconductance cell at either Port 1 or Port 2. The quality

factors of inductors and capacitors are defined as QL1 ¼ ωL=rsL1,
QC1 ¼ 1= ωC � rsC1ð Þ, QL2 ¼ ωL=rsL2, and QC2 ¼ 1= ωC � rsC2ð Þ.

To facilitate the calculation of the tank impedance, the transformer is replaced

by the equivalent circuit model in Fig. 2.3. The network in Fig. 6.3b can be

represented by a simple network in Fig. 6.3c where C1 is in parallel with the

effective inductance L1¼L1 +ΔL1. The expression ofΔL1 and ΔrL1 can be derived
as below:

ΔL1 ¼
k2 ωL1

k2

� �2
ω2

ω

� �2 � 1
h i

L1

k2L2
rL2 þ rC2ð Þ

h i2
þ ωL1

k2

� �2

1� ω2

ω

� �2h i2 L1 ð6:2aÞ

ΔrL1 ¼
L1

k2L2
rL2 þ rC2ð Þ ωL1ð Þ2

L1

k2L2
rL2 þ rC2ð Þ

h i2
þ ωL1

k2

� �2

1� ω2

ω

� �2h i2 ð6:2bÞ

where the ω1 and ω2 are given byω1 ¼ 1=
ffiffiffiffiffiffiffiffiffiffi
L1C1

p
andω2 ¼ 1=

ffiffiffiffiffiffiffiffiffiffi
L2C2

p
, respectively.

Without loss of generality, let’s define L1¼mL2¼mL and C1¼ nC2¼ nC and

assume that k> 0 and
ffiffiffiffiffiffiffi
mn

p ¼ ω2=ω1 > 1 in all the following discussions so that

ω1 < ω2. Then Z11 can be quickly estimated by assuming a low-loss case (rL1, rL2,

rC1, rC2! 0):

Z11 � 1=sC1ð Þ				 sL1
0

� �
¼ jω2

1L1ω 1� k2
� �

ω2 � ω2
2


 �
k2 � 1
� �

ω4 þ ω2
1 þ ω2

2

� �
ω2 � ω2

1ω
2
2

ð6:3aÞ

Due to the symmetric property of the network in Fig. 6.3a, Z22 can be directly

rewritten from Z11 as below:
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Z22 ¼
jω2

2L2ω 1� k2
� �

ω2 � ω2
1


 �
k2 � 1
� �

ω4 þ ω2
1 þ ω2

2

� �
ω2 � ω2

1ω
2
2

ð6:3bÞ

From (6.3a) and (6.3b), Z11 and Z22 have exactly the same two peak frequencies

located at

a

k

Z22

L2

rL2

C2

Gm2

Z11

L1

rL1

C1

Gm1

(1-k2)L1

k2L1

M : L2

rC1 rC2

rL1

C1

rC1

rL2

C2

rC2

Z11

b

L1 = L1 + ΔL1C1

rC1

Z11

Gm1

c

rL1 = rL1 + ΔrL1

Fig. 6.3 Transformer-based one-port oscillator: (a) general model, (b) equivalent network for Z11

calculation, and (c) a simplified network for Z11 calculation
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ω2
H=L ¼

ω2
1 þ ω2

2 �
ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
ω2
1 � ω2

2

� �2 þ 4k2ω2
1ω

2
2

q
2 1� k2
� � ð6:4Þ

Besides the peak frequencies, there is one notch frequency ω1,notch in Z11 and

another notch frequency ω2,notch in Z22, which are given as below:

ω1,notch ¼ ω2ffiffiffiffiffiffiffiffiffiffiffiffiffi
1� k2

p ð6:5aÞ

ω2,notch ¼ ω1ffiffiffiffiffiffiffiffiffiffiffiffiffi
1� k2

p ð6:5bÞ

Start-Up Condition

Figure 6.4 plots the magnitude and phase responses of Z11 and Z22 with high-Q

inductors and capacitors. The phase shift begins from 90� at low frequencies,

crosses 0� at the first peak frequency ωL, and returns to 90� after either ω1,notch in

Z11 or ω2,notch in Z22 and crosses 0� again at the second peak frequency ωH.

According to (3.3), the start-up condition of the one-port oscillator shown in

Fig. 6.4a is given as below:

Gm11=22 >
1

real Z11=22 jωoscð Þ�  ð6:6aÞ

imag Z11=22 jωoscð Þ�  ¼ 0 ð6:6bÞ

where ωosc ¼ 1=
ffiffiffiffiffiffiffiffiffiffi
L

0
1C1

q
is equal to either ωL or ωH in the lossless case.

Assuming high QL1 and QC1, the minimum Gm for Port 1 to start-up oscillation

can be expressed as

Gm11,min ¼ 1

QL1
02rL1

0� �				 QC1
2rC1

� � ¼ C1

L1 þ ΔL1

rL1 þ ΔrL1 þ rC1ð Þ ð6:7Þ

Substituting ΔL1 and ΔrL1 with (6.2a) and (6.2b), Gm11,min can be further

expressed as below:

Gm11,min ¼ 1

A1ωoscL1

1

A1

1

QL1

þ 1

QC1

þ λ
1

A2

1

QL2

þ 1

QC2

� �� �
ð6:8aÞ

where A1 ¼ ω2
1=ω

2
osc, A2 ¼ ω2

2=ω
2
osc, λ ¼ A2 A1 � 1ð Þð Þ= A1 A2 � 1ð Þð Þ, and the

high-order terms such as 1/(QL1QC1QC2) can be ignored due to high QL1 and QC1.

Symmetrically, Gm22,min can also be rewritten from (6.8a) as below:
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Gm22,min ¼ 1

A2ωoscL2

1

A2

1

QL2

þ 1

QC2

þ λ�1 1

A1

1

QL1

þ 1

QC1

� �� �
ð6:8bÞ

At both the potential oscillation frequencies ωL and ωH, the phase shift is 0
�, and

thus (6.6b) is satisfied. So the necessary conditions for start-up oscillation at ωL

would become Gm11 > Gm11,min ωLð Þ or Gm22 > Gm22,min ωLð Þ, and for start-up

oscillation at ωH would become Gm11 > Gm11,min ωHð Þ or Gm22 > Gm22,min ωHð Þ. If
Gm11 or Gm22 is large enough to satisfy the two conditions, the oscillator can

potentially oscillate at either frequency ωL or ωH or concurrently oscillate at both

frequencies. The final steady-state oscillation depends on detailed configuration of

the high-order LC tank and specific form of nonlinearity of the active device.

In either case, to avoid the concurrent oscillation and the potential stability

problem that the one-port oscillator could jump from one oscillation frequency to

the other in the presence of some disturbances, it is highly desirable to control the

oscillator to operate stably at only the wanted frequency. This can be achieved by

introducing the notch-peak cancelation concept [11]. From (6.4), (6.5a), and (6.5b),

if |k|! 0 or mn!1, the notch frequency ω1,notch and ω2,notch would approach ωH

and ωL, respectively, which suggests that the notch in Z11 is prone to cancel the

high-frequency peak at ωH, while the notch in Z22 is prone to cancel the

low-frequency peak at ωL. As such, in Fig. 6.4a, b, there would be only one

dominant peak at ωL(ωH) in the magnitude response of Z11 (Z22) for a practical

tank QT. The phase shift of Z11 (Z22) would stay around but fail to cross 0� at

ωH(ωL) as ω1,notch(ω2,notch) is close by. So in both cases, there is no stability

problem since the start-up condition can be satisfied at only one peak frequency.

Figure 6.5a, b plots the transconductance ratio Gm11,min(ωH)/Gm22,min(ωL) and

Gm22,min(ωL)/Gm22,min(ωH) in a log scale, using the component values of L¼ 1 nH,

C¼ 300 fF, QL1¼QL2¼ 7, QC1¼QC2¼ 20, m ¼ n ¼ ω2=ω1. For Gm11,min(ωH)/

ω

|Z22( )

ωHωL

90º

-90º

0º ω

ω

|Z11( )

ωHωL

90º

-90º

0º ω
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ω1,notch ω2,notch

b

Fig. 6.4 Impedance of a fourth-order LC tank: (a) Z11 and (b) Z22
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Gm11,min(ωL), with different values of
ffiffiffiffiffiffiffi
mn

p
and k, the transconductance ratio is

always larger than 1, which implies that if the cross-coupled pair is placed at Port

1 and designed such that Gm11,min ωLð Þ < Gm11 < Gm11,min ωHð Þ, the VCO will

always oscillate at the low peak frequency. Usually, large Gm11,min(ωH)/Gm11,

min(ωL) is preferred since in some applications that requires low phase noise, and

Gm11 could be quite large to maximize the output amplitude. For Gm22,min(ωL)/

Gm22,min(ωH), the transconductance ratio is not always larger than 1, so the values

of
ffiffiffiffiffiffiffi
mn

p
and k need to be properly chosen. For example, when k¼ 0.4,

ffiffiffiffiffiffiffi
mn

p
needs to
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be larger than 1.5 to provide at least 6-dB margin for designing Gm22. On the other

hand, when k¼ 0.8,
ffiffiffiffiffiffiffi
mn

p
needs to be larger than 4.5 to prevent the VCO from

oscillating at ωL. Consistent with the notch-peak cancelation concept, large
ffiffiffiffiffiffiffi
mn

p
and small |k| values are critical for the implementation of dual-band one-port

oscillator.

Tank Quality Factor (QT)

According to (3.14), the tank quality factor QT,11 for one-port oscillators at the

oscillation frequency ωosc can be expressed as

QT,11 ¼
ωosc

2

dϕ11

dω

				
				 ¼ ωoscL1

0

rL1
0 þ rC1

1þ ωosc

2L
0
1

dL1
0

dω

		ω ¼ ωosc

� �
ð6:9Þ

where ϕ11 denotes the phase of Z11 and againωosc ¼ 1=
ffiffiffiffiffiffiffiffiffiffi
L

0
1C1

q
is equal to either ωL

or ωH in the lossless case.

Combining (6.2a) and (6.2b) and ignoring high-order terms such as

1/(QL1QC1QC2) due to high QL1 and QC1, QT,11 in (6.9) can be further expressed as

QT,11 ¼
1

1þ λð ÞA1

1

QL1

þ 1

1þ λ

1

QC1

þ 1

1þ λ�1
� �

A2

1

QL2

þ 1

1þ λ�1

1

QC2

ð6:10aÞ

Symmetrically, QT,22 can be rewritten from (6.10a) as below:

QT,22 ¼
1

1þ λ�1
� �

A2

1

QL2

þ 1

1þ λ�1

1

QC2

þ 1

1þ λð ÞA1

1

QL1

þ 1

1þ λ

1

QC1

ð6:10bÞ

Although the expressions of QT,11 and QT,22 are exactly the same, their values are

distinguishable since the desired oscillation frequencies are different (all the

parameters, A1, A2, and λ, are functions of ωosc).

Phase Noise

Figure 6.6a shows the schematic of the transformer-based one-port dual-mode

oscillator, where the negative transconductance cells are implemented with the

NMOS cross-coupled pairs. The tail capacitor CT1/T2 can be employed for current

shaping to increase the current efficiency [16]. The oscillation at either low-band

frequency ωL or high-band frequency ωH can be selected by controlling the bias

current IB1 and IB2. At the low-band mode, IB1 is enabled while IB2 is disabled, and

the negative Gm formed by M1 and M2 is added at Port 1 to compensate the loss of

the tank as shown in Fig. 6.6b. Based on the notch-peak cancelation concept
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described earlier, C2 is minimized to maximizeω2/ω1 for stable oscillation atωL. At

the high-band mode, as shown in Fig. 6.6c, IB2 is enabled while IB1 is disabled, and

the negative Gm formed by M3 and M4 is added at Port 2 to compensate the tank

loss. Here, C1 is maximized to maximize ω2/ω1 for stable oscillation at ωH.

Within a narrow bandwidth around ωosc, the characteristic and thus the noise-

shaping property of a transformer-based LC tank are the same as a second-order LC

tank, since the high-order tank can be equivalently treated as a single capacitor in

parallel with an effective inductor L1 or L2, like in Fig. 6.3c. Thus, the phase noise

of the one-port oscillator can be expressed, directly using (3.28), as

L1-port, 11=22 Δωð Þ ¼ 10log
kT

C
� ωosc

QT,11=22Δω2A2
11=22

1þ γð Þ
" #

ð6:11Þ

where C is the differential tank capacitance, which is equal to C1/2 for the low-band

mode or C2/2 for the high-band mode. The differential output amplitude A11/22 can

be derived:
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Fig. 6.6 Transformer-based one-port dual-mode oscillator: (a) complete schematic, (b) simplified

schematic for low-band mode, and (c) simplified schematic for high-band mode
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A11=22 ¼ β
2Ib1=2

Gm11=22,min ωL=H

� �: ð6:12Þ

where the current efficiency β equals to 2/π or 1 without or with current shaping,

respectively.

6.2.2 Two-Port Oscillators

Oscillation Frequency

Figure 6.7a shows the general model of a transformer-based two-port oscillator.

Replacing the transformer with the equivalent model as shown in Fig. 6.3b, the

transfer impedance Z21¼ v2/i1 can be derived as below:

Z21 ¼
k RC1 þ 1

jωC1

� �
RC2 þ 1

jωC2

� �

1� A1ð ÞR2

ffiffiffiffi
L1

L2

q
þ 1� A2ð ÞR1

ffiffiffiffi
L2

L1

q
� j R1R2

ω
ffiffiffiffiffiffiffiffi
L1L2

p þ jω
ffiffiffiffiffiffiffiffiffiffi
L1L2

p
1� A1ð Þ 1� A2ð Þ � k2


 �
ð6:13Þ

where R1¼RL1 +RC1, R2¼RL2 +RC2. The result in (6.13) is perfectly symmetrical

with respect to the two ports, which indicates Z21¼Z12, as expected for such a

passive network.

Again, with high-Q assumption (rL1, rL2, rC1, rC2! 0), Z21 can be simplified as

Z21 � jk
ffiffiffiffiffiffiffiffiffiffi
L1L2

p
ω2
1ω

2
2ω

1� k2
� �

ω4 � ω2
1 þ ω2

2

� �
ω2 þ ω2

1ω
2
2

ð6:14Þ

From (6.14), the two peak frequencies of Z21 can also be expressed by (6.4), which

implies that the potential oscillation frequencies ωL and ωH are exactly the same for

both one-port or two-port configurations as long as the inductors and capacitors Qs

are sufficiently high.

Start-Up Conditions

For the two-port oscillator as shown in Fig. 6.7a, the current provided by the Gm21

cell flows into the tank and generates a voltage across the transformer, which is then

fed back to the input of the Gm21 to form a feedback loop. The start-up conditions of

the two-port oscillator can be expressed as
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Gm21 � real Z21 jωoscð Þf g > 1 ð6:15aÞ
imag Z21 jωoscð Þf g ¼ 0 ð6:15bÞ

From the frequency response as shown in Fig. 6.7b, due to the absence of the

nonzero frequency notch, the phase shifts of Z21 are distinct as 0
� and �180� at the

peak frequencies ωL and ωH, respectively. So if Gm21 is positive, the oscillator will

operate at ωL since real{Z21} also needs to be positive. If Gm21 is negative, the

oscillator will operate at ωH since real{Z21} needs to be negative. As a result, the

selection of the low-band and high-band modes for the two-port oscillators can be

realized simply by controlling the polarity of Gm21. As long as the polarity of Gm21

is fixed, there is only one ωosc that meets the start-up condition. In other words,

unlike the one-port counterpart, two-port oscillators are free from the stability

problem.

From (6.15a), with high-Q approximation, the minimum Gm21 to sustain the

oscillation can be simplified as below:
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Fig. 6.7 Transformer-based two-port oscillator: (a) general model and (b) frequency response of

Z21
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Gm21,min ¼
A2 � 1ð Þ 1

QL1
þ A1 � 1ð Þ 1

QL2
þ A1 A2 � 1ð Þ 1

QC1
þ A2 A1 � 1ð Þ 1

QC2

kA1A2ωosc

ffiffiffiffiffiffiffiffiffiffi
L1L2

p ð6:16Þ

Note that whenωosc ¼ ωL, A2>A1> 1, and Gm21,min is positive. Whenωosc ¼ ωH,

A2<A1< 1, and Gm21,min is negative. If all the capacitors are assumed to be

lossless, Gm21,min can be simplified exactly to the result obtained in [10].

Tank Quality Factor (QT)

The tank quality factor QT,21 for the two-port oscillator at the desired oscillation

frequency can be derived from (ωosc/2)j(dϕ21)/(dω)j, where ϕ21 denotes the phase

of Z21. After simplification with high-Q approximation, it can be derived that

expression for QT,21 is exactly the same as (6.10a) or (6.10b), which indicates

that both the one-port and the two-port oscillators have approximately the same

tank quality factor at the low-band (or the high-band) mode as long as the inductors

and capacitors are low losses.

Phase Noise

Figure 6.8a shows the schematic of a transformer-based two-port dual-mode oscil-

lator. When only the current source IB1 is enabled as shown in Fig. 6.8b, the

associated transistors M1 and M2 forms an equivalently positive Gm12, and the

oscillator operates at the lower-frequency ωL. When only the current source IB2 is

enabled as shown in Fig. 6.8c, the associated transistors M3 and M4 forms an

equivalently negative Gm12, and the circuit oscillates at the higher-frequency ωH.

Making use of the transformer, the gate and drain voltages of M1–4 can be

independently biased to redistribute the amplitudes and keep the transistors from

entering into triode region [17]. If the VGS of M1/2 or M3/4 voltages are reduced

equal to or even lower than the threshold voltage and a large tail capacitor CT1/T2 is

employed for current shaping, the two-port oscillator would operate in the class-C

mode and the phase noise can be expressed as [18]

L2-port Δωð Þ ¼ 10log
kT

C

ωosc

QT,21Δω2A2
21

1þ γ

kGD

� �" #
ð6:17Þ

where C is the differential capacitance at the transistor’s gate, which is equal to C1/2

for the low-band mode or C2/2 for the high-band mode, and kGD is the voltage ratio

of the gate amplitude to the drain amplitude. According to (6.17), it is desirable to

maximize kGD to minimize the phase noise. Therefore, in the low-band mode, the

drain of M1/2 is connected with L2 as shown in Fig. 6.8b, and in the high-band

mode, the drain of M3/4 is connected with L1 as shown in Fig. 6.8c. With the above

analysis, kGD can be well determined as equal to Gm22,min(ωL)/Gm21,min(ωL) for the
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low-band mode and Gm11,min(ωH)/Gm21,min(ωH) for the high-band mode. According

to (6.8a), (7.7b), and (6.16), kGD increases with larger ω2/ω1 ratio and smaller

coupling coefficient k, which implies that the notch-peak cancelation technique not

only improves the stability of one-port oscillator but also reduces the phase noise of

a two-port oscillator. Finally, the differential output amplitude A21 is derived as
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Fig. 6.8 Transformer-based two-port dual-mode oscillator: (a) complete schematic, (b) simplified

schematic for low-band mode, and (c) simplified schematic for high-band mode
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A21 ¼ β
2IB1=2

Gm21,min ωL=H

� � ð6:18Þ

where the current efficiency β equals to 2/π or 1 without or with current shaping,

respectively.

6.2.3 Comparison of One-Port and Two-Port Oscillators

Oscillation Frequency

Figure 6.9a, b plots and compares the two peak frequencies ωL and ωH of nonideal

one-port and two-port oscillators for different values of k and different ω2/ω1 ratios.

The tank inductance and capacitance values are the same as above. From the plots,

the calculated result of (6.4) with low-loss assumption is in general a good estima-

tion of the actual peak frequencies of typical one-port and two-port oscillators

although special attention needs to be paid to the higher peak frequency when the

two coils of the transformer are tightly coupled. Furthermore, the plots also show

that ωL is always smaller than ω1, while ωH is always larger than ω2. It is expected

because the effective inductance L1 is larger than L1 in the low-frequency band

according to (6.2b), while L2 is smaller than L2 in the high-frequency band. When

k! 0, the transformer behaves as two independent inductors, and ωL/H is close to

ω1/2. As k increases from 0 to 1, ωL decreases and eventually reaches a minimum

value of
ffiffiffiffiffiffiffiffiffiffiffi
ω2
1ω

2
2

p
= ω2

1 þ ω2
2

� �
when k¼ 1, which is equal to 0.707ω1 ifω2=ω1 ¼ 1 or

equal to ω1 if ω2=ω1 ! 1. At the same time, ωH also increases and finally

approaches to infinity when k is very close to 1.

Start-Up Conditions

For comparison, Fig. 6.10 plots the calculated and simulated required Gm,min to

oscillate at ωL and ωH for both one-port and two-port configurations. It can be

clearly seen that in most situations the two-port oscillator requires much larger Gm

to sustain oscillation than the one-port oscillator does. For the one-port oscillator, it

can be observed from Fig. 6.10a that Gm11,min required to oscillate at the lower

frequency is relatively constant for different ω2/ω1 ratios and k values. On the

contrary, Fig. 6.10b shows that Gm22,min required to oscillate at the higher-

frequency ωH is reduced with large ω2/ω1 ratio and small k. Intuitively, for Z11,

as the low-frequency peak is always dominant as compared to the high-frequency

peak, there is not too much variation for the peak impedance at ωL. In contrast, for

Z22, because the high-frequency peak is not always dominant as compared to the

lower-frequency peak, the requirements for ω2/ω1 and k are the same as the

stabilizing conditions. Gm22,min is not plotted for small ω2/ω1 and large k values
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because the one-port oscillator could hardly oscillate at the high-frequency peak

under these conditions. For the two-port oscillator, large k and small ω2/ω1 ratio

result in reduced Gm21,min at the low-frequency peak, while, for the high-frequency

peak, small k and small ω2/ω1 ratio are required to facilitate the oscillation start-up.

Fig. 6.9 Calculated and simulated oscillation frequencies of transformer-based one-port and

two-port oscillators: (a) ωL and (b) ωH
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Tank Quality Factor (QT)

Figure 6.11 plots the calculated and simulated one-port and two-port tank quality

factors at the two peak frequencies with the same parameters used previously and

with the inductors Qs and capacitors Qs being set to 7 and 20, respectively. The

Fig. 6.10 Calculated and simulated start-up conditions of transformer-based one-port and

two-port oscillators: (a) required Gm,min at ωL and (b) required Gm,min at ωH
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discrepancy between the calculated and simulated tank quality factors for the two

oscillators is decreased and finally approaches to zero as the inductor and capacitor

Qs are increased, which validates the derivation. Moreover, Fig. 6.11 shows that, in

general, compared to a second-order LC tank with the same inductor Q and

capacitor Q, the transformer-based fourth-order LC tank has a better QT at the

lower-frequency peak but a worse QT at the higher-frequency peak. This can be

understood from Fig. 6.3c and (6.2a) and (6.2b). At the lower-frequency ωL, the

effective inductance L1 is larger than L1. Although the effective inductor loss rL1
also increases, the effective inductor QL1 still increases, which results in an

improved QT. At the higher-frequency ωH, the effective inductance L2 becomes

smaller than L2, while the effective inductor loss rL2 still increases. As a conse-

quence, the effective inductor QL2 inevitably decreases, which corresponds to a

degraded QT.

From Fig. 6.11, it can be further concluded that the improvement or degradation

of the tank QT at ωL orωH becomes more effective with a smaller ω2/ω1 ratio and/or

a larger k. This can also be estimated from (6.10a) and (6.10b). Assuming that

QL1¼QL2¼QL, QC1¼QC2¼QC, and m ¼ n ¼ ω2=ω1, the equations can be

rewritten as below:

Fig. 6.11 Calculated and simulated tank quality factor of transformer-based one-port and

two-port oscillators at ωL and ωH
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1

QT ωLð Þ ¼
n2A2

1 � 1
� �� k2

n2A2
1 � 1

� �þ k2
1

QL

þ 1

QC

ð6:19aÞ

1

QT ωHð Þ ¼
1� A2

2=n
2

� �þ k2

1� A2
2=n

2
� �� k2

1

QL

þ 1

QC

ð6:19bÞ

From (6.19a) and (6.19b), it can be directly seen that when n is decreased or k is

increased, the QT(ωL) is improved, while the QT(ωH) is degraded because A1 at ωL

and A2 at ωH are weakly dependent on n and k when k is not close to 1. In the

limiting case when ω2=ω1 ¼ 1 and k¼ 1, ωL is reduced to 0.707ω1, and A1 is 2. If

the capacitor loss is ignored, the maximum QT(ωL) is 2. On the other hand, under

the same condition, as ωH is close to infinity, A2 is close to zero, which indicates

that the QT(ωH) would be infinitely small.

Phase Noise

As shown in Figs. 6.9 and 6.11, the oscillation frequencies and the tank quality

factors of one-port and two-port oscillators are approximately the same as long as

the inductors and capacitors are of low loss. Moreover, according to (6.11) and

(6.17), it is obvious that two-port oscillators can achieve lower phase noise than

one-port oscillators assuming that they have the same output amplitude (A11/

22¼A21) and that the transistors M1–4 are always kept in the saturation region to

reduce their phase-noise contributions by properly controlling the ratio of the gate

and drain voltages. However, the two-port oscillators require a larger current to

sustain the same output amplitude as shown in Fig. 6.10. In other words, the phase-

noise improvement for the two-port oscillators is at the cost of large power

consumptions.

Assuming that the capacitor at the tail node CT1/2 is much smaller than C1/2 and

using the passive component values in previous discussion together with m¼ n¼ 4

and k¼ 0.6, the output amplitude and phase-noise values are simulated versus

different tail currents IB1 and capacitances CT1 and plotted in Fig. 6.12a when the

one-port oscillator operates atωL. The transistors size of 50 μm/0.12 μm in a 0.13-μm
CMOSprocess (withVth being around 0.4V) are used forM1–2 tomake the operation

close to hard switching. The calculated phase noise and output amplitude based on

(6.11) and (6.12) are also plotted for comparison with no Ct1 and with very large Ct1.

In Fig. 6.12a, when IB1 is small and A11 is not larger than Vth so that M1–2 do not

enter into triode region, both the output amplitude and the phase noise are linearly

improved with the increase of IB1, and the simulated results can be well predicted

by the calculated ones. Since the tail capacitor can help improve the current

efficiency, the output amplitude and thus the phase noise are improved with larger

tail capacitance even when IB1 is kept the same [16]. However, when IB1 and A11

are further increased, M1/2 would enter the triode region, and the output amplitude

begins to deviate from the predicted linear curve because the tank is loaded by the
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Fig. 6.12 Calculated and simulated phase noise and amplitude of (a) the transformer-based

one-port oscillator and (b) the transformer-based two-port oscillator
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tail capacitor with the finite turn-on resistance of the M1/2 in triode region as

discussed in Chap. 3. Furthermore, the degradation of the tank QT also causes the

degradation of the phase noise.

Using the same parameters as above, Fig. 6.12b plots the calculated and simu-

lated amplitudes and phase noise with different IB1 and CT1 when the two-port

oscillator operates at ωL. Compared to the one-port oscillator, the IB1 of two-port

oscillator needs to be around three times larger in order to achieve the same output

amplitude. However, because the drain amplitude is much smaller than the gate

amplitude and the gate voltage can be biased to be much lower than the supply, M1/2

can be kept away from the triode region even when the differential output amplitude

is as large as 2 V (VDD is 1.2 V). Even if the negative transconductance M1/2 in

one-port oscillators are also biased in the class-C mode using AC-coupled capac-

itors as shown in Fig. 3.22, the maximum output amplitude that keeps M1/2 in the

saturation region still cannot be as large as that in the two-port oscillator since the

ratio kGD between the gate and drain amplitude cannot exceed unity in one-port

oscillators. As such, the two-port oscillator exhibits better amplitude and better

phase-noise “linearity” with the increase of IB1, which also agrees well with the

ideal calculated results. It follows that, with sufficiently large bias current, the

two-port oscillator is able to achieve lower phase noise compared to the one-port

oscillator.

6.3 Case Study of a Dual-Mode QVCO for SDR Frequency
Synthesizer

6.3.1 Circuit Implementation

Making use of the analytical results in Sect. 6.2, a dual-mode transformer-based

QVCO is designed for a wideband SDR frequency synthesizer as described in

[19]. The design target is to generate IQ LO signals to support all wireless standards

from 47 MHz to 10 GHz (utilizing direct-conversion transceiver architecture) and

from 57 to 66 GHz (employing dual-conversion transceiver architecture). With

dual-band operations, the transformer-based QVCO covers the fundamental fre-

quency bands from 3 to 4.2 GHz as well as from 8.4 to 12 GHz. After divided by

2, the high band can cover a frequency range from 4.2 to 6 GHz with IQ signals.

Consequently, together with the low-band frequency, a continuous tuning range

from 3 to 6 GHz can be achieved. With a cascade of /2 dividers, IQ LO signals from

47 MHz to 3 GHz can be further derived. Moreover, to support all the 14 OFDM

UWB frequency bands from 3 to 10 GHz, the 8.448-GHz IQ signals covered by the

high-band mode is used to generate the required IQ LO signals at frequencies 4224,

2112, 1056, 528, and 264 MHz for single-sideband (SSB) mixings [20] by reusing

the divider chain in the PLL.
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As discussed in Sect. 6.2.3, compared to a second-order LC tank, the QT of a

transformer-based LC tank is improved at the lower-frequency peak but degraded at

the higher-frequency peak. It is therefore more desirable to make the VCO operate

at the low-frequency band when the phase-noise requirement is stringent. So the

corresponding frequency plan is made, in which the frequency of interest can be

generated at either of the two frequency bands or at a subharmonic of these

frequency bands by dividing them down by 2N as shown in Fig. 6.13. Here, the

frequency bands covering all the standards with the most stringent phase-noise

requirement (such as GSM requiring<�162 dBc/Hz at 20-MHz offset and passive

UHF RFID requiring �144 dBc/Hz at 3.6-MHz offset) are all assigned into the

low-frequency band, while the frequency bands for the other standards with more

relaxed phase-noise requirement are assigned in the high-frequency band.

Since the tank QT is dominated by the inductor Q at the operating frequency

range, QL1 and QL2 should be optimized at the low-band and high-band frequencies,

respectively. Assuming QL1¼ 14, ¼QL2¼ 7 at the low-band mode, while QL1¼ 7,

¼QL2¼ 14 at the high-band mode, which are the typical values of the achievable

inductor Q using a 2-μm-thick top metal layer, all the design parameters (including

the required bias currents to obtain differential output amplitude of 2 V, the tank

quality factors, the phase noise of both one-port and two-port oscillators, as well as

stability conditions of the one-port oscillator) can be quickly and accurately esti-

mated by using the equations in Sect. 6.2, which are plotted in Fig. 6.14. Since the

desired frequency ratio ωH/ωL around 2.8 is not achievable when k becomes larger

than 0.77, the curves are only plotted up to k¼ 0.7.

Fig. 6.13 Frequency plan for the transformer-based dual-mode QVCO
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When plotting Fig. 6.14, L1 and L2 are varied to make the dual-mode VCO

oscillate at 3 and 8.4 GHz for the worst scenario when all the switching capacitors

are turned on. It is also assumed that the tail capacitance is negligibly small for the

one-port oscillator and is large enough for the two-port oscillator to achieve the

lowest achievable phase noise and the maximum output swing. As shown in

Fig. 6.14a, when k is increased, the required bias current is reduced for the

two-port oscillator but increased for the one-port oscillator. As k is increased to

around 0.6, the bias current of two-port oscillator can be comparable to that of the

one-port oscillator for the low-band oscillation. On the other hand, to sustain a

maximum swing for the high-band oscillation, the two-port oscillator requires large

current above 60 mA while the one-port oscillator required around 25 mA when k is

less than 0.5. In Fig. 6.14b, the low-band tank QT is improved from 8.4 to 9.7, while

the high-band tank QT is degraded from 4.8 to 2.2 when k is increased from 0.1 to

0.7. In the high-band mode, the loss from SCA (QC2) also becomes significant, and

QC2 can be improved by increasing the switch size in SCA at the expense of smaller

tuning range. In Fig. 6.14c, for the one-port oscillator, when k is increased, the

low-band phase noise is improved because the low-band QT is improved, but the

Fig. 6.14 Estimated (a) required bias current for maximum output swing, (b) tank QT, (c) phase
noise at 3 MHz frequency offset, and (d) stability margin of one-port oscillator at different k
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high-band phase noise is degraded because the high-band QT gets smaller. On the

other hand, for the two-port oscillator, when k is increased, because the gate and

source voltage ratio kGD is decreased for both the low band and the high band, the

low-band phase noise actually degrades slightly although the QT is improved, while

the high-band phase noise degrades significantly. Figure 6.14d illustrates that the

one-port oscillator can operate stably at the low band for any k value but would fail

to operate at the high band when k is close to 0.7.

In this design, to meet the most stringent phase-noise requirement with a bias

current of less than 10 mA, the two-port configuration is chosen for the low-band

operation, while the one-port configuration is used for the high-band operation to

greatly save the power consumption. To balance the phase noise and power

consumption as well as guarantee the stability condition in high-band mode, k is

optimally selected to be around 0.5.

Figure 6.15 shows the schematic of the transformer-based dual-band QVCO.

The operation can be divided into two modes. In the low-band mode, the current

sources Icore1 and Itune1 are turned on while Icore2 and Itune2 are turned off, for which

the VCO operates as a two-port oscillator. As M1 and M2 are connected to make the

Gm21 positive, the VCO oscillates at the low-frequency band. In the high-band

mode, the current sources Icore1 and Itune1 are turned off while Icore2 and Itune2 are

turned on, and the VCO operates at the high-frequency band as a one-port oscilla-

tor. According to the frequency plan, around 45 % tuning range is required for

either the low band or the high band to cover the PVT variations with enough

margins. So 5-bit binary-weighted SCAs are employed to achieve the coarse tuning

for each band in both modes, while the fine frequency tuning is realized by varying

the coupling current [21] instead of using varactors to reduce AM-to-PM noise

conversion and to prevent the tank QT from being further degraded by varactors. To

control the tuning current, a voltage-to-current converter with tunable transcon-

ductance is implemented to convert the control voltage from the loop filter to the

tuning current to make effective KVCO tunable for dynamic control of the loop

bandwidth. 5-bit binary-weighted SCAs are placed at both the first and the second

coils of the transformer to realize the coarse tuning and to reduce the required

tuning range of Itune1/2. In the low-band mode, the SCAs at Port 2 are turned off in

the first mode, while in the high-band mode, the SCAs at Port 1 are turned on in the

second mode to ensure a large frequency ratio ω2/ω1 is always achieved, which

helps not only minimize the phase noise of the two-port oscillator in the first mode

but also stabilize the one-port oscillator in the second high-band mode. To eliminate

any potential bimodal oscillations, the cascode transistors M5–6 are added to create

enough delay in the coupling paths.

To improve the IQ matching, the current sources of “I” and “Q” parts are

connected correspondingly as shown in the dotted lines in Fig. 6.3 [22]. In order

to measure the IQ sideband-rejection (SBR) ratio directly, the QVCO’s IQ outputs

are connected to an on-chip SSB mixer. A low-frequency divider is also embedded

to generate the second low-frequency IQ input signals for the SSB mixer from an

external low-frequency input signal.
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Figure 6.16a shows the layout of the transformer designed for the dual-mode

QVCO. To achieve a desired k value of 0.5, the 3-turn primary coil is placed inside

the 1-turn secondary coil with a space of 3 μm. The widths of the primary and

secondary coils are optimized to be 9 and 12 μm to locate the peak QL1 and peak

QL2 at the low band and high band, respectively. From EM simulations, L1¼ 2.6

nH, L2¼ 0.43 nH, QL1� 13 at the low-frequency band, and QL2� 14 at the high-

frequency band. Simulation also verifies that at the worst case when all the switched

capacitors at the secondary coil are turned on, the high-frequency peak impedance		Z22 ωHð Þ		 is more than 10 dB larger than the low-frequency peak impedance		Z22 ωLð Þ		. In the QVCO layout, all the transistors and SCAs for the high-frequency

band are placed closer to the transformer than those for the low-frequency band to

maximize the ratio C1/C2 and to balance the power consumption of the two modes.

6.3.2 Experimental Results

The dual-band QVCO is fabricated in a 0.13-μmCMOS process. Figure 6.17 shows

the chip micrograph together with the on-chip SSB mixer and divider for the SBR

measurement, where the QVCO core occupies an area of 0.84 mm2.

The dual-mode QVCO draws a current from 12 to 20 mA from a 1.2-V supply

voltage in both modes. Figure 6.18 shows the measured frequency curves of the

QVCO in the two modes as functions of the tuning current. The QVCO is
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Fig. 6.15 Schematic of the transformer-based dual-mode QVCO

132 6 Transformer-Based Dual-Mode VCO



continuously tunable from 2.7 to 4.3 GHz in the low-band mode and from 8.4 to

12.4 GHz in the high-band mode, corresponding to tuning ranges of 45.7 % and

38.5 %, respectively. As a result, the experimental dual-mode QVCO can success-

fully meet the target frequency requirement for the SDR applications. During the

measurement, it is found that the QVCO could oscillate at the lower-frequency peak

in the second mode when the SCAs at the Port 1 are all intentionally turned off,

Metal 4

Metal 5

Metal 6
1−2−2+1+

CT1 CT2Fig. 6.16 Layout of the

transformer

Fig. 6.17 Chip micrograph of the transformer-based dual-mode QVCO

6.3 Case Study of a Dual-Mode QVCO for SDR Frequency Synthesizer 133



while the SCAs at Port 2 are all on, which further verifies that keeping a large

capacitor ratio C1/C2 is important for the stability of the one-port oscillation.

Figure 6.19 shows the measured phase-noise profiles at 3.6 and 10.4 GHz with

the QVCO drawing 16 mA, from which the phase-noise values of �135.9 and

�119 dBc/Hz at 3-MHz offset are achieved, respectively. With proper frequency

division as required, in the low-band mode, the measured phase noise exceeds the

requirement of GSM standard. In the high-band mode, the measured phase noise

meets all the requirements of the target standards including WLAN and UWB

standards.

Fig. 6.18 Measured frequency tuning curves for the QVCO in (a) the low-band mode and (b) the
high-band mode
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Fig. 6.19 Measured QVCO phase noise as a function of offset frequency at (a) 3.6 GHz (the

low-frequency band) and (b) 10.4 GHz (the high-frequency band)
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Figure 6.20 shows the measured phase noises as functions of the tuning current

with different SCA settings. When the tuning current varies from 2 to 10 mA, the

measured phase noise at 1-MHz offset is between �118.9 and �130.2 dBc/Hz for

the lower-band mode and between �99.7 and �108.1 dBc/Hz for the high-band

mode. As expected, the phase noise is degraded with increased tuning current. From

the frequency tuning curves plotted in Fig. 6.18, a tuning current between 2 and

6 mA is sufficient for covering the required frequency bands with 5-bit binary-

weighted SCAs. As a result, at 1-MHz frequency offset, the low-band phase noise

can be reduced to between �122.1 and �130.2 dBc/Hz, and the high-band phase

noise can be reduced to between �102.1 and �108.1 dBc/Hz.

Figure 6.21 shows the measured spectrum at the SSB mixer’s output. Assuming

that the mismatch of the QVCO is dominant, SBRs of 37 and 41 dB are achieved for

the low-band and high-band modes, corresponding to IQ phase errors of 1.6� and
1�, respectively.

Table 6.1 summarizes the performance of the designed dual-band QVCO com-

pared with the state-of-the-art dual-mode or wideband VCOs.

Fig. 6.20 Measured phase noise at 1-MHz offset as functions of tuning current for different SCA

settings: (a) in the low-band mode and (b) in the high-band mode
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Fig. 6.21 Measured spectrum at the SSB mixer’s output at (a) 3.6 GHz in the low-frequency band
and (b) 10.4 GHz in the high-frequency band
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Chapter 7

Magnetically-Tuned Multimode CMOS VCO

7.1 Introduction

As the operation frequency of VCOs increases, it becomes more and more difficult

to achieve large tuning range while still maintaining low phase noise and low

power. At mm-Wave frequencies, since the varactor Q is dominantly low, increas-

ing the frequency tuning range by increasing the varactor size would inevitably

degrade the tank impedance. To guarantee the oscillation, the size of the negative-

gm cell in the VCO would need to be increased, which in turn would increase the

parasitic capacitance, degrade the frequency tuning range, and limit the maximum

oscillation frequency. So it is necessary to explore other frequency tuning methods.

At mm-Wave frequencies, the existing tuning-range enhancement techniques

introduced in the previous chapters become less effective. For the switch-inductor

technique [1] discussed in Sect. 3.6, since the tank inductance is quite small,

increasing the switch size to improve the tank Q is ineffective because the large

parasitic capacitance would prevent the switch from being turned off. For the coarse

frequency tuning using high-order LC resonant tanks with transformers or multi-

tapped inductors [2–4], the tuning range is still limited when applied at mm-Wave

frequency since only two or three coarse tuning bands are created.

In [5], switched-coupled inductors are used for coarse frequency tuning. Because

both the effective turn-on resistance and turn-off parasitic capacitance of the

switches are significantly reduced due to the impedance transformation with

small coupling coefficient, the tank Q degradation is much less than that of the

switched-inductor technique. However, the total number of the frequency bands

and thus the total frequency tuning range created by the switched-coupled inductors

are limited because the inductor Q drops significantly as the number of switched-

coupled inductors is increased.

In this chapter, a novel frequency tuning technique by changing the coupling

coefficient of a transformer tank in a dual-band VCO is presented. By exploiting

the three states with different magnetic coupling coefficients created by the
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switched-triple-transformer technique, the stability problem is eliminated, and

continuous frequency tuning range can be achieved, which significantly increase

the tuning rang of VCO at mm-Wave frequency [6]. Furthermore, the design

insights and design procedure of the multiband magnetically tuned VCO

(MT-VCO) are also presented based on the derived analytical expressions of

the switched transformers.

7.2 Transformer-Based Magnetic-Tuning Method

7.2.1 Working Principle

Before introducing the magnetic-tuning method, let’s review the conventional

one-port dual-band VCO with a transformer tank as shown in Fig. 6.3 first.

According to (6.4), the oscillation frequencies ωL and ωH can be tuned by changing

ω1 and ω2 through changing the capacitor C1 and C2, which corresponds to the

conventional varactor tuning method and is limited at mm-Wave frequency as

discussed earlier. On the other hand, ωH and ωL can also be tuned by changing

the magnetic coupling coefficient k even when ω1 and ω2 are kept constant. As

shown in Fig. 7.1, which plots the relationships between ωH(ωL) and k for different

ω2/ω1 ratios, with ωH(ωL) being normalized to ω2(ω1), it is clear that ωH is quite

sensitive to the coupling coefficient k. For example, if ω1 ¼ 60GHz and ω2 ¼ 75

GHz are chosen, ωH is changed from 77.2 to 85.6 GHz (or 11 %) when k increases

from 0.15 to 0.35. In other words, changing the magnetic coupling coefficient k is

an effective way to change the oscillation frequency and can be employed for

coarse frequency tuning.

The switched-single-shielded transformer as shown in Fig. 7.2a provides a way

to change the magnetic coupling coefficient k, where the shielded coil LA along

with a series switch MA is inserted between the coils L1 and L2. Intuitively, when

MA turns on, the current i1 in L1 induces a current iA
0 in LA and another current i2

0 in
L2, both of which are in the opposite direction with i1. Since iA

0 also in turn induces
another current i2

00 in L2, which tends to cancel i2
0 and reduce the total induced

current in L2, as a result, the effective coupling coefficient k12 between L1 and L2

actually becomes lower as compared with the original transformer without LA

[7]. On the other hand, when MA turns off, the coil of LA is open, and there is no

induced current flowing through LA. So k12 remains almost the same. Conse-

quently, k12 can be effectively changed by switching the transistor MA “on” and

“off.” To calculate the effect of the switch on the inductance and energy loss, the

switch transistor MA can be modeled as a resistor Ron,A when turned on and a

parasitic capacitor Coff,A when turned off as shown in Fig. 7.2b. The loss of each

coil is modeled by the series resistance RL1¼ωL1/QL1, RL2¼ωL2/QL2, and

RLA¼ωLA/QLA, where QL1, QL2, and QLA are the quality factors of coils L1,

L2, and LA, respectively. The model in Fig. 7.2b can be further simplified to the

equivalent model constituted of two coupled coils with different model
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parameters for low-k and high-k states as shown in Fig. 7.3. Here, the loss of

the two coils are modeled by RL1/2,low-k¼ωL1/2,low-k/QL1/2,low-k at low-k state

and RL1/2,high-k¼ωL1/2,high-k/QL1/2,high-k at high-k state, where QL1/2,low-k and

QL1/2,high-k are thequality factors of the twocoils at low-kandhigh-k states, respectively.

By applying the V-I equations to the three coupled coils, the model parameters

for the single-shielded transformer in both the low-k and high-k states can be

obtained (Appendix A.2).

In the low-k state, the switchMA is on.With an assumption of a high-quality factor

QLA and a small on-resistance Ron,A of the switch so that (RLA+Ron,A)
2� (ωLA)

2,

the effective inductance L1,low-k
0 and the effective magnetic coupling coefficient

k12,low-k
0 can be approximated as

L1, low-k
0 � 1� k21A

� �
L1 ð7:1aÞ

k12, low-k
0 � k12 � k1Ak2Að Þ

ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
L1L2

L1, low-k
0
L2, low-k

0

s
ð7:1bÞ

Fig. 7.1 Calculated (a) ωL and (b) ωH as functions of the magnetic coupling coefficient k for

different ω2/ω1 ratios
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In the high-k state, the switch MA is off. It is reasonable to assume that

RLA
2� [(ωCoff,A)

�1�ωLA]
2 with a small parasitic capacitance Coff,A of the

switch. Then L1,high-k
0 and k12,high-k

0 can be estimated as:

L1,high-k
0 � 1þ 1

ω2
A=ω

2 � 1
k21A

� �
L1 ð7:2aÞ

k12,high-k
0 � k12 þ k1Ak2A

ω2
A=ω

2 � 1

� � ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
L1L2

L1,high-k
0
L2,high-k

0

s
ð7:2bÞ

where ωA ¼ LACoff,Að Þ�1=2
. Actually, two possible solutions for L1,high-k exist in

(7.2a), which indicates the dual-resonance characteristic of the transformer tank

with the capacitor load [5]. Here, the switch size is kept small enough to make sure

ωA > ω so that only one resonant mode can occur over the entire frequency tuning

range. Since coils L1 and L2 are in the symmetric positions, the model parameters

a b

L1 L2

k1A

V1

i1

V2

i2''

LA

k2A

iA'

k12

MA

i2'

L1 L2

k1A

V1

I1

V2

I2

LA

k2A

IA

k12

ZA

RL1 RLA RL2

VA

Fig. 7.2 Single-shielded transformer: (a) schematic and (b) model

a

k12,low-k'

L2,low-k'

RL2,low-k'

L1,low-k'

V1 V2 V1 V2

RL1,low-k'

k12,high-k'

L2,high-k'

RL2,high-k'

L1,high-k'

RL1,high-k'

b

Fig. 7.3 Simplified equivalent models of the shielded transformer at (a) low-k state and (b) high-k
state
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for the secondary coil L2 (L2,low-k
0 and L2,high-k

0) can be obtained by just replacing

k1A and L1 with k2A and L2 in (7.1a) and (7.2a), respectively.

The problem for the single-shielded transformer is that switching on and off the

coil LA changes not only the coupling coefficient k12
0 but also the effective

inductance of L1/2,low-k
0 and L1/2,high-k

0, which can be seen from (7.1a) to (7.2b).

So it makes the change of the effective magnetic coupling coefficient Δk120 ¼ k12,

high-k
0 � k12,low-k

0 less significant. For example, a high ωH requires a high k; on the

other hand, switching to the high-k state results in an increased effective inductance

of coil L2 since L2,high-k
0 >L2,low-k

0, which in turn will make ω2 drop. From either

(7.1a) and (7.1b) or Fig. 7.1b, the large drop of ω2 would decrease ωH even when

k12 increases. As such, in order to increase the frequency tuning range, it is highly

desirable to keep L1,low-k
0 ¼L1,high-k

0 and L2,low-k
0 ¼L2,high-k

0 when the switch MA is

turned on and off.

7.2.2 Analysis of the Switched-Triple-Shielded Transformer

To solve the inductance imbalance problem in the single-shielded transformer, a

switched-triple-shielded transformer is proposed to keep L1,low-k
0 ¼L1,high-k

0 and
L2,low-k

0 ¼L2,high-k
0. In the switched-triple-shielded transformer as shown in

Fig. 7.4a, two extra coils LB and LC with the switches MB and MC connected to

their two ends are added to the left and right sides of L1 and L2, respectively. By

replacing the switches MA, MB, and MC with the impedance ZA, ZB, and ZC as

shown in Fig. 7.4b and using the similar method as that for the single-shielded

transformer, the model parameters in both low-k and high-k states of the simplified

model (Fig. 7.3) for the switched-triple-shielded transformer can be derived

(Appendix A.2). Although the simplified model topology is the same as that of

the switched-single-shielded transformer, the expressions for the model parameters

are quite different.

In the low-k state, MB and MC are off while MA is on. With the assumptions

that (RLA +Ron,A)
2� (ωLA)

2 and RLB/C
2� [(ωCoff,B/C)

�1 –ωLB/C]
2, L1,low-k

0,
RL1,low-k

0, and k12,low-k
0 can be approximated as

L1, low-k
0 � 1� k21A þ 1

ω2
B=ω

2 � 1
k21B

� �
L1 ð7:3aÞ

RL1, low-k
0 � RL1 þ L1

LA

k21A RLA þ Ron,Að Þ þ 1

ω2
B=ω

2 � 1ð Þ2
L1

LB

k21BRLB ð7:3bÞ

k12, low-k
0 � k12 � k1Ak2Að Þ

ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
L1L2

L1, low-k
0
L2, low-k

0

s
ð7:3cÞ

where ωB ¼ LBCoff,Bð Þ�1=2
and ωB > ω.
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In the high-k state, MB and MC are on while MA is off. With the assumption

that (RLB/C +Ron,B/C)
2� (ωLB/C)

2 and RLA
2� [(ωCoff,A)

�1�ωLA]
2, L1,high-k

0,
RL1,high-k

0, and k12,high-k
0 can be estimated as:

L1,high-k
0 � 1þ 1

ω2
A=ω

2 � 1
k21A � k21B

� �
L1 ð7:4aÞ

RL1,high-k
0 � RL1 þ 1

ω2
A=ω

2 � 1
� �2L1

LA

k21ARLA þ L1

LB

k21B RLB þ Ron,Bð Þ ð7:4bÞ

k12,high-k
0 � k12 þ k1Ak2A

ω2
A=ω

2 � 1

� � ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
L1L2

L1,high-k
0
L2,high-k

0

s
ð7:4cÞ

where ωA ¼ LACoff,Að Þ�1=2
and ωA > ω.

Interestingly, an additional state can also be exploited to further increase the

frequency tuning range and relieve the stability problem by simultaneously turning

on all the three switches. In this low-inductance (low-L) state, with assumptions

a

L1 L2

k1A

V1 V2

LA

k2A

k12

MAMB

k1B

MC

k2C

LB LC

L1 L2

k1A

V1 V2

LA

k2A

k12

k1B k2C

LB LC

IB

RLB

I1 IA I2 IC

RL1 RLA RL2 RLC

VAVB VC

ZB ZA ZC

b

Fig. 7.4 The switched-triple-shielded transformer: (a) schematic and (b) model
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that (RLA/B/C +Ron,A/B/C)
2� (ωLA/B/C)

2, L1,low-L
0, RL1,low-L

0, and k12,low-L
0 can be

approximated as:

L1, low-L
0 � 1� k21A � k21B

	 

L1 ð7:5aÞ

RL1, low-L
0 � RL1 þ L1

LA

k21A RLA þ Ron,Að Þ þ L1

LB

k21B RLB þ Ron,Bð Þ ð7:5bÞ

k12, low-L
0 � k12 � k1Ak2Að Þ

ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
L1L2

L1, low-L
0
L2, low-L

0

s
ð7:5cÞ

The expressions of L2,low-k
0, RL2,low-k

0, L2,high-k
0, RL2,high-k

0, L2,low-L
0, and RL2,low-L

0

can be obtained by replacing k1A, k1B, L1, LB, ωB, RL1, RLB, and Ron,B with k2A,

k2C, L2, LC, ωC, RL2, RLC, and Ron,C in (7.3a), (7.3b), (7.4a), (7.4b), (7.5a), and

(7.5b), respectively.

In both the low-k and high-k states, one of the two coils adjacent to L1 or L2 is

always switched on, while the other is switched off. Consequently, it is possible to

design the coupling coefficients k1A, k1B, k2A, and k2C and the switch sizes to keep

L1,low-k
0 ¼L1,high-k

0 and L2,low-k
0 ¼L2,high-k

0. By using the expressions of L1/2,low-k
0

and L1/2,high-k
0 derived before, the following conditions can be obtained:

k21A
k21B

¼ 1� ω2=ω2
A

1� ω2=ω2
B

and
k22A
k22C

¼ 1� ω2=ω2
A

1� ω2=ω2
C

ð7:6Þ

By making k1A¼ k1B, k2A¼ k2C, and ωA ¼ ωB ¼ ωC, (7.6) can be satisfied even

when the frequency ω changes, and the effective change of the coupling coefficient

Δk120 ¼ k12,high-k
0 � k12,low-k

0 can be expressed below:

Δk12
0 ¼ 1=

ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
α

k1A
þ 1

� �
α

k2A
þ 1

� �s
ð7:7Þ

where α ¼ 2� ω2
A=ω

2
� �

= ω2
A=ω

2 � 1
� �

.

Figure 7.5 compares the calculated parameters for both the low-k and high-k

states with the simulated results using the model shown in Fig. 7.4b, where

L1¼ 115 pH, L2¼ 66 pH, LA¼ 86 pH, LB¼ 150 pH, LC¼ 60 pH, and k12¼ 0.3.

For simplicity, the Q of each coil is assumed to be constant at 30 as the frequency is

changed. To guarantee L1/2,low-k
0 ¼L1/2,high-k

0, the condition

k1A¼ k1B¼ k2A¼ k2C¼ k0 is kept, and the switch sizes are designed to keep

ωA ¼ ωB ¼ ωC ¼ ω0 ¼ 115GHz. The effective parameters are plotted with differ-

ent k0 values. From both Fig. 7.5c and (7.7), larger k0 results in larger Δk120 which
is defined as the difference between k12,high-k

0 and k12,low-k
0. However, as shown in

Fig. 7.5a, b, larger k0 would also increase the loss from the shielded coils, which

would increase RL1/L2, low-k
0 and RL1/L2, high-k

0 and degrade QL1/L2,low-k
0 and QL1/L2,

high-k
0. So the choice of k0 is the trade-off between the change of the magnetic
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Fig. 7.5 Calculated and

simulated values: (a) L1
0

and Q1
0, (b) L2

0 and Q2
0,

(c) Δk120 for different k0 (ωA

¼ ωB ¼ ωC ¼ ω0 ¼ 115

GHz)
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Fig. 7.6 Calculated and simulated values: (a) L1
0 and Q1

0, (b) L2
0 and Q2

0, (c) Δk120 for different
ω0 (k1A¼ k1B¼ k2A¼ k2C¼ k0¼ 0.4)
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coupling coefficient Δk120 and the quality factors QL1/L2,low-k
0 and QL1/L2,high-k

0 of
the effective inductances.

Figure 7.6 plots the calculated and simulated effective parameters by using the

same L1/2, LA/B/C, and k12 values as used in Fig. 7.5. Here

k1A¼ k1B¼ k2A¼ k2C¼ 0.4 is kept, and the switch sizes of MA, MB, and MC

are changed to obtain different ω0 values. The turn-on resistors RA, RB, and RC

are also scaled with the switch sizes. It can be seen that small ω0 results in better

QL1/L2,low-k
0 and QL1/L2,high-k

0 when the operating frequency ω is much lower than

ω0 because the loss of the effective inductances is dominant by the turn-on

resistances of the switches, which could be reduced with large switch sizes or

small ω0. However, when ω approaches ω0, QL1/L2,low-k
0 and QL1/L2,high-k

0 would
start to drop quickly because the series resistance in the shielded coils with the

switches being off would dominate the total loss of the effective inductances. As a

result, an optimal ω0 exists for maximizing QL1/L2,low-k
0 and QL1/L2,high-k

0 in the

desired operating frequency range.

7.3 Design and Analysis of the MT-VCO

To verify the magnetic-tuning technique, a MT-VCO prototype as shown in Fig. 7.7

is designed. The switched-triple-shielded transformer described in Sect. 7.2 is used

for coarse frequency tuning, while a digitally controlled binary-weighted AMOS

varactor array controlled by 2-bit B1B0 and a varactor with an analog control

voltage VC are employed for fine frequency tuning. The PMOS current tails are

used to bias the gates of varactors at around 0.8 V with 1.2 V supply voltage to

increase the capacitance tuning range of the varactors and thus the frequency tuning

range of the MT-VCO. The RC filters between the biasing PMOS transistors M5/6

and MB5/B6 are employed to remove the thermal noise from MB5/B6, which would

contribute to a large portion of the output phase noise after frequency up-conversion

if a large current ratio is used.

Since the topology of the MT-VCO is exactly the same as the conventional

one-port dual-band oscillator with different designed parameters in the three states,

the model shown in Fig. 6.3a can also be applied to it, and the VCO design

parameters can be obtained as follows by simply using the results from Sect. 6.2

with appropriate expressions for the transformer’s parameters L1/2,low-k
0, L1/2,high-k

0,
RL1/L2,low-k

0, RL1/L2,high-k
0, k12,low-k0, and k12,high-k

0 as derived in Sect. 7.2.2.

By replacingω1,ω2 and k withω
0
1 ¼ L

0
1C

0
1

� ��1=2
,ω

0
2 ¼ L

0
2C

0
2

� ��1=2
, and k12

0, the
oscillation frequency of ω

0
L and ω

0
H for the MT-VCO can still be expressed by (7.1a)

and (7.1b). Since large Δω0
H between the low-k and high-k states requires large

Δk120, large k0 is desired for larger coarse tuning range. Moreover, from Fig. 7.6b,

when ω approaches ω0, L2
0 starts to increase quickly with frequency, which would

in turn decrease ω
0
2 and limit the maximum achievable ω

0
H. As a result, the

maximum value of ω
0
H can be further extended by increasing ω0.
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The one-port dual-band VCO will suffer from the stability problem as discussed

in Sect. 6.2. If the amplitude of the two peak impedance at frequency ω
0
L and ω

0
H

shown in Fig. 6.4 are close to each other, then the oscillator could jump from one

desired equilibrium oscillation frequency to the other with some disturbance. So the

difference between the two peak impedances must be kept large enough to make

sure the oscillator is only operating at the wanted frequency, which can be achieved

by either separating ω
0
L and ω

0
H far away or reducing the k12

0. Figure 7.8 shows the

arrangement of the low-frequency band and high-frequency band in all the three

states. The frequency bands of the low-k state are placed between the frequency

bands of the high-k state to separateω
0
L,high�k andω

0
H,high�k. Moreover, from (7.5a),

because the inductance in the low-L state is smaller than that in both the low-k and

high-k states, ω
0
L, low�k and ω

0
H, low�k can be further separated by placing the

low-frequency band of the additional low-L state between the two frequency

bands of the low-k state. Consequently, the MT-VCO can achieve a continuous

ultrawide frequency tuning range without a stability problem. In addition, the high-

frequency band of the low-L state can be employed to further increase the maxi-

mum oscillation frequency.

In either low-k or high-k state, by assuming that QL1
0 ¼QL2

0 ¼QL
0,

QC1
0 ¼QC2

0 ¼QC
0, and L1

0/L2
0 ¼C1

0/C2
0, according to (6.10a) and (6.10b), the

tank Q of both the primary coil (Qtank1
0) and the secondary coil (Qtank2

0) can be

estimated as

VC

B1B0

Test
PAD

L1'

M1 M2

I1

Vo1+ Vo1−

L1'

VC

B1B0

Test
PAD

L2'

M3M4

I2

Vo2+Vo2−

L2'

50W

Switched-Triple-Shielded
Transformer

k

M5MB5 MB6M6

Fig. 7.7 Schematic of the MT-VCO
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1

Qtank1
0
ωL

0ð Þ ¼
n2D2

1 � 1
� �� k

02
12

n2D2
1 � 1

� �þ k
02
12

1

QL
0 þ

1

QC
0 ð7:8aÞ

1

Qtank2
0
ωH

0ð Þ ¼
1� D2

2=n
2

� �þ k
02
12

1� D2
2=n

2
� �� k

02
12

1

QL
0 þ

1

QC
0 ð7:8bÞ

where D1 ¼ ω
02
1=ω

2; D2 ¼ ω
02
2=ω

2, and n ¼ ω
0
2=ω

0
1. Compared with the second-

order LC tank with the same QL
0 and QC

0, the contribution of QC
0 to the fourth-order

LC tank’s Q is the same, so whether the tank Q of the fourth-order LC tank is

enhanced or degraded would mainly depend on the quality factor QL
0 of the

effective inductances in the switched-triple-shielded transformer derived in

Sect. 7.2.2. By assuming QL¼ 30, QC¼ 6, the Q of the second-order tank is

calculated to be 5. By using ω
0
1 ¼ 60GHz, ω

0
2 ¼ 75GHz, and k12

0 ¼ 0.15/0.35

and assuming that QL
0 drops to around 12 (which is consistent to the simulation

results in Figs. 7.5 and 7.6), Qtank1
0 and Qtank2

0 are calculated to be around 4.1 and

3.9 and 4.3 and 3.5 in the low-k and high-k states, respectively. From (7.8a) and

(7.8b), it can be seen that Qtank1
0 is always larger than Qtank2

0, and the difference

between Qtank1
0 and Qtank2

0 can be reduced by increasing ω
0
2/ω

0
1 or decreasing k12

0

when k is small. As such, the allocation of the frequency bands in the MT-VCO also

helps reduce the difference between Qtank1
0 and Qtank2

0 by enlarging the ω
0
2/ω

0
1 ratio.

The noise-shaping property of a transformer-based LC tank is basically the same

as that of a second-order LC tank within a narrow bandwidth around the oscillation

frequency. It follows that the phase noise of the MT-VCO in either the low band or

the high band can also be obtained directly by using the time-variant phase-noise

analysis result from [8]:

L Δωð Þ ¼ 10log
kBT

C
0

ω

Qtank1=2
0Δω2A2

1=2

1þ γð Þ
" #

ð7:9Þ

High BandLow Band

ωL,high-k

ωL,low-k

ωL,low-L

ωH,low-k

ωH,low-LωH,high-k

Fig. 7.8 Allocation of the three states for the two frequency bands
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where k is the Boltzmann constant, T is the absolute temperature, C0 ¼C1/2
0/2 is the

tank capacitance connected to either the primary coil or the secondary coil as shown

in Fig. 6.3a, Qtank1/2
0 is the tank Q from either the primary or the secondary coil, Δω

is the offset frequency from the oscillation frequency ω, γ is the MOS channel noise

factor, and A1/2 is the output amplitude. From (7.9), it can be seen that the phase

noise is directly related to the Qtank1/2
0. Compared with a conventional oscillator

using a second-order LC tank with Qtank¼ 5, the phase-noise degradation of the

MT-VCO with Qtank1/2
0 ¼ 4 is only about 1 dB assuming that both oscillators are

biased at the boundary of the voltage- and current-limited region to achieve the

same maximum output voltage swing.

From the analysis above, the design procedure of the MT oscillator can be

summarized as below:

1. Selecting and designing the geometrical dimensions of the primary and the

secondary coils for suitable values of L1, L2, and k12. Since k12
0 is dominant

by k12 from (7.3c) and (7.4c), for the same Δk120, larger k12 would result in

larger frequency difference between the low-k and high-k states as can be

seen from the plots in Fig. 7.5c, which implies more effective coarse fre-

quency tuning capability. However, for stability considerations, larger k12

requires larger ratio of ω
0
H/ω

0
L. This would cause a larger frequency gap

between the low-frequency band and the high-frequency band of the low-k

state, which however cannot be covered effectively even by employing the

low band of the low-L state. As a result, the frequency tuning range can be

discontinuous.

2. After fixing the design parameters of L1 and L2, the spaces between L1 and LA

and LB and between L2 and LA and LC can be designed to guarantee that

k1A¼ k1B and k2A¼ k2C. As discussed earlier, the choices of the absolute values

of k1A or k2A are the trade-off between the coarse frequency tuning capability

and the QL1
0 and QL2

0.
3. Designing the ratios between the switch sizes of MA, MB, and MC to make sure

that Coff,A, Coff,B, Coff,C are properly chosen to guarantee that ωA ¼ ωB ¼ ωC.

The choice of the absolute value of the switch sizes is to obtain high QL1
0 and

QL2
0 while still preventing QL1

0 and QL2
0 from dropping at the desired maximum

oscillation frequency.

Figure 7.9 shows the layout of the switched-triple-shielded transformer with all

the five coils being implemented by the top thick metal, which occupies an area of

124� 115 μm2. The metal widths of coils L1/2, LA, LB/C are 4.5, 4, 2 μm,

respectively. The spacing between LB and L1, between L1 and LA, between LA

and L2, and between L2 and LC are 5, 3.5, 4.5, and 3.5 μm, respectively. The W/L

ratios of MA, MB, and MC are designed to be 27.5 μm/0.06 μm, 17.5 μm/0.06 μm,

42.5 μm/0.06 μm, respectively, all with 2.5-μm finger widths. Odd finger number

is used to keep the same parasitic capacitance at the drain and the source in the

layout. The source and drain of the switches MA, MB, and MC are biased to the

7.3 Design and Analysis of the MT-VCO 153

http://dx.doi.org/10.1007/978-3-319-15874-7_6


opposite logic levels of the gate voltages through the center taps of the shielding

inductors to reduce the parasitic junction capacitance when the switches are off.

By doing so, the biasing resistors connected to the drain and source in the

conventional designs [5] can be eliminated, which helps prevent further degrada-

tion of QL1
0 and QL2

0.
Figure 7.10 shows the electromagnetic simulation results of the effective induc-

tances and Qs for the primary and secondary coils of the triple-shielded trans-

former. L1
0 and L2

0 are 105 pH and 75 pH in both the low-k and high-k states and

80 pH and 50 pH in the low-L state, respectively. k12
0 is reduced from 0.35 to 0.15

from the high-k to the low-k state. QL1
0 and QL2

0 are around 10 and 12 in all the

three states, which are still much higher than the varactors Q at the target mm-Wave

frequencies.

7.4 Experimental Results

The MT-VCO is fabricated in a 1P6M LP 65 nm CMOS process and draws 7–9 mA

from 1.2 V supply. The DC gate bias voltages for MA, MB, and MC are the same as

the supply voltage. Figure 7.11 shows the chip micrograph occupying a core area of

0.03 mm2.

BC

BA

MC

MA

BB
MB

L1 L2

LA LC

Vo1+ Vo2+ Vo1−− Vo2−

BB

BA

BC

LB

Fig. 7.9 Layout of the

switched-triple-shielded

transformer
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Table 7.1 summarizes the control logics of the switches in the shielding coils and

the biasing currents for the negative-gm cell connecting to the primary and the

secondary coils of the transformer tank for six different modes associated with the

three different states. The final implementation uses BBBABC¼ 011 in Mode 2 and

BBBABC¼ 001 in Mode 5 instead of BBBABC¼ 010 and BBBABC¼ 101 to obtain

large ω
0
2/ω

0
1 ratios to shift up the frequency tuning range in Mode 2 and minimize

the tanks’ Qs degradation in Mode 5 as discussed in Sect. 7.3, respectively. Since

changing BBBABC from “010” to “011” in Mode 2 or changing BBBABC from

Fig. 7.10 EM simulation results of the triple-shielded transformer: (a) inductances and quality

factor Qs, (b) magnetic coupling coefficients
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“101” to “001” in Mode 5 only changes ω
0
2 in Mode 2 or ω

0
1 in Mode 5, the

oscillation frequency would not change significantly if k12
0 between L1

0 and L2
0 is

small, which can be seen from either Fig. 7.1a or be verified by the measured

frequency tuning range in Table 7.2. So the theoretical analysis in Sect. 7.3 can still

be applied.

Fig. 7.11 Chip micrograph of the MT-VCO

Table 7.1 Control logics and arrangement for mode selection

Mode 1 Mode 2 Mode 3 Mode 4 Mode 5 Mode 6

BBBABC 101 011 111 010 001 111

I1 On On On Off Off Off

I2 Off Off Off On On On

States High-k Low-k Low-L Low-k High-k Low-L

Bands Low band High band

Table 7.2 Measured frequency tuning range in mode 2 and 5 for different BBBABC combinations

Mode 2 BBBABC¼ 010 (theoretical

configuration)

BBBABC¼ 011 (practical

configuration)

Tuning

range

57.2–64.3 GHz 57.9–64.9 GHz

Mode 5 BBBABC¼ 101 (theoretical

configuration)

BBBABC¼ 001 (practical

configuration)

Tuning

range

79.2–85.7 GHz 78.5–85.3 GHz
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Figure 7.12 shows the measured frequency tuning range as functions of the

varactor tuning voltage for the different modes. As shown in (6.4), ωL is not so

sensitive to the change of k12 compared with ωH when k12 is small. As such, the

operating frequency in Mode 1 and 2 are almost the same as expected. Due to

inaccurate modeling, a small frequency gap exists from 76.2 to 78.5 GHz between

Mode 4 and Mode 5, which can be eliminated by shifting up the operating

frequency of Mode 4 with modification of the transformer tank parameter. Since

the total frequency tuning range relies on the tuning range of fine-tuning varactors

and the frequency separation between different modes, the frequency separation

between each mode needs to be reduced if smaller varactor tuning voltage or larger

overlapping between each mode is required in the practical application, which

would inevitably decrease the total frequency tuning range.

Figure 7.13 shows the measured phase noise over the entire frequency tuning

range. The current consumption is 7 mA for Modes 1, 2, 4, 5, and 6 and 9 mA

Fig. 7.12 Measured frequency tuning range

Fig. 7.13 Measured VCO phase noise and at 10-MHz offset frequency
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for Mode 3, respectively. It can be seen that phase noise in Mode 4 is better than

that in other modes. Compared with Mode 5, the tank Q degradation in the high-

band mode of dual-band VCO is reduced when k12
0 is small even when QL2,low-k

0

and QL2,high-k
0 are kept the same as discussed in Sect. 8.3. It follows that Qtank2

0 in
Mode 4 (low-k state) is larger than that in Mode 5 (high-k state). Compared with

Modes 1, 2, and 3, it is because that the effective quality factor QL2
0 is larger

than QL1
0. In the Modes 6 (low-L state), since the tank impedance drops due to

that the tank capacitance does not scale with the inductance when frequency

increases, the phase noise is degraded when the same bias current as that in

Mode 4 is used. Figure 7.14 shows the phase-noise plots after down-converting

the VCO output to around 400 MHz by V-band and W-band balanced mixers.

The measured single-ended output power varies from �20 to �25 dBm over the

tuning range after de-embedding. Finally, Table 7.3 summarizes and compares

the measured performance of the presented MT-VCO with that of the recently

reported state-of-art mm-Wave CMOS VCOs. Thanks to the triple-shielded-

transformer-based magnetic-tuning technique, the MT-VCO prototype achieves

a much larger frequency tuning range of 41.4 % while still keeping a compact

area of 0.03 mm2.

Fig. 7.14 Measured VCO phase noise as functions of offset frequency at different carrier

frequencies
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Chapter 8

Transformer-Based Injection-Locked
Frequency Divider

8.1 Introduction

In Chap. 5, ultralow-voltage VCOs operating near or even lower than the transistor

threshold voltage while still achieving low phase-noise performance were demon-

strated by employing the transformer-feedback technique. In order to realize

ultralow-voltage frequency synthesizers with high performance, the next obstacle

to be conquered is the design of frequency dividers capable of operating at ultralow

supply voltages, especially the first frequency divider (prescaler) following the

VCO, which has the input frequency as high as the output frequency of the VCO.

On the other hand, at mm-Wave frequency, the conventional LC tank-based

ILFDs suffer from a critical problem with limited locking range as discussed in

Chap. 4. Recently, many design techniques have been reported to increase the

locking range of mm-Wave ILFDs. In [1–4], the reported locking ranges are still

smaller than 13 %, while wide locking (>17 %) is achieved at the cost of large

power consumption (>6 mW) in [5, 6]. In [7], wide locking range of 25.1 % is

achieved with small power consumption of 1.65 mW, by separating the loading

capacitance with multi-order LC tanks [7]. However, the use of multi-order LC

tanks not only significantly increases the silicon area but also decreases the output

power and degrades the driving capability of the ILFD.

Firstly, in this chapter, regenerative-ILFD architecture is proposed to reduce the

power consumption and boost the operating frequency range of the conventional

Miller divider as shown in Fig. 4.6. Moreover, the regenerative-ILFD architecture

enables the use of transformer-feedback techniques to achieve ultralow-voltage

operation. As illustration, two ultralow-voltage frequency divider architectures are

presented and discussed [8, 9]. Working at a supply voltage comparable to the

transistor’s threshold voltage, the first design, referred to as transformer-feedback

regenerative ILFD (TF-ILFD), provides fully balanced differential inputs and

differential outputs, while the second design, referred to as transformer-feedback

regenerative quadrature ILFD (TF-QILFD), provides fully balanced quadrature
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H.C. Luong, J. Yin, Transformer-Based Design Techniques for Oscillators
and Frequency Dividers, DOI 10.1007/978-3-319-15874-7_8

161

http://dx.doi.org/10.1007/978-3-319-15874-7_5
http://dx.doi.org/10.1007/978-3-319-15874-7_4
http://dx.doi.org/10.1007/978-3-319-15874-7_4


outputs when differential inputs are applied. Both designs successfully demonstrate

wide input frequency range and low-power consumption even at ultralow supply

voltages.

Secondly, a single-transformer-based self-frequency-tracking (SFT) technique

[10] is presented to increase the locking range of the conventional direct-injection

ILFD at mm-Wave frequency while still keeps low-power consumption and com-

pact chip area.

8.2 Ultralow-Voltage ILFDs Using Transformer Feedback

8.2.1 Regenerative-ILFD Architecture

As discussed in Sect. 4.4, the locking range of conventional Miller divider as shown

in Fig. 4.24b is limited by the insufficient loop gain to maintain the oscillation since

the double-balanced mixer architecture cancels the mixing outputs i0(ω) and�i0(ω)
between the DC bias voltage and the output voltage v0(ω) so that the total injection
current to the tank it(ω) only consists of iinj(ω) as shown in Fig. 4.26. To achieve

certain operating frequency range, iinj(ω) needs to be large to satisfy the gain

condition, which can be realized by increasing the size of the mixing transistors

and/or biasing them at a large current. However, the power consumption would be

inevitably large, and large parasitic capacitance from the mixing transistors would

limit the maximum operating frequency as well.

Besides the current-bleeding Miller dividers presented in Sect. 4.4, the

regenerative-ILFD as shown in Fig. 8.1 can also enhance the loop gain and thus

significantly boost the operating frequency range by adding the negative transcon-

ductance provided by the cross-coupled pair M5/6. The gain enhancement effect can

also be recognized from the corresponding behavioral model as shown in Fig. 8.2.

A new current component iccp ωð Þ ¼ �k1IBvo ωð Þ; which comes from the mixing of

the bias current IB and the output voltage �vo ωð Þ through Mixer 2 (M5/6) has been

added to the total current injected into the LC tank. With the help of iccp(ω), it ωð Þj j is
increased, and the locus of it(ω) is shifted to the right, which relaxes the gain

condition as shown in Fig. 8.3. As a result, the maximum phase shift that it(ω) can
provide is increased, and the frequency locking range is increased accordingly.

Since the conversion gain of Mixer 2 is much larger than that of Mixer 1a (or Mixer

1b) which makes use of the weak second-order distortion effect of the transistor M1/3

(or M2/4), it is more power efficient to increase iccp(ω) than to increase iinj(ω). As
such, the regenerative ILFD is capable of achieving a large locking range at a small

power consumption. Unlike the conventional Miller frequency divider, if the negative

transconductance provided by M5/6 is large enough, the regenerative ILFD will self-

oscillate even when there is no input signals, so we still catalog it into the family of

ILFDs.
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8.2.2 Ultralow-Voltage Regenerative ILFD

The regenerative ILFD requires at least two cascoded transistors in each path from

supply to ground, which limits the minimum supply voltage. To further reduce the

supply voltage, the bottom transistor in the regenerative ILFD should be eliminated.

Alternatively, transformers become an attractive approach.

M1

IDC

M2 M3 M4

vi+ vi+

vi−

M7 M8

M5 M6

vo+ 

vo−

L L

− i0(ω) i0(ω)iinj(ω) iinj(ω)

iccp(ω)

Fig. 8.1 Schematic of the regenerative ILFD

L C R

i0(ω)+iinj(ω)

VDC+vi(2ω)

−1

− i0(ω)+iinj(ω)

VDC− vi(2ω)

vo(ω)2iinj(ω)+ icpp(ω)

−α(ω)

IDC

−1

iccp(ω)

Mixer1a (M7/8 and M1/3)

Mixer1b (M7/8 and M2/4)

Mixer2 (M5/6)

Fig. 8.2 Behavioral model of the regenerative ILFD
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Transformer-Based Regenerative ILFD

Figure 8.4 shows the schematic of the differential-input differential-output

transformer-based regenerative ILFD (TF-ILFD) [8, 9], which can be viewed as

the combination of an oscillator and a mixer (Fig. 8.5). In the TF-ILFD, the

conventional LC-VCO is replaced with a TF-VCO as presented in Sect. 5.2,

which is made of by the cross-coupled transistors M5/6 and the integrated trans-

former with primary coil Ld and secondary coil Ls. A double-balanced mixer,

constructed by the transistors M1–4, is also implemented with the input signals

applied at the gates of the switching pair M1–4. Different from the topology in

Fig. 8.1, the feedback from the VCO outputs to the second inputs of the mixer are

implemented by employing the same transformers used in the TF-VCOs. By

replacing the active devices at the bottom of the switching pairs in the conventional

Gilbert mixers with the second coils Ls of the transformers, the supply voltage can

be reduced. In addition, with proper transformer coupling, the signals at the drain

and the sources can oscillate in phase and swing above the supply voltage and

below the ground, respectively. Consequently, the effective minimum supply

voltage can be further reduced.

Figure 8.6 illustrates the behavioral model of the TF-ILFD. The two mixers

Mixer 1a and Mixer 1b that model the input transistors M1–4 in Fig. 8.2 are

combined into Mixer 1 since the mixing outputs –i0(ω) and i0(ω) are canceled

with each other, and only the term 2iinj(ω) is preserved after summing up the

outputs of Mixers 1a and 1b. For simplicity, assuming k¼ 1 and defining the turn

ratio between the primary and secondary coils asN ¼ ffiffiffiffiffiffiffiffiffiffiffiffi
Ld=Ls

p
, the transformer will

have a voltage transfer ratio vd=vs ¼ N. As such, for Mixer 1, the second input is

just vs(ω) since the gate of transistors M1–4 are connected to the inputs vi(2ω).
For Mixer 2, the second input is the overdrive voltage vgsðωÞ ¼ voþðωÞ � vs�ðωÞ.

γmax

2iinj

it

Locus of it,min

iccp

itotal=2iinj

γmax

Conventional
Miller FD

Gain-Enhanced
Miller FD

vo

b

Fig. 8.3 Phase diagrams of the conventional Miller divider and the regenerative ILFD
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Since the drain and source voltage are in phase, vgsðωÞ ¼ voðωÞ þ vsðωÞ ¼ ð1þ 1=

NÞvoðωÞ and a scaling factor of 1 + 1/N is inserted to the feedback path between

vo(ω) and Mixer 2. The phasor diagram of the TF-ILFD is just the same as the one

in Fig. 8.3 with the iinj(ω) and iccp(ω) expressed as below:

iin j ωð Þ ¼ K1 � 1
N
vo ωð Þ � vi 2ωð Þ ð8:1aÞ

icc p ωð Þ ¼ K2 1þ 1

N

� �
� vo ωð Þ ð8:1bÞ

where K1 and K2 are the conversion gains of Mixers 1 and 2, respectively.

To estimate the frequency response of the transformer tank, the T-model as

shown in Fig. 8.7a is employed to model the transformer, where RL represents the

vo+

LdLd

Ls Ls

vs+ vs−

k k

M1 M2

vi+

vo−

M5
vi−

M4M3

vi+
M6

vi−

Fig. 8.4 Schematic of the TF-ILFD

TF-VCO

vo−

vi+

vo+ 

vi−

vs+ vs− 

Fig. 8.5 Simplified block

diagram of the TF-ILFD
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loading impedance at the secondary coil. Consequently, the impedance of trans-

former looking into the primary coil can be derived as:

Zin ¼
jωLP LsCsRL 1� k2

� �
ω2 � jωLs 1� k2

� �� RL

� �
�LdCdLsCs 1� k2

� �
ω4 þ ω2RL LdCd þ LsCsð Þ � RL þ j ω3LdCdLs 1� k2

� �� ωLs

� �
ð8:2Þ

As plotted in Fig. 8.7b, there is only one dominant peak frequency for the tank

impedance when N¼ 4 is chosen. In other words, the transformer tank can be

represented by the equivalent LC tank (L0, C0, and R0) within the frequency locking
range of the divider as shown in Fig. 8.6.

Similar to the discussion in Sect. 5.2, a small turn ratio of N ¼ ffiffiffiffiffiffiffiffiffiffiffiffi
Ld=Ls

p
would

increase vs(ω) and the conversion gain of Mixers 1 and 2, which helps increase

jiinj(ω)j and jiccp(ω)j and thus the frequency locking range at low supply voltages.

On the other hand, a small N would degrade the loop-gain condition and push the

locus of the optimal it to the right, which tends to degrade the frequency locking

range for given jiinj(ω)j and jiccp(ω)|. As a result, in the TF-ILFD, N is designed to

be optimally around 4 to balance the increasing of jiinj(ω)j and jiccp(ω)j and the

degradation of the loop-gain condition.

According to the phasor diagrams in Fig. 8.8a, if jiccp(ω)j is fixed, a larger

jiinj(ω)j is always preferred to obtain a larger phase jγmaxj and thus larger locking

range no matter whether the divider is limited by the phase condition or the gain

condition. However, a large jiinj(ω)j requires large transistor sizes of M1–4, which

increases both the input and output loadings and limits the maximum operating

frequency. On the other hand, for a fixed jiinj(ω)|, as shown in Fig. 8.8b, an optimal

jiccp(ω)j exists for achieving maximum operating frequency range under the con-

dition that the phasor 2iinj(ω) is vertical to the phasor vo(ω), while the end point of

the phasor 2iinj(ω) is kept on the locus of it,min(ω). In practice, this optimal condition

can be achieved by properly sizing the W/L ratios of M5/6.

L' C' R'

vi(2ω) 2iinj(ω)

vo(ω)2iinj(ω)+icpp(ω)

−α(ω)

IDC

iccp(ω)

Mixer1

Mixer2 (M5/6)

1+1/N

1/N
Vs(ω)

Vs(ω)+Vo(ω)

Fig. 8.6 Behavioral model of the TF-ILFD
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If quadrature outputs are needed, two TF-ILFDs with different input phases can

be employed. To obtain the relationship between the phases of the input and output

signals, vi(2ω) and vo(ω) are expressed as: vi 2ωð Þ ¼ vij j cos 2ωtþ φinð Þ; and

vo ωð Þ ¼ voj j cos ωtþ φoutð Þ. It follows that (8.1a) can be rewritten as:

iin j ωð Þ ¼ k1 � vij j � voj j
2N

cos ωtþ φin � φoutð Þ ð8:3Þ

The phase difference β between iinj(ω) and vo(ω) is given by:

β ¼ φin � 2φout ð8:4Þ

If the two TF-ILFDs are identical, then β will always be the same as long as the two

dividers operate at the same input frequency. According to (8.4), it is clear that the

output phase difference between the two TF-ILFDs will be exactly π/2 if the input
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Fig. 8.7 (a) T-model for calculating the primary coil impedance Zin of the integrated transformer

in the TF-ILFD; (b) typical impedance plot of Zin with RL¼ 100Ω (N¼ 4)
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signals have a phase shift of π. The block diagram of the quadrature frequency

divider employing two identical TF-ILFDs is shown in Fig. 8.9.

One drawback of the quadrature outputs generation scheme in Fig. 8.9 is that the

IQ phase sequence at output of the TF-ILFDs (whether vAo leads or lags vBo by π/2)
is not well determined since the phase difference between the two input signals

could be either �π or π. To realize a low-voltage divider with a deterministic IQ

phase sequence, another transformer-based regenerative quadrature ILFD

(TF-QILFD) topology as described in the next section can be used. Moreover, as

will be explained later, the TF-QILFD can also achieve wider input locking range

than the TF-ILFD.

γMax,1

2iinj,op

it,op

iccp,op
γmax,op

Optimal |iccp|

voiccp,1iccp,2γMax,2

Large |iccp|Small |iccp|

γMax,1

2iinj,1

iccpγmax,2 voiccp,2

Small |iinj|

it

2iinj,2

Large |iinj|

a

b

Locus of it,min

Locus of it,min

Fig. 8.8 Phase diagrams of the TF-ILFD: (a) for the same jiccpj and (b) for the same jiinjj
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Transformer-Based Regenerative Quadrature ILFD

Figure 8.10 shows a simplified block diagram of the TF-QILFD topology. For

intuitive understanding, it is constructed by one QVCO and two mixers with cross-

coupled feedback loops. Similar to the operation in the TF-ILFD divider, the

divide-by-2 function of the TF-QILFD is accomplished by injecting the output

current from the double-balanced mixers into a QVCO, which forces it to oscillate

at the frequency of fin/2.
Figure 8.11 shows the detailed schematic of the TF-QILFD with quadrature

outputs. The divider contains a TF-QVCO as presented in Sect. 5.3 and two double-

balanced active mixers. The TF-QVCO is configured by two cross-coupled tran-

sistor pairs M5/6 and M11/12 and two integrated transformers. The two VCOs are

cross-coupled by on-chip transformers, rather than active devices, to generate

quadrature signals with better performance in terms of operation frequency,

power, supply voltage, and phase noise. The primary coil Ld of each transformer

resonates with the total capacitance at the drain and is simultaneously cross coupled

to the secondary coil Ls for quadrature outputs. As such, the loading capacitance

contributed by the coupling transistors in conventional QVCOs is removed, and the

supply voltage can be lower because the transformer enables the signals at the

sources to swing below the ground.

Two double-balanced active mixers, constructed by transistors M1–4 and M7–10

and transformers, are also configured in cross-coupled connection through the same

transformers used in the QVCO. The second coil Ls of each of the transformer is

placed at source terminal of the mixer to realize the second input. The first mixer’s
output signals are then coupled to the second input of the second mixer through the

transformer to form the cross-coupled connections. Thanks to the transformer

coupling for both the mixer and the VCO, the minimum necessary supply voltage

of the TF-QILFD is significantly reduced.

Similar to the analysis performed for the TF-ILFD in Sect. 8.2.2, the left half-

circuits of the TF-QILFD in Fig. 8.11 are modeled with two mixers and an

equivalent LC tank as shown in Fig. 8.12, where the ideal transformer is assumed

with a voltage transfer ratio of N ¼ ffiffiffiffiffiffiffiffiffiffiffiffiffi
L p=Ls

p
. The input transistors M1–4 are

modeled with one double-balanced mixer (Mixer 2). The two inputs of the mixer

are the input clock signal at the gate and the signal coupling to the source from the

right half-circuits via transformer. On the other hand, the gate and source voltage

signals of the cross-coupled pair M5/6 appear in quadrature phases, which results in

vi+

vi−

ULV-ILFD

ULV-ILFD

vAo−

vAo+ 
Vi+ 

Vi−

Vi+ 

Vi−
vBo−

vBo+ 

Vo+ 

Vo−

Vo+ 

Vo−

Fig. 8.9 Quadrature

signals generation based on

two identical TF-ILFDs
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two different feedback paths. The multiplier factor e� j π=2ð Þ in the behavioral model

represents a phase shift of either π/2 or �π/2 since the output signal vAo(ω) can
either lead or lag the output signal vBo(ω) with π/2.

Figure 8.13 shows the phasor diagrams of the TF-QILFD when the output

frequency ω is higher than the peak frequency ωp of the tank. θ ¼ �arctan 1=Nð Þ
represents the phase difference between iccp(ω) and vAo(ω), which is positive when
vAo(ω) lags vBo(ω) and becomes negative when vAo(ω) leads vBo(ω). If ω is close to

ωp, γ becomes small, and either Case 1 (vAo(ω) lags vBo(ω) with the phasors in red

color) or Case 2 (vAo(ω) leads vBo(ω) with the phasors in blue color) can satisfy

both the phase and gain conditions and potentially make the divider function

properly as shown in Fig. 8.13a. However, the divider would choose to oscillate

in Case 1 since it provides a larger open-loop gain (jit,1(ω)|> jit,2(ω)|). On the other
hand, if ω goes much higher than ωp, γ becomes large, Case 2 would not provide

enough phase shift γ to satisfy the loop phase condition as shown in Fig. 8.13b, and
the divider can only function properly as Case 1. As a result, the phase

sequence with vAo(ω) lagging vBo(ω) (Case 1) is well determined as long as ω>ωp.

vo_Q

vo_I

vi 

Fig. 8.10 Simplified block

diagram of the TF-QILFD
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Fig. 8.11 Schematic of the TF-QILFD
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When ω is lower than ωp, the phase sequence would be swapped so that vAo(ω) will
always lead vBo(ω) instead as shown in Fig. 8.14.

The TF-QILFD can also achieve wider locking range as compared to the TF-ILFD,

since iccp(ω) as a combination of the currents from I andQpaths provides an additional

phase shift θ, which helps increase the maximum phase shift γmax provided by it(ω).

However, if |θj is larger thanϕ0which is defined asϕ0 ¼ arcsin
	
j2iin jðωÞj=jicc pðωÞj



,

the divider would fail to function when γ < θ � ϕ0 forω > ω p

� �
or

γ > �θ þ ϕ0 forω < ω p

� �
, as shown in Fig. 8.15. Consequently, ϕ0 must be larger

than |θj to guarantee the continuous locking range, which can be achieved by

properly sizing the W/L ratios of M1–4 (M7–10) and M5/M6 (M11/M12).

8.2.3 Experimental Results

Both the TF-ILFD and TF-QILFD are designed and fabricated in a 0.18-μm CMOS

process with six metal layers. Figure 8.16a shows the chip micrograph of quadra-

ture divider employing two identical TF-ILFDs (Fig. 8.4), and Fig. 8.16b shows the

chip micrograph of the TF-QILFD (Fig. 8.11). Both dividers occupy the same core

area of 0.3 mm2. And a single-sideband (SSB) mixer as shown in Fig. 5.27 is

included to test the IQ imbalance. Two 4-port differential center-tap transformers

with the same structure as that used in the TC-QVCO (Fig. 5.26) are designed and

implemented in both designs. The single-turn secondary coil Ls of transformer is

laid out to be completely inside the two-turn primary coil Ld. The self-inductances
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vi(2ω) 2iinj(ω)

vAo(ω)2iinj(ω)+ icpp(ω)

−α(ω)

IDC

iccp(ω)
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1/N
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vAs(ω)+vAo(ω)

e±j(p/2)
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Fig. 8.12 Behavioral model of the TF-QILFD
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of the primary and secondary coils are measured to be 465 pH and 147 pH,

respectively, with a coupling coefficient k of around 0.7.

At 0.5-V supply voltage, the single TF-ILFD consumes a total power from 2.75

to 4.35 mW across the whole locking range. An input frequency range from 16.1 to

20 GHz is measured with 3-bit switched-capacitors tuning, which corresponds to a

tuning range of 21.6 % and is actually limited by the maximum frequency of the

external power splitter used. Figure 8.17 shows the output spectrum of the TF-ILFD

at the minimum and maximum input frequencies. In Fig. 8.18, the output power of

it,1

iccp,1

γ vAo

2iinj,1

2iinj,2

iccp,2

it,2

vBo/N
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γ vAo
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vBo/N
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θ

Locus of it,min
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Fig. 8.13 Phasor diagrams of the TF-QILFD when the output frequency ω>ωp with: (a) small γ
and (b) large γ
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Fig. 8.14 Phasor diagram of the TF-QILFD when output frequency ω<ωp
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Fig. 8.15 Phasor diagram of the situation that the TF-QILFD fails to function when output

frequency ω is close to ωp
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single TF-ILFD versus input frequency under different power consumptions is

plotted. The power consumption is changed by changing the supply voltage from

0.5 to 0.7 V. The common DC input voltage of the input clock signal is biased at the

corresponding supply voltage. When the power consumption is small, the locking

range can be significantly increased with the increase of supply voltage and thus

power consumption since the divider works in the GCL region. On the other hand,

the locking range extension is no longer obvious when the power consumption is

beyond 8 mW since the divider enters into the PCL region.

To verify the phase accuracy of the quadrature signals generated by two identical

TF-ILFDs with antiphase inputs (Fig. 8.9), an on-chip SSB mixer is included to

measure the SBR. Vector signal generator is used to generate the IQ baseband

signals at 5 MHz. As shown in Fig. 8.19, SBR of >35 dB is measured, which

corresponds to a phase mismatch of around 2� if amplitude mismatch is neglected.

Under a 0.6-V supply, the TF-QILFD consumes a total power from 11.4 to

13.6 mW across the whole locking range. An input frequency range from 15.1 to

20 GHz is measured with 3-bit switched-capacitors tuning, which corresponds to a

locking range of 27.8 % and is actually limited by the maximum frequency of the

external balun used for testing. Figure 8.20a, b shows the output spectrums of the

TF-QILFD at the minimum and maximum input frequencies, respectively. The

measured output power versus the input frequency is plotted in Fig. 8.21. The two

discontinuous regions in the locking range plot when the switched-capacitor setting

is fixed is because that the divider fails to work properly around the peak frequency

ωp of the tank due to the reason that has been explained in Sect. 8.2.2. To cover all

the frequency gaps and achieve a continuous and wide locking range, a 3-bit SCA

was included and tuned to vary the peak frequency ωp of the tank in this design. The

TF-QILFD has the same device sizes as those in the TF-ILFD. However, the

minimum required supply voltage for the TF-QILFD is around 100 mV higher

than the TF-ILFD, which is limited by the reduced open-loop gain. In the TF-ILFD

divider, both the feedback paths through the transformer and through the

Fig. 8.16 Chip micrographs: (a) the quadrature frequency divider employing two identical

TF-ILFDs and (b) the TF-QILFD
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cross-coupled pair contribute to the open-loop gain of the divider. In contrast, in the

TF-QILFD, the transformer-coupled loop is utilized to form the required quadrature

loop. As a consequence, the TF-QILFD has a smaller open-loop gain and thus

requires a higher minimum supply voltage.

A SBR of 31 dB is measured for the TF-QILFD as shown in Fig. 8.22, which

corresponds to a phase mismatch of around 3.2� if amplitude mismatch is neglected.

As plotted in Fig. 8.23, the SBR and thus the IQ phase accuracy of the TF-QILFD

Fig. 8.17 Measured output spectrum of the TF-ILFD at (a) the minimum input frequency of

16.2 GHz and (b) the maximum input frequency of 20 GHz

Fig. 8.18 Measured output power of the single TF-ILFD as a function of input frequency
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Fig. 8.19 Measured sideband-rejection ratio of two identical TF-ILFDs with quadrature outputs

Fig. 8.20 Measured output spectrums of the TF-QILFD at: (a) the minimum input frequency of

15.1 GHz and (b) the maximum input frequency of 20 GHz

Fig. 8.21 Measured output power of the TF-QILFD as a function of input frequency



are degraded for output frequencies close to the peak frequency of the tank, at

which the coupling from the corresponding quadrature phase becomes weak. As

expected, the SSB mixer’s output is changed from the upper sideband to the lower

sideband when the divider’s input frequency is swept from lower to higher as

compared to twice of the peak frequency ωp of the tank.

Fig. 8.22 Measured sideband-rejection ratio of the TF-QILFD

Fig. 8.23 Measured SBR of the TF-QILFD as a function of input frequency
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8.3 Self-Frequency-Tracking ILFD

8.3.1 Locking Range Limitation of the Conventional
Direct-Injection ILFDs

As discussed in Sect. 4.3, the locking range of the ILFD can be analyzed based on

the phasor diagram. When the conventional direct-injection ILFD works in the PCL

region as shown in Fig. 8.24a, the maximum locking range is decided by the

maximum phase shift γ between the total current it(ω) injected to the tank and the

output voltage vo(ω), which can always be increased by increasing iinj(ω) and i0(ω)
if the bias current IDC is kept constant. Since iinj(ω) and i0(ω) are the outputs of the
same mixer Min, they both increase with the increasing of the transistor size W/L or

Vgs of Min as long as it stays in the saturation region.

With the increasing of i0(ω), the circle of the injection current moves toward the

left and finally intersects with the locus of the minimal it(ω) that guarantees the gain
condition. Afterwards, the divider enters into the GCL region as shown in

Fig. 8.24b. In this region, the locking range no longer depends on the maximum

phase γ shift but is restricted by the amplitude of it(ω) that can still maintain

oscillation. As shown in Fig. 8.25a, the maximum locking range under a certain

IDC is achieved when the phasor iinj(ω) is vertical to the phasor i0(ω) or vo(ω), which
can be achieved by an optimal combination of Vgs and W/L of Min. The only way to

further boost the locking range is to increase the jiinj(ω)|. However, ji0(ω)j would
also be increased since it comes from the same mixer Min, which makes the circle of

the injection current move further toward the left and in turn degrades the locking

range. Consequently, the bias current IDC needs to be increased at the same time to

increase the jiccp(ω)j so that the circle of the injection current would move back

toward the right to keep iinj(ω) vertical to i0(ω) as shown in Fig. 8.25b. However, a

large IDC would result in large power consumption. Moreover, Vgs and W/L of Min

cannot be increased unlimitedly. Large Vgs would eventually push Min into the

triode region, which in turn degrades the effective gm and thus jiinj(ω)|, while large

γ
iinj

i0

it

Locus of it,min

iccp

iinj

i0

it

iccp

a b
Locus of it,min

γ

Fig. 8.24 Phasor diagram of the conventional LC tank-based direct-injection ILFD in: (a) the
PCL region and (b) the GCL region
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W/L would add a large parasitic capacitance to the output nodes, which degrades

the maximum operating frequency of the divider.

8.3.2 Self-Frequency-Tracking ILFD

To extend the locking of the ILFD while still maintaining low-power consumption,

the self-frequency-tracking ILFD (SFT-ILFD) based on a transformer tank is shown

in Fig. 8.26 [10]. Instead of being directly injected to the LC tank from the output

nodes (vo+ and vo�), the output currents of the mixer Min are injected through the

nodes (vs+ and vs�) at the secondary coils (L2 and L4) of the transformer, while the

negative gm cell is connected to the primary coils (L1 and L3). The capacitors C1

and C3 represent the total capacitance at the primary coil (including the loading

capacitance of the output buffer and the parasitic capacitance from M1/2 and

interconnecting wires), while the capacitors C2 and C4 represent the total capaci-

tance at the secondary coil (including the parasitic capacitance of Min and

interconnecting wires).

The two injected currents i0(ω) and iinj(ω) generated by Min can be modeled as

two admittances Y0 and Yinj which is defined as below:

Y0 ¼ i0 ωð Þ
vSþ ωð Þ ¼ K1 � Vgs � Vth

� � ¼ Y0j j ð8:5aÞ

Yin j ¼ iin j ωð Þ
vSþ ωð Þ ¼ K2 � vin j 2ωð Þ�� �� � e jφ ¼ ��Yin j

�� � e jφ ð8:5bÞ

where K1 and K2 are the conversion gains and Vth is the threshold voltage of the

Min. In this way, the mixer Min can be modeled as a two-terminal device for a given

input signal Vin¼Vgs + vinj(2ω) as shown in Fig. 8.27. Since i0(ω) is always in

phase with vs+(ω), Y0 only contains a real part. On the other hand, Yinj is a complex

γ

iinj

i0

it

iccp γ

iinj

i0

it

iccp

a b
Locus of it,min Locus of it,min

Fig. 8.25 Maximum locking range of the conventional LC tank-based direct-injection ILFD in

the GCL region with (a) a small IDC and (b) a large IDC
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admittance because the phase difference φ between iinj(ω) and vs+(ω) changes with
the input frequency. Moreover, according to (8.5a) and (8.5b), |Y0j and |Yinjj
depend on K1 and K2 and thus are well controlled by the input DC bias Vgs, the

input power, and the amplitude of vs+(ω).
To calculate the impedance seen from the output node, the equivalent circuits as

shown in Fig. 8.28a are used. Due to the symmetrical property of the differential

topology, the half-circuit is considered for simplicity, in which Min is replaced with

the admittances Y0 and Yinj. By replacing the transformer with its equivalent

T-model, the tank impedance is simplified as shown in Fig. 8.28b. Here, the circuit

can be regarded as having the two currents i0
0(ω) and iinj0(ω) directly injected into a

simple LC tank with the inductance L1 and the capacitance C1 + k
2(L2/L1)C2. The

corresponding equivalent admittances Y0
0 and Yinj

0 can be expressed as:

k VB

L1 L3

L2 L4

M1 M2

k

Min

vo+ vo−

C1 C3

C2 C4

IDC

Vin=V0+vinj

vs− vs+

Fig. 8.26 Schematic of the

SFT-ILFD

Min

Vin=V0+vinj(2w)

vs−(w) vs+(w)

Y0/2

vs−(w) vs+(w)

Yinj e
jj /2

iinj(ω)

i0(ω)

i0(w)

iinj(w)

Fig. 8.27 Equivalent admittance model of the mixer Min
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Y
0
0 ¼ n � Y0 þ j a 1� að ÞωC2 �

a 1þ að Þ Y2
1 � Y2

2

� �
ωC2

� � �
ð8:6aÞ

Y
0
in j ¼ n � Yin j

�� �� � e jφ
0 ð8:6bÞ

where ω is the output frequency; parameters a and n are given as below:

a ¼ ω2L2C2 1� k2
� � ð8:7aÞ

n ¼ k2

a
ωC2

	 
2

Y2
1 � Y2

2

� �þ 1� að Þ2
� L2

L1

� �
ð8:7bÞ

According to (8.6a), now Y0
0 contains both the real and imaginary parts, which

indicates that i0
0(ω) is no longer in phase with vo+(ω). In addition, a phase shift θ has

been created by the transformer tank between i0
0(ω) and vo+(ω) or �iccp

0(ω) as
shown in Fig. 8.29a, which can be expressed as:

L2C2 C1L1

k

vo+vs−

L2−M

C2 C1

vo+

vo+

vs−

Y0

C1+k2(L2/L1)C2L1Y0'  Yinj' e
jj

L1−M

M=-k L1L2

Zo

Zo

Y0 Yinj e
jβ

 Yinj e
jβ

a

b

Fig. 8.28 (a) Equivalent circuits of the transformer tank with injection, (b) equivalent tank

impedance Zo seen from the output node
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θ ¼ arctg

a 1það Þ Y2
0�Y2

in jð Þ
ωC2

� a 1� að ÞωC2

Y0

2
4

3
5 ð8:8Þ

Figure 8.30 plots the phase shift θ as a function of frequency for different C2

values. It is important to note that θ is increased with frequency. From the phasor

diagrams shown in Fig. 8.29b, this self-frequency-tracking property of θ helps

increase the locking range even when jiinj0(ω)j and jiccp0(ω)j are kept the same as

long as the output frequency ω is larger than the self-oscillation frequency ω0 of the

divider because a larger θ increases the maximum phase shift γ between it
0(ω) and

iccp
0(ω) when the input frequency increases.

When the output frequency ω is smaller than ω0, the locking range is actually

degraded as shown in Fig. 8.31. However, θ changes only a little due to its

frequency-dependent property, and the degradation of the locking range becomes

negligibly small. As a result, the total locking range is still enhanced but shift to

higher frequencies.

Usually, it is difficult to increase jiinj0(ω)j to boost the locking range because both
the input voltage swing and the conversion gain of the mixer Min are significantly

degraded at high frequencies. Moreover, even if it is possible to increase jiinj0(ω)|,

iinj'

iinj'

i0'
θ(ω1)

θ(ω2)

i0'

it'

it'

iccp'

iccp'g

Locus of it,min

Locus of it,min

g

a

b

Fig. 8.29 Phasor diagrams

of the SFT-ILFD: (a) at ω1

and (b) at ω2 (where

ω2>ω1>ω0)
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|iccp
0(ω)j and thus the current consumption are also required to be increased to

achieve the optimal condition for the maximum locking range as discussed in

Sect. 8.3.1. In contrast, by exploiting the frequency-dependent phase shift θ, the
self-frequency tracking technique can boost the locking range without the need of

increasing jiinj0(ω)j and jiccp0(ω)|. As shown in Fig. 8.30, increasing C2 also helps

increase θ at the high-frequency end. However, since the equivalent tank capaci-

tance C1 + k
2(L2/L1)C2 also increases as shown in Fig. 8.28b, the self-oscillation

frequency of the divider would drop. In this design, C2 is the parasitic capacitance

and is estimated to be around 20 fF.

Moreover, in the conventional ILFDs, an AC coupling capacitor is needed

between the VCO’s output and the ILFD’s input to obtain the optimal bias condition

(Vgs¼VDC�VDD) of Min since the source and drain voltages ofMin are fixed toVDD.

Fig. 8.30 The phase shift θ
as a function of frequency

for different C2 values

(L2¼ 460 pH, k¼ 0.65,

jY0j ¼ 10 mS, and jYinjj ¼ 5

mS)

iinj'

i0'

it'

iccp'θ (w3)

Locus of it,min

Fig. 8.31 Phasor diagram

of the SFT-ILFD at

frequency ω3<ω0
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Atmm-Wave frequencies, the use of AC coupling capacitor adds parasitic capacitance

and degrades the input signal swing, which in turn limits the locking range. In the

SFT-ILFD as shown in Fig. 8.26, since the currents are injected through the secondary

coil instead of directly into the output nodes as in the conventional ILFD, the source and

drain ofMin can be biased independently (Vgs¼VDC�VB),which eliminates the lossy

AC coupling capacitor needed in the conventional ILFDs.

Figure 8.32 shows the layout of the four-port differential transformer. Both the

primary and secondary coils are implemented by using the top metal (Metal 6) to

maximize their quality factors (Qs). The input ports of the two coils are placed in

the opposite direction to reduce the coupling capacitance. From the electromagnetic

simulation, the inductance of the primary coil (L1 + L3) and the secondary coil

(L2 + L4) are 680 pH and 920 pH, respectively. From EM simulation, at 30 GHz, the

Qs of the primary and secondary coils are 17 and 10, respectively. The coupling

coefficient k is around 0.65.

8.3.3 Experimental Results

To verify the effectiveness of the SFT technique, an SFT-ILFD prototype is

fabricated in a 65-nm 1P6M LP CMOS process. Figure 8.33 shows the chip

micrograph of the SFT-ILFD with a core area of 0.023 mm2. The size of mixer

Min is 13 μm/0.06 μm with 1 μm finger width. The odd finger number is used to

keep the parasitic capacitance of the drain and the source symmetrical.

Metal 4

Metal 5

Metal 6

vo+ vo−

vs− vs+

L2

L1

CTP

CTS

Fig. 8.32 Layout of the

four-port transformer
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Figure 8.34 shows the measurement set-ups. Since the signal generator available

to us can only provide a maximum output frequency of 67 GHz, it is directly

connected to the SFT-ILFD for testing with the input frequency lower than 67 GHz.

For the input frequency higher than 67 GHz, a frequency doubler is employed. A

power attenuator is used after the frequency doubler to adjust the input power

because the output power from the frequency doubler is fixed.

The measured input sensitivity curve is shown in Fig. 8.35. Consuming 1.9 mW

from a 0.8-V supply, the input locking range with 0-dBm input power is measured

to be 18.3 GHz or 29 % from 53.7 to 72.0 GHz at an optimal Vgs of 0.75 V, which is

large with sufficient margins to cover the 9-GHz bandwidth required by typical

Fig. 8.33 Chip micrograph

of the SFT-ILFD

Spectrum
Analyzer

Signal Generator
(250k-67GHz)

DUT

DUT

Frequency
Doubler

Power
Attenuator

Input Freqeuncy <= 67GHz

Input Freqeuncy > 67GHz

Signal Generator
(250k-67GHz)

Spectrum
Analyzer

Fig. 8.34 Measurement

set-ups for different input

frequency ranges
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mm-Wave applications at 60 GHz. Figure 8.36 shows the measured ILFD’s output
spectrums at both the lowest and the highest input frequencies.

Figure 8.37 shows the measured locking range as a function of the current

consumption IDC. When IDC is increased to 5 mA, the locking range can be further

increased from 18.3 to 24 GHz. Finally, Table 8.1 summarizes and compares the

measured performance of the SFT-ILFD prototype with that of the recently

reported state-of-art low-power wide locking range mm-Wave ILFDs. Thanks to

the frequency-tracking technique, the SFT-ILFD achieves an ultrawide locking

range while still consuming a low power, which results in an excellent FoM of

9.53, as defined in (4.9). Furthermore, the use of a single four-port differential

transformer tank helps maintain a compact chip area.

Fig. 8.35 Measured input

sensitivity curve of the

SFT-ILFD

Fig. 8.36 Measured output spectrums at (a) the minimum input frequency of 53.7 GHz and (b) the
maximum input frequency of 72 GHz
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Fig. 8.37 Measured

locking range as a function

of current consumption

(VDD¼ 0.8 V,

VGS¼ 0.75 V)

Table 8.1 Performance summary and comparison

Reference

CMOS

technology

Input

power

(dBm)

Input freq.

(GHz)

Locking

range

(GHz)

Power

(mW) @

VDD (V) FOM

Area

(mm2)

[1] 90-nm 0 85.2~96.2 11

(12.2 %)

3.5 @ 1.2 3.14 0.336a

[2] 90-nm 0 53.4~60.8 7.4

(13 %)

2.5 @

N/Ab
3 0.015

[3] 65-nm �5 128.34~137 8.76

(6.6 %)

5.5 @ 1.1 1.6 0.05

[4] 65-nm <�5 104~112.8 8.8

(8.14 %)

7.2 @ 1.2 1.22 0.144

[5] 65-nm <�2 107.9~128.8a 20.9

(17.7 %)

6.27 @ 1.1 3.341 0.0544

[6] 0.13-μm 0 49.8~62.0 12.2

(21.8 %)

10.8 @ 0.9 2.02 0.324a

[7] 65-nm 0 48.5~62.9 14.4

(25.9 %)

1.65 @ 1.0 8.73 0.0157

[11] 0.13-μm 0 56.7~71.6 14.9

(23.2 %)

5.0 @ 0.8 2.98 0.007

[12] 65-nm 0 53.4~79.4 26

(39.2 %)

2.9 @ 0.8 8.97 0.126

[13] 0.13-μm 0 59.6~67 7.4

(11.7 %)

1.6 @ 0.8 4.63 0.0165

[14] 90-nm 0 52.7~64.8 12.1

(20.5 %)

8.6 @ 1.2b 1.4 0.0828

[15] 65-nm 0 57.2~67 9.7

(15.6 %)

1 @ 1.0 9.7 0.013

[16] 65-nm 0 58~77.8 19.8

(29.2 %)

1.44 @ 1.2 13.75 0.013

This work 65-nm 0 53.7~72 18.3

(29 %)

1.9 @ 0.8 9.53 0.023

aArea including PADs
bQuadrature outputs
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Chapter 9

Conclusion

In conclusion, as elaborated in Chaps. 5–8, integrated transformers are demon-

strated to be very useful in VCOs and ILFDs mainly because they help to either

reduce the supply voltage by breaking the output amplitude limitation due to supply

and ground potentials or increase the frequency tuning/locking range by creating

multiple bands as compared to the designs using on-chip inductors.

Several useful design techniques were described in this book in which integrated

transformers are exploited to improve the performance of VCOs and ILFDs in

terms of supply voltage, power consumption, phase noise, operation frequency, or

frequency tuning/locking range, corresponding to state-of-the-art FoM’s and

FoMT’s. More specifically, detailed transformer-based designs were presented

with high performance demonstrated for TF-VCOs and a TC-QVCO in Chap. 5,

a dual-mode QVCO in Chap. 6, a MT-VCO in Chap. 7, and low-voltage TF-ILFD

and TF-QILFD and a wideband SFT-ILFD in Chap. 8.

For comprehensive comparison, the FoM’s as a function of supply voltage and

the FoMT’s as a function of the oscillation frequency of the state-of-art CMOS

LC-VCOs with oscillation frequencies below 20 GHz are summarized and plotted

in Figs. 9.1 and 9.2, respectively, while the FoMT’s of the state-of-art CMOS

mm-Wave LC-VCOs are plotted in Fig. 9.3.

Although designed in a relatively old 0.18-μm CMOS technology in which the

transistors’ threshold voltages are as large as 0.5 V, the TF-VCOs described in

Chap. 5 achieve an FoM of 190 dBc/Hz at 0.35-V supply using PMOS cross-

coupled pair and a FoM of 193 dBc/Hz at 0.5-V supply using NMOS cross-coupled

pair. For the supply voltage equal or lower than 0.5 V, only [9, 14] achieve better

FoM’s, which are both implemented in more advanced CMOS technologies. The

enhanced-swing differential Colpitts (ESDC) topology in [9] requires two separate

inductors, which generally would occupy larger chip area than a single transformer.

Besides, the ESDC-VCO only demonstrates a narrow tuning range of 2.5 %

corresponding to an FoMT lower than that of the TF-VCO as shown in Fig. 9.2.

For the class-D VCO in [14], the advanced CMOS technology is a necessity since

the turn-on resistance of the cross-coupled transistors needs to be even smaller than

© Springer International Publishing Switzerland 2015
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the series resistance of the inductor to prevent the degradation of phase noise. If

implemented in a more advanced technology with lower threshold voltage and less

parasitic capacitance of the switches in the SCA, the TF-VCO should be able to

achieve a larger tuning range at an even lower supply voltage.

The TC-QVCO proposed in Chap. 5 achieves a high oscillation frequency of

17 GHz and an FoM of 187.6 dBc/Hz at a low supply voltage of 1 V. Although the

SHC-QVCO in [20] achieves a much better FoM, it requires a much higher supply

voltage of 1.8 V.

Implemented in a 0.13-μm CMOS technology, the transformer-based dual-mode

VCO proposed in Chap. 6 achieves an FoMT of 203 in the low-band mode. As

extension of the proposed principle, the triple-mode VCO in [27] based on a loosely

coupled 3-coil transformer achieves a similar FoMT in a similar 0.13-μm CMOS

technology. The VCOs in [12, 14, 16, 17] can achieve better FoMT, but are all

implemented in more advanced technologies including 65-nm and 40-nm CMOS

processes in which the switch-capacitor array enjoys a larger Con/Coff ratio when Q

is kept same.

At the mm-Wave frequency around 60 GHz, the proposed MT-VCO in Chap. 7

can work in multiple modes with the help of a switched-shielded transformer,

which greatly increases the frequency tuning range. As shown in Fig. 9.3, the

[9.28] 17GHz, 0.18µm (Ch.6)

[9.2] 3.8GHz, 0.18µm (Ch.5)

[9.2] 1.46GHz, 0.18µm (Ch.5)

[9.1] 1.1GHz, 0.35µm[9.3] 5.25GHz, 0.18µm

[9.6] 4.9GHz, 0.13µm

[9.4] 2.03GHz, 0.13µm

[9.5] 5.6GHz, 0.18µm

[9.7] 4.5GHz,
0.18µm

[9.8] 3.35GHz, 90nm

[9.9] 4.9GHz, 0.13µm

[9.10] 7.95GHz, 55nm

[9.11] 2.53GHz, 65nm

[9.12] 4.05GHz, 65nm

[9.13] 4.05GHz, 0.18µm

[9.14] 3.9GHz, 65nm
[9.15] 6.75GHz, 65nm

[9.18] 5.85GHz, 40nm

[9.19] 3.85GHz,
65nm

[9.20] 7.9GHz, 55nm

[9.26] 1.57GHz, 0.25µm

[9.27] 5.1GHz, 0.18µm

Differential Outputs

Quadrature Outputs

[9.25] 6.75GHz, 65nm

[9.24] 2.4GHz, 0.13µm

[9.16] 3.95GHz, 90nm

[9.21] 7.84GHz, 65nm

[9.23] 3.9GHz, 40nm

[9.23] 6.2GHz, 
40nm

[9.22] 3.33GHz, 28nm

[9.17] 4.07GHz, 65nm

Fig. 9.1 FoM’s as a function of supply voltage for state-of-art CMOS VCOs ([reference] center

oscillation frequency, CMOS technology)
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MT-VCO achieves a highest average FoMT of 188.2 with a wide frequency tuning

range of 41.1 %.

In Fig. 9.4, the state-of-art CMOS mm-Wave ILFDs are summarized, and their

FoM’s are plotted as a function of supply voltage. For applications that require low

supply voltages, the TF-ILFD proposed in Chap. 8 can be a good candidate. Using a

0.18-μm CMOS technique, the TF-ILFD is demonstrated to operate at a supply

voltage as low as 0.5 V. The relatively poor FoMs are due to the small absolute

locking ranges in the unit of GHz. Actually, as shown in Fig. 9.4, the locking ranges

in the unit of percentage of the two TF-ILFDs (21.6 and 27.9 %) are quite high. So if

implemented in a more advanced technology, the TF-ILFD is expected to operate in

a much higher frequency and thus achieve a much better absolute locking range and

FoM at an even lower supply voltages.

The proposed SFT-ILFD in Chap. 8 features a self-frequency-tracking property

by injecting the input signal through a transformer tank and achieves an FoM of

9.63, with a wide locking range of 29.1 % at a relative low supply voltage of 0.8 V.

Although the ILFDs in [37, 54] achieve comparable and even higher FoMs,

respectively, higher supply voltages of 1.0 and 1.2 V are required. Incidentally,

both the ILFDs in [37, 54] are also based on transformer techniques.

Fig. 9.2 FoMT’s as a function of oscillation frequency for state-of-art wideband CMOS VCOs

([reference] frequency tuning range, CMOS technology)
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[9.43] 41.1%, 65nm (Ch.7)

[9.36] 10%, 0.13µm

[9.36] 10.2%, 0.13µm

[9.37] 17%, 65nm

[9.38] 16.7%, 0.13µm

[9.39] 27%, 65nm

[9.40] 6.8%, 0.13µm

[9.41] 16.7%, 90nm

[9.42] 12.6%, 40nm
[9.44] 22.3%, 65nm

Fig. 9.3 FoMT’s as a function of oscillation frequency for state-of-art mm-Wave CMOS VCOs

([reference] frequency tuning range, CMOS technology)
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Fig. 9.4 FoM’s as a function of supply voltage for state-of-art CMOS mm-Wave ILFDs ([refer-

ence] input center frequency, input locking range, CMOS technology)
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Appendix

A.1 Effective Turn Ratio for the TC-QVCO in Chap. 5

To calculate the voltages VI and VQ of the TC-QVCO as shown in Fig. 5.9 and

obtain the effective turn ratio Neff for an arbitrary coupling coefficient k value for

the transformer, the equivalent circuit model in Fig. 5.10a can be used. Applying

Kirchhoff voltage law, (5.10a) and (5.10b) can be modified as functions of k as:

VI ¼ gm 1� X

N=kð Þ2
" #

VI � 1þ Y

N=kð Þ
� �

VQ

( )
1

AI jωð Þ ðA:1aÞ

VQ ¼ gm 1� X

N=kð Þ2
" #

VQ � 1þ Y

N=kð Þ
� �

VI

( )
1

AQ jωð Þ ðA:1bÞ

where X and Y are expressed as:

X ¼
1þ gm

k2
jωL 1� k2

� �
1þ gm

N2
jωL 1� k2

� � ðA:2aÞ

Y ¼
1� gm

N2
jωL 1� k2

� �
1þ gm

N2
jωL 1� k2

� � ðA:2bÞ

If the oscillation frequency ω is close to the resonant frequency ω0 and gm is close

to 1/R for stable oscillation with R being the tank resistance, Q � R=ωL and

gmωL � gmRð Þ=Q � 1=Q. As a result, X and Y can be approximated as:

© Springer International Publishing Switzerland 2015

H.C. Luong, J. Yin, Transformer-Based Design Techniques for Oscillators
and Frequency Dividers, DOI 10.1007/978-3-319-15874-7

197

http://dx.doi.org/10.1007/978-3-319-15874-7_7
http://dx.doi.org/10.1007/978-3-319-15874-7_5
http://dx.doi.org/10.1007/978-3-319-15874-7_5
http://dx.doi.org/10.1007/978-3-319-15874-7_5
http://dx.doi.org/10.1007/978-3-319-15874-7_5


X ¼
1þ j

1

Q

1� k2

k2

� �

1þ j
1

N2Q
1� k2
� � ðA:3aÞ

Y ¼
1� j

1

N2Q
1� k2
� �

1þ j
1

N2Q
1� k2
� � ðA:3bÞ

For k being close to 1, X � 1 and Y � 1. Consequently, (A.1a) and (A.1b) can be

further approximated as:

VI � gm 1� 1

N=kð Þ2
" #

VI � 2

N=kð Þ
� �

VQ

( )
1

AI jωð Þ ðA:4aÞ

VQ � gm 1� 1

N=kð Þ2
" #

VQ � 2

N=kð Þ
� �

VI

( )
1

AQ jωð Þ ðA:4bÞ

Compared to (5.10a) and (5.10b), the effective turn ratio Neff can be defined as:

Neff ¼ N

k
ðA:5Þ

A.2 Design Parameters of Switched-Shield Transformer
in Chap. 7

This section shows how to derive the effective inductances and the coupling

coefficients for the switched-shield n-coil transformer in Chap. 7. Basically, the

V-I equations for a traditional 2-coil transformer can be expanded to represent a

more general n-coil transformer with magnetic coupling coefficients kij’s between

any two coils with self-inductances Li and Lj as shown in Fig. A.1. According to the

basic law of electromagnetic induction, the induced voltage in the ith coil can be

expressed as:

εi ¼ �N

d
Xn
j¼1

Φij

dt
¼

Xn
j¼1

�N
dΦij

dI j

dI j

dt

� �
ðA:6aÞ
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�N
dΦij

dI j
¼ Li i ¼ jð Þ ðA:6bÞ

�N
dΦij

dI j
¼ Mij i 6¼ jð Þ ðA:6cÞ

where Li is the self-inductance of the ith coil, Φij is the magnetic flux through the

coil Li induced by the coil Lj, and Mij ¼ Mji ¼ kij
ffiffiffiffiffiffiffiffiffi
LiL j

p
is the mutual inductance

between the ith and jth coils. By putting (A.6b) and (A.6c) into (A.6a) and applying

the Laplace transformation, the V-I equation for the ith coil can be expressed as:

Vi ¼ sLiIi þ
Xn

j¼1, j 6¼i

MijI j
� � ðA:7Þ

Extending the results in (A.7) to the switched-tripled-shield transformer as

shown in Fig. A.2 to get:

V1 ¼ sL1 þ RL1ð ÞI1 þ sM12I2 þ sM1AIA þ sM1BIB ðA:8aÞ

V2 ¼ sL2 þ RL2ð ÞI2 þ sM12I1 þ sM2AIA þ sM2CIC ðA:8bÞ

kij

LjLiL1 Ln

Vi Vj

Ii Ij

Fig. A.1 Schematic

of a multi-coil transformer

L1 L2

k1A

V1 V2

LA

k2A

k12

k1B k2C

LB LC

IB

RLB

I1B IA I2 IC

RL1 RLA RL2 RLC

VAVB VC

ZB ZA ZC

Fig. A.2 Model of the proposed switched-triple-shielded transformer in Chap. 7
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VA ¼ sLA þ RLAð ÞIA þ sM1AI1 þ sM2AI2 ¼ �IAZA ðA:8cÞ

VB ¼ sLB þ RLBð ÞIB þ sM1BI1 ¼ �IBZB ðA:8dÞ

VC ¼ sLC þ RLCð ÞIC þ sM2CI2 ¼ �ICZC ðA:8eÞ

Here, the coupling between LA and LB and LA and LC are ignored because they do

not affect L1 and L2 directly. By putting (A.8c)–(A.8e) into (A.8a) and (A.8b), the

voltages V1 and V2 as functions of I1 and I2 can be expressed as:

V1 ¼ sL1 þ RL1 � s2M2
1A

sLA þ RLA þ ZA

� s2M2
1B

sLB þ RLB þ ZB

� �
I1

þ sM12 � s2M1AM2A

sLA þ RLA þ ZA

� �
I2

ðA:9aÞ

V2 ¼ sL2 þ RL2 � s2M2
2A

sLA þ RLA þ ZA

� s2M2
2C

sLC þ RLC þ ZC

� �
I2

þ sM12 � s2M1AM2A

sLA þ RLA þ ZA

� �
I1

ðA:9bÞ

In the low-k state, MA is on and MB and MC are off, replacing ZA¼Ron,A,

ZB¼ 1/(jωCoff,B), and ZB¼ 1/(jωCoff,C) in (A.9a) and (A.9b), the following expres-

sions can be obtained:

V1 ¼ L
0
1þRL1

0
	 


I1 þ jωM12
0
I2 þ RM

0
I2 ðA:10aÞ

V2 ¼ L
0
2þRL2

0
	 


I2 þ jωM12
0
I1 þ RM

0
I1 ðA:10bÞ

where L1
0, L2

0, RL1
0, RL2

0, M12
0, and RM

0 can be expressed as:

L1, low-k
0 ¼ 1� ωLAð Þ2

RLA þ Ron,Að Þ2 þ ωLAð Þ2k
2
1A

(

þ
ωLB ωCoff,Bð Þ�1 � ωLB

h i
R2
LB þ ωCoff,Bð Þ�1 � ωLB

h i2
9>=
>;k21BL1

ðA:11aÞ
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L2, low-k
0 ¼ 1� ωLAð Þ2

RLA þ Ron,Að Þ2 þ ωLAð Þ2k
2
2A

(

þ
ωLC ωCoff,Cð Þ�1 � ωLC

h i
R2
LC þ ωCoff,Cð Þ�1 � ωLC

h i2 k22CL2

9>=
>;

ðA:11bÞ

RL1, low-k
0 ¼ RLA � ω2k21ALAL1

RLA þ Ron,Að Þ2 þ ωLAð Þ2 RLA þ Ron,Að Þ

þ ω2k21BLBL1

R2
LB þ ωCoff,Bð Þ�1 � ωLB

h i2 RLB

ðA:11cÞ

RL2, low-k
0 ¼ RLA � ω2k22ALAL2

RLA þ Ron,Að Þ2 þ ωLAð Þ2 RLA þ Ron,Að Þ

þ ω2k22CLCL2

R2
LC þ ωCoff,Cð Þ�1 � ωLC

h i2 RLC

ðA:11dÞ

M12, low-k
0 ¼ M12 � ω2M1AM2ALA

RLA þ Ron,Að Þ2 þ ωLAð Þ2 ðA:11eÞ

k12, low-k
0 ¼ M12, low-k

0ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
L1, low-k

0
L2, low-k

0
q ðA:11fÞ

RM,low-k
0 ¼ ω2M1AM2A RLA þ Ron,Að Þ

RLA þ Ron,Að Þ2 þ ωLAð Þ2 ðA:11gÞ

where M1A ¼ k1A
ffiffiffiffiffiffiffiffiffiffiffi
L1LA

p
and M2A ¼ k2A

ffiffiffiffiffiffiffiffiffiffiffi
L2LA

p
.

In (A.11a), the effect of ZA on the effective series resistance of L1
0 through the

coupling from LA to L1 is already absorbed into the term RL1
0. The term RM

0I2
represents the effect of ZA on the equivalent series resistance of L1

0 through the

coupling from LA to L2 to L1 because this term becomes zero if the secondary coil is

open. As a result, the term R0
MI2 can be ignored when k1A, k2A, and k12 are small.

Because of the symmetric property for V2 and V1, the term RM
0I1 in (A.11b) can

also be neglected for the same reason. Consequently, the simplified model for the

switched-triple-shield transformer shown in Fig. 8.4 can be obtained, and (A.11a)

and (A.11b) can be approximated by the following equations:
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V1 � L
0
1þRL1

0
	 


I1 þ jωM12
0
I2 ðA:12aÞ

V2 � L
0
2þRL2

0
	 


I2 þ jωM12
0
I1 ðA:12bÞ

With assumptions that (RLA +Ron,A)
2� (ωLA)

2, RLB=C2 � ωCoff,B=C

� ��1�
h

ωLB=C�2, (A.11a)–(A.11f) can be used to obtain (7.3a)–(7.3c) for L1,low-k
0,

R1,low-k
0, and k12,low-k

0 and the expressions for L2,low-k
0 and R2,low-k

0. Furthermore,

by replacing ZA¼ 1/(jωCoff,A), ZB¼Ron,B, and ZC¼Ron,C in (A.9a) and (A.9b) and

using similar assumptions, the expressions for L1,high-k
0, R1,high-k

0, and k12,high-k
0 as

shown in (7.4a)–(7.4c) and L2,high-k
0 and R2,high-k

0 can also be derived.

Finally, replacing ZA¼Ron,A, ZB¼Ron,B, and ZC¼Ron,C in (A.9a) and (A.9b)

and using similar assumptions, the expressions for L1,low-L
0, R1,low-L

0, and k12,Low-L0

as shown in (7.6a)–(7.6c) and L2,low-L
0, R2,low-L

0 can be derived. Furthermore, by

making k1B¼ k2C¼ 0, the parameters L1
0 and k12

0 in (7.1a)–(7.2b) and L2
0 for the

switched-single-shield transformer can also be derived.
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