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Introduction

This book is about challenges and solutions: the fundamental challenges associated
with the exploration of the millimeter (mm) wave band and the antenna solutions
introduced to overcome these challenges.

The rapid development of the wireless communication and radar technologies
that took place in the second half of the twentieth century, thanks to the growth
of the semiconductor industry, resulted in a fast overload of the available frequency
bandwidth at microwaves.

A number of technical solutions were explored to answer this challenge,
including multiple-input and multiple-output (MIMO) methods, frequency and
spatial multiplexing, and finally increase of the operational frequency towards the
mm- and submm-wave ranges that are capable of providing higher data rates
compatible with the needs of today and future applications.

Although the increase of the operational frequencies promised a natural solution
for the limited bandwidth problem, the exploration of the mm-wave band raised a
number of fundamental issues that handicapped development of mm-wave antenna
technologies. This includes the low radiation efficiency of planar antennas, sig-
nificant material loss intrinsic to both metals and dielectric materials, and high
atmospheric absorption in some portions of the mm-wave band. These fundamental
problems together with the lack of powerful mm-wave solid state generators
required development of electrically large radiating structures, whose total effi-
ciency and physical dimensions were not always compatible with specifications
of the target applications, such as high-data-rate communications, intelligent
transport systems, and security imaging and sensing applications.

These challenges have determined the main trends in the research and devel-
opment of mm-wave antennas. Getting a high radiation efficient became of para-
mount importance to compensate for the high losses and low output power of
mm-wave generators. For the same purpose, a point-to-point communication con-
cept based on high gain antennas was proposed instead of an omnidirectional
broadcasting used at microwaves. This research direction naturally leads to
exploration of various types of focusing and collimating systems, including metallic
reflectors and dielectric lenses that can be considered as two milestone technologies

vii



viii Introduction

that created a base for a majority of the antenna solutions existing at the mm-wave
band until now.

However, being comparatively simple to design and fabricate, reflector and lens
antennas were often too heavy and bulky. In the original designs, the primary feed
of such antennas should have been placed at a certain distance from the phase
correcting element (i.e., shaped (or not) reflector acting in the reflection mode or a
lens acting in the transmission mode) that required additional volume and structure
complexity.

A solution for this problem was found in the introduction of the so-called
integrated lens antennas (ILAs) that assume a direct coupling between the feed and
dielectric lens. This solution was first introduced in the late 1980s and became one
of the most reliable antenna technologies used from lower mm-wave to infrared
ranges. In particular, it has been widely studied for point-to-point communications,
automotive radars, wireless backhauling, and imaging systems.

Although being quite effective in terms of aperture efficiency and directivity,
ILAs often suffer from a significant material loss and large dimensions. These weak
points are often considered as a bottleneck for the use of ILAs for mobile and
on-board applications requiring lower profile and reduced size/weight solutions.
Implementation of multi-beam and scanning ILAs was also associated with certain
difficulties due to the limited field of view (FoV), which is intrinsically restricted by
the focusing capabilities of extended hemielliptical lenses typically used in ILAs.

A solution for the latter problem (i.e., limited FoV) was found by using radially
symmetrical lenses that were already well-know at that time in the optical domain.
The aperture of such lenses, typically having the shape of a multi-shell sphere, can
be easily shared between several primary feeds, each generating an independent
beam in the far zone. In such a way, an angular coverage of up to £90° and even
more can be achieved, being limited only by an aperture blockage by other feeds
and elements of the lens supports. However, the size of such lenses, limited number
of standard low-loss dielectric materials with the desired dielectric permittivity
values, and difficulties associated with the fabrication and assembly of multi-shell
lenses affected the attractivity of radially symmetrical lens antennas (RSLA).
Because of this, their usage has been largely limited to multi-beam automotive
radars and base stations for wireless communication systems requiring a
point-to-multi-point broadcasting.

A solution for the oversize and overweight problems of lens antennas was also
found in optics in the form of Fresnel-type diffractive lens antennas (DLAs). The
idea of using diffractive-type zone plates, capable of producing a required phase
shift for a portion of the wave front of an incident electromagnetic wave, dates back
to the nineteenth century. This concept widely used in optics was successfully
scaled down to the mm-wave range. Thanks to their planar topology and simple
fabrication, DLAs became an attractive solution for applications sensitive to the
weight and size of the antenna system, but still requiring a high directivity, such as
security imaging and space communication. More advanced configurations of
DLAs were successfully integrated in conformal dielectric radomes. However, the
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operational principle of DLAs naturally restricts their total efficiency, which may
not be sufficient for some applications.

As a next step in the evolution, two complementary antenna technologies were
proposed, namely the reflect array (RA) and transmit array (TA) antennas, whose
operational principles rely on the use of discrete arrays of phase correcting elements
operating in reflection or transmission, respectively. These antennas assumed illu-
mination of the entire array by a single feed, same as it was in the original designs
of reflector and lens antennas. However, the discrete structure of the
reflecting/transmitting phase correcting elements enabled a new functionality that
was not possible in any of earlier configurations, namely the reconfigurability (e.g.,
variation of the antenna radiation pattern) that may be enabled via electronic tuning
of the phase delay provided by each element (unit cell) of the array. Unlike active
phased arrays, which are widely used at lower frequencies but less effective at
mm-wave range due to the low radiation efficiency, RA and TA antennas are
capable of providing a twofold advantage, namely a higher radiation efficiency and
reconfigurability. Thanks to their advanced performance characteristics and reduced
weight, RA and TA antennas are widely used nowadays for on-board and space
applications.

Another antenna solution that was introduced aiming at producing low-profile
antennas with a simultaneous increase of its directivity was the so-called Fabry—
Perot antenna (FPA). Its operational principles rely on the use of a cavity covered
with a semi-transparent mirror that causes multiple reflections inside the cavity, thus
allowing to increase the electrical size of the radiating aperture over a limited
bandwidth, whose bound mainly depend on the antenna directivity. Although the
operational concepts of FPAs were introduced in the microwave community in the
1950s, research on FPA really started in the mid-1990s. Many high-performance
designs have been proposed, most of them below 100 GHz, with the main goal to
enlarge the bandwidth and provide multiband capabilities.

Of course, the progress in the development of mm-wave antennas was not solely
associated with the evolution of the focusing/collimating systems. It was also
supported by the advances in the primary feed design. Indeed, the mismatch
between the operational bandwidth of primary feeds, whose function was originally
limited to matching a waveguiding system with a free space in order to minimize
the reflection loss, and quasi-optical focusing systems aimed at correcting the phase
front of the radiated wave remained (and still remains) a bottleneck for design of all
types of mm-wave antennas. To handle this fundamental problem, significant efforts
were devoted to development of advanced feeds, having different topologies and
operational principles and, thus, capable of providing a required radiation effi-
ciency, bandwidth, and illumination conditions for the phase correcting elements
(e.g., lenses and reflectors) used to increase the directivity and/or shape of radiation
pattern of a primary feed antenna.

In some cases, the research into the primary feeds resulted in the development of
antennas that do not require an additional focusing/collimation element. Among
those are flat horn antennas (FHA), whose operational principle relies on the
excitation of leaky waves (LW) that propagate along the corrugated flanges of the
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horn, thus contributing to the formation of the total radiation pattern. Optimization
of corrugated surface parameters enables one to support desired LWs that, in its
turn, defines the phase and amplitude distribution along the antenna aperture. In the
limit, one can open the mouth of a corrugated horn antenna to get a totally flat
profile. Such flat horn antennas can be fed by standard waveguide feeds as well as
narrow slots. The latter family is often referred as the bulls-eye antennas, thanks to
the shape of the annular grooves surrounding the central slot. Its operational
principle is linked to the extraordinary transmission through sub-wavelength
apertures. The low-profile corrugated horn antennas were recognized as being of
potential interest for indoor communication systems.

In recent years, the idea of using functional surfaces, capable of supporting
different types of waves (e.g., surface and leaky waves) or, instead, preventing their
propagation, has been attracting a growing attention that was boosted by the
advances in the metamaterial domain. Indeed, the possibility of changing locally the
surface impedance of the functional surface and thus manipulating with the phase
and amplitude of the fields in the entire aperture of a metasurface antenna (MSA),
opened the door for development of a new class of antennas with very attractive
performance characteristics, including shaped-beam patterns and near-field focus-
ing capabilities. Moreover, an active control over the surface impedance can
potentially enable development of reconfigurable and scanning MSAs capable of
competing with alternative approaches, namely the RA and TA antennas. Such a
functionality may be achieved, for instance, thanks to the use of advanced elec-
trically and/or optically tunable materials, like graphene.

In this book, the aforementioned antenna technologies are reviewed from the
point of view of their maturity and potential for future development. Practical
examples are provided in order to illustrate the evolution, current trends, and
specific features intrinsic to each antenna technology. The cross-links are provided
between the chapters to facilitate benchmarking of different antenna solutions. The
last two chapters are devoted to the challenges associated with antenna measure-
ment at mm-wave bands. The pitfalls in the design and characterization of different
types of mm-wave aperture antennas are identified in order to help readers in the
selection of an appropriate antenna solution and its effective implementation.

In such a way, the book represents a survey of the state-of-the-art and recent
developments in the field of the mm- and submm-wave antennas technologies being
in the focus of interest of the 5-year ESF RNP Newfocus program (2010-2015).
The authors gratefully acknowledge the financial support provided by the European
Science Foundation (ESF) through the RNP Newfocus program, which enabled
76 research projects in between 43 research teams from 19 countries worldwide,
whose outcomes constitute the core of the current book.

Artem Boriskin
Ronan Sauleau
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Chapter 1
Integrated Lens Antennas

Artem V. Boriskin, Ronan Sauleau, Jorge R. Costa
and Carlos Fernandes

Abstract This chapter presents the Integrated Lens Antenna (ILA) technology as it
evolved since its introduction aiming to respond to the needs of emerging appli-
cations such as high-data-rate communication, intelligent transport, and mm-wave
imaging. The topics covered include the ILA design concepts as well as the elec-
tromagnetic phenomena intrinsic to dielectric lenses that may affect ILA perfor-
mance. The aspects of the ILA technology related to selection of the primary feeds,
lens materials, and fabrication methods are also revised. A few practical examples
are provided to illustrate the current and future trends of this technology.

Keywords Integrated lens antennas - Geometrical optics - Physical optics - Lens
feeds - Dielectric materials - Lens manufacturing - Lens profile design
Optimization

A.V. Boriskin (D<)

Research & Innovation Division, Technicolor R&D France,
975 avenue des Champs Blancs, 35576 Cesson-Sévigné, France
e-mail: artem.boriskin @technicolor.com

R. Sauleau

Université de Rennes 1, Institut d’Electronique et de Télécommunications
de Rennes (IETR), UMR CNRS 6164, Campus de Beaulieu, 263 Avenue
du Général Leclerc - CS 74205, 35042 Rennes Cedex, France

e-mail: Ronan.Sauleau @univ-rennes|.fr

J.R. Costa

Instituto de Telecomunicagdes, Instituto Universitario de Lisboa
(ISCTE-IUL), Lisbon, Portugal

e-mail: jorge.costa@Ix.it.pt

C. Fernandes

Instituto de Telecomunicagoes, Instituto Superior Técnico,
Universidade de Lisboa, Lisbon, Portugal

e-mail: carlos.fernandes @Ix.it.pt

© Springer International Publishing AG 2018 3
A. Boriskin and R. Sauleau (eds.), Aperture Antennas for Millimeter

and Sub-Millimeter Wave Applications, Signals and Communication Technology,

DOI 10.1007/978-3-319-62773-1_1



4 A.V. Boriskin et al.

1.1 Introduction

Integrated lens antennas (ILAs) were originally introduced in the late 1980s for
high-resolution imaging and sensing applications to compensate the low directivity
and low radiation efficiency of printed microstrip antennas at the millimeter
(mm) wave bands.

A partial remedy for the low-radiation efficiency problem was found in a direct
integration between printed antennas and dielectric lenses. This approach helped
one to minimize losses associated with modes supported by a dielectric substrate,
which is an essential counterpart of a printed antenna. Such modes (i.e., both first
TE and TM modes of a dielectric slab) have no cutoff frequencies and, thus, can be
excited even for very thin substrates. In case of a groundless microstrip antenna, the
presence of the lens on top of the planar feed also improved distribution of the
radiated power between the upper and lower half spaces. As demonstrated in [1],
the ratio of power radiated by a microstrip antenna printed at the interface of two
dielectric media towards the upper and lower half space is defined by the index ratio
at this interface:

Pi/P;y = (&1/e2)*?, (1.1)

where P; and P, is the total power radiated towards the upper and lower half space
filled in with the dielectric material having relative permittivity ¢ and ey,
respectively.

This physical phenomenon suggests the use of electrically large dielectric lenses
made of high permittivity materials capable of imitating unbounded dielectric
medium. In some embodiments typically used at upper mm and THz ranges, the
primary feeds were printed directly on the flat base of a plano-convex lens. Such
lenses were often referred as “substrate lens” [2].

Optimization of the lens shape and structure provides additional degrees of
freedom in optimizing ILA performance characteristics such as directivity and
shape of the radiation pattern, phase center position, as well as radiation and
aperture efficiencies. In the 90s, the ILA concept has resurfaced as an effective
configuration to produce highly shaped radiation patterns for mm-wave mobile
applications [3,4, 60-62]: for these applications the objective was no longer
enhancing the directivity by producing a collimated beam but instead reshaping the
output beam to match demanding amplitude templates. For instance, shaped ILAs
were used to obtain isoflux illumination of areas having specific shapes, like a
rectangle, which is a typical scenario for mm-wave wireless LANs and mm-wave
mobile communications [4, 5].

Collimated beams lenses may by of primary importance for mm waves
point-to-point links due to the need to compensate the high material and propa-
gation losses to achieve a desired power link budget. To reach the highest possible
directivity, dielectric lenses with elliptical profiles were proposed [6, 7]. This shape
was suggested by the ray-tracing theory, which predicts that a spherical wave
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radiated by a point source can be transformed into a locally plane wave (or vice
versa) by an elliptical lens, provided that the source is located in one of the ellipse
foci and the ellipse eccentricity is properly related to the lens material permittivity

ezji:g_l/z7 (1.2)

a

where f = b(s — 1)~"/? is the focal length of the ellipse and b is its minor semi-axis
(Fig. 1.1a).

As the correction occurs only for the portion of the wave front impinging on the
front part of the lens, it was suggested to cut the ellipse through its rear focus and
attach the resulting flat-bottom lens directly on top of a primary feed, as a way to
solve simultaneously the radiation efficiency, beamforming, and assembly prob-
lems. In another embodiment, a hemielliptical lens was extended using a cylindrical
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Fig. 1.1 a Topology and notation of an extended hemielliptical lens, b parameters of the elliptical
lens versus relative permittivity of the lens material, ¢ reflectance at normal incidence and critical
angle for plane wave incident on an air-dielectric interface from the denser medium side
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extension, whose height was selected so that the primary feed occurs close to the
rear focus of the ellipse. Dimensions of the ellipse semi-axes and its extension
length suggested by Eq. (1.2) are presented in Fig. 1.1b for some standard dielectric
materials. In other embodiments, the elliptical shape of the lens was approximated
by a hemispherical one, whereas the difference in the height of the hemiellipse and
hemisphere was again compensated by the height of the cylindrical extension.

As follows from Eq. (1.2), the lens material may be selected rather arbitrarily,
whereas Eq. (1.1) suggests the use of dielectrics with the highest possible permit-
tivity. A larger electrical size of the lens aperture is also favorable because it may
provide a higher directivity value for the same physical size of the lens. On the
other hand, high-index materials usually have larger density, which may cause
increase of the lens weight. In some cases, it is partly compensated by a smaller
height of the lens (see Fig. 1.1b) but may still be critical for some applications.
What is more important, an abrupt change of the refractive index value at the
air-dielectric boundary may cause a strong backreflection and excitation of multiple
internal reflections inside the lens that may deteriorate impedance matching of the
primary feed and the ILA radiation pattern. As shown in Fig. 1.1c, reflectivity value
for the plane wave normally incident on the surface of standard dielectric materials
may vary from about 6% observed for low-permittivity materials, such as Rexolite,
up to about 30% observed for dense materials, such as crystalline silicon. Because
of this, and also due to a reduced value of the critical angle (Fig. 1.1c, right axis)
that causes a larger amount of energy being trapped inside the lens, the modal
features in the electromagnetic behavior of lenses made of dense dielectric materials
may dominate over the ray-tracing focusing thus strongly affecting their perfor-
mance characteristics [8, 9].

A solution for the latter problem related to internal reflections was found in using
one or more matching layers in the form of quarter-wavelength layer made of a
material with a lower permittivity [10] or in a form of corrugations, acting as a layer
with an effective permittivity lower than that of the lens material [11]. These
solutions have been widely used in optics for decades and are well established
nowadays at upper mm wave and THz ranges. At the same time, they are less
popular at lower frequencies mostly because of the fabrication and assembly dif-
ficulties associated with multi-shell structures. This makes the use of
low-permittivity-shaped lenses to be a preferable solution for low mm-wave bands.

Regarding the optimal lens dimensions and choice of materials, there is no
universal guideline derived so far. This selection is usually made based on a
trade-off approach with respect to a technical specification derived for a certain
application. The factors typically taken into account are the loss tangent of the
dielectric material, its density, its homogeneity, permittivity, ease and cost of
manufacturing, including the cost of the supports and matching layer(s), if
applicable.

As follows from above, the hemielliptical (or hemispherical) shape of the lens
suggested by ray optics takes into account neither the actual size of the feed
aperture, nor its radiation pattern. Thus, it should be considered only as an initial
guess for the optimization process that may include optimization of the lens shape,
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size, material, as well as the primary feed radiation pattern and position. Some hints
on how to reach the optimal match between the feed and lens parameters have been
provided in [12], based on the analysis of the lens edge illumination conditions.

All of the previous issues related to lens size, energy coupling from the feed to
the lens, material permittivity choice and internal reflections also apply for arbi-
trarily shaped ILAs. These kinds of lenses can be used to compensate for the effects
associated with finite size of the lens and nonnegligible size of the primary feed
aperture, as well as a possibly nonuniform and nonsymmetrical pattern of the
primary feed [13, 14]. ILAs can also be used to provide highly “shaped-beam”
radiation patterns according to given amplitude templates.

While enabling an effective control over the ILA radiation pattern at a certain
frequency, in certain designs the use of shaped lenses may restrict the operation
bandwidth of ILAs, especially if it is defined with respect to the shape of the
radiation pattern or position of the ILA phase center. To overcome this problem, the
use of multi-material shaped lenses has been recommended. In [15] it was
demonstrated that a double-layer shaped lens can provide a higher radiation effi-
ciency as well as a more stable radiation pattern and phase center position achieved
thanks to the lower contrast at the air-dielectric boundaries and additional degree of
freedom in optimizing the antenna characteristics provided by the additional
interfaces between different shells of the lens. The same conclusions have been
reached in [16], where a complementary focusing structure in a form of a
multi-shell lens-like dome has been reported.

Another trend in the design of ILAs is related to the reduction of the lens weight
and dimensions. Solutions proposed in this context include the use of lenses with air
cavities enabling reduction of the lens focal distance [17]. For some applications,
requiring fan-type beams with different angular width in the azimuthal and eleva-
tion planes, the use of planar slab lenses was suggested [18].

There is also a number of mm-wave applications, which require multi-beam or
scanning performance. Among those are point-to-point and point-to-multi-point
communications, imaging, and intelligent transport systems. The sought
multi-beam functionality was enabled using beam-switching arrays with each feed
producing an independent beam in a given direction [19, 20]. This approach pro-
vided a good reliability and fast scanning rates with a field of view (FoV) of
about £25°. For larger scan angles, a rapid degradation of the antenna directivity
occurs that is explained by a shift of the feed position from the focal arc of the lens
observed for the off-axis feeds as well as a mismatch in the orientation of the
primary feed (radiating at broadside) and the desired scan angle [21].

At present, the enlargement of the ILA scan angle is probably one of the most
critical challenges associated with ILAs, which handicap further advances of this
technology. Solutions proposed in this context include multi-objective optimization
over the lens and feed parameters [22, 23], mechanical scanning [24], and the use of
shaped bifocal lenses [25] and double lens focusing systems [26, 27].

Another available solution is based on the use of multi-shell spherical [28] and
hemispherical [29] lenses, however, this solution is not always effective at upper
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mm waves because of the fabrication and assembly difficulties associated with the
multi-shell structure of such lenses [30].

There exists another solution for resolving the limited FoV problem that has
been developed by nature as a result of the million-year evolution, i.e., the insect
compound eye, which comprises plurality of low-resolution sensors arranged along
a curvilinear surface [31]. Technical implementation of such a device at mm waves
is difficult but, potentially, feasible using soft polymer materials.

Of course, the progress of ILA technology was not only associated with the
design of focusing elements but was also tightly linked with the advances in pri-
mary feed designs. The role of a primary feed of any aperture antenna is twofold:
impedance matching between a primary feed and its feeding system (e.g., hollow
metallic waveguide or microstrip line) and the optimal illumination conditions of
the focusing and/or beamforming element (e.g., a lens). The types of feeds used as
counterparts of ILAs include various types of microstrip patch antennas printed on a
PCB board [26] or directly at the bottom of the lens [1, 2, 23], as well as waveguide
feeds [4, 32, 16]. The latter typically provides a wider bandwidth but require
additional space for the waveguide feeding structure or a microstip-to-waveguide
transition that may spoil the total ILA bandwidth. The matching problem between a
waveguide feed and a lens is typically solved using dielectric tapers integrated
inside the waveguide. However, the bandwidth provided by these solutions is not
sufficient for some applications, especially at upper mm and submm-wave ranges.
Solutions for ultra-wideband ILAs have been provided in [33] using a crossed
exponential tapered slot antenna configuration, or in [34] using non-dispersive
leaky-wave planar feeds, both cases intended for imaging systems.

Finally, the use of primary feeds in a form of active arrays enabled another
interesting functionality not possible with a single-feed ILA, namely a reconfig-
urable radiation pattern, whose shape (e.g., half power beam width) can be changed
by switching between different combinations of array elements [35]. Such ILAs
with a reconfigurable FoV were recently proposed for automotive radars requiring
switching between long-range and short-range scanning regimes.

Looking back at the evolution of the ILA technology, we can see that after about
30 years of development the ILA technology has reached a certain level of maturity
and became an essential part of many established and emerging mm wave and THz
applications. At the same time, there are still some functionalities that have not been
enabled due to certain fundamental issues intrinsic to the technology, such as a wide
FoV and reconfigurability. Being of high practical importance, these constrains may
define future trends in the development of the ILA technology.

In a summary for this overview of the ILA technology evolution, it is worth
mentioning various numerical techniques that have been developed for the analysis
and synthesis of ILAs, among those are: high frequency techniques based on the
geometrical optics (GO) and physical optics (PO) [13, 4, 36, 37, 5], frequency
domain techniques based on two-dimensional and three-dimensional boundary in-
tegral equation (BIE) methods [8, 38], and time domain techniques, based on the
two-dimensional, two-dimensional-BoR, and three-dimensional FDTD methods
[39]. The GO/PO techniques were widely used for fast analysis and synthesis of
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elliptical and shaped ILAs. The integral equation methods enabled accurate analysis
of the interplay between the geometrical optics focusing and modal (resonant)
features of compact-size dielectric lenses. In particular, use of Muller’s BIEs
enabled one, for the first time, to investigate the drastic influence of the so-called
half-bowtie resonances on the performance of elliptical ILAs [40, 9] as well as to
assess efficiency of GO/PO [8] and FDTD [41] methods in characterization of such
resonances. Finally, the FDTD techniques were effectively used for wideband
analysis of body-of-revolution (BoR) and three-dimensional single- and
multi-material structures metal-dielectric structures, e.g., [42, 16]. Nowadays, these
complementary techniques are implemented in a number of in-house [43] and
commercial software.

In the following sections, we present general guidelines for the design and
implementation of ILAs intended for various mm-wave applications. The topics
covered include: ILA design steps, lens materials, primary feeds and ILA fabri-
cating methods. The discussion is followed by a few practical examples of ILAs
illustrating recent advances in the ILA technology.

1.2 Lens Antenna Design

Figure 1.2 presents the generic lens geometry that of an ILA. It consists of a single-
or double-shell dielectric lens, shaped in the elevation coordinate and eventually
also in azimuth coordinate. It may be fed by a single feed or by an array of feed
elements attached or not to the lens base. In the general case, feed elements are
either on-axis (x = 0; y = 0; z = 0) or off-axis. Different options exist for the feed
element, as will be discussed in the following section, and of course its configu-
ration and radiation characteristics influence the final lens shape.

The adopted design procedure for shaped lenses is summarized in Fig. 1.3. Two
alternative approaches are presented: one provides a fast first guess of the lens
shape, based on closed-form analytical expressions—Ilabeled (a); the second more
elaborate approach—Ilabeled (b)—combines lens performance analysis tools with
an optimization algorithm that successively generates and evaluates meaningful
populations of test lenses until a specified figure of merit is reached.

Fig. 1.2 Generic geometry
of a substrate integrated lens
antennas (ILA)
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Fig. 1.3 Block diagram of lens design steps

Closed-form lens synthesis expressions can be obtained as a first guess for some
classes of target specifications, based upon Geometrical Optics (GO) formulation.
The lens’ overall dimensions and the principal radii of curvature at every point on
the surface are required to be much larger than the wavelength to ensure the GO
validity. The feed is characterized only by its phase center and by its far-field
pattern in an unbounded medium with the same permittivity of the lens material.
The GO lens designs are inherently broadband as long as the lens dimensions are
large compared to the wavelength, the material dispersion is negligible, and the feed
radiation pattern remains constant versus frequency.

The lens shape is directly determined from the solution of a set of partial dif-
ferential equations corresponding to Snell laws at the lens interfaces and additional
conditions related to the output requirements. The calculation time is generally in
the order of seconds, which makes it attractive as a first guess and as a seed for a
subsequent refinement optimization loop if required. Alternatively, the GO for-
mulation can include shaping parameters that enable running the closed-form
expressions in the optimization loop (b) of Fig. 1.3 to match an appropriate cost
function [43]. This narrows down the search space to physically meaningful lenses.

The GO-based formulation is inherently independent from frequency. An
appropriate analysis method is required to evaluate the lens actual performance
taking into account diffraction effects, frequency dependence of the feed radiation
pattern, and material dispersion.

The two-step Geometrical Optics/Physical Optics (GO/PO) method [6] is widely
used in the literature to determine the radiation pattern of lens antennas (also of
reflector and other aperture antennas). It offers a very good compromise between
quality of results and computation time, making it attractive for integration into lens
design optimization loops. It takes as input the lens shape, the material permittivity,
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the feed position, and the far-field pattern from the feed in the lens material.
The GO is used for evaluating the field distribution over the lens/reflector surface,
and PO is used to calculate its contribution to the near- or far-field radiation. GO/PO
is especially useful for very large structures in terms of wavelength and there is no
upper size limit for its applicability. On the contrary, GO fails for small lenses [8,
42], where the feed can no longer be replaced by its far-field radiation pattern and
the ray propagation approach is no longer valid.

An alternative formulation was developed to circumvent some of the indicated
limitations of GO/PO in the characterization of small lenses [44]. It is a PO-based
method that uses point-like sources as basis functions to decompose the
pre-calculated feed aperture fields at the lens base and calculate the resulting
incident near-field at the lens surface. The proposed method was implemented only
for axial-symmetric lenses with on-axis feed.

Another limitation of the GO approach is that it fails to characterize completely
the total internal reflection phenomenon [37]. However, analysis showed that this
effect is more important in collimating lenses with canonical shapes, like the el-
liptical lens; it is imperceptible in most of the shaped lenses.

Full-wave numerical solvers like the CST Microwave Studio™ transient solver
[45] can be used to analyze the final lens design prior to fabrication. Such tool takes
into account all the effects that are handled with some approximations in the pre-
viously discussed methods but, due to the involved computation time, it is not
viable option for integration in lens design optimization loops.

Genetic Algorithms (GA) optimization method has long been used because of its
flexibility, robustness, global search character, inherent capability to avoid trapping
in local minima and complete absence of restrictions on the behavior of the function
to be optimized, e.g., [22, 14]. The drawback is its relatively slow convergence, and
hence two different approaches were used to reduce the number of shape parameters
that model the unknown lens surfaces (parallel boxes in the (b) path of Fig. 1.3):

e Splines-based representation of the lens surface;
e Parametric optimization of selected parameters from the GO closed-form design
expressions.

The splines-based representation is the most flexible of the two solutions,
allowing for a limitless search space. As few as 4-5 nodal points np,, of the lens
surface are used as the target for optimization (see Fig. 1.4) while a cubic spline
approximation is used to represent the lens surface between consecutive pairs of
these wide-spaced nodal points. Especially with double-shell lenses, this strategy
often leads to the presence of caustics near the outer lens surface. These lenses are
automatically eliminated from the test population but this may significantly reduce
the number of “individuals” in the test population, with a negative impact on the
convergence of the optimization method.

The alternative strategy was to construct the test population based on lens shapes
obtained directly from the previously described GO closed-form expressions, where
the shaping parameters are incorporated. These shaping parameters were used as the
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Fig. 1.5 Screenshot of ILASH software tool [43]

target for optimization, thus ensuring that all the generated lenses are necessarily
viable and none needs to be eliminated a priori. This favors convergence.

In order to quantify the merit of a lens in the optimization procedure, versatile
cost functions were defined combining different target conditions like: far-field
amplitude template, maximum power transfer, main beam power transfer,
Gaussicity, phase center position or beam scanning. For broadband and for scan-
ning lens design, multi-frequency and/or multi-feed position optimization runs were
required.

A software tool was developed ILASH [43] that implements the previously
described methods for the design, analysis, and optimization of axial-symmetric
multi-shell lens antennas with homogenous refractive index. Its interface, presented
in Fig. 1.5, provides the user with a simple way to interact with the kernel, to
generate and manipulate lens design data, to fully characterize the lens performance
and to export and import results. It is also possible to monitor in real time several
aspects of the optimization process like the cost function value, lens parameter
evolution, and convergence.
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1.3 Lens Antenna Implementation

1.3.1 Feeds

For any lens output specification, at least two items need to be carefully addressed
prior to the lens synthesis process: the lens feeding structure and the lens dielectric
materials.

Like the feeds for reflectors, lens feeds have specific requirements in terms of
radiation pattern, polarization, and phase center depending on the application. The
shape of an integrated lens is tailored to obtain a prescribed output radiation pattern,
and thus it obviously depends on the feed radiation pattern inside the lens body.
Three main technologies are the most common for the lens integrated feeds:
waveguide, coaxial, and planar printed feeds.

Figure 1.6a shows one example of a dedicated V-band (50-75 GHz) waveguide
feed [32] that is used in Sect. 1.4. Near its open end, the waveguide is loaded with a
high permittivity dielectric wedge and tapered down to a narrow 1.4 mm square
aperture designed to present a good power transfer to the lens. The square aperture
produces a circularly symmetric radiation pattern inside the lens body, equivalent to
a printed double-slot radiation pattern in the same conditions [6], with linear
polarization and about 8 dBi directivity (depending on lens material permittivity).
This directivity is adequate to illuminate most part of the useable aperture from our
shaped integrated lenses. The reflection coefficient at the waveguide port is lower
than —10 dB.

However, some lenses have much wider bandwidth than this V-band waveguide
feed. A similar feed was fabricated for the Q-band (30-50 GHz) with the same
external dimensions, Fig. 1.6b, producing exactly the same symmetric radiation
pattern and the same directivity [32] to allow testing wideband lenses by separate
sub-bands.

The outer wall of the developed waveguide feeds is threaded and screwed into a
matching hole opened at an extended part of the lens base. This strategy enables

Fig. 1.6 Photograph of the
fabricated waveguide feeds
[32]: a for 62.5 GHz
operation; b for 43 GHz
operation
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simple and reliable exchange of different test feeds in the same lens, or the reuse of
the same test feed in different lenses without compromising alignment and mea-
surement repeatability in lab evaluation tests.

However, an actual ultra-wideband low profile feed is also required for the
end-application, compatible with simple integration of ultra-wideband bolometer
detectors used, for example, in radio astronomy applications [46, 47]. Planar
antenna structures printed directly at the lens base [48, 49] are the preferred solution
for submillimeter wave applications where waveguides are difficult to manufacture.
However, once the feed is printed or glued to the lens, it is not possible to reuse it in
a different lens, making this type of feeds less attractive for laboratory systematic
testing. A very common integrated lens feed is the double-slot [6], however its
bandwidth is limited. Wideband self-complementary log-periodic printed antennas
have been used as integrated lens feeds in the literature, but its polarization is not
sufficiently stable versus frequency [48].

A dedicated broadband printed antenna was developed, which is especially
adequate for integration with bolometers or mixer diodes. It is based on a new
crossed exponentially tapered slot configuration combined with an intersecting
square slot, which is onwards referred to as the XETS antenna. A fabricated pro-
totype for 30=70 GHz operation attached to a MACOR™ lens [33] is shown in
Fig. 1.7. The feed is developed in two layers of metallization [33]. The slot layer is
in direct contact with the lens base; the other layer (Fig. 1.7b) contains a replica of
two opposing central petals from the front face, printed at the same position in order
to provide a capacitive coupling with the front layer. These petals are used to mount
a Schottky diode (used as a mixer). The Intermediate Frequency (IF) retrieving
circuit with soldering pads for the coaxial cable is also shown in Fig. 1.7b.
Depending on the lens permittivity, more than 60% impedance bandwidth can be
achieved with reasonably stable radiation pattern and almost pure linear polariza-
tion across the whole bandwidth; cross-polarization level is in the order of —15 dB.

Fig. 1.7 XETS prototype for 30-70 GHz operation when integrated with a MACOR™ lens [33]:
a photograph of the front face; b back face
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Fig. 1.8 Front side of the
multiple XETS prototype [50]

This is a clear advantage over self-complementary log-periodic printed feeds [49].
The phase center of this radiating element is very stable across the whole frequency
band and lies in the antenna plane.

These broadband XETS elements can be closely packed for scanning lens
applications, see Fig. 1.8. The multiple XETS elements are aligned along the feed
H-Plane [50]. Simulations have shown that a separation between XETS centers of
only 2 mm in this plane ensures better than 18 dB isolation between adjacent feeds
across the operating bandwidth, despite the presence of the very close IF circuits on
the backface.

1.3.2 Lens Materials

The second issue to be addressed prior to the lens design is the selection and
characterization of the dielectric material. Common materials are PTFE, poly-
styrene, fused quartz, ceramics, silicon, or alumina. In most cases, the electro-
magnetic characteristics of candidate materials are specified by the manufacturer for
microwave frequencies only, with tolerances that are incompatible with an accurate
lens design in the most stringent applications. Thus, the dielectric complex per-
mittivity must be evaluated in-house to ensure a good agreement between predic-
tions and measurements. Besides the electrical properties, the homogeneity and the
isotropy of the raw material must also be checked.

Two most used methods for permittivity measurement are: the waveguide
method [51] and the open resonator Fabry—Perot method [52, 53]. The waveguide
method is very convenient for low to moderate permittivity (up to 5) and loss
tangent (in the 10™* to 1072 range). Parallelepiped samples of the dielectric material
are precisely cut to fill completely the cross section of the rectangular waveguide
short-circuited sample holder, see Fig. 1.9. Under single-mode TE;, conditions, the
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Fig. 1.9 Example of waveguide short-circuited sample holder for V-band and a few dielectric
samples [51]

Fig. 1.10 Fabry-Perot open
resonator for V-band complex
permittivity measurements
[53]

complex permittivity is calculated from the measured s, frequency responses for
the (i) dielectric filled and (ii) empty sample holder. The method is quite accurate,
provided that the air gaps between the sample and waveguide walls are less than
50 pm in the V-band. Because the required samples are very small (typically
3.9 x 1.9 x 5.0 mm® in V-band), material non-homogeneity or anisotropy can be
evaluated by cutting samples from different parts and different orientations of the
raw material block.

Excitation of higher order modes in the dielectric filled sample holder for relative
permittivity values typically larger than 5 tends to introduce significant error in the
complex permittivity determination, especially in the loss tangent. The Fabry—Pérot
open resonator method [52] does not have this limitation. In Fig. 1.10, a
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Table 1.1 Measured permittivity values of different materials at 60 GHz

Material Dielectric constant Loss tangent
ABS-M30 (three-dimensional printed) 2.48 0.008
Acrylic glass 2.5 0.0118
Alumina 9.3 0.0013
Fused quartz 3.8 0.0015
MACOR 5.5 0.0118
PLA (three-dimensional printed) 2.85 0.014
Polyethylene 2.3 0.0003
Polypropylene 2.2 0.0005
Polystyrene (Rexolite) 2.5 0.0004
Teflon 2.2 0.0002

plane-concave configuration was selected, since it involves the fabrication of only
one spherical mirror while allowing precise positioning of the dielectric samples
directly on the planar mirror, without any perturbation from sample holders. The
resonator dimensions were chosen to produce at the planar mirror a 6 mm beam
waist fundamental Gaussian mode with well-defined linear polarization. The quality
factor of the empty Fabry—Perot resonator is 10°. The complex permittivity of the
sample dielectric material disk is calculated from the S,; frequency response
measured between the feeding and pick-up waveguide probes [53] for the empty
and for the dielectric loaded resonator. The measurement is sensitive to polariza-
tion, and thus, by rotating the sample disk about the cavity z-axis, it is possible to
clearly identify possible anisotropies of the material sample and calculate the
complex permittivity along the anisotropy axes [53].

The measured permittivity for typical dielectrics is shown in Table 1.1. High
permittivity values of the lens material allow more flexibility to comply with beam
shaping requirements and better power coupling from bidirectional planar feeds to
the lens. But this comes at the cost of higher lens internal reflection loss detuning of
the feed input impedance [54]. Matching layers [10] or multiple shell lenses can
cope with these opposite dependencies on material permittivity.

1.3.3 Fabrication

Besides the electromagnetic properties, the choice of the dielectric material may be
limited by the selected process for lens fabrication. Several techniques exist to
manufacture a dielectric lens antenna. The most common approaches use either
computer numerical control milling machine (CNC), moulding or
three-dimensional additive manufacturing. Milling is a common approach, but it
may not be appropriate for hard materials, typically with high permittivity values
like alumina.
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Fig. 1.12 Lens fabrication by molding technique

CNC enables to produce physical objects from its digitized three-dimensional
description, by automatically excavating the object shape out from a block of raw
material, Fig. 1.11. This type of fabrication process is especially appropriate for
antennas with complex shapes, tight dimensional tolerances and good surface finish
as happens for instance with shaped lens antennas at millimeter waves. It is more
indicated for small series production or for lab prototyping as opposed for instance
to the injection molding process, which is cost effective for mass production. CNC
milling may, however, be used for mold production for the latter technology.

There are no special limitations on the materials that can be used for CNC
milling, except that they must be machineable. Some examples of commercially
available machineable dielectrics are listed in Table 1.1. The appropriate cutting
tool, its rotation speed, the cutting speed, feed rate, and cutting depth must be
appropriate for the selected material. The specific values for these cutting param-
eters can be found in manufacturers’ material data sheets. Depending on the
dielectric material and CNC milling machine characteristics, 50 um fabrication
accuracies can be achieved. For some type of materials it is possible to fabricate the
lens using a moulding technique, Fig. 1.12. In this case, a mold with the shape of
the lens has to be manufactured where the dielectric, in liquid phase, is poured or
injected into. Usually, the assembly must be left for a few hours before the mold can
be removed. Depending on the material, the lens dimensions may change
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marginally after material curing; this has to be considered when designing the mold.
Moulding is generally considered a cost-effective technique for mass-production,
but it is of limited advantage for lens lab prototyping due to the mold manufacturing
cost. Furthermore, it is not easy to avoid trapped gas bubbles or to control the
homogeneity of the mixture as it becomes solid, without an appropriate facility.

In the case of multilayer lenses particular attention has to be given to the
matching and alignment of the layers produced by milling or molding technologies.
Air gaps between the layers should be avoided when assembling the lens. The
presence of air gaps as small as 0.03 wavelengths in multilayer lenses can reduce
the antenna gain and increase side lobe level of the radiation pattern. This effect is
more intense with the increase of the number of layers [55] or with higher per-
mittivity materials [56]. A glue can be used to mitigate the effect of the air gaps as
long as it has approximately the same dielectric constant of one of the adjacent
layers.

Three-dimensional printing is becoming an attractive technique to fabricate
elaborate dielectric prototypes at relatively low cost. As with CNC, it starts with a
three-dimensional digitized model of the object, but the rendering is based on an
additive process where successive layers of a material are laid down dot by dot to
construct the desired shape. Various materials can be considered, but thermoplastic
based three-dimensional printers are the most popular. Although the commonly
used materials tend to have moderately high losses and the fabrication tolerance of
low-end printers is presently of the order of 200 um, the viability of a
three-dimensional printed lens antenna made of ABS (tan 6 = 0.008) for
short-range indoor wireless link at 60 GHz has been recently demonstrated [57, 58].
A similar technique can be used to manufacture lenses using higher permittivity
lower loss materials like Alumina [11].

1.4 Lens Design Examples

This section presents selected lens examples for different applications. These and
other examples are discussed in full detail in the indicated references.

1.4.1 Constant Flux and Flat-Top ILAs for mm-Wave
WLAN

The cellular Mobile Broadband Systems (MBS) concept was introduced in 1992
and developed throughout the 90s [59]. It was intended to transport, in a transparent
way, Asynchronous Transfer Mode cells (ATM) over the air interface at data rates
up to 155 Mbit/s, withstanding mobile velocities up to 100 km/h, while maintaining
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Fig. 1.13 a Geometry of a street sectored cell; b photograph of a shaped lens antenna for a
constant flux illumination of the street at 60 GHz [60]

the quality of service of the fixed network. Provisional sub-bands were allocated for
these systems at 39.5-40.5, 42.5-43.5 GHz, and 62-63, 65-66 GHz.

At the base station, a shaped beam was required to approximate a constant flux
illumination of the cell to favor the link budget, with reasonably sharp drop at the
cell edge to control cell spillover (see Fig. 1.13a). This characteristic corresponds to
cosec? type gain contribution from the antennas to the link budget within the cell,
which ideally compensates for the free space loss at each observation direction. An
acrylic three-dimensional lens was designed using a modification of GO
closed-form expressions to produce constant flux illumination across a long street
section when hanging from a lamp post located 10 m above the street level at the
center of the cell [60]. The lens was fed by the embedded open-end aperture of a
dielectric loaded rectangular waveguide operating in the TE;, mode. The lens
prototype is shown in Fig. 1.13b [60]. The dimensions are 10 cm X 4 cm X 2 cm
and the lens produces a bidirectional radiation pattern with 13.2 dBi gain at
62.5 GHz at the maximum distance direction (0., ¢ = £90°), with linear
polarization. The lens was successfully used in an outdoor system demonstrator
operating at 32 Mbit/s gross bit rate. In a follow-up project, these lenses were
redesigned for the 40 GHz band with the same specification but using a lower loss
dielectric material, polystyrene. A similar radiation pattern was obtained in this
case, but with slightly higher gain of 14 dBi. The received power over the street cell
showed that by using a single-shaped lens antenna at the center of the cell it is
possible to produce a rectangular-type of coverage above the threshold level, almost
confined to the cell limits [61]. No similar type of performance has been presented
before for any antenna. In a different configuration, a three-dimensional lens was
developed to produce a constant flux illumination with sharp square boundaries,
appropriate for indoor room coverage with controlled wall illumination [62],
Fig. 1.14a. The lens was made of acrylic with the size 84 mm x 32 mm (diago-
nal x depth) for operation at 62.5 GHz. The lens was fed by the circularly
polarized TE;; mode of a circular waveguide immersed in the lens body and
mounted near the ceiling. Figure 1.14b shows the received power distribution
beneath the lens, measured while the receiving lens antenna, with a flat-topped
radiation pattern, traveled on a kart to scan a 4 m x 8 m floor area. The difference
in height between base station and the mobile terminal antenna was 0.5 m. The
figure shows a constant received power in the illuminated region and a sharp drop at
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Fig. 1.14 a Dielectric lens antenna for a square cell fed by a circular waveguide; b received
power distribution measured in the laboratory at 62.5 GHz [62]

the cell edge as required. The sec” radiation pattern has the interesting property that
the cell dimensions can be scaled just by changing the height difference between the
fixed and the mobile antennas. This topic is further developed in reference [62],
where the calculated and measured radiation patterns, and also the resulting channel
time dispersion characteristic, are given.

1.4.2 Broadband ILAs as a Feed for Reflectors

The most common reflector feeds are based on horn antennas. Despite many
variants that horns may have, they all share the same feature of aperture antennas,
which is a radiation pattern that increases its directivity with the frequency. When
large bandwidths are involved, this may represent an important reduction of the
reflector aperture illumination efficiency. This problem is often circumvented by
splitting the wideband into multiple sub-bands, each with its own feed horn; but
then a complex set-up is required to minimize aberrations due to off-axis posi-
tioning of the multiple horns.

A challenging specification for a reflector feed is the ability to maintain a
constant radiation pattern beam width with stable phase center over a 1:3 band-
width. A double-shell shaped dielectric lens can be designed to meet such speci-
fication [15]. The lens is intended to feed a 90° offset reflector, Fig. 1.15a. The lens
output beam produces a virtual focus located far below the lens and close to the
corresponding reflector focal point. A 20-A diameter lens prototype was designed
and fabricated using MACOR™ and acrylic (Fig. 1.15b). The optical transparency
of the acrylic reveals the inner shell, which appears distorted due to refraction
effects. The lens is fed by the waveguide device described in Sect. 1.3.1 (Fig. 1.6).

The measured lens radiation patterns are shown in Fig. 1.16a for two distinct
frequencies in the Q- and V-band (40 and 62.5 GHz). The measured lens radiation
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Fig. 1.15 a Problem geometry; b fabricated MACOR™/acrylic lens prototype [15]
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Fig. 1.16 a Measured radiation patterns of the lens at 40 and 62.5 GHz; b calculated directivity
and aperture efficiency of the reflector with frequency plotted on log scale [15]

pattern agrees very well with the Gaussian template with o = 23° Gaussian width
(dashed curve). It is possible to see that the shape and beam width of the lens
radiation pattern are identical in both bands as desired. The same behavior was
demonstrated by full-wave simulation between 30 and 90 GHz [15]. The lens
output beam Gaussicity is better than 94% over the band. The measured phase
center position of the lens agrees with the value imposed during the design
(zp = 68.7 mm) and it is identical in both frequencies. Full-wave simulations
confirm phase center stability over the 1:3 bandwidth. The performance of the
lens-reflector assembly was simulated using the ILASH software [43]. Figure 1.16b
shows that the aperture efficiency is practically constant versus frequency as
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Fig. 1.17 Fabricated shaped
double-shell lens prototype
[63]

required and, in agreement with that property, the reflector directivity in dB
increases almost linearly with logarithm of the frequency.

In a second example, a shaped double-shell dielectric lens (Fig. 1.17) has been
designed as a primary feed for a multi-beam single reflector system operating in the
Ka-band satellite up-link (30 GHz) and down-link (20 GHz) bands, complying
with gain and edge-of-coverage directivity (EoC) requirements [63]. An assembly
of dual-band printed feeds is integrated at the base of a single lens, each feed
producing a virtual focus far behind the lens base and coincident with the reflector
focal arch.

The lens is axial-symmetric, formed by two embedded shells of Polystyrene
(inner shell) and MACOR™ (outer shell). The used double-shell lens approach,
instead of a single-material lens, allows an extra degree of freedom to accommodate
an aberration mitigation condition. In fact, two refracting surfaces are required to
impose two design conditions, one associated with the phase center and the other
with low aberration. Further, it was verified that selecting a higher permittivity for
the outer shell material favors lower beam tilt for the off-axis feeds (lower spillover
losses) while allowing more space between adjacent feeds at the lens base.
Therefore, this lens based primary feed system is proposed as a low-complexity
solution to enable fitting more beams per solid angle than conventional
single-feed-per-beam systems based on a cluster of focal-plane horns. The proof of
concept lens prototype with 87 mm diameter and 62 mm height, fed by a linear
arrangement of five dual-band printed feeds was fabricated and tested at the
Ka-band [63]. The lens measured radiation patterns were post-processed to evaluate
the combined performance of the lens with an offset F/D ~ 1 reflector system
designed for 45 dBi EoC directivity, see Fig. 1.18. It is shown that it duplicates the
reflector aperture efficiency compared to horn fed systems with same feed
separation.
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Fig. 1.18 Radiation patterns of an F/D = 0.95 reflector obtained by illuminating a simulated CST
reflector with the post-processed measured lens radiation patterns and lens simulated radiation
patterns: a at 20 GHz; b at 30 GHz [63]
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Fig. 1.19 Multi-shell lens-like dome: a topology in the E-plane cross-section, b prototype

1.4.3 Broadband Lens-Like Dome Antenna

Another example of a broadband ILA is presented in Fig. 1.19. Unlike earlier
examples, this antenna comprised a multilayer lens-like dome, whose profile was
optimized using a genetic algorithm aiming at producing a stable Gaussian-type
radiation pattern across the entire V-band (50-75 GHz). The desired functionality
was achieved thanks to the simultaneous optimization of the shape for both internal
and external surfaces of the dome [16]. The backreflection from both air-dielectric
interfaces was minimized using quarter-wavelength matching layers. The dome
optimization method was similar to the one represented in Fig. 1.3 (loop b) with a
number of cubic spline nodes uniformly distributed along both surfaces
(Fig. 1.19a).

The antenna was fed with E-plane sectoral horn having a rectangular aperture
and a nearly symmetrical radiation pattern that justified the use of a rotationally
symmetrical dome.
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Fig. 1.20 Measured radiation patterns of the optimized LLDA with two matching layers:
a E-plane, b H-plane. The families of 6 curves corresponds to different frequencies:
50 GHz; oo 55 GHz; 60 GHz; +======: 65 GHz; ssmuman 70 GHz; wevvesnneen 75 GHz
(borrowed from [16] with permission from IEEE)

The dome core layer was made of Rexolite (¢ = 2.53), with two matching layers
made of a low-permittivity foam (e = 1.59). All counterparts of the shaped dome
have been fabrication via micro-machining (Fig. 1.19b). The feasibility of a
single-step fabrication of each shell and their assembly was guaranteed by the
constrains to the dome feasible shape that have been implemented in the opti-
mization routine.

The measured radiation patterns in both planes presented in Fig. 1.20 for five
frequency points reveal successful achievement of the optimization goal. The main
advantages of the lens-like dome antenna include wideband performance and light
weight, which may be important for on-board applications. Note that a certain
constrain on the shape of external surface can be easily added in the optimization
routine. For instance, it may be optimized to provide optimal aerodynamic char-
acteristics. Possible weak points include complexity of mechanical assembly of the
multilayer structure and rigidity of the foam matching layers, which may prevent
scaling this design to upper mm-wave bands.

1.4.4 Multi-beam ILAs

The first example refers to an integrated multi-beam lens antenna intended to
produce 3 dB beamwidths of the order of 6° at the 60 GHz band, with high
Gaussicity, gain scan loss lower than 1 dB over +20° scan angle and complying
with a maximum diameter of 70 mm [64]. The challenge was to minimize internal
reflections and to ensure a reasonably stable Gaussian beam shape across the
scanned angular interval. A double-shell configuration was adopted to allow
imposing both a beam collimation condition and the Abbe sine condition to min-
imize aberration of the output beam. The selected lens materials were the
MACOR™acrylic combination (permittivity 5.5/2.53), and the feed was the
especially designed waveguide aperture described in Sect. 1.3.1 for 62.5 GHz



26 A.V. Boriskin et al.

@) (b) E, [dBi]

20

10

Fig. 1.21 a Fabricated MACOR™/acrylic lens prototype, showing the attached 60 GHz band
waveguide feed; b simulated and measured gain radiation patterns at 62.5 GHz, in the H-plane,
with feed at 0, 1.1, 2.2, 3.3, 4.4, and 5.5 mm from the lens axis [64]

operation. Figure 1.21a shows the lens antenna prototype which was designed
using ILASH [43]. The lens dimensions are 60 mm diameter at the base and 37 mm
height; the outer shell material is transparent, and thus it reveals the inner shell,
which appears distorted due to refraction effects.

Figure 1.21b shows the measured and simulated radiation pattern results for
different feed positions at 1.1 mm steps along the lens base in the H-plane. This
produces overlapping of consecutive beams near —1.5 dB level with respect to
maximum. Beam overlap at —3 dB occurs for wider separation between consecu-
tive feeds, compatible with the used feed aperture size (not shown). The figure
shows excellent agreement between ILASH predictions and measurements and
confirms the effectiveness of the proposed double-shell lens concept regarding
beam scan linearity, internal reflections, beam shape and Gaussicity preservation
with extremely low scan loss up to 20° elevation. The achieved gain was of the
order of 18-19 dBi and the scan loss better than 1 dB. As a consequence of the
GO-based lens design, the scan angle dependence on the feed off-axis position was
practically independent of frequency and the beam Gaussicity was better than 95%.

The second example of a multi-beam ILA concerns an antenna with a recon-
figurable FoV (Fig. 1.22). Such a functionality may be of particular interest of
automotive radar systems requiring switching between short-range (SR) and
long-range (LR) regimes. The presented antenna relies on the concept proposed in
[35] but, instead of using a standard extended cylindrical lens, it is based on a
shaped lens, whose profile was optimized in three cut-planes to provide a desired
beam width in both horizontal and elevation planes and both operational regimes
(Fig. 1.22). The lens was fabrication via micro-machining (Fig. 1.11c) in Rexolite
and excited by a five-element non-equally-spaced linear array (in H-plane) of
aperture-coupled microstrip patch antennas. The array is symmetric (the central
patch is located at the origin of the coordinate system) and all patches are excited in
phase. Modification of the lens surface illumination laws is provided by a selective
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(b)

(d)

Fig. 1.22 Shape ILA with a reconfigurable field of view: a CAD model, b shaped lens
micromachined in Rexolite material, ¢, d back view of the BFM networks used to excite the
primary feed array for SR and LR regimes, respectively

excitation of the array elements. To simplify the architecture of the beamforming
network (BFN), the excitation amplitude of the array elements was limited to two
states ON or OFF. The lens shape was optimized to transform a sub-array pattern
(corresponding to a specific state of the BFN) into a prescribed far-field beam. The
design goal is to enable switching between two beams with half power beam widths
of 10°x10° and 10°x40°, respectively.

To facilitate fabrication, the antenna was designed to operate at 24 GHz with
two operational regimes implemented using two different BFN configurations
comprising three central ones for the SR regime (Fig. 1.22¢) and four offset ones
for the LR regime (Fig. 1.22d), respectively. The simulated and measured patterns
for both regimes are represented in Fig. 1.23 and Fig. 1.24, respectively. The slight
asymmetry of the measured curves was attributed to the manual alignment toler-
ances in the assembly of the multilayer BFN. Nevertheless, good agreement
between the simulated (FDTD) and measured curves was obtained with the desired
beam width values achieved in both regimes. The other radiation characteristics of
the prototype operating in the wide and narrow-beam regimes were determined to
be the following: measured gain is 12.6 and 16.6 dB with the operational band-
width §;; < —10dB is 14.6% (22.3-25.8 GHz) and 5% (24.7-25.5 GHz),
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Fig. 1.23 Radiation patterns of the ILA operating at 24 GHz in the wide-beam regime:
a elevation E-plane, b azimuth H-plane. Co-polar measured: , co-polar simulated: - ,
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Fig. 1.24 Same as in Fig. 1.23 for the ILA operating in the narrow-beam regime

respectively. The matching difficulties in the narrow-beam regime were associated
with fabrication intolerances, and thus, in principle, can be avoided. The radiation
patterns fit well the target template within the entire operational bandwidth. The
realized antenna radiation efficiency was estimated as 58 and 53% for the wide- and
narrow-beam regimes, respectively. A quite high insertion loss was attributed to the
material losses associated with the lens and BFN.

This example is reported as a proof of concept for ILAs with a highly recon-
figurable FoV, which can be achieved thanks to a combination of a reconfigurable
primary feed array and shaped dielectric lens. This concept can be generalized for
other frequency bands and types of primary feeds. It can also be implemented to
support a double-band functionality with the same shaped lens enabling two dif-
ferent beamforming functions for different excitation conditions. Such antennas
may find application in a number of application domains including intelligent
transport.
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1.4.5 Beam-Steering ILAs

Beam-steering ILAs are attractive solutions for automotive radars and
point-to-point (or point-to-multipoint) communication systems. An established
solution for such antennas comprises an extended hemielliptical (or hemispherical
lens) fed by a focal array (Fig. 1.2). The weak point of this design is a rapid drop of
the directivity value for scan angles beyond about 20° [6, 20]. The following
examples illustrate three possible alternatives to overcome this limitation.

The first example is a mechanical scanning ILA proposed in Ref. [65] for Low
Earth Orbit satellite data link communications at 26 GHz. The lens was required to
produce a sector beam with shaping in elevation, and to enable a simple mechanical
azimuth scanning. The target gain versus elevation angle 0 is given approximately
by sec(kB). With an appropriate choice of the k shaping parameter, this elevation
radiation pattern compensates path loss attenuation taking into account the Earth
curvature.

The designed shaped lens is axial-symmetric but a spherical air cavity is exca-
vated through its base at a calculated offset distance with respect to the lens
symmetry axis, Fig. 1.25a. The feed aperture is at the center of this spherical air
cavity. The asymmetry introduced by the feed position produces an adequate
directive shaped beam. This is an extremely simple solution where the feed is fixed
and the lens rotates about the feed axis to provide the required beam scanning. The
feed is not in physical contact with the lens, thus avoiding the need for fault prone
rotary joints in long continuous usage. The assembly is very compact and light-
weight (lens diameter is less than 5 wavelengths and height is less than 3 wave-
lengths) complying with mass and volume restrictions for satellites.

The same concept of a moving lens with fixed feed was extended for azimuth
plus elevation mechanical scanning in a different application context. Wireless
indoor transmission of uncompressed HD video signal between a video device like

(a) (b)

feo 135 90 45 0 45 90 135 180 0dB
§[Deg)

Fig. 1.25 a MACOR™ axial-symmetric 50 mm diameter shaped lens; b radiation performance
(in polar coordinates) of the lens computed with the GO/PO method [65]
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Fig. 1.26 a Photograph of the manufactured polyethylene lens plus horn feed; b measured
radiation patterns of the lens antenna for several lens tilt angles [24]

a camcorder and a HD TV Display may soon become a requirement for mass
market home applications. It proposes to use the unlicensed spectrum from 57 to
66 GHz for such applications. For mass consumer applications, the radio link must
use inexpensive low power sources and hence high gain antennas (>20 dBi) are
required to favor the link budget. The narrow beam needs to be steered to allow for
the user mobility. A new configuration of a mechanical steerable beam antenna has
been developed where a dielectric lens pivots in front of a single stationary mod-
erate gain feed (see Fig. 1.26a) [24]. Again the feed is not in physical contact with
the lens. As discussed previously, this eliminates the need for rotary joints and the
associated drawbacks. The designed lens is made of polyethylene and is such that
both the input and output lens surfaces are shaped to accommodate a beam colli-
mation condition and a scan angle maximization condition. The lens output beam is
aligned with the lens axis for all lens orientations within the operation cone. Thus,
pivoting the lens around two of its main axis allows steering the beam in elevation
and azimuth. The important difference with respect to conventional scanning lenses
is that for all inclinations of the lens the focus is always exactly coincident with the
aperture phase center. In this way, aberrations are strongly reduced allowing wider
scan angles than conventional solutions. The fabricated lens assembly demonstrated
a —45° to +45° elevation scan capability over full azimuth, with 21 dB gain and
better than —1.1 dB gain scan loss (see Fig. 1.26b). The radiation efficiency was
always above 95%. A simple system demonstrator has been recently assembled to
prove the feasibility of the antenna concept, of the tracking mechanism and its
algorithms [66].

The third example of a beam-steering ILA proposed for automotive radar
applications at 77 GHz band [26] is presented in Fig. 1.27. This antenna comprises
two plano-convex dielectric lenses having the same diameter but different radius of
curvature: one attached on top of a planar feed (labeled as substrate lens) and
another one placed at a certain distance above the first one (labeled as objective
lens). As illustrated in Fig. 1.27a via a ray-tracing diagrams, such a topology
enables one to obtain a flatter shape of the focal arc than that observed in case of a
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Fig. 1.27 Double-lens ILA: a topology and ray-tracing diagrams for the proposed DL-ILA and a
standard synthesized elliptical lens considered as a reference solution, b simulated directivity in
both principal planes and scan angle of the DL-ILA and the reference antenna versus feed position
at 77 GHz
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Fig. 1.28 a Prototype of the DL-ILA, b measured radiation pattern in H-plane at 77 GHz

standard synthesized elliptical lens reported in [6]. Reciprocally, a lower scan loss is
achieved for off-axis feed positions (Fig. 1.27b). In this study, both ILAs have
diameter 2R = 16 X Ag, which corresponds to a maximum directivity of 34 dBi (for
a uniform field distribution). In case of the double lens (DL) system, the distance
between the lenses and thickness of the objective lens have been optimized aiming
at achieving a minimum scan loss for the angular range of £30°. The optimal
design reported in [26] provided 1.1 and 0.9 dB scan loss for the most offset
position in the E and H planes, respectively. Comparison with the reference syn-
thesized elliptical ILA [6] antenna shows a 3.9 dB advantage in terms of the
directivity scan loss at 30° for the DL system that has been achieved by the expense
of 1 dB loss in terms of the broadside directivity.

The DL-ILA design concept was experimentally validated via prototyping
(Fig. 1.28). The two 62.4 mm diameter lenses were micromachined in a thermo-
plastic polyetherimide resin (Ultem™, & = 3.01). The off-axis characteristics of the
antenna were measured by changing the feed position with respect to optical axis of
the DL focusing system. For this purpose, a special support and positioning system
was used, enabling synchronized displacement of the lenses with respect to the
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primary feed position. The antenna was fed by an aperture-coupled patch antenna
excited through a waveguide-to-microstrip transition, coupled (S;; < —10 dB) from
74.5 to 80 GHz.

The radiation pattern of the antenna was measured at three frequency points, i.e.,
75, 77, and 79 GHz. The realized scan loss in both principal planes and all fre-
quency points does not exceed 1.2 and 1.0 dB for the E and H-planes, respectively.
For brevity, only the 77-GHz pattern in presented in Fig. 1.28b.

The obtained results confirmed a strong potential of the DL concept for ILAs
with a wide FoV and/or low scan loss performance. Additional advantages of the
DL-ILA revealed by this example include a smaller total height of the focusing
system and, consequently, reduced weight and smaller material loss. Analysis
showed that the latter advantage may fully compensate the additional scattering loss
associated with the objective lens. A potential weak point of DL-ILA is complexity
with assembly and alignment of the DL focusing system. A possible extension of
this concept may include integration of a substrate ILA with a shaped dome acting
as an objective lens. This approach may help further improve FoV as well as
enlarge the operational bandwidth.
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Chapter 2
Multi-shell Radially Symmetrical Lens
Antennas

Zvonimir Sipus and Tin Komljenovic

Abstract In this chapter, we review several aspects of the analysis and the design
of multi-shell spherical and circular cylindrical lens antennas. Such lens antennas
are attractive for implementation in communication and radar systems, in particular
in the millimeter-wave frequency band, due to their broadband behavior, excellent
focusing properties, possibility of beam scanning, and the ability to form multiple
beams. In order to develop an efficient analysis tool, needed for successful design of
multi-shell lens antennas, we first demonstrate the principles of the analysis algo-
rithm for calculating the EM field distribution in general multilayer structures (i.e.,
inside a structure with an arbitrary number of layers). This algorithm is designed for
spherical and circular-cylindrical geometries with elementary excitation. To model
realistic lens antennas, we introduce additional flexibility that allows the analysis of
actual feed antennas that usually do not follow the symmetry properties of the lens.
Finally, by connecting the algorithm with an optimization subroutine, a powerful
analysis and design tool is created. All the aspects of the proposed analysis
approach are explained and illustrated with examples. Furthermore, some practical
problems which are encountered in the design of these types of lens antennas are
highlighted and common solutions are presented and compared to the ideal
situations.
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2.1 Introduction

In recent years, there is a growing interest for antennas in communication and radar
systems at higher microwave and millimeter-wave frequencies. Different kinds of
spherical and cylindrical lens antennas are attractive solutions for such applications
due to their focusing properties, capability of beam scanning, ability to form
multiple beams, and broadband behavior. Furthermore, the typical problems with
microwave lenses in the past, such as their bulkiness and weight are no longer an
obstacle for practical implementation since by moving to higher frequencies and by
using novel materials the size and weight have been considerably reduced. This
added degree of freedom in terms of weight and size has in many cases led to the
increase in the electrical size of the lenses in order for them to meet requirements
for more demanding applications. In addition, the feed can be any type of antenna
(horn, dipole, microstrip patch), and typically it is a part of the mechanical system
that points the main beam in the desired direction. Altogether, the lens antenna
system is a complex electromagnetic design problem that requires efficient and
accurate analysis tools that can take into account various practical problems and
demands.

The inhomogeneous lenses have first been analysed and designed using geo-
metrical optics and ray-tracing techniques [1-4]. However, these are approximate
methods valid for structures with all the dimensions large compared to the wave-
length. Furthermore, they cannot take into account internal reflections. The general
numerical methods, such as the finite difference time domain [5] or the finite
element method in [6], can be applied to the lens analysis. However, such methods
are suitable for structures having limited electric dimensions, usually not more than
20 free space wavelengths, and are time- and memory-consuming. Therefore, there
is a need for specialized software in which the geometrical properties of the con-
sidered structures are analytically taken into account, and which can be efficiently
connected with an optimization routine.

The analytical solution for spherical and circular-cylindrical multilayer structures
is derived from the solution of the homogeneous Helmholtz equation, known as
Mie series. It has been extensively used and reported for plane wave scattering by a
conducting and dielectric sphere [7, 8]. This approach has been generalized for
multilayered dielectric lens using different formulations: Mie series augmented
matrix solution [9, 10], scalar potentials [11], mode matching technique [12—15] or
dyadic Green functions [16—19]. The similar analysis approach can be applied for
analyzing other types of structures (e.g., conformal microstrip antennas [20-23]).
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2.2 Analysis of Spherical and Circular Cylindrical
Multilayer Structures

For many structures and technical problems, one requires the knowledge of the field
distribution scattered and/or inside multilayer spherical or cylindrical structures.
Examples would be lens antennas, radomes, optical fibers, geophysical probing,
scattering reduction structures (cloaking), etc. In all the considered cases we would
like to determine the EM field distribution inside and around the multilayer
structure while the position and/or existence of the source can be arbitrary. For
example, in scattering problems the sources are faraway from the structure, in
waveguide problems we search for eigenmode solutions, while in the antenna
problems the sources are a part of the structure. In general, all of these problems can
be described using the Green’s function approach, i.e., we can consider the physical
or equivalent sources as a part of the structure (the waveguide problems can be
treated as poles of the Green’s functions). The knowledge of the most appropriate
Green’s function is often essential for implementing the numerical method we
would like to apply. For example, planar, cylindrical, and spherical patch antennas
and periodic surfaces are frequently analysed by means of the electric field integral
equation and the moment method. There the kernel of the integral operator is a
Green’s function, which takes into account the considered curved multilayer
structure.

2.2.1 Green’s Functions for Layered Media

In principle, there are two basic approaches for calculating the Green’s function of
a general multilayer structure: either to analytically derive an expression for it and
then code this expression, or to develop a numerical routine for the complete
calculation. The analytic approach requires less computer resources than the
numerical approach; however, it is very laborious to analytically determine the
Green’s functions for structures with more than two layers. In such cases, it is more
convenient to use a numerical algorithm which determines the Green’s function
directly. Furthermore, the analytic approach often requires a new derivation of the
Green’s functions for practically every slightly different problem, such as for dif-
ferent number of layers or for different source locations inside the layers.

In most cases, lenses follow spherical or cylindrical geometry, or a slight vari-
ation of these. Therefore, it is reasonable to focus our attention on these geometries
and use the inherent properties of these structures to our advantage. Ideal planar,
circular cylindrical, and spherical multilayer structures have one property in com-
mon: the structure is homogeneous in two dimensions, and varies in the third
dimension. For example, the spherical structure in Fig. 2.1 varies in r direction and
is homogeneous in 0 and ¢ directions. Thus, planar, cylindrical and spherical
structures can be referred to as one-dimensional structures since they vary only in
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Fig. 2.1 Spherical lens
antenna illuminated by a horn
antenna

one dimension [24]. We can simplify the problem of determining the field distri-
bution Green’s functions for one-dimensional structures if we perform the
two-dimensional (2D) Fourier transformation in the coordinates for which the
structure is homogeneous. As a result, our original three-dimensional problem is
transformed into a series of one-dimensional problems, which are much easier to
solve. Instead of using Fourier transformation one can search for modal represen-
tation of the EM field, which at the end gives the same EM field expression.

When determining the Green’s functions of multilayer one-dimensional struc-
tures one can select two paths. The first is to select one component of electric and
magnetic potential and then to express the field components at the boundaries to
determine the considered potentials. In practice, the algorithm determines the
reflection and transmission coefficients of TE and TM waves which are connected
(simply by multiplication) in a final matrix that describes the structure (see, e.g.,
[16]). For example, in the spherical case we can use the Debye potentials /., and yr,,
to characterize the TM and TE waves (note that r = r7)

E™ =V xry,, (2.1a)
HM =V xry, (2.1b)

The Debye potentials /., and ,,, are determined by solving the scalar Helmholtz
differential equation (in spherical coordinate system in this case)

Y = 2 (kr) P (cos 0)e™ (22)

Here , is the elementary solution of the Helmholtz differential equation, i.e.,

P"(cos 0) are the associated Legendre functions of the first kind and z, denotes

spherical Bessel j, or Hankel hgz) functions. Using the following notation:
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M,,, =V X 1, (2.3a)

1
Now = 2V % My, (2.3b)

we can express the electromagnetic field as

E=—> " M+ buN. (2.4a)

n m

- % Z Z binnMimn + @ N (2.4b)

n

The coefficients are determined by fulfilling the boundary conditions for the
tangential EM field components (e.g., for electric field)

tan __ h ] |m| ime
E® = Z Z [nm/n (kr) +d" h? (kr)} <H HP” (cos 0) — ¢ P (cos H))e’

n=0 |m|<n
+ ii [b/ 1ju(kr) + B! rh (2) (kr)} OiP‘m‘(cos 0)+ c})ﬂP‘m‘(cos 0) m
krdr L o do " sin@ "
(2.5)

By fulfilling the boundary conditions at each boundary (continuity of the tan-
gential components) the reflection coefficients can be determined, see [16] for
details.

The second approach is based on determining the tangential components of the
EM field (so-called propagator matrix approach [16]). This approach actually
corresponds to the implementation of the Huygens’s principle or more precisely, the
Love’s equivalence theorem [8]. Here the original problem is divided into equiv-
alent subproblems, one for each layer. The field inside each layer is then determined
from equivalent currents at the subproblem boundaries and from the sources inside
that subproblem. As a theoretical background, in parallel to the Love’s equivalence
theorem, we can modify the curl Maxwell’s equation to “eliminate” the normal
component of the EM field, i.e., to get the equations that depend only on the
tangential field and source components. This modification is given in [25] and the
resulting equations are (e.g., for H-field; by duality principle the equivalent equa-
tion can be derived for the E-field)

0 Jn V.V,
-=—H, = (1 + 2

an —; )'(HXE;)""HXJW

Jze:Jt_LVXMn
nk



42 Z. Sipus and T. Komljenovic

Here subscripts ¢ and n denote tangential and normal directions (related to the
considered boundary), n is the unit vector in the normal direction, and V, is the
transverse part of the V operator. In other words, in order to determine the EM
fields inside the considered multilayer structure we need to know the tangential EM
field components at each boundary as well as tangential component of the excitation
currents inside the structure. Note that the excitation current in Eq. (2.6) contains
two parts: the tangential electric current J; and the replacement tangential electric
current with the origin in the normal component of the excitation magnetic current
M,.

2.2.2 Description of the GIDMULT Algorithm

As indicated, a canonical three-dimensional problem can be efficiently decomposed
into one-dimensional subproblems by applying Fourier transformation for the
directions where the structure is homogeneous. This so-called spectral domain
approach is the core of an algorithm called GIDMULT for calculating the Green’s
function in the spectral domain (representing a one-dimensional (1D) spatial
domain) for planar, circular cylindrical, and spherical multilayer structures. The
G1DMULT algorithm calculates the Green’s functions in the same way for all three
types of geometries and it will be explained by considering the spherical geometry.

The solution procedure makes use of the Fourier transformation technique. Since
the problem is described in spherical coordinate system, we use the vector Legendre
transformation in 6 and ¢ directions, defined by [26, 24].

J(r,n,m) = / / n,m,0)J(r,0,p)sin 0e ™ d0dp (2.7a)
\/2nS(n,m)
J(r, 0, an j r,n,m)e™m? 2.7b
?) = mgoon;n‘ \/27rS n,m) ( ) ( )
Pl"l(cos 0)y/n(n+1) 0 0
]:(}’l, m, 9) _ 0 8P‘,;"‘(gzos 0) fjiilPs,‘:i'i(;os 0) (270)
jmP" (cos 6) oP™ (cos )
sin 0 00

2n(n+1)(n+ |m|)!
2n+1)(n—|m|)! "

S(n,m) = (2.7d)

By applying the vector Legendre transformation, the three-dimensional excita-
tions are transformed into harmonic current shells. If the source is infinitely thin in
r direction, we get one discrete current shell per source, otherwise we get a



2 Multi-shell Radially Symmetrical Lens Antennas 43

continuous distribution of current shells in r direction. The E- and H-fields induced
by the harmonic current sources have the same harmonic variations in 0 and ¢ as
the source. Therefore, only the field variation in the direction perpendicular to the
boundaries is unknown, and we have a harmonic one-dimensional (1D) field
problem. In this way, the spectral domain problem is interpreted as a
one-dimensional spatial domain problem consisting of one-dimensional multilayer
structure and harmonic one-dimensional sources in the form of current shells. This
is visualized in Fig. 2.2, where also all other steps of the algorithm are shown. We
describe the steps of the algorithm below.

The harmonic one-dimensional problem is solved by making use of the equiv-
alent problems, one for each layer. The unknowns are the tangential E- and H-fields
at layer boundaries. Since the variation of the E- and H-fields in the direction
tangential to the boundaries is harmonic with known periodicity, we only need to
determine the complex field amplitudes at the interfaces, i.e., we have four
unknowns per boundary. For example, the E-field in the layer j is expressed as

homo ~ homo ~ ~ homo_~ ~ homo_~ ~ homo ~ exc1 homo ~_exci

(2.8)

where :Ij and 1\71] are equivalent electric and magnetic current sheets at boundary j,
]em and M‘”‘Ci are excitation electric and magnetic currents in layer j (if any), and

Ghomo is the Green’s function of the homogeneous problem (given below). By using
Jj =it x Hyand M; = —it x E; Eq. (2.8) can be expressed in terms of the unknown

EM field amplitudes E, and H] at the boundary j between layers j and j + 1 and the
known excitation currents. Since the tangential E- and H-fields are continuous at the
layer boundaries we obtain 4 linear equations per boundary.

The algorithm connects all equivalent subproblems into a system of 4Nyoungary
linear equations with the same number of unknowns (Npeyndqry denotes the number
of boundaries). Once the amplitudes of the tangential fields have been determined,
it is easy to determine the field amplitudes anywhere in the multilayer structure by
applying the homogeneous region equivalent of the layer inside which we want to
determine the field value.

The core subproblem in the formulation is to calculate the E- and H-fields due to
a harmonic current shell excitation of radius 7, in a homogeneous region. This is the
only part (i.e., the only subroutine) that is different for planar, cylindrical and
spherical case. In the spherical case the formulation is as follows:

(a) from Jy (rg,m,n)

(2.9a)
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(a) 3-D problem

JCXCi(X,y) z y

exci

- p
1*02) AR
JCXCI (e’¢)

(b) Harmonic 1-D problem

©=

Je (m,kz) e—jmtj)e-jkzz

L(n,m,0) J*“i(n,m) e

jcxci(kx sky) e—kax e—Jkyy

(c) Definition of material boundaries and regions

%3

O %>
©)

®®

(e) Basic homogeneous harmonic 1-D field problem

T T jmé
j c‘jkxx c'jkyy L(n,m,0) J(n,m) e

R
L O, O

Fig. 2.2 Structure of the GIDMULT algorithm
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wer?

5 5 F7(2) 5
Evromm) = — " Jntn s 1) Jo(n,m) - {H" (krs ) Ju(kr) ri“ (2.9b)

~ _— ~(2) ~
Hd)(r,n,m) :]%J@(I’l,m) . { n (krs)Jn(kr) rirs (290)

- k ro~ F7(2) 5
Ey(r,nm) = ——2Jy(nm) - {7 (k’i)(J’;(k’) rsrs (2.10a)
wer Jo(kro)Hy " (kr)  r>rg
- J H(2>/(kr W (kr) r<r
Hy(r,n,m) =—Jg(n,m) - ¢ " 0200 = (2.10b)
Julkro) Hy ™ (kr) - r=rg

Here J,,(kr) and a? (kr) are the Schelkunoff type of spherical Bessel and Hankel

functions (J,(x) = xj,(x) and a? (x) = xh? (x)), and k is the wave number of the
considered layer. The fields excited by the magnetic shell can easily be determined
by applying the duality concept. The fields caused by the r-directed sources are
evaluated using the transverse replacement currents (see [24] for details).

Once we have the fields inside the structure the procedure to obtain the radiation
pattern is quite straightforward. If we consider, e.g., the ¢-component of the electric
field in the outermost region with the r-coordinate larger than the r-coordinate of

the patch, we have only outward-traveling waves described by o', I:I,(Lz)(kor).

Therefore, in the outermost region we can connect the ¢-component of the electric
field with different r-coordinates r; and r, as

77(2) mn+1 .
- - r Hy (kor - ry  exp(—jkor
E(/)(rlanam):E(ﬁ(r%nam) rzfi(z)Ek()li%E(b(rZanam) A‘iz)(kz ) p(rjo 1)
LH, ™ (ko2 n (Ko 1
(2.11a)
A<2>/ 1 —jkor
~ ~ Hn k ~ JKoT'
EU(r17n7m) = E()(FQanam) r_zw ~ EU(r27n7m) J’#e
F7(2) F7(2)
"L H,” (kors) H,” (kor)

(2.11b)
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Here r; represents the r-coordinate of the far-field pattern. This avoids the
problem of evaluating Hankel functions with very large argument. Notice that in the
lens analysis a slightly larger value than the feed position is chosen for the radius 7.
The final solution is obtained by superposing the spectral solutions, see Eqs. (2.7a—
2.7d).

In order to calculate the directivity radiation pattern it is necessary to calculate
the radiated power. This is done in spectral domain by using Parseval theorem [8],
i.e., the radiated power is equal

P =3 Re|> > S(n,m)(EgHy—E4Hy) | . (2.12)

Vm n>|m|

To summarize, the presented modal analysis approach (i.e., the spectral domain
approach or the Mie series approach) is completely rigorous (there are no
approximations in the formulation) and suitable for analyzing lenses with arbitrary
number of layers. However, its application is limited only to canonical geometries
(spherical, circular-cylindrical or planar) and one should be aware that numerical
problems can appear for electrically very large structures. Two major sources of
possible numerical difficulties are connected with the problem of the associated
Legendre functions PJ'(cos 0) becoming very large (especially if m = n,

Pi"(cos 0) ~nm=1/2l making the solution numerically unstable), and with the
problem of calculating Bessel/Hankel functions of large order. The first numerical
difficulty linked to associated Legendre functions can be solved using suitable
normalization process [22]. The second numerical problem (Bessel/Hankel func-
tions of large order) can be mitigated by implementing the Debye’s asymptotic
formulas for Bessel and Hankel functions of large order, by which either the pro-
duct of Bessel and Hankel function, or the ratio of two Hankel functions, are
calculated with extracted exponential parts [22].

Multilayer canonical one-dimensional structures can also be analyzed by
expressing the field quantities inside each layer as the superposition of forward and
backward propagating waves (as mentioned at the beginning of this chapter). The
reflection and transmission coefficients inside each layer can be determined in a
recursive way, resulting in the generalized reflection and transmission coefficient of
the whole structure (i.e., of the generalized scattering matrix). A detailed descrip-
tion of this method is given in [16]. Although in the presented approach the forward
and backward propagating waves are also considered, the way of determining the
field quantities is different—the presented GIDMULT algorithm simultaneously
determines the tangential field quantities at the interfaces between the layers. Unlike
in [16], in the presented method the field solutions to all the subproblems in the
procedure are given in terms of Green’s functions, i.e., the excitation within each
subproblem are equivalent or physical current sources. This makes it easy to modify
the code. For example, it is easy to implement the metasurface impedance boundary
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conditions into the routine, which makes the algorithm suitable for analyzing
multilayer metasurface structures (e.g., metasurface lenses).

2.3 Spherical Multi-shell Lenses

Spherical lens antennas in general have many attractive features like broadband
behavior, excellent focusing properties, wide scan coverage without scanning los-
ses, possibilities of multiple beams on (in general) different working frequencies,
etc. Such properties make lens antennas attractive solution in many applications, in
particular in millimeter frequency range where the weight of such antennas is no
longer an obstacle for practical implementation due to the increased frequency of
operation. Two most common designs follow the spherical Luneburg and half
Maxwell fisheye variation of index of refraction (see Fig. 2.3 and [27]), i.e., the
respective radial dependency of index of refraction is equal

n2(r)=2—r* and n3(r) :4/(1—|—r2)2. (2.13)

For example, spherical lens antennas can be used for automotive radars [28],
radar cross-section (RCS) enhancers [29], satellite communications [30, 31], or for
astronomy applications [32].

2.3.1 Modeling of Feed Antennas

As explained in the previous section, spherical lens antennas are usually rigorously
analysed using spherical wave decomposition. However, the feed was usually taken
only in an approximate way. For example, the Huygens source (approximation of
low-gain horns) was considered in [10], dipole sources were considered in [17], and
in [12, 13] the feeding horn antenna was modeled by an array of dipoles repre-
senting the aperture field distribution of the horn. In more details, in the case of horn
feeding, the horn is replaced with equivalent aperture currents by using free space

- (©

reflective plane

Fig. 2.3 Ray tracing illustration of the properties of a Luneburg lens, b half Maxwell fisheye lens,
¢ hemispherical lens with a ground plane
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equivalent principle [8]. For example, if the rectangular horn is used, the field at the
horn aperture in the local coordinate system is

E(x,y) = X Ep cos (%) e ot 0l (2.13a)
8

E .
H(x,y) = § — cos (—ny ) e M ot 0l )2 (2.13b)
n Wy

where W, and W, are the width of the horn in x- and y-direction, and p, and p, are
distances of the centers of radial waveguides from the horn opening. Therefore, the
equivalent currents are

J9(x,y) =x @cos (ﬂ> e/ 0 0 0)]/2 (2.14a)
n W,

Me(x, y) = § E cos (%) M s 7 ]2 (2.14b)

y

Small horns can be approximated with an elementary area (so-called Huygens
source [33]) with E- and H-fields equal to

0(0) 6(¢) 0(r = rpeea)

2 .
Feea SN 0

. ~0(0)0() 0(r — rpe
HLq(feed797¢) = d) ( )17(:125)(1 s(in Qf d).

E“(rfeea, 0, ) = 0

(2.15a)

(2.15b)

We can assume that the small horn is located at the 6 = 0° axis with r-coordinate
7 =1 neq. The vector-Legendre transformation of all described models can be found
almost completely analytically (for the rectangular horn numerical integration in -
direction is needed, or alternatively one can consider the array of electric and
magnetic dipoles as explained in [13]). For example, the vector-Legendre trans-
formation of the Huygens source is equal

e 1 2n+1
J q(reedynym = :l:l) = =0 (2163)
i 87N 1pq(n+1) im
0
~ 1 2n+1
M (Feq,n,m = £1) = nt —jm (2.16b)

8n;ff2-eedn(n+1) 1

Note that only the terms with m = %1 are different from zero.
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Rigorous model, based on closing the feed antenna in a small volume and
representing the near-field distribution via spherical harmonics, was presented in
[15]. The idea is to project the equivalent current distribution (at the interface of a
volume that encloses the source) on the spherical wave basis

P B / 3 My — LM N, | av (2.17a)
mn TC(I + 5"1) S(n7 m) mn 1” mn b) .
14
P / 3T Ny — L ME9 - M, | dV (2.17b)
nm 7'[(1 + 5m) S(n7 m) nm '/I nm b) M
\%4

where J,, is the Kronecker symbol. The equivalent electric and magnetic currents
are determined mostly from computed data. However, in order to implement the
proposed method, details of the feeding antenna structure should be known in order
to determine the equivalent currents (e.g., by a general EM solver), which is not
always the case—one often receives only the far-field measurements from the
antenna manufacturer.

In many cases it is beneficial to use a feed model which is based on spherical
mode representation of a far-field radiation pattern of the feed antenna and then
using an efficient way of connecting fields in local and global coordinate systems.
With this a fast and accurate method for analyzing spherical stratified lens antenna
systems can be obtained. Note that the arbitrary feed antenna for which we want to
find the model can be characterized either by measurements (often performed by the
manufacturer) or by analysis using general EM solver. The proposed feed model
contains three steps.

First step
The far-field of the feed antenna can be simply represented using vectorial spherical
harmonics [7]:

E=- Z Z @mnMpn + b Non s (218)
noom

where the functions M,,, and N,,,,, are defined in Egs. (2.3a)—(2.3b).

Second step

The spherical harmonics representation of the feed antenna is given in the local
coordinate system, so we need to rewrite it in the global coordinate system. If we
make a translation and/or rotation of the coordinate system, a new basis can be
defined with respect to the new coordinate system, and any of the considered
functions has to be expressed in the new basis. From addition theorems we get
expansion coefficients for M,,,, and N,,, in terms of M',,, and N’,, which are
referenced to the second coordinate system
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where AT and B are coefficients that connect the global and local coordinate

systems [34, 35]. A way to efficiently calculate them will be discussed at the end of
this section.

Third step
The excitation field is rewritten in terms of equivalent currents (suitable for
implementation into the code for analyzing spherical multilayer structures [8]):

Joo =(—1)xH

M, = E x (_) (2.20)

The equivalent currents have the following form in the spectral domain (for
example 1\7[3,1):

XS o (3 35 VRS () |

v=0 u=—v

ol $ 5 v )|

v=0 p=-v

(2.21)

Field representation in local and global coordinate systems.

In order to simplify mathematical description of the electromagnetic field distri-
bution it is desirable to expand field solutions in different coordinate sets which
describe the same space. The connection between different representations is made
by using addition theorems, i.e., by using formulas which describe representation of
a basis set of one coordinate system in terms of a basis set of one other [34]. There
is a practical problem with calculating coupling coefficients, in particular with the
Gaunt coefficients. This was first achieved by Stein [34] in terms of the Wigner 3jm
symbols, and it turns out to be very complicated and lengthy task [10] (for this
reason no results were shown in [10] that are obtained using transformation from
local to global coordinate systems).

Coupling coefficients can be efficiently calculated for special case when the
center of the local coordinate system is located at the z-axis (which is our case;
multiple sources can be easily treated by rotating the coordinate system [36, 37]). In
that case the coupling coefficients in Eqgs. (2.19a), and (2.19b) are calculated from
expressions
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2v+1
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(2.23)

where a(m,n|u,v|[p) are Gaunt coefficients for which efficient recursion formulas
exist for translation in the z-direction (i.e. for u = —m, see [38] for details).

2.3.2 Examples of Spherical Multi-shell Lens Antennas

12-layer Luneburg lens antenna

To demonstrate the results of the presented methodology, let us consider a 12-shell
Luneburg lens antenna developed at EPFL [12]. The lens parameters are given in
Table 2.1. The operating frequency is 10 GHz. The outer radius of the lens antenna
is 15.9 cm, therefore the antenna is approximately 104, in diameter. As a feed
antenna let us consider a rectangular horn for which the radiation pattern is
expanded in spherical harmonics. The opening of the rectangular horn is
2.0 x 3.0 cm and the horn is placed at & = 2.3 cm distance from the lens surface,
see [12] for details.

Table 2.1 Lens geometry and electrical characteristics

Shell EPFL Univ. of Rennes

number Radius Permittivity | Shell Radius Permittivity
(cm) number (cm)

1 3.755 1.93 1 8.2 1.92

2 5.52 1.74 2 11.6 1.76

3 7.41 1.71 3 14.2 1.61

4 8.38 1.65 4 16.4 1.46

5 9.415 1.63 5 18.4 1.31

6 9.94 1.56 6 20.0 1.15

7 11.84 1.54

8 12.5 1.50

9 13.4 1.40

10 14.27 1.28

11 15.15 1.20

12 15.9 1.10
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Fig. 2.4 Comparison of the calculated and measured radiation patterns of the 12-layer Luneburg
lens antenna developed at EPFL. a E-plane, b H-plane

The comparison of the calculated radiation pattern of the whole lens antenna
with measurements is given in Fig. 2.4. Two analysis methods are compared—the
considered analysis method (the presented feed model + GIDMULT algorithm)
and results obtained using CST Microwave Studio [39]. There is an excellent
agreement between calculated results obtained by two analysis methods.
Furthermore, the comparison between calculated results and measurements is also
very good. In [12] only the H-plane measurements were provided; this is the reason
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why there are no measured results in Fig. 2.4a. For this specific antenna, the
spherical wave expansion approach is more than four orders of magnitude faster
comparing to the time needed for CST calculations. Therefore, the developed
program is suitable for coupling with a global optimization algorithm (e.g. with the
Particle Swarm Optimization (PSO) algorithm) to allow synthesis of spherically
stratified lens antennas [18].

6-layer Luneburg lens antenna

As a second test example, a six-shell Luneburg lens antenna developed at
University of Rennes is considered [14, 15]. The lens parameters are also given in
Table 2.1. The operating frequency is 6 GHz, i.e., the lens diameter is 8 A. The
feeding antenna is simply a waveguide opening with directivity 7.4 dBi placed at
distance & = 1.0 cm distance from the lens surface. Figure 2.5 shows comparison
of the measured and calculated far-field pattern obtained by our method and by the
general electromagnetic solver (CST Microwave Studio [39]). The agreement
between CST results and spherical harmonic representation is excellent, and with
very good agreement with measurements. Here we have also tested two feed
models (the one based on far-field radiation pattern and the rigorous one based on
projecting the equivalent currents on the spherical wave basis [15]), and the dif-
ference between results obtain by using two feed models is negligible (therefore, the
results obtained by both feed models are represented with the same line in Fig. 2.5
—spectral domain method).

The analyzed examples of step-index realization of Luneburg lens antenna are
two rare examples for which all antenna parameters are given in the open scientific
literature (to the best knowledge of the authors, only two additional examples can
be found in open scientific literature in [40, 41]). In most of the cases, only a short
description of the realized lens is given (e.g., in [42] it is simply stated “8-inch
diameter, ten-step Styrofoam lens at 16.65 GHz”).

2.3.3 Multi-shell Lens Optimization

When designing the lens antenna usually there are a lot of parameters to be
determined. Since the proposed algorithms for analyzing the lens antenna are very
fast it is practical to connect the developed algorithm with some global optimization
routine, for example with the Particle Swarm Optimization (PSO) algorithm. This is
an evolutionary algorithm similar to the genetic algorithm and to the simulated
annealing, but it operates on a model of social interaction between independent
agents and utilizes swarm intelligence to achieve the goal of the optimization
problem. It is rather easy and straightforward to implement into the program [43],
and its performance is at least comparable to the widely used genetic algorithms
[44]. All the optimizations done in this chapter were made using the PSO algorithm.
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Fig. 2.5 Comparison of the calculated and measured radiation patterns of the 6-layer Luneburg
lens antenna developed at University of Rennes. a E-plane, b H-plane

Characterization of lens and feed antenna

The original Luneburg lens antenna with the permittivity variation &.(r) =
2—(r/ r,e,,s)2 has the feed antenna optimally positioned at the lens surface [1]. For
practical reasons, it is desirable to move the feed position from the lens surface, i.e.,
to introduce a gap between the feed and the lens. In order to optimize the lens
antenna for new feed position, a modified lens design should be applied [45, 46]
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Teed
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(2.24)

where r and rg..q represents the radial coordinate inside the lens and the position of
the feed, respectively. Figure 2.6 shows the optimal permittivities of Luneburg lens
as a function of normalized radial coordinate in case if the feed is placed at the lens
surface (rfeeq = 1.0 - riens) and if it is placed at 1.1 - reps. Manufactured antenna is
always realized from several layers of material with constant permittivity. In other
words, the practical realization is just a stepwise approximation of the ideal lens.
The theoretical curves are compared to permittivities of two manufactured lenses,
with the permittivity value of each layer shown for a radius corresponding to the
middle of the considered layer ((r;_; + r;)/2). It can be seen that in both cases there
is some uncertainty about the obtained electromagnetic parameters of the realized
lens antennas. We address this issue at the end of this section (see Fig. 2.8).

In order to study the effect of feed distance from lens surface and the directivity
of feed antenna on total directivity of lens antenna and sidelobe levels, we model an
“ideal” type of feed antenna, where the far-field is approximated with a cosine type
of pattern

—jkr

E(r,0,¢) = EoeT 0(cos (0/2))" cos ¢ — P(cos (0/2))% sin ¢] (2.25)

With varying factors gl and g2 we can model different types of feed antennas.
We have selected (cos (6/2))7 type of function (instead of the (cos 0)? dependence
[47]), since it better approximates the low-directivity antennas which are usually
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used as feeding elements of lens antennas (some authors have applied (cos(0/2))7
dependency for reflector antenna analysis as well [33]). Similar results can also be
obtained using a complex Huygens source [48, 49]. First step in antenna system
characterization is to determine the optimum directivity of feeding antenna as a
function of feed position r.q. We have calculated directivity of modified Luneburg
lens antenna (permittivity variation is obtained using Eq. (2.24); the continuous
permittivity variation is approximated with 20-layer step-wise distribution) for
different g values, i.e., for different directivities of feeding antenna (Fig. 2.7a). For
simplicity, we have taken gl = g2 = g. The diameter of the considered lens antenna
is 10 Ap. The optimum directivity of the feed antenna is between 8 and 10 dBi
(depending on the designed antenna position rg..q), and the directivity of the whole
lens antenna does not vary much by moving the feed antenna away from the lens
surface (for larger reeeq/riens @ more directive feed should be used). Therefore, the
low-directive horn antennas or waveguide openings are very good elements for
feeding the Luneburg lens antennas. In Fig. 2.7b the dependence of sidelobe level
and illumination of the edge of the lens antenna is shown for the optimized case.
Both, the sidelobe level and edge illumination, do not vary much with the change of
feed position; they are around 22 dB and —13 dB, respectively. It is interesting to
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directivity and complete lens
antenna directivity as a 3 305 14 =
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note that the edge illumination is approximately 3 dB lower comparing to the
rule-of-thumb value for reflector antennas (—10 dB edge illumination [47]).

To show the effect of feed selection and placement on a practical realization of
Luneburg lens we have calculated the total lens antenna directivities as a function of
the feed directivity and position for the two considered realizations (see Table 2.1).
Due to uncertainties about the obtained electromagnetic parameters of the realized
lens antennas (see Fig. 2.6), it is advisable to make such characterization, i.e., to
optimize the feed type as well as its position. Results are shown in Fig. 2.8. It can
be seen that there is a significant freedom in selecting the feed antenna type and
position for optimal performance. This is in particular important since the phase
center of the feed antenna is usually located inside the antenna. In the EPFL case
the used horn antenna has 9 dBi directivity and the normalized feed position is
Tfeed = 1.145 - rens. The obtained sidelobe level and lens edge illumination is
19.5 dB and around —10 dB, respectively, which is comparable with the optimized
feed properties. Similar result is also obtained for the antenna developed at
University of Rennes. The used waveguide opening has directivity of 7.4 dBi and
the normalized feed position is rgeq = 1.05 - riens. The directivity determined by the
spherical wave expansion technique equals 27.6 dBi whereas 27.5 dBi are predicted
by CST. The obtained sidelobe level and lens edge illumination is 16.5 dB and
between —6.0 dB (E-plane) and —11.3 dB (H-plane), respectively, which is also
comparable to the optimized feed properties.

2.3.4 Fabrication and Experimental Results

The challenge of producing gradient index (GRIN) lenses is already mentioned in
the articles of James Clerk Maxwell. Spherical Luneburg lenses have been fabri-
cated using various techniques. Crushed Styrofoam was used to build 186 identical
wedges—the lens was sliced through the North—South axis and the gradient vari-
ation of index of refraction is obtained by compressing Styrofoam pieces [50].
Polystyrene powder, solidified in heated hemispherical molds, was used to build
10-layer step-index Luneburg lens [40]. Ten-layer step-index Luneburg lenses were
also built from Styrofoam and Foamed glass [41, 42]. The needed variation of the
refractive index can in addition be obtained by drilling holes in the dielectric
structures, which can be easily fabricated by using the traditional printed circuit
board technique [51, 52]. Recently, a rapid prototyping machine was used to build a
Luneburg lens in X-band by changing the size of plastic blocks centered on the
junctions of the plastic rod frame [53].

Lens antennas are attractive solutions for many applications due to their focusing
properties, capability of beam scanning, ability to form multiple beams and
broadband behavior. For example, spherical lens antennas can be used for auto-
motive radars [28], satellite communications [30, 31], for systems that require
communication or/and multiple object tracking through a shared aperture [54],
radar cross-section (RCS) enhancers [29], or for astronomy applications [32]. One
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of the most attractive applications is satellite communication systems for receiving
signals from multiple satellites [30]. With this application in mind, a very useful
variation of the Luneburg lens antenna is the hemispherical lens in conjunction with
the ground plane. Furthermore, this is also an attractive solution for satellite
communications with moving vehicles (e.g., trains, see Fig. 2.3c). If applied on the
train, the antenna is mounted on the roof of the train and the mechanical system for
positioning the feed antenna enables Internet connection via satellite [31]. Also, an
important application of the Luneburg lens is a radar cross-section (RCS) enhancer,
realized by placing a reflecting cap on the lens surface [29]. An incoming plane
wave is focused at a point on the cap and reflected; it is transmitted in the opposite
direction after propagating through the lens the second time. By this, a broadband
calibrated scatterer with wide angular coverage is obtained, which is needed for
calibrating scattered field measurement systems.

Since the construction of multilayer lenses is not easy, for many applications a
constant-n lens or a two—layer lens is proposed that is much easier to construct
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comparing to Luneburg lenses. For fabrication of optimum constant-index lenses, a
material with permittivity of 3.5 is desired, which can be obtained using slip-cast
fused silica with small additions of rutile (¢, = 90) [55]. An investigation on the
construction of two layer-lenses with off-the-shell materials was performed in [31],
where the considered materials were Rexolite (¢, = 2,53), polyethylene (¢, = 2.28)
and Fused silica (¢, = 3.8).

Finally, there is a class of two-dimensional Luneburg lenses where the focusing
of electromagnetic waves is obtained inside a parallel-plate waveguide. The lens
effect can be obtained by changing the thickness of the dielectric plate [56, 57], by
drilling holes in a dielectric slab to control the effective permittivity [58], or by
printing metallic patterns on dielectric substrate (i.e., variation of index of refraction
is obtained using the metasurface concept [59-61]). Recently, the new imple-
mentation consisting of two mirrored metallic holey metasurfaces, having
ultra-wideband lens property, was introduced [62].

2.4 Cylindrical Multi-shell Lenses

Circular-cylindrical dielectric lenses are attractive antennas because they allow
launching multiple fan-beams, each of them originating from one primary feed.
Like in the spherical case, the beams can be scanned by moving mechanically the
feed around the lens surface or by switching between the feeds. They are also
inherently wideband antennas. Such radiation characteristics are of particular
interest for many applications at millimeter waves, like Doppler-weather radar,
aircraft landing system or imaging systems. These lens antennas have been mostly
neglected in the open literature, in contrast to the spherical ones.

In the past, research has been limited to homogeneous cylindrical lenses [63] and
cylindrical Luneberg lenses [56, 57] placed between parallel-plate waveguides, i.e.,
the effect of the finite lens height is not present in this case. There has also been
some research regarding antennas with different directivities in two orthogonal
planes based on cylindrical Luneberg lens [64], and similar concept has been
applied for automotive radars [65]. Cylindrical lenses with special requirements on
radiation pattern have also been analyzed as an EM missile launcher, i.e., case when
the decay of the energy per unit length is slower than 1/r [66]. Finally, the influence
of the whispering-gallery modes on obtained directivity of cylindrical Luneberg
lens antennas has been studied in [67]. In this section design of multilayered
cylindrical dielectric lens antennas of finite height is discussed (a detailed study
made by University of Rennes and University of Zagreb is given in [68]).
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2.4.1 Lens Geometry

The generic lens antenna configuration is represented in Fig. 2.9a (the lens antenna
geometry will be described using the classical cylindrical coordinate system (r, ¢, z)).
It consists of a multilayer cylindrical dielectric lens illuminated by a feed antenna.
The total lens height and radius are labeled / are ry.,, respectively. The multilayer
lens structure is schematized in Fig. 2.9b. The relative permittivity and thickness of
layer #i are labeled ¢, ; and a;, respectively (I < i < N). Without loss of generality
we have selected a pyramidal horn as a feed antenna. The horn (of length L) is fed by a
standard metallic rectangular waveguide linearly polarized along z-axis and d de-
notes the distance separating the horn aperture (W, x W) from the lens boundary.

The multilayer cylindrical lens can be approximated with an infinite circular
cylinder. In that case we can apply the method of analysis described in the previous
section, this time for cylindrical structures. The major advantage of this method of
analysis is that the determination of the lens radiation performance is extremely fast.
As a consequence, the iterative full-wave optimization or synthesis of cylindrical
lenses can be made in reasonable amount of time. For lenses of moderate size
(around 10 X /¢ in diameter), the GIDMULT-based program needs less than one
second to compute the three-dimensional far-field radiation patterns, whereas
general-purpose commercial software like CST Microwave Studio® [39] requires
approximately one hour, depending on the lens height and permittivity of the
dielectric layers.
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Fig. 2.9 Geometry of the circular-cylindrical dielectric lens antenna. a 3-D view. &, ry,,, and
d denote the lens height, the total lens radius, and the distance between the horn aperture
(W, x W,) and the lens surface, respectively. L is the length of the horn. b Cross-section view of
the lens. Definition of the thickness @; and permittivity ¢, ; of each layer
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2.4.2 Range of Validity of Modal Analysis Approach

By essence the modal analysis approach assumes that the cylindrical structures are
infinitely long, whereas, in practice, the objective is to minimize the height of the
antenna prototype while keeping the lens radiation characteristics close to those of
an infinite lens. To determine the range of validity of modal analysis approach, we
have carried out an exhaustive parametric study consisting in comparing the
far-field radiation patterns of a set of lenses analyzed using both the
GIDMULT-based program and CST Microwave Studio®.

An empirical formula has been derived to estimate the minimum cylindrical lens
height h,,;, that would provide, in far-field zone, nearly the same results as for
lenses of infinite height

hmin - 2(2rlem' + d) + Wz (226)

Here r,,,, is the total lens radius, d is the distance separating the horn aperture
from the lens, and W, is the height of the feed horn. The formula has been verified
for low permittivity materials (¢,.; < 3) as, for our applications, there was no need to
use materials with even higher permittivities. The validity of this relation is clearly
demonstrated in Fig. 2.10 where the fan-beam pattern of an infinite lens at 30 GHz
is compared to the radiation patterns of three finite lenses (h = hpyi, 7 = 0.7 X
Bmins B = 0.5 X hyin). In cases where the lens height is too small, both bases of the
cylinder start to contribute to the antenna pattern. This results in a slight variation of
the antenna gain, and in strongly pronounced ripples in E-plane.

2.4.3 Numerical and Experimental Results

The objective of the optimization problems studied here is to maximize the antenna
gain while keeping low sidelobe levels. The corresponding fitness function is
defined as

Fitness = o+ Gain — 3 - SL(H) — y - SL(E). (2.27)

Here Gain is the antenna gain at broadside (i.e., along x-axis), and SL(H) and SL
(E) are the highest sidelobe levels in the H- and E-planes, respectively. All quan-
tities are expressed in dB. «, f3, and y are weighting coefficients that can be tuned to
maximize the gain, or produce fan-beam with low sidelobes. Their typical values
are 1, 0.3, and 0.2, respectively. In all cases, the feed and lens parameters are
optimized simultaneously since this approach has been shown to be powerful [69].

Influence of the number of layers on the radiation characteristics of small lenses
To the authors’ knowledge, in contrast to multilayer spherical lenses (e.g., [14]),
there are very few papers dealing with the influence of number of layers on the
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radiation characteristics of a cylindrical lens (see, e.g., [67]). The study described
here is restricted to lenses with a moderate gain (~ 18 dBi). Their total diameter is
equal to 5 cm, i.e., 5 X Ay, at 30 GHz. The lens and feed horn parameters have
been optimized simultaneously, and the number of layers was varied from 1 to 3.
The range of variation of the optimization parameters are the following:
005cm < d < 2cm, 04cm < W, < 2cm, 0.8cm < W, < 3cm,
05cm < L <3cm, 14 < ¢; <5, Vi=1, ..., 3. Both the gain and the
sidelobe level were optimized (x = 1, § = 0.3, y = 0.2).

Up to seven optimization runs per lens configuration were launched, and the best
result was selected based on the value of the fitness function and the visual
inspection of the far-field radiation patterns. The geometry of the best designs and
their corresponding patterns in H- and E-planes are given in Table 2.2 and
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Table 2.2 Influence of the number of layers

1 layer 2 layers 3 layers
Layer no. 1: thickness (cm) 2.50 0.10 0.73
Layer no. 1: permittivity 1.43 1.56 1.93
Layer no. 2: thickness (cm) - 2.40 0.72
Layer no. 2: permittivity - 1.52 1.77
Layer no. 3: thickness (cm) - - 1.05
Layer no. 3: permittivity - - 1.63
d (cm) 0.82 0.77 0.63
W, (cm) 1.05 1.03 1.07
W, (cm) 2.82 2.66 1.57
L (cm) 3.00 2.84 3.00
Gain (dBi) 17.76 17.63 17.62
Sidelobes (dB) —22.30 —22.95 -23.71

Fig. 2.11, respectively. The radiation characteristics of the best three lens config-
urations are nearly identical. This demonstrates that there is no need to use more
than one layer to optimize the fan-beam characteristics of moderate-sized cylin-
drical lenses.

Experimental results

To validate experimentally the previous results, a single-layer homogeneous
cylindrical lens has been optimized in Ka-band. In this case, the results given in
Table 2.2 suggest using a bulk material whose dielectric constant equals 1.43.
Although customized materials are available commercially or could be synthesized
using effective medium theory [51, 58] their fabrication cost remains very expensive.

To keep the antenna manufacturing as simple as possible, a cylindrical lens made
from Teflon (¢, = 2.1) has been synthesized. The final dimensions of the antenna
prototype are the following: rjns=a; =2.82cm, L=2cm, W,=1cm,
W, = 2.4 cm, and d = 0.65 cm. The minimum height %,,;,, of the lens, guarantying
that the infinite and finite lenses have nearly the same radiation characteristics, is
equal to 13.6 cm (according Eq. (2.26)).

To keep some margin with respect to this threshold value, a 16 cm long lens was
manufactured. As the optimized dimensions of the feed horn are not standard, a
specific horn was fabricated in aluminum using electrical discharge machining
techniques. Both the lens antenna and the feed horn were fabricated and measured
at [ETR, University of Rennes [68].

The radiation patterns measured at 30 GHz in H- and E-planes are represented in
Figs. 2.12a, b, respectively. They are in excellent agreement with those predicted by
GIDMULT-based program and CST Microwave Studio®, confirming thereby the
relevance of the empirical relation (2.26). Additional measurements have been
performed from 26 to 40 GHz (Fig. 2.13). They show that the lens patterns are very
stable over the whole frequency band proving that the design is wideband.
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Fig. 2.11 Radiation patterns (a) 20 T S ——
of the best designs at 30 GHz. — 1 layer
The patterns have been 15] | =2 layers
computed using e 3 layers
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a H-plane. b E-plane. The
corresponding lens
geometries are detailed in
Table 2.2
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2.4.4 Size Reduction

Cylindrical lenses whose height is defined according to Eq. (2.26) produce nearly
the same fan-beam patterns as lenses of infinite height. Nevertheless, applying this
empirical criterion leads to large and bulky lens configurations. To overcome this
limitation, the lens geometry has been optimized to minimize the influence of both
lens bases, in particular to reduce the substantial ripples that are generated in
E-plane for lenses of small height (Fig. 2.10b). These ripples originate from lon-
gitudinal resonant modes that contribute significantly to radiation in E-plane. This
phenomenon is clearly highlighted on the amplitude near-field map represented in
Fig. 2.14.
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Fig. 2.12 Synthesized lens (a) 20

made from Teflon: radiation | [ = G1DMULT
patterns measured and 15- = CST

computed at 30 GHz. s Measure (Co-Pol)
a H-plane. b E-plane - § g e Measure (X-Pol)

5

E-field (dBi)
(=]

“% 60 -30 0 0 60 90
Angle (deg)

| =——G1DMULT
——CST

--------- Measure (Co-Pol)
! e Measure (X-Pol)

E-field (dBi)
(=]

Angle (deg)

In order to reduce as much as possible the effects of lens truncation, two conical
shapes are added to the cylinder bases (Fig. 2.15). As the resulting lens shape is
rotationally symmetric, the ability to launch multiple beams and scan them around
the lens axis is maintained. The height and permittivity of both cones are labeled /.
and ¢, respectively. Their permittivity must be higher than the one of the cylin-
drical part of the lens to prevent possible total reflection that can happen when
electromagnetic waves travels from a denser to a less dense medium.

Two cones made in Rexolite (¢, = 2.53) have been designed to improve the
radiation characteristics of the small lens represented in Fig. 2.15a. The height of
the circular-cylindrical part is 4.8 cm. The lens is illuminated by the same horn as in
Sect. 2.4.3. The cone height has been optimized using CST Microwave Studio® to
minimize the ripple levels in E-plane (h. = 2 cm). As a result the total antenna
height equals 8.8 cm.
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Fig. 2.13  Synthesized lens
made in Teflon: radiation
patterns measured in 38
Ka-band. a H-plane.

b E-plane. These patterns are
quite frequency independent
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The radiation patterns computed at 30 GHz are represented in Fig. 2.16, and
they are compared to those of two pure cylindrical lenses: the first one has the same
height (8.8 cm) as the lens with conical caps, and the height of the second one
(16 cm) fulfills relation (2.26). The three lenses have nearly the same patterns in
H-plane (Fig. 2.16a). However, by introducing two conical caps at the bases of
small circular-cylindrical lenses, the ripple level in E-plane can greatly be reduced
(Fig. 2.16b). This technique also provides a faster roll-off, compared to pure
cylindrical lenses. The influence of cones on the amplitude near-field distribution is
highlighted in Fig. 2.14b. It can be seen that the waves can propagate into the
denser cone (without total reflection) and finally in the surrounding air as they
approach the Rexolite-Air boundary at smaller incident angles.

The lens with conical caps has been fabricated and measured at University of
Rennes [68]. Both cones have been assembled on the cylinder bases using a thin
film of dielectric glue. The distance d separating the feed horn and the lens surface
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(a)

Fig. 2.14 Amplitude near-field maps (arbitrary units). a Original design. The lens parameters are
the same as for the experimental model (Sect. 2.4.3), except the lens height that is roughly three
times smaller than /., (h = 4.8 cm). b Proposed design. The lens is the same as in (a) with
addition of two cones. The cone parameters are the following: h, =2 cm, & = 2.53

(a) (b) v

flans
. -

Fig. 2.15 Reduced-height circular-cylindrical dielectric lens with conical caps. The lens is
illuminated by a pyramidal feed horn linearly polarized along z-axis. a 3-D view. b Cross-section
view

is equal to 0.4 cm. The radiation patterns measured in both principal planes at
30 GHz are represented in Fig. 2.17. The agreement between numerical and
experimental results is excellent, especially in E-plane where the ripple level in the
main beam is smaller than 1.5 dB. The cross-polarization level is smaller than
—21 dB and the measured antenna gain equals 17.66 dBi.

The height reduced design is also wideband as can be seen in Fig. 2.18.
Measurements performed from 26 to 40 GHz show that the radiation patterns are
really frequency independent over Ka-band with an expected increase of the gain as
operating frequency increases. It should be noted that height reduced design shows
even higher insensitivity of the radiation pattern to change in frequency compared
to the original circular-cylindrical design.
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Fig. 2.16  Radiation
patterns (computed at
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Teflon lens (7 = 8.8 cm,

&1 = 2.1) with conical caps
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Comparison with two pure
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16 cm). a H-plane. b E-plane.
All lenses have the same
radius (rjens = a; = 2.82 cm)
and are illuminated by the
same horn as in Sect. 2.4.3
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2.5 Concluding Remarks

A fast and reliable synthesis method is presented for designing multilayered
spherical and circular-cylindrical dielectric lens antennas. In order to make the
analysis program fast, thus enabling efficient merging with the global optimization
routine, the multi-shell lens structure is analytically taken into account using
Green’s functions approach. The proposed analysis approach can successfully
analyze lens structures with arbitrary number of layers and arbitrary type of exci-
tation antenna. The latter is obtained by representing the measured or calculated
far-field radiation pattern in terms of spherical harmonics in local coordinate

system.



2 Multi-shell Radially Symmetrical Lens Antennas 69
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In the cylindrical case, the analysis approach assumes that the cylindrical
structure is infinitely long, so we assess the range of validity of the analysis method.
An empirical formula to estimate the minimum cylindrical lens height that provides
similar far-field to the lens of infinite height is derived. For the cases where the lens
size should further be reduced, a new height-reduction technique is proposed. It
consists in adding conical caps to both bases of the cylinder. This technique allows
a significant reduction of the ripple level in the elevation pattern of small cylindrical
lenses, leading to high-quality fan-beams. Theoretical predictions are successfully
verified by fabricating and characterizing various lens prototypes.
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Fig. 2.18 Reduced-height (a) 40
Teflon lens with conical caps
made in Rexolite: radiation
patterns measured in
Ka-band. a H-plane.

b E-plane. The radiation
pattern is quite similar at all
frequencies, with expected
gain increase as frequency
increases (reproduced with
permission from Ref. [68])
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Chapter 3
Advanced Feeds for mm-Wave Antenna
Systems

Jorge Teniente, Juan Carlos Iriarte, Iiiigo Ederra
and Ramon Gonzalo

Abstract Millimeter-wave antenna systems have traditionally required high per-
formance feeds in order to fulfill its stringent requirements. Therefore, this goal has
been achieved by corrugated horns. However, in the last years new applications
mainly in the communication systems have driven the use of other types of antenna
feed with slightly reduced performance but simpler manufacturing at mm-wave and
submm-wave frequencies with improvements in cost reduction. These advanced
profiles are usually based in smooth waveguide advanced profiles. Besides, the
chapter describes different feed configurations based on metamaterial structures and
several examples of metamaterial based or inspired antennas are considered. Then,
this chapter covers the different alternatives currently used for mm-wave antenna
feed: corrugated horns, spline horns, and metamaterial horns. At the end of each
section, it includes some research successful results.

3.1 Introduction

Millimeter-wave antenna systems have traditionally required high performance
feeds in order to fulfill its stringent requirements. Therefore, this goal has been
achieved by corrugated horns. However, in the last years new applications mainly
in the communication area have driven the use of other types of antenna feed with
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slightly reduced performance but with simpler manufacturing and reduced cost. The
simplicity of manufacturing is especially critical as frequency increases and in fact
corrugated horns are extremely difficult and expensive to manufacture at
submm-wave frequencies.

This chapter will cover the different alternatives currently used for mm-wave and
submm-wave antenna feeds: corrugated horns, smooth-walled horns where
multi-flare angle horns and splined horns will be introduced as alternatives to cor-
rugated horns at mm-wave and submm-wave frequencies. Finally, the chapter will
finish with the perspectives and actual research results regarding metamaterial-based
feeds toward future applications.

3.2 Advanced Corrugated Horn Antennas

This section describes the actual corrugated feed horn technologies employed at
mm-wave frequencies. It begins explaining the principles of the electrical behavior
of the electrical fields inside a corrugated waveguide. The hybrid mode basis as a
tool to help in the analysis of corrugated horns and the relation between waveguide
modes and free space gaussian modes are explained to understand the behavior of
the different types of corrugated horn antennas.

In fact, corrugated feed horns are difficult to manufacture as frequency increases
and usually are not used above W-band because their manufacture results quite
difficult. Corrugated horn fabrication above W-band usually needs using expensive
electroforming techniques or even stacked rings if the weight is not an important
parameter.

3.2.1 Introduction to Corrugated Horn Antennas

Nowadays, corrugated horns have become the preferred choice of feed antennas for
use in high restrictive applications. This is because of their superior radiation
performance, their high co-polar radiation pattern symmetry, and their low
cross-polarization. Usually they are the preferred choice when a superior radiation
pattern is needed for a specific application and the main market is spaceborne
communications and science missions in fact.

The operation principle of corrugated horns can be physically explained by
considering the way in which the corrugated wall affects the field distribution inside
a corrugated waveguide (see Fig. 3.1). It can be demonstrated that the corrugations
change the fields traveling through the waveguide to produce the desirable radiating
properties of axial beam symmetry, low sidelobes and low cross-polarization [1].

A linear electric field for low cross-polar level will be desirable but it cannot be
obtained with smooth waveguides that only support pure transverse electric (TE) or
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Fig. 3.1 Corrugated
waveguide

TE]] TMI]

Fig. 3.2 TE;; and TM;; aperture electric fields

a pure transverse-magnetic (TM) modes. These modes have the aperture electric
field lines curved (see Fig. 3.2). Therefore, a multimode horn should be designed.
In [2], a special horn design to obtain an appropriate mode mixture by the addition
of TE;; and TM,; modes in a particular proportion and phase was presented, but its
bandwidth was very narrow.

It is well known that to define properly the field inside a circular waveguide the
most known basis used is the TE and TM mode family which are a direct solution of
the wave equation inside a smooth circular waveguide [3]. But if the waveguide is
corrugated it could be also useful to define the field inside the waveguide by the
family of hybrid modes HE and EH (those modes which does not present pure
transverse components along the waveguide). So, in fact we can choose to define
the field inside the corrugated horn antennas in terms of TE and TM modes or in
terms of HE and EH modes.

Theoretically, the hybrid modes HE;, present at the aperture of a circular
waveguide perfectly linear electric field lines, (see Fig. 3.3). It is interesting to aid
in the knowledge of corrugated horn antennas to deepen in the understanding of
hybrid modes of a corrugated waveguide.

As a corrugated horn is fed via a circular waveguide that propagates the fun-
damental mode of a circular waveguide (TE;;) and considering that a corrugated
horn is composed of symmetrical radius variations of such circular waveguide at its
throat, the only hybrid modes to consider in a corrugated waveguide or horn
antenna are those with m = I, HE;,, and EH},,.
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HE3;

HE; HE;:

Fig. 3.3 HE,,, and EH,,, aperture electric fields

Table 3.1 HE;; mode decomposition in terms of TE;,, and TM;,, modes

TE mod .10-3 10-4
modes TEH{84.496% TE12{0.082% TE13{3.58 103% TE14{4.94 1074%

0° 180° 180° 180°
™ 14.606% 0.613% 0.121% 0.039%
modes ™n { 0° M1, { 0° ™3 { 0° TM14{ 0°

Then, the HE;; mode is the fundamental mode of a corrugated waveguide and
presents linear electric field at the aperture, (see Fig. 3.3). The mode can be
expressed as a combination of TE and TM modes, as a generating basis that they
are. Commonly, in the bibliography [1], the HE;; mode is supposed to be a
combination of 85% of TE;; and 15% of TM;; with the adequate phase shift
between them. But in fact, this mode mixture is not perfect, (99.19% efficient with
HE;; mode), the perfect mode mixture in terms of smooth waveguide modes can be
seen in Table 3.1.

It is also important to know the radiation properties of hybrid modes to
understand the behavior of corrugated horn antennas. In Fig. 3.4, the radiation
diagrams of the first HE;, and EH;,, modes are represented. In that figure we can
see, for example, the effect on the cross-polar component if a EH;,, mode is excited
inside a corrugated horn. Or also from the same figure, the excellent radiation
properties of the HE;; with nearly null cross-polar component and with a radiation
diagram with quite low sidelobes can be observed.

The HE,;; fundamental corrugated waveguide hybrid mode is then an excellent
mode for radiation purposes. For a common corrugated horn with oversized
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aperture, the radiated cross-polarized level will be very low, the aperture illumi-
nation efficiency will be high and the sidelobe level will be also quite low, (see
Fig. 3.5).

As a conclusion of the radiation properties of the HE;; hybrid mode, it can be
said that this mode is an excellent mode to be excited at the aperture of a corrugated
waveguide, and it offers low cross-polar levels and quite low sidelobe levels.
However, if very low sidelobes are required for a high restrictive antenna, and it is
necessary to maintain low cross-polar levels, we would need several higher order
HE,, modes to be present at the aperture of the horn with appropriate amplitude and
phase shift between them. This is in fact the purpose of advanced corrugated feed
horn designs via optimization of the profiles and the corrugation parameters.

However, it is well known that one of the best ways to define a free space
radiation from a horn antenna is by means of the paraxial free space modes, the
gaussian modes, which are a solution of the paraxial free space equation. It is
important also to remark the radiation similarity between the fundamental gaussian
mode of a certain radiation pattern and the HE;; mode at a certain diameter
aperture. In fact, the fundamental gaussian beam mode can be decomposed in terms
of smooth waveguide modes (7E,,, and TM,,,) and also in terms of corrugated
waveguide hybrid modes (HE,,, and EH,,) at a certain horn aperture radius
(R) with respect to the beamwaist (wy) of the gaussian beam at such horn aperture.

From Fig. 3.6, we can see that the fundamental gaussian mode can be expressed
completely as a combination of TE;,, and TM;,, smooth waveguide modes and also
as a combination of HE,, hybrid modes. At this point, it should be noted that HE
mode has been always known as a gaussian-like mode because its radiated field is
nearly a pure gaussian, in fact it is up to 98.1% efficient with a fundamental
gaussian beam of R/wy = 1.554 (wy/R = 0.6435) (see Fig. 3.6b). To obtain at the
aperture of a corrugated horn antenna a high efficient fundamental gaussian beam
mode (this implies lower sidelobes), more hybrid modes must be present at the horn
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Fig. 3.6 a Fundamental gaussian mode decomposition in terms of TE and TM b Fundamental
gaussian mode decomposition in terms of HE and EH

aperture as it has been introduced. This aspect will be covered in the following lines
regarding advanced corrugated feed horn design.

3.2.2 Radially Corrugated Feed Horn Antennas

The design of circular horn antennas was based, for a long time, on the control of
the waveguide mode mixture to excite an HE;; hybrid mode. It is well known from
the previous part that this hybrid mode can be made up of approximately a com-
bination of 85% TE;; and 15% TM;; smooth circular waveguide modes with an
appropriate relative phasing between them. The starting field distribution is usually
the TE;; mode of the circular waveguide under monomode operation, and by means
of a proper step or taper in the horn radius, the right amount of TM;; (amplitude and
phase) was excited (Potter-type horns) [1, 4, 5]. To get this mixture with nice
radiating features, two main parameters had to be considered: the output diameter
and the horn length. Since the coupling coefficient between waveguide modes is
directly related to the waveguide slope change, for a given output radius that fixes
the desired beamwidth, the change in horn length allows the designer to select the
appropriate phasing in the 85% of TE;; and 15% of TM,;; mode mixture obtaining
the appropriate sidelobe and cross-polarization minimum levels. This type of horn
antennas has been extensively used in the past and is known as Potter-type horns,
[4]. Tts drawback is the reduced bandwidth a design of this type could cover.
Another technique is based on corrugated circular waveguides and takes profit of
the fact that this mode mixture corresponds to the fundamental mode of a circular
corrugated waveguide, the HE;; mode. This technique reported in [1, 5-7] involves
a gradual matching of the smooth circular guide to another corrugated one wherein
the corrugation depth is smoothly tapered from A2 to A/4. These two outlined
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techniques are combined in the so-called radially corrugated horn antennas with a
matching device at their input port. In principle, corrugated horn antennas present a
wider frequency response than Potter-type horns. Their design parameters are
basically: corrugation parameters (period, duty cycle, depth, shape, etc.); length and
profile of the 4/2-to-A/4 impedance matching transformer; and the horn geometry in
order to optimize the global performance of the horn. In the past, many of the
applications involving high performance horn antennas have been equipped with
radially corrugated horn antennas. Radially corrugated horn antennas are one of the
best possibilities to accomplish very high radiation pattern requirements and they
have been extensively used at mm-wave radiation applications with the only
drawback of their difficulty of manufacture as the frequency increases.

The most common radially corrugated horns are the ones where the tapering of
the horn is a constant slope. In this type of horns, the intention is to generate the
HE;; fundamental hybrid mode inside the corrugated waveguide and to guide it
smoothly to a certain aperture diameter. This type of horns avoided the coupling to
any other hybrid mode because the designer thought that the rest of hybrid modes
would ruin the radiation pattern. But every horn designer knows nowadays that this
is not completely true since the addition of HE;,, modes does not affect cross-polar
level but can improve the main beam radiation pattern lowering the sidelobes and
helping to improve the Gaussian efficiency in the final radiation pattern, EH;,
hybrid modes must be avoided in any case since they add a lot of cross-polar
radiation (see Fig. 3.3). Radially profiled corrugated feed horn antennas that
improve the radiation pattern by means of optimization of their profile will be
presented in the next section. In this section, as a simpler way to understand
corrugated horns, the design of the ones that have a constant slope tapering is being
covered.

To design a radially corrugated horn antenna for a specific application, the first
thing we must define are the corrugation parameters. Such parameters that are
frequency related can be chosen according to the corrugated waveguide (see
Fig. 3.1) as follows:

e Input radius, R, must be of enough size to allow TE;; circular waveguide mode
to be above cutoff at the lowest usable frequency and as small as possible to be
in monomode operation at the highest cutoff frequency. Sometimes, this second
condition cannot be met and the TM,); mode could be present at the input radius.
This aspect is usually defined by the reflection coefficient requirement we must
achieve since bigger input radius facilitates this parameter.

e The corrugation depth, d, should be around A4 with A de free space wavelength
at the central frequency (if there are several bands use the central frequency
between although such frequency is not considered). This is a parameter to be
optimized for every corrugation, so begin with a number around this A4
mentioned.

e The corrugation period, p, should be around A/3 with / the lowest frequency.
Use a value rounded to the smallest integer in mm or use at least only one



3 Advanced Feeds for mm-Wave Antenna Systems 83

decimal value. The corrugation period is constant along all the corrugated horn,
if its dimension is optimized it complicates a lot the fabrication.

e The corrugation tooth width, w, should be around in between p/2 to p/5 with
p the corrugation period. Use a value rounded to the nearest integer in mm or
use at least only one decimal value. The thinner the corrugation tooth width, the
lower the weight of the corrugated horn, but too thin values complicate a lot the
fabrication, do not use values lower than 0.4 mm for this parameter if you plan
to manufacture the mm-wave corrugated horn with a lathe. The corrugation
tooth width is also constant along all the corrugated horn, if its dimension is
optimized it complicates a lot the fabrication.

Once the corrugation parameters have been decided, the corrugated horn profile
must be prepared. This preparation can be divided in to two parts, throat region and
flare region:

e The throat region controls mainly the reflection coefficient result. To obtain a
nice reflection coefficient for a corrugated horn antenna, the most common
technique employed is to adapt the transition between smooth circular waveg-
uide to corrugated waveguide. This is usually made via an impedance trans-
former with consists usually in a taper between 42 and A/4 corrugation depths in
the first 4 to 10 corrugations, (see Fig. 3.7). As a beginning point, use a linear
taper in the first five corrugations and optimize this tapering for reflection
coefficient improvement. The designer must consider that the first corrugation
depth cannot be bigger than the input radius because the horn could not be
manufactured in one single piece via a lathe. This aspect is in fact the main
drawback of this type of corrugated horns.

e The flare region, (see Fig. 3.7), controls the radiation parameters. The designer
should use as a starting point, the diameter given in Fig. 3.8 for a certain
directivity. The flare angle selected must be the minimum possible considering
the sidelobe level or the spillover power the application can assume. The

Fig. 3.7 Detail of a A/2 to
A/4 impedance transformer at
the throat of a corrugated horn
antenna
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designer must consider that a low flare angle means longer corrugated horn and
more difficult to manufacture, especially as frequency increases.

As a practical example of how to design a linear taper corrugated feed horn, let’s
say that we want to design a 22 dB directivity corrugated horn antenna with
sidelobes lower than —25 dB and as low return loss and cross-polar level as possible
in the most compact profile. Analyzing carefully Fig. 3.8 and by means of a simple
optimization via a mode matching software code [8, 9], the result leads to an
antenna of 6.6° taper profile with the first corrugation depth of 0.52-1 decreasing
linearly with an impedance transformer of 7.9-1 long to a corrugation depth for the
rest of the antenna of 0.25-4, see Fig. 3.9. The corrugation parameters have been
selected as p = A/5 and w = p/3. The resultant length of the profile is /7.8-1 and
presents a diameter of 4.86-A. It is a quite long antenna for 22 dB directivity. This
length cannot be shortened if we must have the sidelobe level at —25 dB or less by
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any method if we maintain the linear taper corrugated profile, but in the next section
we will learn that this can be made by means of an optimization of the profile.

3.2.3 Profiled Radially Corrugated Horn Antennas

In the last section, the linear taper corrugated feed horns have been covered, but
there are not much parameters to improve their performance. To overcome the
optimization limitations of the linear profiled corrugated horn antennas, during the
90s, several profiles by means of different formulas appeared in the scientific lit-
erature. The reason of such formulas was the availability of mode matching tech-
niques (MM) for the design of corrugated horns. However, since the computational
speed was not too much, the designers used several profile formulas to reduce the
number of unknowns in the profiled corrugated feed horn design and then increase
optimization speed.

A certain number of formulas appeared to solve this problem. In fact, every
research group in corrugated horn antennas had their own preferences [10], such
formulas were based in square roots, exponentials, sine-squared, polynomials,
gaussian, etc., see Fig. 3.10.

One of the formulas used to profile radially corrugated horn antennas was the
gaussian beam expansion formula that is in fact a form of a square root, [11]. This
type of formula aroused to implement a perfect match between corrugated
waveguide modes (mostly HE;; mode or similar mode mixtures) and the funda-
mental free space modes (fundamental gaussian mode, ¥(). By using this formula,
the matching between the waveguide and the free space was almost perfect, being
the most “natural” way to match the two media.

As a practical example of how to design a profiled corrugated feed horn with the
profile defined via a gaussian beam expansion formula, let’s say that we want to

=
%M

Fig. 3.10 Examples of profiled corrugated horn antenna designs
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design again a 22 dB directivity corrugated horn antenna but now we are asking for
sidelobes lower than —35 dB and as low return loss and cross-polar level as possible
in the most compact profile. We use for the profiled radially corrugated feed horn
definition two parts, the first part presents three sections: The first section at the
beginning presents a quick and smooth change in the slope at the throat, (less than
10% of the total first part length). The second section has a linear taper profile to get
quickly to the needed diameter (more than 65% of the total first part length). The
third section (less than 25% of the total length) is a smoothed end to allow con-
nectivity to the second part corrugated feed horn profile with a gaussian beam
expansion formula, see Fig. 3.11.

Analyzing carefully Fig. 3.11, the result leads to an antenna of /7.07-4 length
and 5.64-/ aperture diameter. The reduction in length, compared to the linear taper
profile, is 38 %. It must be also considered the improvement in radiation pattern with
10 dB lower sidelobe level. In fact the bigger aperture diameter is caused by such
requirement of lower sidelobe level, the same radiation pattern would lead to even
shorter solution with the same aperture diameter.

Nowadays, the availability of optimized mode matching software packages [8, 9]
and the increased speed of computers make possible the optimization of a corru-
gated feed horn without the necessity to use a formula that defines the profile. In
fact, usually the corrugated feed horn designers use a formula to define just the
initial profile and after that, all corrugation radiuses (inner and outer) are optimized
individually, the final appearance of the optimized radially corrugated feed horn is
radically different from any formula and in fact the designer can adapt such opti-
mization to generate the smallest size possible profiled radially corrugated horn and
at the same time comply with all of the stringent requirements usually demanded for
this type of feed horns.
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3.2.4 Corrugated Horn Antennas that Combine Axial
and Radial Corrugations

One of the main drawbacks for manufacture of radially corrugated feed horns is the
impedance transformer at their throat. This part is difficult to manufacture in a piece
by means of a lathe since the farther corrugations are also the deepest and indeed
the ones where the fabrication tolerance is worse. This can be solved making such
horn in several parts or by making the throat by means of stacked irises but in this
section an elegant solution to this problem is given. This solution not only solves
the common manufacture techniques; besides it even results in shortening the total
profile by a significant amount.

The solution we are referring to, is a horn antenna that combines horizontal
corrugations (known also as axial corrugations or chokes) for the throat region and
vertical corrugations (known also as radial corrugations) for the flare region [12].
The design guidelines for this type of corrugated horn antennas were fully
explained in [13].

This type of horn antenna achieves significant improvements on the following
four parameters, when compared to a normal radially corrugated horn, maintaining
the same radiation performance:

. Shorter horn axial length

. Improved return loss over a wide bandwidth

. Smaller design computation complexity

. Reduction of the manufacturing complexity (avoids the deep first radial
corrugations)

AW N =

Again, as a practical example of how to design a corrugated horn antenna that
combines axial and radial corrugations, let’s say that we want also to design a
22 dB directivity corrugated horn antenna but now we are asking for sidelobes
lower than —40 dB and as low return loss and cross-polar level as possible in the
most compact profile. We use for the throat region an axially corrugated part that
presents a linear taper and six axial corrugations. For the flare region, we select a
profile defined by a gaussian beam expansion formula, see Fig. 3.12. The solution
leads to an antenna of only 7-4 length and 6.3-4 aperture diameter. The reduction in
length compared to the optimized radially corrugated profile is a 37% and compared
to the linear taper radially corrugated profile the reduction is a 61% and it should
also be considered the improved radiation pattern with —40 dB sidelobe level, in
fact again the bigger aperture diameter is caused by such requirement of lower
sidelobe level, the same radiation pattern would lead to even shorter solution with
the same aperture diameter as the previous solutions.
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3.2.5 Examples

In this section, two examples of advanced corrugated feed horn antennas are being
presented. Both have been manufactured at mm-wave frequencies with two dif-
ferent manufacturing techniques and tested obtaining the expected performance
simulations predicted.

3.2.5.1 Axial and Radial Corrugated Feed Horn Antenna Design
for a mm-wave 80-100 GHz Body Scanner

An 80—100 GHz corrugated horn design was optimized to act as feed of a rotating
reflector for a body scanner. The design was implemented by means of axial and
radial corrugations and the main requirement was a very low spillover to achieve as
pure as possible image from the body emission at mm-wave frequencies.

The design parameters were a FWHM (Full-Width Half-Maximum) of 14°,
gaussian beam decay radiation pattern till 26 ° in azimuth (view angle from the
subreflector) and sidelobes from 26° in azimuth lower than —30 dB. The maximum
measured cross-polar level should be below —25 dB and the measured reflection
coefficient should be lower than —20 dB.

The feed horn was designed with these specifications resulting in a total length
of 46.3 mm and an output diameter of 36 mm, (see Fig. 3.13). The manufacture
was made by means of iris rings of 0.7 mm and 0.2 mm sequentially stacked to
form the radially corrugated part. The axially corrugated part was manufactured
with a high-precision milling machine.
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Fig. 3.13 Manufactured axial and radial corrugated feed horn antenna design for a mm-wave 80—
100 GHz body scanner
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Fig. 3.14 Simulated and measured reflection coefficient a and gain b for the axial and radial
corrugated feed horn antenna design for a mm-wave 80-100 GHz body scanner

Simulated and measured reflection coefficient can be seen in Fig. 3.14a. The
measured reflection coefficient is lower than —22 dB in the whole band. Regarding
the gain, see Fig. 3.14b, losses lower than 0.2 dB were measured as well. Measured
radiation patterns can be checked in Fig. 3.15, the measured cross-polar level is
always below —28 dB for the whole band. The measured main beam radiation
pattern decay is as expected from simulations, approximately of 14° FWHM.

3.2.5.2 Radially Profiled Corrugated Feed Horns for ESA
Funded MARSCHALS Airborne System

MARSCHALS was a three-channel limb sounder for the European Space Agency
(ESA) that flew on an aircraft. The designer of the mission was especially con-
cerned about the sidelobes generated by the feed horns or the rest of the optics. The
aim of the MARSCHALS project is the limb observation, and therefore any power
introduced via a sidelobe pointing the earth should be consider as noise decreasing
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Fig. 3.15 Measured radiation patterns at 80 GHz (a), 90 GHz (b) and 100 GHz (c) for the axial
and radial corrugated feed horn antenna design for a mm-wave 80-100 GHz body scanner

the performance of the whole system. The sidelobe requirement was —35 dB in both
feed horn designs.

The requirements for these corrugated horn antennas (called antenna in band C
and antenna in band D) are as follows:

Other parameters common to both antennas are as follows:

e Sidelobes: It was required sidelobes to be less than —35 dB (with no “shoulders”
on the main lobe). Obviously, the lower the better.

e Peak cross-polar: below —35 dB (again, the lower the better)
Feed waveguide: Full height rectangular waveguide (0.762 x 0.381 mm).
Horn Length (flange to aperture): Maximum 40 mm.

The manufacture of the complete corrugated feed horn was made by means of
high-precision electroforming including the rectangular to circular transition to the
rectangular feed waveguide of 0.762 x 0.381 mm dimension. To reduce the
manufacture complexity, the corrugation tooth width should be exactly half of
the corrugation period and constant along the whole antenna.

The bandwidth requirements were not too tight, 2.8% for the C-band antenna
and 1.9% for the D-band antenna. The resultant directivity, by means of translation
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Table 3.2 MARSCHALS feed horns requirements

Band Frequency range (GHz) Center frequency (GHz) Beamwaist radius (mm)
C 316.5-325.5 321.00 2.078
D 342.2-348.8 345.50 2.003
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Fig. 3.16 a MARSCHALS feed horn proposed profile for C-band b MARSCHALS feed horn
proposed profile for D-band

of the beamwaist radius values of Table 3.2, was quite high; 2.078 mm beamwaist
radius at 32/ GHz in C-band antenna means an illumination at /6° of —35 dB and
therefore a directivity of 26 dB. As well, the 2.003 mm beamwaist radius at
345.5 GHz in D-band antenna means an illumination at 7/5.5° of —35 dB and
therefore a directivity of 26.3 dB.

The transition from rectangular to circular waveguide was designed ending in a
circular diameter of 0.762 mm. This diameter was used as the input waveguide
diameter for both antennas. After the optimization of both profiles, these were the
results:

e The total length of the C-band antenna is 39./ mm (4/.9-1) and the output
diameter 8.29-14 (7.74 mm). A picture of the antenna is shown in Fig. 3.16a.

e The total length of the D-band antenna is 39./ mm (45.1-1) and the output
diameter 8.53-2 (7.398 mm). A picture of the antenna is shown in Fig. 3.16b.

The rectangular to circular transition design was very simple and it was a direct
cut of 15° angle of the circular input waveguide of each antenna in a 0.7/ mm
length to result in the 0.762 x 0.38]1 mm input rectangular waveguide (see
Fig. 3.17).
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Fig. 3.17 MARSCHALS feed horns throat region with rectangular to circular transition

Fig. 3.18 Mandrel of one of the MARSCHALS feed horns

The antenna was manufactured wusing an electroforming technique.
Electroforming is a metal forming process that forms parts through electrodeposi-
tion or electroplating on a model, known in the industry as a mandrel. The mandrel
was made by a milling machine and a picture of it can be seen in Fig. 3.18. Metallic
mandrels are pretreated chemically to allow subsequent separation of the finished
electroform. The outer surface of the mandrel forms the inner surface of the form.
A thick layer of electroplating copper is applied until the plate itself is strong
enough to be self-supporting. The mandrel is dissolved away after forming. The
surface of the finished part that was in intimate contact with the mandrel is rendered
in fine detail with respect to the original, and is not subject to the shrinkage that
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Fig. 3.20 Simulated far-field behavior of both MARSCHALS feed horns

would normally be experienced in a foundry cast metal object, or the tool marks of
a milled part. It can be observed in such Fig. 3.18, the extremely high-precision
manufacturing of the mandrel remembering that the corrugation tooth width is only
0.1 mm.

Simulated results for both antennas at central frequency can be found in
Figs. 3.19 and 3.20. Both antennas meet all the specifications widely.

3.3 Smooth-Walled Feed Horns

This section describes the technology concerning the smooth-walled feed horn
technology for mm-wave and submm-wave frequencies. It begins with a short
introduction to smooth-walled feed horn profiles and continues with the main
techniques to design this type of feed horns, multi-flare angle and spline profiled.
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This type of horns presents worse radiation characteristics compared to corru-
gated profiled ones and are much longer. However, these are much simpler and
cheaper to manufacture at high frequencies, so many times are the preferred choice.
This problem regarding manufacture of corrugated horns at frequencies above
100 GHz becomes particularly acute when many tens, hundreds, or even thousands
of horns are required for large format focal plane array receivers. Therefore, there
has been much recent interest in the use of easy-to-fabricate smooth-walled horns
[14] at these shorter wavelengths.

3.3.1 Introduction to Smooth-Walled Feed Horn Profiles

Typically, smooth-walled horns either have step or flare angle discontinuities, or
smoothly varying interior profiles. The shapes of the horn interiors are optimized
numerically by mode matching techniques [8, 9] to generate a balance of higher
order waveguide modes which leads to a uniform aperture illumination and hence
far-field patterns with high beam circularity, low sidelobe levels and low
cross-polarization.

The simplest form of a smooth-walled horn is a Potter-type horn [15], which has
only one step discontinuity near the throat followed by a conical flaring section,
(see Fig. 3.21). The step discontinuity excites the TM;; mode at about 15% of the
total incident power of the incoming TE;; mode. Both fields propagate along the
conical flaring section until they arrive in phase at the horn aperture.

Figure 3.22 shows the electric field of the TE;; and TM;; modes, and it can be
seen clearly that the addition of both in the correct proportion and in phase produces
a linearly polarized electric field at the aperture of the horn. The combination of
85% of TE;; and 15% of TM;; leads in fact to an HE;; hybrid waveguide mode,
(see Table 3.1), being the mode mixture that generates automatically a linear taper
corrugated horn. As it was indicated in the section regarding corrugated horns, this
mode combination generates a highly uniform field that produces a radiation pattern
with low sidelobes level and low cross-polarization approximating to the perfor-
mance of a corrugated feed horn. But the main disadvantage of the Potter horn is
that it has a narrow operating bandwidth (5-8%).

However, the performance of a Potter-type horn can be substantially improved
by increasing the number of discontinuities of the horn. These types of horns are
known nowadays as multi-flare angle feed horns [16] and are being covered in the

Fig. 3.21 Principle of
operation of a Potter-type L
horn " y y
85% TE 85%-15%
00% TE 11
MO TE— 15% TM;, In phase e
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Fig. 3.22 Combination of modes pursued in a Potter-type horn

Fig. 3.23 Principle of
operation of a Turrin-type
horn 1005 T

following section. On the other hand, there is another method of optimizing a
smooth-walled feed horn profile with even better results, this method consists in the
optimization of the coefficients of a spline curve to meet the specific radiation
parameters needed for a certain application [14], these types of horns will be
covered in the next to the following section.

3.3.2 Smooth-Walled Multi-flare Angle Feed Horns

The Potter-type horn antenna exhibits nice radiation properties, but in a reduced
bandwidth. To improve the performance, the designer increases the number of
discontinuities of the horn. With some more parameters to optimize, the designer
can generate a carefully chosen combination of the higher order modes which could
widen the operating bandwidth of the horn and maintain the nice radiation
properties.

The simplest multi-flare angle horn is the Turrin-type horn [17], see Fig. 3.23.
This type of horn starts with a short conical section with a cone angle and then is
followed by another conical section of lower angle.

After the Turrin-type horn that only has two different angles, (see Fig. 3.23), the
designer can add as many discontinuities in the throat region of the horn as he
needs, these types of horns are then known as multi-flare angle horns, (see
Fig. 3.24). The optimized depth of these discontinuities (Ry, R;, R», R;...), the horn
length and flare angles (L;, L,, L;...), can be predicted using modal matching in
conjunction with optimization algorithms to derive the desired radiation properties
in a certain bandwidth.

Step or flare angle discontinuities near the throat of the horn will, unavoidably,
excite other higher modes (TE;, and TM},) in addition to the desired TM;; mode.
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Fig. 3.24 Multi-flare angle smooth waveguide feed horn with three steps

Fig. 3.25 Direct metallic laser sintering manufactured 2 x 2 antenna array of multi-flared angle
smooth-walled feed horns for a communications system working at 330 GHz (courtesy of
ANTERAL S.L.)

These higher order modes will affect the aperture field in a complicated, frequency
dependent way, making the design of multi-flare angle horns that give good per-
formance over a finite bandwidth more difficult. Fortunately, the effect of these
modes on the far-field pattern of a particular horn can be predicted very accurately
using the numerical modal matching techniques. Since such modal matching
techniques can be used to calculate the far-field patterns, it is possible also to use
this technique in conjunction with suitable optimization algorithms to determine the
optimum horn profiles for good performance over a particular bandwidth [7, 8].

These types of horns are very suitable for manufacture at mm-wave and
submm-wave frequencies since they can be made very quickly and cheaply by
repeated drilling with a properly shaped electrode as machine tool, [18] or even by
additive manufacturing techniques with a certain postprocessing of the manufac-
tured result. In Fig. 3.25, a set of four feed multi-flare angle smooth-walled feed
horns for a communication system at 330 GHz is presented. Such submm-wave
horn array was manufactured by means of an additive manufacturing technique
called direct metallic laser sintering, the array needed a postprocessing with
properly shaped electrode to be fully functional.
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3.3.3 Smooth-Walled Spline Profiled Feed Horns

The smooth-walled profiles defined in the previous section are formed by steps, but
it could be interesting to have the possibility to design a smooth-walled profile
whose taper is smoothly opening without any discontinuity. To fill this gap, in
2004, the researchers from CSIRO in Australia presented their contribution, and
they called it the smooth-walled spline profile [14]. This profile was developed as a
substitute of corrugated horns for mm-wave and submm-wave frequencies since the
manufacturing complexity is much reduced. Their performance is not as good as a
corrugated horn but it is quite acceptable considering a bandwidth around 30% can
be easily achieved for cross-polar levels below —30 dB. In fact, in many cases (as
feed for multibeam reflector antennas) smooth-walled spline profiled feed horns
have replaced corrugated horns for onboard satellite payload [19].

The spline profile is a numeric function that is piecewise defined by polynomial
functions and which possesses a high degree of smoothness at the places where the
polynomial pieces connect, see Fig. 3.26. In fact, the term spline was adopted from
the name of a flexible strip of metal commonly used by drafters to assist in drawing
curved lines.

To design a smooth-walled spline profile feed horn antenna for a specific
application, we must define first the initial dimensions of the horn we want to
develop. We need as an initial approach three parameters: input radius, output
aperture radius and total length. Once they are defined, we should decide how many
optimization points we need. Many optimization points will allow a better result,
but the optimization time will be longer; a few optimization points (in the Fig. 3.26
only five variables are used) allow a quicker optimization time, but perhaps they are
not enough to reach the requirements needed.

If the designer needs to achieve a better result, he must increase the number of
optimization radiuses, in fact in [20], the authors increase the number of optimiz-
able radiuses till 20 unknowns improved the result significantly.

As an example, a K/Ka-band smooth-walled spline profile feed horn for a
communications satellite is presented, see Fig. 3.27.

Spline profile

Fig. 3.26 Spline profile feed horn geometry
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Fig. 3.27 Optimized smooth-walled spline profile feed horn for onboard a communications
satellite (courtesy of ANTERAL S.L.)

Such a feed horn has more than a 42.3% bandwidth and the partial bandwidths
were 3.5% and 2.4%. Therefore, it is a wideband design and its requirements are
extremely severe for a smooth-walled horn, since a return loss value better than
40 dB and a cross-polar level below —26 dB were required for both frequency
bands, and they are quite apart in frequency. In addition, it is very short for a spline
profile.

The design employs 40 radiuses to define the profile (see Fig. 3.27). The out-
come is that of a rather curved inside for smooth-walled horn, but the results (see
Figs. 3.28 and 3.29) show that the requirements are met.

The resulting radiation patterns can be seen in Fig. 3.29. This horn antenna was
manufactured and is successfully operating onboard a geostationary satellite, where
it is part of a feed horn array for spot beam communications.

3.4 Metamaterial Based Feeds

This section describes different feed configurations based on metamaterial struc-
tures. The field of metamaterials is very broad and several examples of metamaterial
based or inspired antennas are considered along this book. In this case, metama-
terial antennas which resemble or create horn-like antennas are treated. First the
metallic walls of the horns will be substituted by a tailored surface so that different
properties are achieved. These antennas are based on the so-called hard and soft
surfaces, which can be considered as special cases of metasurfaces. Finally, horn
antennas will be constructed based on 3D electromagnetic bandgap
(EBG) structures. Their fundamentals and several examples are given in the fol-
lowing sections.
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3.4.1 Soft and Hard Horns

Corrugated horn antennas can be considered as a particular case of the more general
concept of hybrid mode horns [21]. These antennas support linear polarized modes
provided that an anisotropic boundary condition exists in the horn walls. The
condition to be fulfilled by the boundary impedances is called balanced hybrid
condition:

ZreZiy = 71%7

where Zrg and Zpy, are the TE and TM boundary impedances and #,, is the free
space wave impedance.

Two families of antennas satisfy this condition, leading to the so-called hard and
soft horns [21]. In the soft horn case, the boundary conditions correspond to:
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Soft horns support tapered aperture distributions which lead to very low side
lobe radiation patterns. Conversely, hard horns provide uniform aperture distribu-
tions which correspond to very high aperture efficiencies.

These hybrid mode horns have been implemented with different techniques,
which are reviewed in [22]. These include longitudinal and transversal corrugated
horns, dielcore horns, strip loaded and metamaterial or metasurface wall horns.
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This last case constitutes the most novel implementation and, thanks to the flexi-
bility of metamaterials, a very promising alternative to the conventional imple-
mentations. The following sections describe different implementations of these
concepts.

3.4.2 Metamaterial Horns

Metamaterial-based horn antennas, as schematically shown in Fig. 3.30, can be
employed for alternative implementations of the dielcore horn designs. Since
metamaterials allow obtaining values of the dielectric constant lower than 1, both
hard and soft surface designs can be constructed based on the dual dielcore horn. In
both cases the core dielectric can be taken as air, which requires the outer dielectric
to have dielectric constant lower than 1, which can be achieved by a metamaterial.
This has additional advantages, since removing the central core allows reducing
mass and losses and improves reflections in the interface between the air-filled
feeding waveguide and the dielectric loaded horn antenna.

The concept behind these antennas was first demonstrated by [22]. Simulation
results showed that the performance of these antennas complied with the expec-
tations. However, the results were based on theoretical materials with ideal
parameters.

The challenge of finding a metamaterial realization which complied with the
required parameters was sorted out by [22]. The developed metamaterial is based on
a wire grid with wires in the three coordinate axis directions, so that the structural
elements of the metamaterial affect all the field components and full control of the
surface impedance can be achieved. The first experimental demonstration of a horn
antenna based on this metamaterial wall was carried out by the same group [23].
A photograph of the manufactured antenna is shown in Fig. 3.31a. The achieved
pattern was symmetric, with low sidelobes along the full super-extended C-band.
A comparison between the E-plane pattern of this antenna and a trifurcated and
standard pyramidal horn is presented in Fig. 3.31b. Lower sidelobes than in the
conventional counterparts have been achieved by means of the metamaterial
surface.

Fig. 3.30 Schematic of hard (a) = (b) _=
and soft antenna = =
implementations using Jgﬂ >1 | m J.f‘g‘:': ;
metamaterials as alternatives ” H TS T~ e
to the dual dielcore horns pacer S S
o 2}// &> 2_ 1
— “Er3
_4___5 Epq E 1 ‘ ﬁ“xﬁw.ﬂ.l
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(a)

(b)

.. |== Unlined Horn
+| === Trifurcated Horn
Metamaterial Horn

Fig. 3.31 a Photograph of metamaterial horn prototype, with inset showing the wire grid used to
create the metamaterial surface. b Comparison of the radiation pattern on the metamaterial horn, a
standard pyramidal horn and trifurcated horn [23]

In order to simplify the antenna manufacturing a planar metasurface was pre-
sented in [24], where a metasurface implemented on a printed circuit board (PCB)
was used to create a soft horn antenna. Photographs of the prototype are shown in
Fig. 3.32. The achieved performance shows sidelobes at the —30 dB level, in
agreement with the soft nature of the horn. These sidelobes are nearly 20 dB lower
than those obtained with a similar smooth wall pyramidal horn and are maintained
in the whole Ku-band.

An example of the measured patterns is presented in Fig. 3.32b. Very sym-
metrical patterns are achieved leading to low cross-polarization levels (around
30 dB).

One problem associated with these antennas is the need of a matching section to
reduce reflections at the interface between the smooth wall and the metamaterial
sections of the horn. In this case, a dielectric section with an optimized profile is
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Fig. 3.32 a Photographs of the fabricated metahorn antenna and the metasurface liners on the
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radiation patterns of the metahorn at 14 GHz [24]

used for this purpose. This requires a brute force optimization which can be avoided
if a tapered transition is implemented in the metamaterial wall liner. This approach

has been followed in [25].

Finally another implementation of this concept was used in [25], applied to a
conical horn antenna. The metasurface was based on a mushroom structure, see

Fig. 3.33.
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3.4.3 EBG Horn Antennas

Electromagnetic band gap materials can be considered as a type of metamaterials.
They are 3D periodic arrangements of elements, usually dielectric, which, by
properly choosing their shape and spatial position present a frequency range where
no propagation of electromagnetic radiation is allowed [26]. This frequency range is
called the bandgap and its use has been proposed to reduce the effect of surface
waves in planar antennas [27]. This effect can be obtained with planar configura-
tions, usually based on printed board technologies or with 3D structures, where the
material must be tailored in three dimensions.

In this last case, if defects are created in the otherwise perfect periodic structure,
cavities and waveguides can be created. These can be considered as linear defects
and their performance is similar to that of metallic waveguides. Therefore, the same
techniques that are used in order to create horn antennas can also be applied in this
case.

Horn-like structures have been proposed based on 2D and 3D EBG structures
[28]. However, we will focus on those horn configurations based on 3D EBG
structures. Among them, the most used EBG for these experiments is the woodpile
or layer-by-layer structure [29, 30], due to its simplicity and relatively easy man-
ufacturing up to the submillimeter wave range [31, 32]. As a matter of fact, it is in
these high frequency ranges where this type of configurations can be of interest
thanks to their low losses due to the absence of metals (provided the EBG structure
is fabricated with sufficient precision).
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3.4.4 Sectoral Horn Antennas

The simplest way to create a horn antenna based on a woodpile structure is by
altering the bars of one of its layers. Removing one bar will create a waveguide and
by tilting those bars that form the waveguide walls a sectoral antenna is created.
Given the polarization of the mode in the woodpile feeding waveguide, this antenna
corresponds to a H-plane sectoral horn. The radiation properties of the antenna
depend on the flare angle and the antenna length, as in standard metallic sectoral
horns.

These configurations were first studied by Weily et al. [33]. An example of the
radiation pattern achieved can be seen in Fig. 3.34b. It is worth noting the non-
symmetric E-Plane cut, due to the asymmetry of the woodpile in the stacking
direction. Moreover, given the adiabatic nature of the transition, good impedance
matching was achieved between the EBG waveguide section and the horn. In [34],
the same group proposed a transition between rectangular and EBG waveguides
with good performance. This configuration was employed to create an array of such
antennas with which scanning performance was demonstrated. The radiation pattern
of the 16-element array for different scanning angles is shown in Fig. 3.34c.

3.4.5 Evanescently Fed EBG Horn Antenna Arrays

Another way of controlling the radiation E-plane is by arraying two sectoral EBG
antennas. They can be simultaneously fed by means of the so-called evanescent
coupling method [35]. In this configuration, an EBG waveguide is used to couple
the two sectoral horns by properly adjusting their relative position, as shown in
Fig. 3.35. This way, narrower E-plane cut can be obtained while maintaining the
same H-plane of the individual sectoral antennas, as shown in Fig. 3.36, where the
simulated and measured antenna radiation patterns obtained with this antenna are
compared.

3.4.6 Pyramidal Horn Antennas

As mentioned above, the most natural sectoral horn antenna which can be created
taken as base the woodpile structure is a sectoral H-horn antenna, where the electric
field is parallel to the woodpile stacking direction. Thus, the E-plane dimensions of
such horn antennas are determined by the thickness of the woodpile bars, since
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Fig. 3.34 a Perspective view of the woodpile EBG sectoral horn antenna [34]. b Radiation pattern
¢ Array theory and FDTD computed E-plane radiation patterns for the 16-element linear array for
scan angles of: a 0°, b 60° ¢ 30°

these horns are created within a single woodpile layer. Such a narrow and prede-
termined aperture leads to a broad beam in the E-plane, which is nonsymmetrical
due to the absence of mirror symmetry in the stacking direction of the woodpile
structure.

Reducing the E-plane beamwidth would require creating a pyramidal horn
antenna. The difficulty of creating a pyramidal horn based on a defect-containing
woodpile structure lies in the complexity of the embedding medium itself.
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Fig. 3.37 Woodpile based symmetrical EH-horn antenna (a—front view, b—3D view) [36]
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Fig. 3.38 Radiation pattern of the EBG pyramidal horn in Fig. 3.37 [36]

As shown in [36], simple solutions based on cutting several woodpile layers lead to
resonant structures. A solution to his problem can be obtained if the woodpile layers
are tilted as shown in Fig. 3.37.

This EBG pyramidal horn allows simultaneously controlling the E- and H-planes
of the radiation patterns. An example of the pattern that can be obtained is presented
in Fig. 3.38. Its main drawback comes from the manufacturing difficulties, since the
layer-by-layer manufacturing approach followed for the woodpile is not valid
anymore.
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Chapter 4
Flat Corrugated and Bull’s-Eye Antennas

Miguel Beruete, Unai Beaskoetxea and Tahsin Akalin

Abstract This chapter is focused on a family of antennas recently proposed, whose
common denominator is that they consist in a flat metallic plane with a central
narrow aperture surrounded by corrugations. This new family of antennas has
occupied a very important place in the development of communication technologies
and solutions for several communication applications since, compared to higher
volume structures, as horn or parabolic antennas, they present equal or even higher
radiation characteristics. An introduction, which also serves as an historical over-
view, is presented in the first place, emphasizing the relation with both extraordi-
nary transmission structures demonstrated initially at optical wavelengths as well as
with leaky-wave antennas, developed mainly in microwaves. Afterwards, the
physical mechanism for radiation and the main guidelines for the design of these
antennas are discussed. Next, an overview of some of the most appealing designs
and results related with this technology is presented, putting special emphasis in
terahertz-band applications. Finally, tips on foreseen future trends are summarized
to conclude the chapter.
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4.1 Introduction: Extraordinary Transmission Resonance
and Evolution Towards Metallic Corrugated Antennas

Daily experience teaches us that the amount of light able to penetrate an aperture
perforated on a metallic plane is proportional to the size of the aperture. More
technically, the power coupled through the hole is limited by diffraction and, for
sufficiently small apertures, diffraction rings will appear at the output, a fact that is
customarily exploited to demonstrate the wave nature of light in typical lab
experiments. Quantifying the fraction of power that goes through a hole perforated
in an infinite metal film is a classical problem that was solved by Bethe and
Bouwkamp some time ago [1, 2]. Using standard diffraction theory, they estab-
lished that this power is proportional to (r/4)*, where r is the radius of the aperture
and / is the operation wavelength. The previous expression confirms our intuition
putting in evidence that for wavelengths much larger than the hole diameter only a
small fraction of the incoming power can traverse the aperture.

The theory of Bethe and Bouwkamp provided a satisfactory solution and
remained unquestioned for more than 30 years. However, in 1998 the scenario
changed radically when Ebbesen et al. [3] reported an experiment where high
transmittance peaks appeared in an aluminium plate perforated with a periodic
matrix of sublambda holes at wavelengths as large as ten times the diameter of the
circular apertures. This result came as a surprise, since the holes were operating in
cutoff and still were able to produce a high transmittance, in apparent contradiction
with Bethe-Bouwkamp’s theory.! For this reason, this phenomenon was called
Extraordinary Optical Transmission (EOT). Ebbesen’s experiment was done in the
near infrared band where metals admit a Drude model and have a negative real part
of permittivity, as corresponds to an overdense plasma. This negative permittivity
property allows the coupling of surface plasmon polaritons (SPPs), which are
surface waves sustained at the metal-dielectric (also known as metal-insulator, MI)
interface [4]. SPPs are bound modes and hence are not directly accessible by an
external incident wave. The extra momentum of the tangent wave vector necessary
to excite SPPs can be achieved by an external prism or by using a periodic structure,
as was the case in the experiment by Ebbesen et al.. Thus, the explanation proposed
to elucidate the high transmittance was the coupling of light with SPPs excited
through the periodic matrix of holes.

Ebbesen’s result ignited the spark of modern SPP research, leading to the so-called
“surface-plasmon resurrection” [5] (excellent reviews can be found in [6, 7]).
A model able to embody the physics involved in the extraordinary transmission of
light through an array of subwavelength holes in a metal film was presented by
Martin-Moreno et al. [8]. With this analysis, it was established that the phenomenon

'Strictly speaking, Ebbesen’s results do not contradict Bethe-Bouwkamp’s theory. Recall that the
latter is valid for an isolated hole in an infinite metal film, rather different from the hole matrix
studied by Ebbesen.
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depended crucially on the periodic structure. Even more, a minimal model able to
catch the main underlying physics of the phenomenon was presented.

Following the path initiated by Ebbesen, other structures capable of enhancing
the transmission through small apertures were investigated. In [9], one-dimensional
metallic gratings with very narrow slits periodically distributed over a dielectric
substrate were studied for impinging light beams with polarization perpendicular to
the aperture. The transmission resonances obtained were related to the excitation of
two types of electromagnetic modes: (i) the coupling between the SPPs in the two
surfaces of the grating, when the impinging wavelength was approximately equal to
the grating period; and (ii) waveguide modes in the slits when the wavelength was
much larger than the period. It was pointed out that those effects appeared for any
range of frequencies, provided the width of the slits was small in comparison to the
period and the frequency of the incident wave was lower than the plasma frequency
of the metal.

Further studies were carried on in [10], analyzing structures formed only by
holes and by holes and periodically inserted dimples. It was observed that the
zero-order transmission could be improved at certain wavelengths for the holes and
dimples structure, although the rest of the spectrum remained almost equal. This
proved that the light coupling depended mainly on the period of the corrugations
rather than on their shape. Given that the dimples do not emit but do contribute to
the peaks, the authors suggested that the surface modulation caused by the dimples
helped to couple the incident photons to SPPs, whereas the holes also contributed to
the opposite operation coupling again the surface plasmons to photons. Taking this
idea to the limit, they demonstrated that a single sub-wavelength aperture sur-
rounded by a dimple array had a transmittance enhancement proportional to A%/
compared to a hole in a flat plane and that the transmission peak could be tuned in
frequency by just changing the period of the dimples. In [11], it was showed that the
use of metamaterial shaped apertures rather than typical geometries (ellipsoidal or
quadrilateral holes), i.e., Babinet metamaterials [12, 13], led to a reinforcement of
the EOT effect. More specifically, a higher transmittance was observed at lower
frequencies, while the transmission efficiency at higher frequencies remained
almost still.

The natural step forward was to test other periodic structures flanking a central
aperture. In [14], two different structures were analyzed: a small hole surrounded by
concentric annular grooves, a structure called Bull’s-Eye and a narrow slit sur-
rounded by straight grooves (respective schemes are shown in Fig. 4.1a and b). In
either case, an enhancement of transmission was demonstrated both when the
grooves where carved on the input and output faces. It was found that grooves on
the input face contribute to a more efficient light harvesting from the incident wave,
which was then directed towards the central aperture and radiated almost isotrop-
ically, with a clear diffractive pattern. On the other hand, with grooves on the output
face, light harvesting at the input did not change compared to a single aperture on a
flat metallic plane, but radiated a directive beam at the output with its maximum
pointing perpendicularly to the surface. It was also confirmed that when the output
observation angle was shifted away from the normal direction, the maximum
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Fig. 4.1 Schematic of a Bull’s-Eye with circular aperture and b slit aperture with parallel
grooves. Insets observed optical response of the corresponding sample illuminated from the back
at its wavelength of maximum transmission. Artwork inspired in the results of Lezec et al.

transmission intensity dropped and the peak splitted into two peaks, moving each
one towards lower and higher wavelengths respectively.

As a theoretical complement, in [15] the beaming mechanism for this structure
was described in detail, analyzing the angular distribution of light at the exit side. It
was shown that the beaming intensity saturated for a certain number of grooves. It
was also concluded that the emission process basically consists of two steps: first,
the output side of the slit emits a primary beam directly into free space and into the
grooves; then, these grooves reradiate light to vacuum and into other corrugations.
It was demonstrated that the grooves’ depth plays an important role in the beaming,
as it shifts the wavelength at which the maximum occurs, as well as the achievable
maximum beam intensity. These cavity modes—controlled by the grooves’
dimensions—and the coupling between indentations—maximum at wavelengths
commensurable with the period—Iead to the surface resonances responsible for the
observed beaming properties. These results were experimentally confirmed after-
wards in [16]. It was proved that the maximum boost of transmission takes place
when three radiation mechanisms coincide at the same frequency: the previously
mentioned groove cavity mode excitation, the slit waveguide mode and a third one
corresponding to the in-phase groove reemission, dependent on the period of the
groove array.

An important fact disregarded up to now in this brief historical introduction, is
that the theoretical analyses derived to explain extraordinary transmission through
hole arrays or through small apertures on corrugated planes showed high trans-
mittance peaks even assuming a perfect electric conductor instead of a Drude model
for the metallic plane. This suggested that the phenomenon was far more general
and that it could be reproduced in other frequency regimes where genuine SPPs do
not exist, like microwaves, millimeter-waves or even the terahertz range in which
metals admit a high conductivity model. The first demonstration of EOT through
hole arrays at millimeter-waves was published in 2004 [17] showing definitely that
the phenomenon was universal and it could appear in any band of the
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electromagnetic spectrum, regardless of the exact metal model employed. The key
to get a high transmittance peak is to design a coarse hole matrix, ensuring that the
cutoff frequency of the apertures falls above the onset of the first diffraction order. If
this condition is fulfilled and the metal plate is thin enough so as to avoid a strong
decay of the power transmitted through the holes, the EOT peak will appear at a
frequency slightly below the onset of the first diffraction order. An experimental
study showing the importance of the number of holes in the EOT resonance was
reported soon after [18] putting into evidence that the strength of the transmission is
basically controlled by the number of periods in the array. A theoretical analysis of
the finite structure effects was presented in [19]. Further numerical and experi-
mental studies in [19, 20] proved that the enhancement and bandwidth also
depended on the hole diameter.

Regarding corrugated structures, enhanced transmission was demonstrated for a
single slit surrounded by two narrow and deep corrugations at both sides of the slab
[21]. Using a scaled version of the single slit surrounded by multiple corrugations
presented in [14], enhanced transmission and strong beaming was demonstrated at
microwaves [22]. Later on, a thorough experimental study showing the enhance-
ment with input and output corrugations was reported at millimeter-waves [23]. In
[24, 25], the microwave enhanced transmission and its angle-dependence was
experimentally studied for a subwavelength circular aperture surrounded by annular
concentric grooves. All these experiments are the precursors of the flat metallic
antennas that we will consider in the next section.

Finally, it has to be remarked that the corrugated structures have been presented
here as an evolution of extraordinary transmission, which is in the roots of the
antennas discussed in the chapter. However, an alternative point of view is to
employ the leaky-wave (LW) formalism to explain the behavior of these structures.
Recently, in [26], a thorough study of the beam-forming physical mechanism of flat
horns was presented. There, the regimes of the surface waves and the leaky waves
are clearly distinguished and the behavior of corrugated flat horn antennas is
meticulously analyzed and depicted by means of representations of near- and
far-fields at each regime. A LW analysis will be presented later in this chapter, for
the sake of completeness.

4.2 A New Antenna Family: Small Apertures
on Corrugated Metallic Planes

4.2.1 First Generation: Antennas at Microwaves

Up to now, all the structures discussed are similar to frequency selective surfaces or
spatial filters, in the sense that they act on an incident wave and produce a response
at the output. However, the beaming property of corrugated structures makes them
interesting candidates for high-gain antennas with the advantage of having a much
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reduced volume and weight than conventional solutions. The capability of pre-
senting beaming characteristics comparable to horn or parabolic antennas, among
others, has made them a field of intensive research for more than a decade. Indeed,
the results obtained in [22, 23] served as a basis for a new family of antennas based
on a small aperture on a corrugated metallic plane. These antennas differ from the
previous structures in that power is injected by a waveguide attached to the back of
a metallic plane, and is coupled to the output through a resonant slot instead of a
narrow slit.

In [27] the first member of this family was presented: a metallic Bull’s-Eye
antenna characterized by a central radiating slot surrounded by annular corrugations
and optimized to a wavelength approximately equal to the period of the grooves,
see Fig. 4.2a. A relatively high gain beam of approximately 21 dB was measured at
the operation frequency of 16.5 GHz, as shown in the gain curve of Fig. 4.2b. For
the comparison, an EMCO-3115 horn antenna was used (black curve). This
antenna, from now on called Test Antenna 1, is a 24.4 cm x 159 cm
double-ridged waveguide horn which operates in the band from 750 MHz to
18 GHz. For all the band of interest (10-18 GHz) it presents an almost constant
gain of more than 12 dB. This corresponds to an aperture efficiency e, = 6.3%.
Comparing Fig. 4.2c and d it is evident that the antenna has different radiation
patterns in the principal planes. In the E-plane a narrow main lobe pointing at
broadside with well-defined nulls can be identified, whereas in the H-plane the
radiation pattern is smoother. This is a general characteristic of this kind of antennas
and can be explained by attending to the current distribution shown in Fig. 4.2e,
calculated with the commercial simulator CST Microwave Studio. The current
density is higher in vertical direction, which corresponds to E-plane, than in the
horizontal direction, which corresponds to the H-plane. In the E-plane (Fig. 4.2¢)
the antenna presents an angular width of 6° and less than —15 dB side lobe level. In
the H-plane, by contrast, it presents a wider beamwidth at —3 dB of 12.3°,
(Fig. 4.2d). It has relatively low cross-polarization levels for E- and H-plane (30 dB
and 25 dB, respectively), as shown in Fig. 4.2c and d respectively. In Fig. 4.2f, a
three-dimensional plot of the radiation pattern has been included for the sake of
completeness.

This design opened the path to other schemes such as the antenna with 6 straight
grooves on each side depicted in Fig. 4.3a and published in [28]. The experimental
results showed a gain of 18 dB (e, = 6.5%), 6 dB higher than the Test Antenna 1,
see Fig. 4.3b. In this case, due to the absence of revolution symmetry, the antenna
presented a wider beam at —3 dB of 12° in the E-plane and 30° in the H-plane.
Besides, the prototype showed lower side lobes for a range of about £30° at the
E-plane, see Fig. 4.3c. As it was pointed out before, the current density is dis-
tributed preferentially along the vertical (E-field) direction, which is the reason for
the larger beamwidth observed in the H-plane, Fig. 4.3d.

With the aim of reducing the size of the antenna and hence improve the aperture
efficiency, a miniaturized 1-D planar antenna operating at 17 GHz and consisting of
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Fig. 4.2 a Picture of the metallic Bull’s-Eye antenna. b Measured gain versus frequency for
prototype (blue curve) and test horn antenna (black curve). Measured co- (solid line) and
cross-polar (dashed line) E- and H-planes, (¢) and (d), respectively. e Surface current distribution
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a resonant slot and two straight corrugations, was also experimentally and
numerically studied in [29], see picture in Fig. 4.4a. A relatively high gain of near
10 dB (e, = 17.2%) was measured, a value slightly lower than that of the Test
Antenna 1, see Fig. 4.4b. The radiation pattern showed a —3 dB angular width at of
34° in the E-plane and 60° in the H-plane, Fig. 4.4c and d respectively. Attending
to the characteristics of the prototype it can be described as a weakly directive
antenna with broadside gain enhancement of 4.3 dB compared to the
non-corrugated metallic plane. Nevertheless, it must be taken into account that the
lower gain and wide beaming is balanced out by the reduced physical dimensions
compared to those of the horn antenna. It must be emphasized that the behavior of
this antenna is more similar to a parasite-element radiating structure than to a LW
antenna, where a periodic grating is needed. This explains the observed relatively
low gain, compared to the previous antenna with 6 grooves on each side.

A compact antenna design was discussed in [30]. By means of the use of the
slot’s transversal resonance, instead of the longitudinal resonance, the antenna
thickness can be reduced. This was applied to the antenna shown in the bottom
antenna of Fig. 4.5a. The thickness can be further reduced by filling the corruga-
tions with a dielectric material so that the grooves’ depth can be reduced. In the
antenna shown on the top of Fig. 4.5a the corrugations were filled with glass-fiber
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(with permittivity ¢, = 4) to reduce the grooves’ depth by half. By applying these
modifications, a reduction by a factor of over 3 of the thickness compared with the
previous prototype was achieved. According to the experimental results of
Fig. 4.5b, there is a clear improvement in the radiation pattern with a gain of
11.3 dB (e, = 39%), more than 5 dB larger than a flat metallic plane and barely
1 dB less than the Test Antenna 1. Figure 4.5¢ and d show the E- and H-plane
radiation diagrams, respectively. The measured —3 dB angular width for E-plane is
30° and for H-plane is 52°.

A dual-band low-profile antenna was reported in [28], taking advantage of the
double //2 resonance of the slot located at f; = 13 GHz and f, = 16.5 GHz. The
transversal resonance, which corresponds to f; = 13 GHz is fixed by the slot width,
whereas the longitudinal resonance, given at f, = 16.5 GHz, is fixed by the slot’s
depth. In this case, two sets of corrugations were disposed at the output surface,
each one separated from the slot a distance equal to nearly the wavelengths fixed by
the resonances, see Fig. 4.6a. The patterning of the surface led to a gain near 10 dB
at both frequencies of design (aperture efficiency over 23%), Fig. 4.6b, nearly the
same values obtained for the Test Antenna 1 at f; and f>. The measured beamwidth
at -3 dB was 20° and 30° in the E-plane (Fig. 4.6¢ and d), and 50° and 40° in the
H-plane (Fig. 4.6e and f), at f; and f5, respectively.
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Fig. 4.6 a Picture of the metallic dual band flat antenna. b Measured gain versus frequency for the
dual band prototype (blue curve) and test horn antenna (black curve). Simulated (dashed curves)
and measured (solid curve) E-plane at ¢ f; = 13 GHz and d f, = 16.5 GHz. Idem for H-plane at
efi =13 GHz and f 5 = 16.5 GHz

These antennas are included in the first generation of waveguide fed corrugated
antennas developed in the Public University of Navarre (UPNA), being a landmark
and design line for further coming structures. Figure 4.7 gathers all these antennas,
characterized by their low profile and operating at low frequencies in the microwave
range, and makes a comparison of the observed gain for each of them with a
standard Horn antenna.

4.2.2 Towards Terahertz Frequencies

One-dimensional (1-D, i.e., slit + grooves) and two-dimensional (2-D, i.e.,
Bull’s-Eye) antennas based on a radiating slot surrounded by corrugations were
designed and experimentally measured in the terahertz range in [31]. First, the
feasibility to develop antennas and the enhancement in the transmission at this
range of frequencies was proved, with the prototype shown in Fig. 4.8a. Two
structures with 10 corrugations working at f = 0.56 THz were designed and ana-
lyzed, differing only in the corrugation shape: triangular and rectangular.
Simulations showed a gain enhancement compared to a flat plane of 10 dB for both
antennas with a narrow beamwidth of 0_s45 = 5.8° and 6.8° and side lobe levels of
8.6 and 9.7 dB in the E-plane for the triangular and square grooves, respectively.
Due to fabrication restraints, only the antenna with triangular grooves was fabri-
cated and experimentally characterized. As expected, the structure showed large
transmission enhancement at the working frequency, fixed by the period of the
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Fig. 4.7 Compendium of the first generation of low profile leaky wave antennas operating at
microwave frequencies

corrugations and the transversal resonance of the slot. A secondary peak at 0.8 THz
and with much lower amplitude was noticed in the spectrum, corresponding to the
longitudinal slot resonance. However, it was clear that the corrugations, optimized
for the design frequency of 0.56 THz, had little effect at 0.8 THz, Fig. 4.8b. In the
same article a Bull’s-Eye antenna was also experimentally analyzed, see Fig. 4.9a.
In this case, the time-domain waveforms for different sets of concentric annular
corrugations with variable depths were recorded, see Fig. 4.9b. It was first con-
sidered the electric field at the input face of the aperture, arising from the directly
incident THz beam, which evanescently tunneled through the subwavelength
aperture. Then, from these measurements, it was clear that the beaming mechanism
could be explained as the sum of the directly transmitted and
time-delayed-groove-contributions at the output face, Fig. 4.9c.

Even though there is a vast research on LW antennas, the THz range is still a
relatively unexplored field concerning to leaky corrugated structures, with few
designs as the one presented above or the one in [32] where a 560 um x 280 pm
terahertz low-profile pyramidal horn antenna was loaded with parallel straight
V-grooves of different depth, see a picture in Fig. 4.10a and b. The corrugated
structure presented at 0.49 THz a narrower beam, (Fig. 4.10c), enhancing its gain
more than 3 dB compared to the non-loaded horn (15.6 dB).
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Fig. 410 a Micromachined V-grooves antenna. b Close view of manufactured antenna.
¢ Normalized E- and H-plane for patterned antenna (black and blue dotted curves) and horn
antenna (red and pink dashed curves). Reprinted with permission from John Wiley & Sons, Ltd

A typical drawback of quantum cascade lasers is their large beam divergence due
to the small emission aperture, Fig. 4.11c. In [33-36] this problem was overcome
by integrating periodic subwavelength corrugations onto the output facet of semi-
conductor lasers, Fig. 4.11a. With this solution, the beam divergence could be
highly reduced, Fig. 4.11d. This structure, named laser collimator or laser beam
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Fig. 4.11 a Detail of a 1D beam collimator. b 2D (Bull’s-Eye) beam collimator (Inset detail of the
structure). ¢ Measured 2D far-field intensity distributions of the original unpatterned device.
d Measured 2D far-field intensity distributions of the device patterned with a 1D slit-grating
structure. Reprinted with permission from John Wiley & Sons, Ltd

shaper, achieves the reduction of divergence from ~ 180° to ~ 10°, an over 10 dB
directivity improvement and an increase factor of about six for the power collection
efficiency. It was also proved that using a concentric ring grating rather than a 1D
grating, Fig. 4.11b, the beam divergence was reduced not only for the laser
polarization direction, but also for the parallel one. As it happens with the previ-
ously mentioned antennas, the collimator design can be scaled to work from the
visible to the far-IR regimes.
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Fig. 4.12 a Photograph of
THz Bessel beamformer.

b Detail of the central slot in
the beamformer. ¢ Schematic
of the Bessel beam generation
mechanism. Reprinted with
permission from AIP
Publishing LLC

THz input

In [37] it was shown the usefulness of Bull’s-Eye corrugated structures as Bessel
beam generators embeddable in solid-state terahertz sources, in contrast to con-
ventional axicon lenses approach typically used for Bessel beam generation which
are usually bulky systems. In that work, a Bull’s-Eye operating at 0.29 THz was
fabricated, Fig. 4.12a and b, and characterized through terahertz time-domain
spectrometry, observing a non-diffractive behavior within a distance greater than
20/. In Fig. 4.12c it is shown how the beam generation mechanism is identical to
that observed for the antennas discussed above. A much more exhaustive review of
the Bessel beam sources as well as the physical mechanism involved in the beam
generation is carried out in Chap. 8.

4.2.3 Latest Developments

Nearly a decade after the first Bull’s-Eye paper, an antenna of this type was pro-
posed as a good solution to embed in CubeSat devices (miniaturized satellites for
space research composed of multiple small cubic units) taking advantage of the
antenna’s low profile [38]. In this publication, the effect of shifting the center of
each of the 7 annular corrugations was studied, observing a variation of the radiated
beam direction. For the concentric corrugations case, the antennas displayed a gain
of 19.6 dB, whereas it was reduced as the center was shifted and the radiated beam
gradually pointed away from broadside, although the beamwidth barely varied. We
can see how, once again, this kind of antennas surpasses in the field of space
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Substrate

Fig. 4.13 Schematic of patch over a corrugation loaded substrate

communications (among others) classical parabolic antennas, providing high gain,
unconventional beaming properties and lightweight, which results of high interest
in this area.

Another example of the application of a Bull’s-Eye geometry in a metallic plane
is that reported in [39], in which a patch over a substrate was placed on top of a
metallic annular corrugated structure, increasing strongly the directivity, as shown
schematically in Fig. 4.13. An extra annular soft-surface configuration placed after
the Bull’s-Eye served to reduce the backward radiation, preventing the diffraction
of the surface wave on the edge of the structure. This diffraction produces a
degradation of the antenna pattern and a decrease of the antenna efficiency. This is
due to the nearly infinite surface impedance observed in the soft surface and the null
value of all components of the electric field in any polarization direction. This
antenna presented a gain of 19.45 dB, more than 12 dB larger gain than the
non-patterned ground + patch, and a narrow beamwidth of 7.9°.

In [40] a Bull’s-Eye antenna with sinusoidal corrugations working at millimeter
waves was presented, see picture in Fig. 4.14a. In this case, the aim of the study
was the comparison between a sinusoidal pattern and the previously analyzed
rectangular groove antennas. Similar results were obtained for a high number of
periods, with the added value of a soft surface with no corners in the case of the
sinusoidal profile, which could reduce multipactor effects, interesting for applica-
tions where medium/high power handling is needed. The manufactured 20 period
antenna presented a gain of 28.9 dB (Fig. 4.14b) with a —24 dB side lobe level and
a very narrow 1.2° beam in the E-plane as shown in Fig. 4.14c. The H-plane is
shown in Fig. 4.14d for completeness.

In [41-44] two Bull’s-Eye antennas in planar technology were thoroughly
analyzed. These antennas consisted of a series of annular concentric metallic strip
gratings placed over a grounded dielectric slab and fed by a surface wave launcher
(SWL) (scheme shown in Fig. 4.15) or an aperture coupled slot (ACS). There, the
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Fig. 4.15 Schematic of a
metallic strip grating over a
grounded dielectric slab fed
by a SWL antenna

performance of different geometries as well as suitable optimizations were pro-
posed. For the Bull’s-Eye fed by SWL, a beam of near 15 dB and approximately
10° beamwidth was measured at 19.8 GHz.

Closer in time, an off-axis beaming 3D-printed antenna operating at 96 GHz was
proposed [45]. This structure was manufactured by means of SLA (stereolithog-
raphy) and then metal coated by a several step chemical and plating process,
Fig. 4.16a. The antenna presented 7 annular off-center corrugations which per-
mitted a tilted beaming pointing towards 16.5° and a 17 dB peak gain, with —10 dB
side lobe level. Figure 4.16b displays the measured gain vs. frequency for E-plane,
where the tilted beaming at 96 GHz is observed. This tilted beaming is possible due
to the in-phase radiation of upper and lower halves of the structure at the same
angle. This structure is a clear example of where the interest is veering to: corru-
gated leaky wave antennas were initially proposed as an alternative solution to
classical high-volume antennas as horns, since they offered better radiation
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95 100
Frequency (GHz)

Fig. 416 a 3D-printed off-axis beaming Bull’s-Eye antenna. b Measured realized gain versus
frequency in dB for E-plane

characteristics and, at the same time, presented lower profiles and lighter weights.
The following natural step is to reduce the weight of this new family of antennas.
Evidently, the metallization of plastic structures (fabrication method that also
facilitates manufacturing of complex structures) is a very interesting solution which,
sooner or later, will surely become a hot research topic. This result demonstrates
that this type of antennas can be produced employing additive manufacturing which
is nowadays envisioned as the fabrication technology of the future and a major actor
of the fourth industrial revolution.

The following table sums up some of the radiation characteristics at E-plane for
all the above mentioned antennas (Table 4.1).

A quick glance at the table enables us to verify that the best performance in
terms of gain is obtained, among the presented structures, for the sinusoidal cor-
rugations antenna. Nevertheless, note that in this case, it is also the structure with
the highest number of periods (N = 20 periods) which leads us to a low aperture
efficiency antenna, typical of corrugated leaky wave antennas. Meanwhile, the
Patch + Bull’s-Eye antenna, while showing high gain and relatively low side lobe
level, displays a wider beam compared to that presented by the sinusoidally
modulated antenna. Thus, it is easy to understand that there is no ideal design which
matches any requirement, and it is highly important to carry out a preliminary study
so as to choose the design that correctly fits our needs.

4.3 Classical Leaky-Wave Antennas
(LWA) and the Problem of Broadside Radiation

As mentioned in the Introduction, corrugated structures can be analyzed using the
LW formalism [46]. Indeed Jackson et al. argued in [47], that the theories based on
extraordinary transmission could be complemented with the LW theory to explain
the mechanism of narrow beaming in corrugated structures [47, 48]. In short, they
argued that when a metallic surface is loaded with a periodic array of grooves with
periodicity larger than the wavelength and the operating frequency is raised enough,
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Table 4.1 Flat leaky wave antennas overview table

Antenna Frequency |Gain |Side lobe | Beamwidth | Physical aperture
(GHz) (dB) |level (dB) |(°) (normalized to 4%)

Low profile 16.5 21 -15 6 158

Bull’s-Eye [27]

12 straight grooves 16.5 18 -10 12 48

[28]

Miniaturized [29] 17 10 -8 34 4.62

Dielectric loaded 13 11.3 -9 30 4.62

grooves [30]

Dual-band [28] 13/16.5 10.4/9 |-9/-9 20/30 4.62

Wedge corrugations | 560 15.88 |-8.6 5.8 94

[31]

Micromachined 490 15.6 ~=12 18.5 223

V-grooves [32]

CubeSat Bull’s-Eye 60 19.6 -14 ~10 400

[38]

Patch + Bull’s-Eye 12.64 1945 |-15 7.9 17.75

[39]

Sinusoidal corrugated |77 28.9 24 1.2 1370

Bull’s-Eye [40]

Surface wave 19.8 ~15 ~15 ~10 126

launcher Bull’s-Eye

[42]

Tilted beaming 96 17 -10 35 5

3D-printed

antenna [45]

a leaky plasmon mode is achieved, which radiates as it propagates along the
periodic structure [46, 49].

A leaky wave antenna (LWA) is a member of the traveling-wave antennas
family [50]. It is a waveguiding structure with a mechanism able to leak power
along its length [51]. Due to this leakage, the waveguide presents a complex
propagation wavenumber consisting in a phase constant f§, which controls the
beaming angle, and a leakage constant o. A large or small o corresponds to a large
or low leakage affecting the size of the effective aperture of the antenna, which
results in a wide or narrow beamwidth, respectively. This kind of antennas present a
LW that attenuates in the propagating direction (« > 0) and an amplitude that either
increases transversely away from the guiding surface (o; <0), forward leaky wave,
or decreases (o; > 0), backward leaky wave. For this reason, forward LWs have
been called improper waves and backward LWs proper waves. Anyway, in the
forward case, as the LW only exists in a portion of space in the direction normal to
the structure, the amplitude increases up to a point and then decreases [52].
Furthermore, due to the fact that the phase constant f§ varies with frequency, the
beam direction can be changed sweeping the frequency, as discussed in [53, 54].
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(@) (b)

Fig. 4.17 a Dispersion diagram for non-corrugated metallic surface. b Dispersion diagram for
periodically corrugated metallic surface. ¢ Fast modes within the radiation region of the dispersion
diagram for a corrugated metallic surface

The width of the emerging beam is also controllable by the configuration of the
antenna. Thus, for a given beam direction 0 and knowing L, the angular width is:
AO = Jy/(L cos 0). The easiest and earliest example of this kind of structures is a
simple rectangular waveguide with a continuous slit cut along its side, presented by
W.W. Hansen in 1940 [55].

Depending on the geometry of the guiding structure two kinds of LWAs are
distinguished: uniform and periodic LWAs. Although the literature surrounding
LWAs is extensive, only the structures that serve to the purpose of this chapter will
be reviewed here. Thus, more emphasis will be made on periodic antennas:

e Uniform LWAs: in these type of antennas, no periodic modulation is present
along the length of the guiding structure. In uniform structures the dominant
mode, the space harmonic n = 0, is a fast wave that radiates whenever the
structure is open. This kind of antennas can also be catalogued in two groups:
1-D and 2-D LWA:s.

e Periodic LWAs: are loaded with a periodic structure along the guiding struc-
ture’s length. In comparison with uniform antennas, periodic LWAs possess a
dominant slow-wave mode. The phase velocity of this mode is greater than the
velocity of light. This implies that even though the structure is open, it does not
radiate. This is why it needs a periodic array to radiate. Although these antennas
can scan from backward endfire into part of the forward quadrant, there is a
narrow region around broadside where radiation is not allowed due to an open
stop band. This issue will be explained thoroughly further in this section.
Earliest structures of this kind of antennas consisted in the periodically modu-
lation of a dielectric waveguide like the one presented by King [56]. A typical
example is that analyzed in [57-60], which basically consists in a dielectric
rectangular rod loaded with periodically distributed metal strips. In another
geometry, the metallic strips were replaced by grooves [61].

It is easy to see the resemblance between the periodic LWAs and the antennas
previously discussed, in particular [22, 23, 28-31, 40, 62, 63]. All of these antennas
consisted of a central radiating slot perforated on a metallic slab surrounded by
periodically distributed corrugations with periodicity d. For a non-corrugated flat
slab, the dispersion curve is like that displayed in Fig. 4.17a. As all these antennas
are made of good electric conductors, we can approximate f, ~ k, where f3, is the
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phase constant of the n = 0 space harmonic (or fundamental mode), where n is the
index of the space harmonic, and k = 21/ is the free-space wavenumber. When a
metallic slab is properly modulated, for example, by periodically disposing corru-
gations, a propagating surface wave is generated.

Thus, the dispersion diagram shows two straight lines at +45°. The corrugation
patterning permits the coupling of the power emanating from the slot to a TM,
mode surface wave that propagates away from the aperture. The presence of the
grating produces an infinite number of space harmonics (also called Floquet
modes), Fig. 4.17b, that depending on the frequency, will be fast or slow. All these
space harmonics are related to each other by:

p,d = Pod +21n (4.1)

where f3, is the phase constant of the n-th space harmonic and f, is the phase
constant of the n = 0 space harmonic, corresponding to the travelling wave sup-
ported by a non-corrugated flat metallic plane (valid only for weak modulations).
As stated in [54, 64], the beam direction of LWAs can be swept varying the
frequency, due to the fact that the phase constant changes as frequency is swept. In
general, and when the surface modulation is weak, it is possible to guess the beam
direction 6, of the n-th radiated space harmonic following the next equation:

_&_[30 2nn

sin(ﬂn) X X ﬁ

(4.2)
where k = 2mn/A the free-space wavenumber. If the wave propagates along a
metal-air interface we can approximate Ay ~ k. Furthermore, for a practical
antenna, it is desired only the n = —1 space harmonic to radiate inside the radiation
region, Fig. 4.17c. The radiation region is the area of the dispersion diagram for
which kd > fid, i.e., the modes possess a phase velocity larger than the light. So,
recalling that fip =~ k = 2n/A and the relation between f; and f3,, for the mode
n = —1, Eq. (4.2) becomes:

(4.3)

Thus, for a beam pointing at broadside, 6_; = 0°, d must be chosen equal to A.
Nevertheless, as discussed in [49], pure broadside radiation is not possible.
Radiation at 0_; = 0° would imply f—; = 0, which would also imply that the leaky
mode becomes a standing wave, as attenuation constant drops to zero, resulting in
an open stop band in which radiated power sharply decreases [49, 64].

Already in [65], it was attempted to overcome the stop-band inconvenient pre-
sent in most periodic LWAs. It was foreseen that for a structure like those in [66,
67], basically a dielectric rod with a single metallic strip grating, the stop-band
could be highly reduced if a double-strip was used per unit cell. Later on, methods
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Fig. 4.18 Radiated beams
for a frequencies f < fo,

b frequencies f ~ f; and
¢ frequencies f > f;

to optimize broadside radiation in uniform [68] and periodic [69] LWAs were
discussed.

As explained in [49], the open stop band effect in periodic LWAs is inevitable.
But in the antennas analyzed in the previous section, this limitation was circum-
vented by choosing a proper fi_; so that the beams corresponding to each half of the
structure point towards a scan angle slightly diverted from 6_; = 0°. The maximum
of radiation appears just before or immediately after the null point, depending on
the wavelength-period relation. With regard to the radiation diagram, at the opti-
mized frequency, opposed beams will be so close that they will appear to merge as a
single broadside beam. For a certain range around that frequency, the emitted beam
will appear as a less directive wider beam and will ultimately be detached into two
different beams, corresponding to each half.

This characteristic was experimentally studied in [40] and in more detail in [70],
where the behavior of the radiated beams in the vicinity of the operation frequency
fo was analyzed. For frequencies f < fy, the leaky-mode corresponded to a
backward-wave. Given the symmetry of the antenna, the upper and lower halves
radiated in the opposite half: the upper-half in the lower-half plane direction and
vice versa, Fig. 4.18a. At f ~ fy, an apparently single beam was obtained,
Fig. 4.18b. Then, for f > f;, a forward leaky wave is supported by each half and the
beams split again in two, radiating each half of the structure in its own half,
Fig. 4.18c. Both beams diverged as frequency was shifted towards higher
frequencies.
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4.4 Design Tips and Guidelines

In this section it is intended to offer a few tips and basic guidelines to design flat
leaky wave corrugated antennas. Two types of geometries will be considered:
straight parallel and annular corrugations. For both cases, the possibility of
designing a tilted beam radiating structure will be shown. An intuitive procedure to
design a leaky-wave flat corrugated antenna was presented in [27-30, 40]. Here, we
summarize the main tips and guidelines that must be followed for the design of this
type of antennas.

The first goal that must be accomplished is ensuring a good matching between
the input waveguide and the antenna. This is usually done by designing a central
resonant slot, with a relatively high-quality factor. Depending on the needs, the
resonant aperture can be designed to resonate at one or two frequencies. The
transversal resonance is governed by the slot width, s, ~ J¢/2, whereas the lon-
gitudinal resonance is given by the slot depth (or metal plate thickness) s, ~ A¢/2,
although in this case the approximation is rougher since the resonance is due to an
open cavity, Fig. 4.19a. In either case, the height of the slot must be relatively small
sy < Jo. This ensures a high-quality factor and hence a good matching which is of
interest in this type of antennas. Although a high-quality factor implies a reduced
bandwidth, in this case this is not a strong limitation, since the periodic structure
automatically imposes a narrow bandwidth for broadside radiation. For dual band
operation, the chosen frequencies must be relatively far apart. In fact, as stated in
[71], when both s, and s, tend to 4o/2, longitudinal and transversal resonances might
be affected and differ from their isolated behaviour. This is due to the necessary
fulfillment of Foster’s Theorem, which forces a zero to exist in between two poles
(resonances) in the frequency response of passive structures, such as slots (iden-
tifiable as an open Fabry-Perot cavity) [72]. This means that there cannot be two

(a) (c)

Fig. 4.19 a Detail of slot. b Front view detail of straight parallel corrugations. ¢ Front view detail
of asymmetric straight parallel corrugations
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identical resonances at the same frequency in the same cavity. Thus, in order to
design an antenna with dual frequency operation, s, must be slightly larger than /.

Designing the grating is probably the most complex issue and some consider-
ations must be taken into account. For a given periodicity d, there is a certain
frequency range for which only the n = —1 mode radiates and a narrower range for
which the beam points close to broadside. Thus, from (4.3) it is easily obtained that
for broadside radiation d ~ /o, recalling that beaming at exactly 0_; = 0° is not
possible. Regarding the optimal number of periods, it was pointed out in [28] that
for approximately n = 12 grooves (6 at each side of the slot) a “gain saturation”
point is reached. So, n = 12 can be chosen as a first guess to obtain a large
directivity with a reasonable side length.

Thus, on the basis that the maximum directivity is obtained at broadside radi-
ation for periods d =~ /¢, the metallic plate should have a side length of at least
L,=(n+2 )70 in the direction of the currents, i.e., the E-plane. As a first guess, a
width of the metallic plate of L, = 7s, (with slot width s, ~ 10/2) has been used in
previous works, although the final width is fixed further on, as a part of the opti-
mization of the structure. The slab thickness L, usually coincides with the slot
depth, s..

For a broadside beaming structure, the first groove must be placed at an offset
distance d, from the central slot. The rest of the grooves are periodically distributed
following the first one with period d, Fig. 4.19b. The offset distance d, for the first
pair of opposite corrugations must be such that the intense reactive field near the
slot discontinuity does not affect the excited LW. In addition, for broadside radi-
ation this distance must be such that all the corrugations radiate in-phase.
A convenient way to optimize the offset distance is to place the first pair of grooves
almost touching the slot and then sweep the separation with a numerical simulator,
monitoring the return losses response, until matching is obtained.

For off-axis beaming, i.e., beam pointing in a direction other than broadside, the
groove distribution is a little bit trickier, as corrugations must be asymmetrically
distributed at both sides of the slot, Fig. 4.19c. This implies that different offset
distances must be separately optimized for both halves. In this case, period dj,g for
one half of the structure for a beam pointing to 0_; # 0° is obtained using
Eq. (4.3). The period dp,,, for the other half must be calculated for a beam pointing
towards the opposite direction, i.e.,—60_;. Thus, from Eq. (4.3) we extract two
equations:

»

A
don N
tong (1 —sin(6_y) (4.4)
s )
short ~ (1 + sin(9_1)

where dj,,g corresponds to the half structure which supports a forward leaky-wave
and dj,, to the part which supports a backward leaky-wave. For these asymmetric
structures, the number of grooves is not equal and an optimization can help to
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(a) | (b)

Fig. 4.20 a Front view detail of annular concentric corrugation. b Front view detail of off-center
annular corrugations

design the antenna with little effort. Normally, a larger number of grooves is needed
for the half-side which presents a lower period.

However, a better performance can be obtained for both broadside and off-axis
beaming antennas if annular corrugations are employed, rather than parallel straight
corrugations, Fig. 4.20a. This is due to the in-phase interaction between the
cylindrical wavefront launched by the slot and the annular grooves. For the
0_, =~ 0° case, concentric annular corrugations surrounding the central slot must be
placed with a separation of d, obtained with (4.3). Period and offset values obtained
for the straight corrugations case can be taken in this configuration as a seed for a
new optimization.

If 0_; # 0° is desired, the equation governing elliptical corrugations, taking the
slot as the origin of coordinates, is as follows:

do +ni

(n) __ T 4
(@) 1 —sin0_; sin ¢ (45)

where d")(¢) is the distance from the slot to the n-th groove at angle ¢, contained
on the plane of the surface, d, is the distance from the slot to the first groove at
¢ = 0° (x axis) and 0_, is the elevation angle at which the beam points, Fig. 4.20b.

It has been previously shown in Sect. 4.2 that the grooves’ design can vary
depending on the needs and the available resources. Here, for simplicity, reference
will only be made to the rectangular geometry. Normally, the depth of the grooves
is less than 4/4 and the width is very small compared to the wavelength at the
operation frequency. An adequate way to obtain these values, is to carry out an
optimization where 1/4 and 1/8 are taken as seeds for the depth and the width,
respectively. It must be taken into account that, for the off-axis beaming case,
grooves’ dimensions differ at both halves. Thus, the optimization of the whole
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structure for this case becomes more complex than for the broadside (symmetric)
one, as more parameters must be included in the calculation. Anyway it was
recently shown, in the optical regime, that it was possible to harvest even more light
by means of a corrugated structure if wider grooves were used [73]. We have
recently applied this concept for a miniaturized antenna working at
millimeter-waves with a high aperture efficiency of 32% [74].

If any possible pitfall should be pointed out, it would be the need of an opti-
mization routine for each modification introduced in the structure. For example, the
sole introduction of an extra corrugation in an optimized N-period 1D structure,
would require a review of the corrugations’ parameters, so as to recover the opti-
mum throughput, as well as the resizing of the slot due to a possible
frequency-shifting of the cavity resonance.

Regardless of the potential need of several optimizations to obtain an efficient
structure, following these few tips it is possible to design a basic corrugated leaky
wave antenna whose performance can be fine-tuned by successive numerical
optimizations. It is not necessary to remark the scalability of this kind of structures,
as its presence in different frequency regimes has already been shown in Sect. 4.2.
However, it is noteworthy that the design of the corrugated surfaces at any fre-
quency, from microwaves to the optical regime, follows the same tips above
mentioned and only the need of different sources and the proper metallic modelling
at each frequency must be separately addressed.

4.5 Discussion and Future Trends

Leaky wave antennas came to light several decades ago. Despite being a classical
subject, novel antennas appear from time to time, based on different topologies and
coming up with new designs which merge design characteristics specific to other
antennas, achieving unparalleled throughputs taking into account their low profile.
Among them, corrugated antennas stand out in a privileged position due to their
interesting radiation performance, showing higher gains and narrower beams
compared to those emitted by standard horn antennas. This has led to the devel-
opment of several geometries and different capabilities, which is evidenced with the
wide range of antennas shown in Sect. 4.2. The large diversity of these antennas
and the possibility of scaling them in frequency, allow their use in a large variety of
applications, overcoming the challenge of having antennas which presented good
radiation characteristics and reduced volume and weight (essential for certain
applications, as space communications).

Although corrugated LWAs are also known for presenting a relatively low
aperture efficiency, they compensate this issue by a large gain comparable or even
higher than that presented in larger volume antennas, such as horn antennas.
Anyway, latest designs and research on LWAs are focused in attaining lower side
lobe levels and exploiting in a better way the surface of the corrugated structure. It
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is also of high interest the development of antennas which achieve pure radiation at
broadside, and several solutions have been proposed using different technologies.

Modern 3D printing technologies can also be applied to corrugated antennas,
giving rise to lighter structures. In that respect, in the recent literature are found
purely plastic structures with a thin metallic coating, whose configuration allows the
radiation of beams at desired angles. This off-axis beaming had been previously
achieved [75-78], but the possibility of fast manufacturing, low price, light weight
and easiness of its design are added values that stress the interest of 3D-printed
corrugated antennas.

Finally, the interest of this type of structures goes beyond simple corrugated
antennas oriented towards communication applications. In recent times, similar
structures been proposed in the field of renewable energies, as heat harvesting
devices for the photosensitive cells arranged in photovoltaic panels [79, 80].

Micro lenses play a major role in the nowadays thriving sector of the minia-
turized optics, with applications in fiber coupling, optical switching, laser colli-
mation, imaging... The joint use of lenses and corrugated structures may result in
sensors with increased responsivity and noise decrease [§1-83].

Corrugated structures have also found application in imaging in the visible and
infrared spectrum. Gratings have been incorporated to multicolor sensing devices or
colour filters, replacing typically used filters and glass prisms, which were used to
disperse light, and taking advantage of their capability of selective conversion
between free-space waves and spatially confined modes [84].

4.6 Conclusions

In this chapter the high interest of corrugated antennas has been shown through the
analysis of a vast number of prototypes and applications over a large range of the
electromagnetic spectrum. It has been shown the evolution of these antennas since
the extraordinary optical transmission was replicated in the microwave and mil-
limeter ranges until the latest designs at THz frequencies.

A brief analysis of the leaky mechanism has been presented, the problem that
these structures encounter when broadside beaming is needed and the existing
solutions to bypass it, as the pointing of opposed radiating beams to a direction
close to broadside. Furthermore, a basic guideline to design broadside and off-axis
beaming corrugated antennas has been proposed for both 1D and 2D geometries.

Applications which go far beyond the field of the communications have been
introduced, as efficient frequency selective devices found in the range of optics or
heat harvesting devices in the field of renewable energies, becoming manifest the
large number of possibilities which are on the fringes of the antennas field.

As the drive for miniaturization increases, more efficient and power saving
systems will be demanded in fields like optical computing, imaging, sensing and,
without a doubt, telecommunication. Thus, as long as the manufacturing and
handling processes allow it, patterned surfaces will surely find application in the
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upcoming technological developments. We have already demonstrated that these
antennas are compatible with modern additive manufacturing techniques even at
relatively high frequencies. These facts allows us to foresee a brilliant future for
planar corrugated antennas all along the electromagnetic spectrum.
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Chapter 5
Reflectarrays

Sean Victor Hum

Abstract High-gain antennas are a crucial component of microwave, millimetre,
and sub-millimetre wave communication and sensing systems. Many systems, such
as satellite communication links, point-to-point terrestrial links, deep-space com-
munication links, RADAR systems, and remote-sensing systems depend on
high-gain antennas that can be realized in low-profile form at low cost. Combining
the best features of reflector antennas and antenna arrays, reflectarrays are
promising planar antenna solution for these applications, providing good efficiency
and a high degree of flexibility in synthesizing arbitrary antenna patterns.
Furthermore, they can be engineered to provide reconfigurable beam-forming
capabilities using a variety of approaches. This chapter describes the fundamental
operating and design principles of reflectarrays, both in fixed and reconfigurable
form. Several practical design examples are included to help readers build confi-
dence with designing this type of space-fed array. Important developments in the
field, particularly in the active research area of reconfigurable reflectarrays, are
summarized and important future challenges enumerated. Finally, the state of the art
in reflectarray applications is reviewed, illustrating the promising future of this
emergent antenna architecture.

5.1 Reflectarray Fundamentals

5.1.1 Motivation

High-gain antennas are a crucial component of microwave, millimetre, and
sub-millimetre wave communication and sensing systems. These antennas are
paramount in many systems including satellite communication links, point-to-point
terrestrial links, deep-space communication links, RADAR (including synthetic
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aperture RADAR) systems, and remote-sensing systems. Generally, these antennas
either take the form of aperture antennas such as reflectors and lenses, or antenna
arrays, depending on system requirements. On the one hand, aperture antennas offer
a straightforward solution for producing high-gain patterns. However, they tend to
be bulky and heavy, which can be a major drawback in spaceborne platforms where
launch weight and volume are crucial driving factors. In situations where
beam-steering is needed, traditional aperture antennas require mechanical scanning
to implement this capability. On the other hand, antenna arrays offer a flexible
antenna platform from which high-gain antenna patterns, including potentially
adaptive ones, can be realized. Phased arrays, in particular, provide adaptive
beam-scanning and beam-shaping capabilities. However, the main drawbacks of
arrays are the high complexity and potential losses in the beam-forming network.
The latter are particularly pronounced at millimetre and sub-millimetre wave fre-
quencies. In the case of phased arrays, there is also a substantial hardware footprint
as each array element (or sub-array in some cases) requires a dedicated RF signal
chain to handle transceiver functions. This leads to very high implementation costs
in phased arrays since this hardware needs to be duplicated at the element or
sub-array level.

The issues facing both apertures and arrays have spurred research into alternative
antenna platforms. Most significantly, reflectarray antennas have emerged as
promising candidates for realizing high-gain, high-performance antenna platforms.
As the name suggests, the reflectarray combines features of both reflector antennas
and antenna arrays. A typical microstrip reflectarray is shown in Fig. 5.1a. In its
simplest form, a reflectarray can be thought of as an array of electromagnetic
scatterers illuminated by a feed antenna, much like a traditional reflector antenna.
The array and scatterers are usually planar. In order to emulate the behaviour of a
curved reflector, each scatterer must be configured to produce a phase shift to

\\\\

—

—

N B
b7
l'(ll/lw\ ;\‘
il Feed
ll‘\l{\\\\\\\§ ee
Reflectarray Aperture plane Reflector Aperture plane
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Fig. 5.1 Comparison of a reflectarray and a reflector antenna
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compensate for the path lengths and subsequent phase delays introduced between
the feed antenna and reflector surface. As such, a reflectarray can be thought of as
an array of spatial phase shifters that electrically deform the surface to resemble the
electromagnetic response of a physical reflector, over a given frequency range.
A myriad of techniques for realizing these phase shifters have emerged over the
past few decades, and have inspired research along many fronts. While most
research focuses on realizing fixed-beam reflectarrays, increasingly research has
focused on reconfigurable reflectarrays capable of tuning the response of the
scatterers to provide adaptive beam-steering and beam-forming capabilities.

5.1.2 Brief History of Development

Flat reflectors have been long sought after as replacements for bulkier curved
reflectors. The first reflectarray implementation was reported by Berry et al. in 1963
[1]. The unit cells consisted of short-circuited rectangular waveguide sections,
whose lengths were chosen appropriately to realize the correct delays to collimate
radiation from the primary feed. However, the concept did not capture widespread
interest, likely because the waveguide array itself was bulky, similar to the
shaped-reflector it aimed to replace. The advent of microstrip antenna technology
was a game-changer for reflectarrays, since it allowed them to be realized in true
low-profile form. Advances in microstrip antenna technology revived interest in
reflectarrays in the late 1980s/early 1990s [2, 3], sparking considerable advances in
the design of various planar units.

Early reflectarray elements were based on resonators, based on the fact that
pronounced shifts in the phase of the scattered field can be produced in the vicinity
of the resonant frequency of the scatterer. Such designs employed printed
dipoles/patches slots, rings, and other interesting shapes to realize the resonator.
Equally popular in early designs was using delay lines in the form of stubs con-
nected to microstrip patches, to achieve the required phase shifts. Physical (se-
quential) rotation of the elements could be used to realize phase shifting of
circularly polarized waves. These phase-shifting techniques are described more
detail in Sect. 5.2.2. Basically, by manipulating the physical characteristics of the
elements, the desired phase profiles for beam collimation, shaped beams, and other
radiation patterns could be realized by treating the reflectarray as a type of antenna
array with only control of the phase of the radiated fields from each element. Early
reflectarrays tended to follow standard rules for arrays to avoid grating lobes,
usually employing half-wavelength spacing between elements. Much of the early
effort in reflectarrays throughout the 1990s was motivated by their potential in
satellite communications.

In the 2000s, important advances were made to expand the functionality and
utility of reflectarrays. One important advance was that researchers recognized that
the bandwidth of reflectarrays needed to be significantly improved if they were to
realistically compete with reflectors. This was initially done by coupling multiple
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resonators together, either to support dual/multi-band operation or to increase the
bandwidth about a single operating frequency. However, researchers soon saw that
in order to achieve good performance in terms of phase control and polarization
purity over large bandwidths, the reflectarray had to be seen as less as a discrete
array of scatterers and more as an inhomogeneous surface impedance, which ini-
tiated the development of reflectarrays based on sub-wavelength (versus
half-wavelength) unit cells. Many modern wideband implementations of reflectar-
rays employ sub-wavelength unit cells and are analyzed in terms of this framework.

A second major advance was the realization of reconfigurable functionality from
reflectarrays. By adding electronic tuning capability to the unit cell, the phase
profile of the reflectarray can be dynamically manipulated, allowing for function-
ality such as adaptive beam-scanning, on-the-fly pattern synthesis, and even
advanced features such as frequency reconfigurability. Advances in both micro-
wave components as well as tunable microwave materials have spurred research
and development in a great variety of beam-forming platforms that includes not
only reflectarrays, but related space-fed arrays such as transmitarrays, as discussed
in Chap. 6. We will consider developments in this area in more detail in Sect. 5.4.

5.1.3 Basic Operating Principle

The operating principle of a reflectarray can be rationalized from both the per-
spective of a reflector antenna and an antenna array. In their most basic form,
reflectarrays emulate curved reflectors to synthesize pencil beams. As such, con-
sider a basic axially symmetric reflector shown in Fig. 5.1b that produces a pencil
beam along the reflector (z) axis. The reflector achieves collimation of radiation
from a feed placed at the origin O by ensuring that for each ray emanating from the
feed and subsequently reflected from the reflector, that the total path length tra-
versed by the ray is constant. Referring to Fig. 5.1b, for each point P considered on
the reflector surface,

OP +PQ =1 ++ cos 0 = constant, (5.1)
where the point Q is located in an imaginary aperture perpendicular to the reflector

axis, in front of the reflector. A standard paraboloidal reflector results if the constant
in Eq. (5.1) is set to be 2f, where f is the focal length of the reflector. Then

/
¥ =f sec? (%), 0’ <0y, (5.2)

where 0 is the subtended half-angle of the reflector. Incidentally, from a ray optics
perspective, this reflector shape also produces a local angle of reflection such that
all rays emanating from the feed point O are parallel to the reflector axis.
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The path length relation given by Eq. (5.1) can also be stated in terms of
electrical path length. If the free space wavenumber is denoted as ko, then
—ko(OP + PQ) = constant, where a negative sign has been shown explicitly to
indicate phase delay. The reflectarray in Fig. 5.1a can be configured to achieve the
same behaviour as a reflector antenna by making all the electrical path lengths at
one frequency or a range of frequencies constant for each element on the reflec-
tarray surface. Each element of the reflectarray produces a phase shift y,,, between
the incident and reflected waves. Furthermore, the second term of the equation is
not needed since the aperture plane can be defined to be coincident with the
reflectarray surface. If we consider a reflectarray in which the reflectarray elements
have been configured in a rectangular lattice and use a standard row—column
indexing scheme as shown in Fig. 5.1a, then the design equation for reflectarrays
can be written as

—kor',, + Y,y = constant, (5.3)

where the indices m and n are used to index each element. V,,, is typically con-
strained to fall within an interval [0,2x], and thus a factor of 2zN,N € Z is typi-
cally added to the constant so that ,, € [0,2x]. It is worth noting that the
remaining constant in the equation is a phase offset that can be used as a degree of
freedom in determining where the phase wraps in the resulting phase mask of the
reflectarray are produced.

At this point, the choice of ,,, produces a constant phase across the aperture
plane after the incident fields have been reflected from the reflectarray surface.
From an array perspective, it is as if the element excitations are uniform in phase.
Continuing with this interpretation, it is straightforward to see that the beam can be
steered off the reflector axis to a direction given by a unit vector 7y by superim-
posing a phase gradient on top of the existing phases,

—ko(rl,, — R - 7o) +¥,,, = constant + 27N, (5.4)

where R, is a position vector of the mnth element within the plane of the
reflectarray. This equation is the standard pencil beam-forming equation for
reflectarrays. This antenna array perspective offers a simple way to see how the
phase shifts are derived. However, a corresponding reflector perspective is also
possible: just as a curved reflector employs Snell’s law to achieve beam collimation,
the same is also true of reflectarrays. However, a more generalized version of
Snell’s Law is required [4].

Consider a cross section of a 1D reflectarray surface shown in Fig. 5.2. The
element spacing is Ax. Two rays are shown that are associated with an incoming
plane wave incident upon the reflectarray. A phase shift /(x,) is applied by a
reflectarray element at point A, and a phase shift y/(xg) by the corresponding
element at point B. If the angle of incidence is —0;, the phase gradient between
points A and B determines the angle of reflection produced by the reflectarray, 0,.



148 S.V. Hum

Fig. 5.2 Generalized Snell’s law

The generalized Snell’s law can be found by observing that the phase shift incurred
along path AR plus that from (x,) must be equal to that incurred along path OB

plus ¥ (xp),
lﬁ(XA) — koAx sin 0, = lﬂ()CB) + koAx sin 0;. (55)

Rearranging this equation and taking the limit as Ax — 0,

10
Al)icTo sin 0, + sin 0; = & lgix) . (5.6)
Clearly, we can see that Snell’s law for normal media (6, = —#6;) does not apply

here because of the phase gradient imposed by the reflectarray surface. In fact, the
effect of this spatial phase shift is to produce an effective normal 7 that is not
coincident with the normal to the physical reflectarray surface, about which the
incident and reflected rays appear to obey Snell’s law. Hence, reflectarrays can be
seen as synthesizing a set of effective normals such that the emerging rays from the
surface are parallel to the desired direction of propagation. For a two-dimensional
reflectarray,

sin 0, cos 0, + sin 0;cos 0; = _kiow (5.7a)
sin 0, sin 0, + sin 0;sin 0; = —k—lo%);’y) (5.7b)

With the basic calculation of the required reflectarray element phases concluded,
we turn our attention to the realization of the required phase shifts by the reflec-
tarray elements. This forms the core part of the reflectarray design process: devising
and implementing a suitable reflectarray element or unit cell for implementing the
phase-shifting operation needed on the reflector surface. Literally, hundreds of
different designs have been proposed over the years, including both fixed and
reconfigurable variations. A survey of different element types will be presented in
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more detail in Sect. 5.2.2. For illustration purposes, here, we explain the operation
of the reflectarray using a simple reflectarray element, a square microstrip patch.

The element geometry is shown in Fig. 5.3a. The element consists of a con-
ductive patch of dimensions / X w printed on a dielectric substrate. The substrate
has a thickness % and a dielectric constant €,, and is backed by a conducting ground
plane. Patches in the reflectarray are situated in a periodic arrangement corre-
sponding to a rectangular unit cell of dimensions a x b. For simplicity, we consider
a simple square patch (w = [) situated within a square unit cell (a = b).

The scattering characteristics of the patch are determined by analyzing the patch
in a periodic environment. This is accomplished using Floquet analysis and is
presented in more detail in Sect. 5.2.1. The patch is illuminated with a plane wave,
for example, at normal incidence, and the scattered field is analyzed in terms of the
resulting reflection coefficient I'. Typically, with low loss conductors and dielec-
trics, the magnitude of the reflection coefficient is close to unity, and the phase is of
most interest. An example of the phase shifts produced by cells of different lengths /
is plotted in Fig. 5.3b. It can be seen that for a given patch length [, an (inverted)
S-shaped phase curve is produced, resulting from the resonant behaviour of the
patch. This results in a phase curve that nearly spans a 2x radian phase range, and it
is this pronounced phase shift that allows patch-like scatterers to act as spatial phase
shifters. As the patch length increases, the resonant frequency decreases, resulting
in the multitude of curves shown in the plot. At the design frequency fy, it is
possible to evaluate the phases as a function of patch length, resulting in the phase
curve plotted in Fig. 5.4.
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This plot is a design curve for a reflectarray unit cell. It informs the designer
which patch length / must be chosen to yield a given phase shift. In general, the
realizable patch lengths are limited (I € [Lyuy, L), given that the patch must fit
within the confines of the periodic cell (L, <a). This, coupled with the fact that a
single-pole resonator like a patch cannot fully span a 27 scattered phase range even
if its length was unconstrained, means that there will a range of phase shifts that are
not achievable with a cell of this type. Generally, the region is small and leads to
only small phase errors across the aperture and subsequent changes in the radiation
pattern from the reflectarray. A more significant issue is the fact that the required
phases (in the achievable range) can only be realized at the design frequency fy. As
seen in the plot, at frequencies in the vicinity of fy, a different S-curve is produced,
leading to an error A between the design phase at f; and the actual phase at the
frequency of interest (e.g. fi in the plot). A common rule of thumb is that the
bandwidth of the reflectarray is constrained to frequencies where the phase error is
A< +1/8. Beyond this range, phase errors become pronounced enough to sig-
nificantly impact the ability of the reflectarray to form a pencil beam in the required
direction with the required gain. As a result, single-pole reflectarrays such as those
based on the unit cell here can only achieve very narrow bandwidths of operation,
typically on the order of a few percent.

Fundamentally, the bandwidth problem stems from the fact that reflectarray
element must not only compensate for the phase shift in reflectors but also correct
for the difference in delay between the flat reflector and curved-reflector surrogate.
Hence, fundamentally, true time delay (TTD) reflectarray elements are required to
achieve wideband operation. In the case of a broadside pencil beam, for example,
the ideal reflection phase from the element is V,, = —kor},,, which is a linear
function of frequency. Such a phase response cannot be realized by a
tuned-resonator design with a finite number of resonators, and necessitates other
design types which will be discussed in Sect. 5.2.2.

Reflectarrays can realize a diverse range of radiation patterns in addition to
traditional pencil beams, owing to the flexibility in manipulating the phase of the
aperture field. A wide variety of patterns have been demonstrated, including con-
toured beams, cosecant beams, multiple beams, and many others. While the detailed
presentation of synthesis methods is beyond the scope of this chapter, we briefly
overview a few techniques here. One simple technique is to use a shaped-reflector
as a surrogate for a reflectarray and determine the phase shifts using ray-tracing [5].
A number of phase-only synthesis techniques have also been proposed that are
applicable to reflectarrays, such as the intersection approach [6], which can be
subsequently implemented using alternating projections [7], and the matrix pro-
jection method [8]. There is also a class of methods that have been successfully
applied to reflectarray synthesis problems that use evolutionary algorithms to
determine the element phase distributions. These include particle swarm opti-
mization (PSO) [9], genetic algorithms [10], hybrid techniques, and others.
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5.1.4 Reflectarray Variations

The majority of reflectarray designs are single-reflector designs as shown in
Fig. 5.1a whereby a moderate-directivity antenna such as a horn antenna is used as
the feed. Such reflectarrays consist of a single reflecting surface which can be fed
from a point centred in front of the reflector (a centre- or prime focus-fed reflec-
tarray), or at a point offset from the centre point (offset-fed reflectarray). Offset
reflectors are useful in situations where one wishes to minimize the impact of feed
blockage, particularly when the feed size is a significant fraction of the reflectarray
size. Offset reflectarray geometries can be related to their curved reflector coun-
terparts [11].

Another reflectarray architecture uses multiple reflectors, usually two, to
accomplish beam-forming as shown in Fig. 5.5a. Most such reflectarrays are
designed to emulate classical two-reflector designs such as Cassegrain or Gregorian
reflectors. This is done to reduce the distance between the feed antenna and
reflecting surface. In such cases, the sub-reflectarray phase distribution is chosen so
that it produces an effective hyperboloidal shape (for Cassegrain reflectors) or an
ellipsoidal shape (for Gregorian reflectors), while the main reflectarray maintains a
paraboloidal phase distribution. The corresponding design equations for the
sub-reflectarray are easily found [12].

Finally, a special type of dual-reflector antenna is known as the folded reflec-
tarray, which is illustrated in Fig. 5.5b. Similar to a folded reflector, a polarizing
grid is placed in front of the reflector, and is used to reflect radiation from the feed
back on to the reflectarray, and in some cases, to manipulate the amplitude distri-
bution on the reflectarray. As such, the main purpose of such designs is to reduce
the physical size of the reflector system while maintaining the equivalent focal
length of a single reflector. In reflectarray form, the main reflector must accomplish
a polarization-twisting operation so that the scattered fields, which have been
collimated by the reflectarray, can pass through the polarizing grid. The details of
how this can be accomplished will be discussed in Sect. 5.2.2.
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Fig. 5.5 Reflectarray architectures
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5.2 Reflectarray Design at the Unit Cell Level

5.2.1 Floquet Analysis

Reflectarray unit cell analysis revolves around treating the unit cells as if they were
in an infinite array, or periodic, environment. Reflectarrays are not strictly periodic
structures, because the cell geometry changes from cell to cell in order to achieve
feed collimation and beam-forming. Nevertheless, the changes from cell to cell are
generally small enough that locally, each cell can be treated as if it were surrounded
by identical unit cells. The use of the so-called local periodic assumption greatly
simplifies the analysis of reflectarray unit cells while fairly accurately capturing the
mutual coupling effects with adjacent unit cells. Approaches for accounting for
perturbations in nearby cells in order to yield more accurate phase curves have been
proposed, but employing the periodic assumption generally yields acceptable
results.

Before discussing reflectarray unit cell analysis further, a brief review of
two-dimensional periodic structures is in order. Consider a planar surface current
that flows in a plane parallel to the xy-plane. This current is defined spatially using a
function f(x, y) which is definable over one period of the unit cell, —a/2 <x<a/2
and —b/2 <y <b/2. The current density is repeated periodically in both the x- and
y-directions. For example, the x-component of the current density can be written as

Ji(x,y) = i ZOC: f(x —ma,y — nb). (5.8)

Without loss of generality, we can impose a linear phase gradient on the current
distribution, since linear phase gradients are also periodic, albeit generally with a
different spatial period than that of the unit cell itself. Let the scalar current dis-
tribution be

Ji(x,y) = Z Z f(x —ma,y — nb) exp(—jkyma — jkyonb), (5.9)

where ko and kyo denote the phase gradients in the x- and y-directions between two
successive unit cells. Selecting the phase shifts to be

kv = ko sin 0y cos ¢, (5.10a)
kyo = ko sin 0y sin ¢ (5.10b)

establishes a beam from the infinite array pointing in the direction (6o, ¢). The
two-dimensional Fourier transform of this current distribution is
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Tk ky) = —F (ke ) S Sk = kann)S(ky — kyn), (5.11)

where f denotes the two-dimensional Fourier transform of f(x,y), 8(-) is the Dirac
delta function, and

2mn

kxn = ki + T (5123.)
2
ko = o + (5.12b)

It can be seen from Eq. (5.11) that the current distribution in the spectral domain
is defined at discrete spectral points. If we transform back to the spatial domain,
then

42 & X - . .
Jx(xv y) = E Z Z f(kxmnvkymn) exp(_]kxmnx _]kymny) (513)

Mm=—00 m=—00

which is known as the Floquet series of Jy(x,y). It can be seen that each discrete
spectral point corresponds to a corresponding plane wave weighted by a factor of

F (K kymn ), Which is known as a Floguet mode. If

K K <K (5.14)

xmn ymn —

then the Floquet mode is a propagating plane wave whose direction in the spherical
coordinate system is described according to

kxmn = ko sin emn Cos ¢mn (5153)
kymn = kO sin Hmn sin ¢mn (5 15b)
kzmn = kO Cos 0mn~ (5150)

If Eq. (5.14) is not satisfied, then the Floquet mode is evanescent. Knowledge of
propagating Floquet modes is important in identifying the ways in which a periodic
structure can radiate, since large unit cell sizes can produce grating lobes which are
associated with higher order propagating Floquet modes. For reflectarray designs,
we are principally interested in the behaviour of the fundamental propagating
Floquet modes.

Our analysis of a reflectarray unit cell begins by defining the scatterer to be
within a periodic environment as shown in Fig. 5.6b. The scatterer is shown as a
free-standing planar structure in the z = 0 plane that supports symmetric scattering
on both sides of z = 0. The scatterer can be thought of as being placed with a
periodic waveguide whose walls correspond to periodic boundary conditions
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(@) Two-port periodic structure (b) One-port periodic structure

Fig. 5.6 Periodic unit cell and excitation

(PBCs) and whose axis is along z-axis. A Floquet port is placed at both ends of the
waveguide to introduce incident waves towards the structure. Each mode represents
an incident wave propagating at an angle (0o, ¢, ) towards the scatterer, establishing
incident wavenumbers according to Eq. (5.10a). Structuring the analysis of the unit
cell in this way, the goal is to derive the generalized scattering matrix
(GSM) relating the incident and scattered waves associated for all the Floquet
modes, which is written as

TETE GTETM (TETE  TE,TM
TE , , ' ' TE
b o v oBere SR | [
bTM B Sll ) Sll ) Slz ) Slz ) aTM (5 16)
d™ | T | QTETE (TETM  (TETE  (TETM TE |> ‘
Sy Sy Sy S5 ¢
d™ TM,TE TM,TM TM,TE TM,TM c™
S S S S
21 21 22 22
TE|TM .. . o
where amn| and b:,g'TM are vectors containing the amplitudes of the incident and

reflected waves for each Floquet mode from port 1, respectively, and cEf,'TM and
dﬂfl'TM are the corresponding amplitudes for port 2. Generally, unit cells are chosen
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to be Ao/2 or smaller to avoid grating lobes (where Ag/2 is the free space
wavelength), so only two fundamental Floquet modes can be excited and propagate:
the TEyy mode and the TM, mode.

Next, we consider the reflectarray case shown in Fig. 5.6b, whereby a ground
plane has been introduced at z = —h and a substrate with dielectric constant &,
occupies the space between z = —h and z = 0. In general, the scatterer could also
be a multi-layer structure with multiple dielectrics forming stratified layers below
z=0. In either case, the waves c,, and d,, are constrained by the reflection
coefficient seen looking in the z <0 direction at z = 0. The reflectarray unit cell can
be thought of as a one-port device with

{bTE} _ {sﬂm Sy ™ } [aTE] g [aTE] (5.17)
bTM S'EV[,TE S'EVI,TM aTM 11 aTM . .

The GSM of the reflectarray unit cell is usually first evaluated for normal
incidence (6y = 0). In the consideration of unit cell designs, it is also important to
evaluate the GSM at oblique angles, which is readily facilitated using the GSM by
changing 6y and ¢,,. This leads to a GSM that is angle-dependent, and subsequently
S-curves that are a function of the angle of incidence. Generally, there is a region of
angles of incidence over which the GSM is moderately stable, allowing the S-curve
at normal incidence to be used for first-cut design purposes. However, rigorous
designs consider all possible angles of incidence for a particular reflectarray and
feed geometry, and employing individual S-curves to account for the various dif-
ferent angles. This is more time-consuming, but leads to more accurate results.

In the literature, most numerical formulations for determining the GSM employ
the method of moments (MoM) in the spectral domain [13, 14]. These formulations
solve the EFIE on the metallic surfaces of the unit cell to yield the surface current
densities, which can, in turn, be used to calculate the GSM. Modern commercial
computer-aided design (CAD) tools generally support periodic structure analysis
within a Floquet waveguide, and support the computation of the periodic structure
GSMs. Numerical techniques are powerful and accurate, but at the early design
stages, analytical models can also be useful. A presentation of a potential analytical
analysis technique is deferred until reconfigurable reflectarrays are introduced in
Sect. 5.4.

5.2.2 Unit Cell Design Types and Methods

Over the past few decades, many different reflectarray unit cell designs have been
proposed for meeting a multitude of design requirements. To add to this mix, there
has recently been significant activity in the area of reconfigurable reflectarray unit
cells, which allow the scattered field phases of the reflectarray to be dynamically
manipulated. To explain the operation of these unit cells, we begin with fixed unit
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cell designs and divide them according to the basic principle by which the phase
shifting action is realized. In Sect. 5.4, we will see how the design methods
translate to reconfigurable reflectarrays elements.

5.2.2.1 Tuned-Resonator Unit Cells

Most of the first planar reflectarray designs exploited the fact that a planar res-
onator, such as a microstrip patch or dipole, resonates when the electrical length of
the resonator corresponds to one-half of a wavelength (higher order resonances are
possible, but cell sizes are usually limited to be around a half-wavelength to avoid
the onset of grating lobes). About the resonance point, there are dramatic changes in
the phase of the scattered field of the unit cell as either frequency or the resonant
dimensions of the cell are changed. This is the basic principle of the variable-size
patch element discussed in Sect. 5.1.3. Exploiting the resonant behaviour of the
scatterer, phase ranges of close to 360° can be realized using basic shapes such as
dipoles, patches, loops, dog-bone shapes, and many others. A few of these shapes
are shown in Fig. 5.7a. The phase of the scattered field is manipulated by modifying
one or more dimensions of the metallic scatterers. Generally, the slope of the phase
curve versus scatterer dimension is influenced by the overall shape of the scatterer.
Sharp phase slopes are usually avoided, since they increase the sensitivity of the
phase to the manufacturing tolerances of the scatterer. More importantly, sharp
S-curves also translate to sharp S-curves as a function of frequency, whose non-
linear shape has a significant impact on the phase bandwidth of the unit cell.

The bandwidth of the unit cell can be significantly improved by linearizing the
phase response of the cell. This is accomplished by using a design with multiple
scatterers with closely spaced, coupled resonances. This has the effect of making the
phase curve more linear in a region, while simultaneously extending the phase
range to make the cell emulate its true time delay counterpart. Conversely, res-
onators with substantially different resonant frequencies can be integrated together
to realize multi-band unit cell designs.

Unit cell designs based on the tuned-resonator approach can be further classified
into how they manipulate the incoming polarization of the wave. First, unit cells
designed using this approach is generally linearly polarized. Most unit cells are

O (& [

(a) Various tuned-resonator LP cells (b) Resonator twist (C) Guided-wave (d) Guided-wave
cell LP cell twist cell

Fig. 5.7 Reflectarray unit cell design methods
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co-polarized, meaning that the reflected field is the same polarization as the incident
field. It is possible to devise unit cell designs that phase orthogonally polarized
waves independently, realizing a dual-polarized unit cell design. For example, the
rectangular patch element shown in Fig. 5.7a can control the reflection phase of two
polarizations: the vertical polarization is phase-shifted by modifying the length of
the patch, and the horizontal polarization by the width of the patch. Finally, there
are some unit cells that twist the incoming polarization. Such cells are referred to as
cross-polarized. Usually, the need to twist the polarization is needed for specific
purposes, such as implementing a so-called “trans-reflector” for folded reflectarrays
discussed in Sect. 5.1.4. This requires that a dual-polarized reflectarray element that
is designed to achieve specific phase shifts to the two orthogonal polarizations. In
the case of a linearly polarized reflectarray element, if the incident wave is polarized
at a 45° angle with respect to the reflectarray element axis, then the incoming
electric field vector can be decomposed into two orthogonal components, as shown
in Fig. 5.7b. These two components are then acted upon by two different reflection
coefficients I'; and I, controlled by the length and width of the patch. The
dimensions of the element can be chosen to produce a relative phase shift of 180°
between the two components in order to twist the polarization of the incoming
signal by 90°. Meanwhile, the choice of dimensions is also chosen to manipulate
overall phase shift applied commonly to both components, which can be tailored for
collimating the feed radiation similar to a single-polarization reflectarray.

5.2.2.2 Guided-Wave Unit Cells

A guided-wave unit cell design transitions the space-wave impinging upon the
reflectarray element to a guided-wave. The phase shifting operation is implemented
in the guided-wave portion of the element, using traditional guided-wave phase
shifters. The cell is shown in Fig. 5.7¢, where a transmission line is coupled to each
polarization of the patch and connected to corresponding reflective phase shifters
producing phase shifts y/; and v, for each polarization (only one phase shifter and
line are needed for a single-polarization cell). In the case of fixed reflectarray
elements, the phase shifter is usually an open-circuited stub connected to a patch
element. By varying the length of the stub, the phase shift is equal to —2 ¢, where ¢
is the length of the stub and f is the phase constant along the line.

This technique can be seen as part of a class of true time delay (TTD) reflectarray
elements that attempt to reproduce the required delay profile required of the
reflectarray, rather than simply the phase. This is important in the design of
broadband reflectarrays. However, it is worth pointing out that there are limits to the
delays that can be realized (since there are limits to how long the stub can be made
given the confines of the unit cell) and the fact that coupling between the patch and
stub tends to still be narrowband. Furthermore, the introduction of stubs can
interfere with the scattering response of the cell, particularly the cross-polarization
level, necessitating the need for symmetric reflectarray layouts to reduce
cross-polarization.
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Polarization-twisting elements can also be realized using the approach of
manipulating the two reflection coefficients associated with each polarization of the
cell in a dual-polarization version. However, an easier technique is to simply
cross-connect the two polarization ports of the antenna as shown in Fig. 5.7d.
A suitable phase shifter or delay line can be introduced in the path to change the
phase of the outgoing wave.

5.2.2.3 Circularly Polarized, Sequential Rotation Unit Cells

Circular polarization (CP) reflectarray elements fall into a special category because
they are easily implemented using the so-called sequential rotation technique [15].
Instead of changing the size of the element to change the associated reflection
coefficients, in the sequential rotation technique the physical rotation angle o of the
element is used to control the phase shift, as illustrated in Fig. 5.8. Here a split ring
resonator is used to illustrate a generic cell which can realize different responses in
the principal directions, while maintaining symmetry about a local coordinate
system.

Mathematically, the operation of the cell can be explained using the diagram and
coordinate system illustrated in Fig. 5.8. An incident wave, nominally travelling in
the —z direction, impinges upon the cell at normal incidence. This wave may be
composed of both left-hand and right-hand circularly polarized waves in general,
and is described according to

E' = " (3 +j5)e +a" (5 - j9)e", (5.18)
where a”" denote the amplitudes of each circularly polarized component. The cell
is rotated physically by an angle « as shown. To determine the reflected wave, the
wave must be decomposed into its x- and y-components. Locally, the unit cell is
described using a GSM S’ aligned with the X' —y' coordinate system shown in

Fig. 5.8, which the incident wave can be translated into using a rotation matrix. It
can then be shown that the reflected wave is given by [16]

z z
!
Yy Yy
! ! Y

(a) Unrotated cell (b) Rotated cell

Fig. 5.8 Example geometry and coordinate system for CP reflectarray unit cell
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where T/ and T/ refer to the co- and cross-polarized components of the
corresponding polarization components, respectively, and

1 ,
= {2 (811 — Sh) Jr]'5/12} e (520a)
1 ;
e = {E (S — S) _jS/12:| eI (5.20b)
1
O =T =2 (Siy + Sn)- (5.20¢)

An ideal CP cell is based on a unit cell that has perfect isolation between the
TE and T™M modes (|S,| = |S5;| = 0), and maximum co-polarization reflection
for each mode with a 180° phase shift between them (|S},|=[Sh| =1,
|£8}, — £S85,| = m). With this phase shift, polarization sense of the reflected
component wave is the same as the incident wave. For example, for a purely
right-hand circularly polarized (RHCP) wave, these conditions lead to th = e/

and 1";" = 0. We see that the phase shift introduced to the RHCP wave is pro-
portional to 2a, twice the physical rotation angle of the cell. In fact, according to
Eq. (5.20b), an incident LHCP wave will undergo a similar phase shifting process,
so it makes no difference whether the cell is used for RHCP or LHCP systems. We
also see in both cases that the cross-polarization level is established purely by S},
and S5,, and that for minimum cross-polarization level their magnitudes should be
equal while the phase difference between them should be 180°.

The sequential rotation technique is an easy and straightforward way to imple-
ment phase shifting in CP reflectarrays. Once a suitable polarization-twisting cell
has been defined, it is a simple matter to rotate the elements to achieve the required
phase shift. A number of cells have been proposed for this purpose, including cells
based on stubs, rings, ring-slot resonators, and others. Generally, only
single-polarization cells have been proposed, since achieving dual-polarization CP
designs is quite challenging. Reconfigurable variants will be considered in
Sect. 5.4.

5.3 Reflectarray Analysis at the Array Level

5.3.1 Pattern Calculation

Once a suitable reflectarray element has been designed and characterized, the next
step is to assemble the unit cells and feed system into the desired reflectarray
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geometry, and analyze the performance of the resulting system. The simplest way to
predict reflectarray patterns is using antenna array analysis, which employs the
principle of superposition. Knowing the individual excitation amplitudes and
phases of the scatterers composing the reflectarray, the radiated fields from the
reflectarray can be easily found via an array factor calculation. As such, the fol-
lowing assumptions are made:

e Mutual coupling between elements, beyond that predicted using the periodic
analysis (infinite array assumption), is not considered;

e The element factor is usually considered to be a uniformly illuminated rectan-
gular aperture whose dimensions correspond to that of the unit cell a x b; and

e The array itself does not interact with the feeding system, i.e. there is no
near-field coupling between the array and the feed system.

Consider the reflectarray shown in Fig. 5.1a, which has the feed located at the
origin. To calculate the radiated fields from the reflectarray, the electric field
incident upon each element must be determined. For real (non-analytical) feeds, this
can be determined from full-wave simulations or measured experimentally. At the
early design stages of a reflectarray, an analytical feed model is usually easier to
work with. In this case, the feed is assumed to be a source of spherical waves
weighted spatially by the radiation pattern of the feed. Mathematically, the incident
field upon the mnth reflectarray element can then be expressed as

1/2 ik
/ejkrmn

i Al Py
Emn = emn 1/]0 ﬁc;f(gimn (b:nn) ; 5 (521)

where 1, is the intrinsic impedance of free space, Py is the power applied to the
feed, G¢(0/, ¢') is the gain pattern of the feed and (6/,,, ¢! ) and 7/ are the angles
and distance from the phase centre of the feed to the mnth reflectarray element. The
unit vector ¢, depends on the polarization of the feed p, and is equal to
~ ~ ~
o = Ay X P) Xy (5.22)
| (P X D) X i

Locally, at each reflectarray unit cell along the surface of the reflectarray, the
incident electric field is treated as a plane wave arriving at an angle of incidence
(0., ¢, ). As such, the incident field consists of only two fundamental propa-
gating Floquet modes: the TEy, mode and the TMy, mode, which are designated
alt and a’. These can be determined solely from the tangential components of the
incident field at each cell. The GSMin Eq. (5.17) is then used to compute the
reflected electric field amplitudes b7E and bI™. Since the tangential components are

oriented in the xy-plane, we can write the GSM relation as
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This process can also be used to treat feeds not located at the origin (e.g. in the
case of offset reflectors), by defining a local feed coordinate system, expressing the
radiated fields from the feed in that coordinate system, and transforming these fields
into the incident fields on the reflectarray using a transformation matrix.

The far-field radiation pattern can now be easily computed using array theory.
Each reflectarray element can be treated as an aperture of dimensions a x b, which
is considered to be uniformly illuminated by the reflected electric fields for each
polarization. The element factor is found through asymptotic evaluation of the
radiated fields from a rectangular aperture, which is assumed to be embedded in an
infinite ground plane. Essentially, the equivalent currents are evaluated over the
aperture, and the radiated (reflected) electric field from the mnth element is given by

k —jkor
E ~jF 0; [9 (b, cos ¢ +Db), sing) + ¢ cos 0(—b},, sin ¢ + b}, cos ¢)}
nr

expliko (X sin 0 cos ¢ + Yy, sin 0 sin @],

(5.24)
where
ka\ . (kb

F = absinc (;) sinc (%) exp(—jkoz cos 0). (5.25)

Here, sinc(x) = sin(x)/x and 7' is the location of the reflectarray. The reflected
electric amplitudes by, and b}, act as the weights for the array factor, so that the
total radiated field can be written as

k(]e —jkor

2nr

=jF Z Z [ X .C0S p+ b2 sing) + ¢pcos O(—bY,, sin -+ b’ cos qﬁ)}

expljko (X sin 0 cos @ + Y, sin 0 sin @],
(5.26)

A rectangular lattice has been assumed for the reflectarray geometry, and hence
row—column indexing has been employed in the summations. It is worth noting that
each component of E" can be computed quite quickly using the inverse 2D discrete
Fourier transform [17]. This can be a major advantage when evaluating the radiated
fields from large reflectarrays, since the Fast Fourier Transform can be employed to
greatly accelerate the calculations.

The array factor method for computing the radiated fields from the reflectarray is
quite accurate. Since the GSM captures the co- and cross-polarization behaviour of
the constituent elements of the reflectarray, most of the dominant contributors to
pattern features are included. Diffraction from the edges of the reflectarray is not
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accounted for. Interestingly, despite the assumption of local periodicity among the
reflectarray unit cells, this simplified analysis does a very good job in predicting the
pattern when comparing to measurements or full-wave simulations of the entire
reflectarray. More accurate formulations have been proposed, whereby the spectral
domain Green’s function of the array elements is considered and used to form a
continuous spectrum of equivalent currents over the entire reflectarray aperture
[18]. This mitigates the problem of having discontinuities in the equivalent currents
between unit cells, which leads to more accurate results, especially in the case of
highly aperiodic reflectarrays.

5.3.2 Gain and Aperture Efficiency

The peak gain G of a reflectarray is related to the aperture efficiency 7, via

4r

G =1, 7\,_(2)Ap (5.27)

where A, is the physical area of the reflectarray. The aperture efficiency is deter-
mined from

nap = nspilloverntapernohmic Naiet ’/’phaxe nblockage n,&'pecular ) (5 . 28)

where only the dominant contributors to efficiency have been listed. Each term is
described as follows.

The spillover efficiency 7,0, is determined from the ratio of the power col-
lected from the reflectarray to that emitted from the feed. This is easily approxi-
mated by treating reflectarray unit cells as ideal rectangular collectors, so that

> > Pyab
— m /n N (529)
I3 Jo Ur (0, ¢") sin 0/d0'd ¢

nspillover -

where P is the incident power density at the mnth cell and Us(0, ¢) is the
radiation intensity from the feed. A straightforward way for calculating the taper
efficiency 1,4, is to employ the array factor approximation of the radiated field
5.26) for computing the radiated fields with and without the feed-induced taper in
place. The taper efficiency can then be found from the ratio

Er 9 7¢ ic A
R L CUTE ] e (5.30)

2
‘Er (00 ’ d)()) | incident field uniform

where (0y, @) refers to the beam pointing direction and E" refers to the desired
co-polarized field component. The reflected fields from the unit cells in this
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calculation should not include ohmic or dielectric losses from the element which
would further modify the taper levels. Instead, the losses are removed and accounted
separately in the efficiency terms #,,,;,. and g i.cic SEparately, considering the
analysis of the reflectarray with the appropriate loss mechanisms in place. Ohmic loss
here considers both conductor losses and thermal losses within potential reconfigu-
ration mechanisms (e.g. the parasitic resistance of varactor diodes).

Phase errors over the aperture contribute to a phase error efficiency term 7,4,
in (5.35). These phase errors arise from imperfect phasing of the elements, resulting
from limited phase range of the elements, the discrete number of phase states
available from the library of elements (or finite number of bits available in the case
of digitally controlled reconfigurable elements), and phase errors arising in general
from imperfections, frequency dispersion, etc. The phase error efficiency can also
be determined using array factor techniques using

- 2
|El (607 d)O) |actual
7 .
|Er(90a (rbO) |ideal phases

nphase = (531)

where the numerator is evaluated with the actual phases employed in the reflec-
tarray, and the denominator is evaluated assuming perfect (ideal) phases without
errors.

The final two terms in (5.35) are the feed blockage and specular reflec-
tion losses, respectively. Feed blockage results from a shadow cast by the feed
when it is placed in front of the reflector surface. It is usually mitigated by using an
offset feed configuration. It can only be predicted using full-wave simulations of the
entire reflectarray and feed system. Specular reflection losses result from imbal-
ances between the reflectarray element and ground plane currents, particularly away
from the operating frequency of the reflectarray. This imbalance gives rise to stray
reflections in the specular direction creating a beam known as a feed image lobe
[19]. Similar to feed blockage, full-wave analysis of the entire reflectarray is needed
to predict the exact loss to specular reflections. Generally specular reflection losses
do not significantly reduce the gain of the reflectarray, but they can increase the
stray radiation in other directions if not controlled carefully.

5.4 Reconfigurable Reflectarrays

The addition of reconfigurable capabilities to reflectarrays opens the possibility to
dynamic beam-steering and shaping, allowing for on-the-fly reconfiguration of the
antenna pattern. There are many scenarios that can benefit from adaptive, high-gain
patterns including satellite systems (especially satcom-on-the-move systems),
RADAR, point-to-point microwave links, and remote-sensing (e.g. synthetic
aperture RADAR). Beam-forming capabilities will also be foremost in
next-generation (5G) communications systems, which employ higher frequencies
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and hence have stronger needs for high-gain antennas. With the associated narrower
antenna beams, adaptive beam-forming becomes a natural requirement.

Reflectarrays and other space-fed arrays offer compelling advantages over other
antennas in this arena. Unlike reflector antennas, which must be mechanically
scanned and offer very limited possibilities for adaptive re-shaping of the beam, the
aperture fields can be modified in electronically tunable reflectarrays by modifying
the reflectarray phase distribution. While phased arrays offer the same capability,
this is achieved at a much higher cost due to the replication of transmit/receive
modules for each antenna (or sub-array, at least) in the array. Additionally, the
transmission line feed networks associated with phased arrays can become signif-
icantly lossy at high frequencies, especially in the mm-wave range. Beam-forming
networks also become very complex in the structure for very large phased arrays.
Spatially fed arrays remove the need to lay out complex feed networks and mitigate
much of the loss associated with transmission line feeds, replacing it partly with
taper and spillover losses typical of reflector antennas, which are easier to control.

Reconfigurable reflectarrays can be placed into two classes in terms of methods
used to realize beam reconfiguration. The first method uses a scanned feed and fixed
(non-reconfigurable) reflectarray surface. The feed is moved to different locations in
front of the reflectarray. This scans the beam off the reflector axis, and is commonly
used in parabolic reflectors and their reflectarray counterparts [20]. Parabolic,
spherical, and multi-focal phase distributions can be used on reflectarray aperture to
manage the scanning range of the beam. Hence, the reconfiguration is still
mechanical, albeit in a different sense than a reflector which is mechanically rotated
to point the beam. Some degree of “electronic” beam-steering can be achieved by
electronically switching between multiple feeds located at required focal points to
produce the corresponding beams, allowing for multi-beam capabilities [9]. The
second method is to use a stationary feed, but a reflectarray surface that can be
electronically manipulated to change the phase distribution and corresponding
aperture fields [21]. This method offers the most flexibility in terms of the patterns
that can be realized from the antenna, as well as the potential speed at which the
aperture can be reconfigured, since large macroscopic movement of parts is not
required. This method is the focus of this section.

5.4.1 Enabling Technologies

At the heart of a reconfigurable reflectarrays is a unit cell design with electronically
tunable characteristics. These characteristics in turn depend on microwave and
mm-wave technologies that allow for electronic reconfiguration of the cell in some
way [21]. A summary of a wide range of enabling technologies is tabulated in
Table 5.1. An ideal reflectarray obviously should be low cost, consume little or no
power, exhibit low loss, be fast to reconfigure, and offer low implementation
complexity. Additionally, generally digital control is preferred to analogue control
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schemes, and in certain applications, mature technologies are preferable (e.g.
space-qualified devices for satellite communications). However, as we will see, as
one migrates to the millimetre wave frequencies, we will see that more of these
ideals must be sacrificed.

Each technology is broadly classified according to its type in the first column.
The first technology type, lumped-element, refers to electronic components that can
be introduced into the reflectarray unit cell at discrete, spatially localized points.
Radio frequency (RF) switches are the most obvious example, which can be real-
ized both in semiconductor form (such as from PIN diodes and FET switches), and
in the form of RF microelectromechanical systems (MEMS) switches. Tunable
reactances are also commonly used, usually as capacitances which can be realized
from semiconductors (varactor diodes), and also in MEMS form, where both tun-
able capacitors and tunable inductors have been realized. Semiconductor-based
technologies exhibit significant levels of loss which reduce the reflection efficiency
of reflectarray unit cells. They also exhibit nonlinear behaviour at large RF signal
levels, which can lead to signal distortion problems when used in transmitters. For
these reasons, MEMS devices have grown in popularity, especially MEMS
switches, since they generally mitigate these issues.

At the other end of the spectrum are tunable materials, which instead provide
tunable constitutive parameters (permittivity, permeability, or conductivity) in the
underlying material platform order to realize distributed tuning of the reconfigurable
unit cell. An excellent example of these is liquid crystal (LC) materials. These
materials have a tunable permittivity tensor which is dependent on a DC or
low-frequency AC signal biasing field applied to the material. Any structure, such as
patch, using LC as its substrate will have a resonant frequency (and corresponding
scattered field phase) dependent on the properties of the substrate permittivity.
Graphene is an emerging technology, which in the terahertz frequency range exhibits
a surface impedance which can be tuned by manipulating the doping parameters of
the graphene as well an applied electric field (the so-called graphene “field effect”).
Photoconductive materials, such as semiconductors, can exhibit sensitivity to an
applied light source to change the carrier concentration (and hence conductivity) of a
predefined region. This region can range from being localized to a very small area
(realizing a photoconductive switch, which is more of a lumped-element type of
reconfiguration) to the entire element itself (or absence thereof, when the light is off).

Somewhere between these two extremes lie hybrid technologies, which are
neither distributed nor spatially localized as in the case of lumped-elements.
Devices based on ferroelectric films fall into this category, since the ferroelectric
films are a type of tunable material, but the corresponding devices are often realized
in component form.

Finally, mechanical solutions tend to fall into their own unique category, though
they largely achieve distributed type of tuning. For example, we have seen in
Sect. 5.2.2 that physical rotation of CP elements can be used to directly manipulate
the phase shift of the unit cell. Mounting such cells on micro-motors, for example,
can be used to change the phase shifter. Micro-fluidic devices generally have been
used to move highly conductive liquid “slugs” of galistan and other materials in the
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vicinity of resonant reflectarray unit cells to change the resonance characteristics
and induce a phase shift.

5.4.2 Realizing Phase-Tunable Reflectarray Unit Cells

As in the case of fixed reflectarray cells, reconfigurable unit cells can be classified
according to the same schemes used in Sect. 5.2.2. Examples of the application of
these techniques are shown via examples in Fig. 5.9 and discussed in detail in the
sections below. With each technique, varying degrees of phase control can be
achieved depending on the underlying technology. For example, devices with a
discrete number of states (e.g. those relying on switches) may only have limited
phase resolution. While devices with as low as 1-bit (2-state) phase control have
been successfully realized, designers must be mindful in the tradeoff that exists
between the effective number of bits in the phase shifter, and the corresponding
impact on the antenna pattern, with particular attention to the gain and sidelobe
levels [22]. For example, phase quantization at the 1-bit level generally leads to a
3-4 dB reduction in gain. The loss is reduced to less than 1 dB if 2-bit control is
used, and less than 0.2 dB for 3-bit control.

5.4.2.1 Tuned-Resonator Cells

Tuned-resonator cells can be implemented using the widest range of enabling
technologies discussed in the previous section, since perturbing the resonant fre-
quency of a cell can be realized by virtually any technique. Beginning with lumped
components, tunable reactances can easily be integrated with resonators, and the
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Fig. 5.9 Reconfigurable reflectarray element examples
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reactance electronically manipulated to produce the necessary changes in resonant
frequency and corresponding phase shift in the scattered field. An example of this
type of cell is illustrated conceptually in Fig. 5.9a, where a pair of varactor diodes is
used to change the resonant frequency of a patch antenna. Through the proper
coupling of the tunable reactances to the patch, very large phase ranges close to
360° can be achieved. Furthermore, MEMS-tunable reactances such as MEMS
capacitors can also replace varactor diodes to decrease losses and improve linearity,
while maintaining a high effective number of bits.

Tunable reactances integrated with reflectarray elements change the resonant
frequency of the resonator by changing the effective length of the resonator.
Dual-LP variations are also possible [26], and even photo-induced plasmas have
been used in place of switches [27]. To mitigate the loss, linearity, and power
consumption issues with these approaches, numerous examples of RF-MEMS
switch-controlled reflectarray elements have emerged in previous years which
coupled switches and resonators together to achieve phase control [28, 29]. In
general, switch-based designs are often preferred, since they are readily compatible
with control circuits and do not need continuously variable voltages to tune the
phase.

Distributed tuning techniques also have the most impact on tuned-resonator
cells, since small changes in constitutive parameters can be translated to large
changes in the scattered phase with proper designs of the unit cell. Tunable
dielectrics have the most potential in this regard. For example, liquid crystal ma-
terials employing LC molecules in the nematic state possess an anisotropic per-
mittivity tensor which can be tuned between €| — €, . Placing a resonator such as a
patch [30-32] on such a material can lead to pronounced changes in the phase as the
magnitude of the DC or AC biasing field is varied. Similarly, ferroelectric films also
produce changes in the permittivity tensor in the presence of an applied biasing field
and can also be used as substrate layers to produce phase shifters and phase shifting
reflectarray unit cells [33].

5.4.2.2 Guided-Wave Cells

Guided-wave reconfigurable unit cells work very similarly to their fixed counter-
parts. Instead of coupling to a delay line, the scatterer is coupled to a tunable
guided-wave phase shifter. The phase shifter must be a one-port reflection-type
phase shifter, so very often tunable delay lines are used. One such as in the example
shown in Fig. 5.9b, where a rectangular patch is aperture-coupled to a continuously
tunable delay line. Switched-delay lines are also used to produce a more wideband
response from the reflectarray. PIN diode-based versions have been realized [34,
35]. Minimizing the loss of the delay lines often means that MEMS switches are
preferable for this purpose, and several experimental demonstrations have been
produced [36, 37]. Since reconfigurable capabilities add cost to each unit cell, a
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useful strategy that can be employed is to share the same switched-delay line
between a group (or sub-array) of elements.

Most guided-wave reconfigurable reflectarray elements are co-polarized.
However, cross-polarized (polarization-twisting) elements open up the possibility
of using the two-port microwave and mm-wave circuits to interconnect the two
polarization ports, as shown in Fig. 5.7d. An important function that can be added
to reflectarrays in this configuration is amplification. This function is traditionally
difficult to add to co-polarized arrays, because of two major challenges: (1) the need
for a one-port reflection-mode amplifier, which is difficult to design and make
stable; and (2) a fundamental requirement of isolation between the incident and
reflected wave ports. Cross-polarized designs are more amenable to the introduction
of amplification since two-port amplifiers are readily available, and the
cross-polarization discrimination of the element can be made very high. As a result,
a number of interesting and truly “active” designs (i.e. those with a reflection
coefficient magnitude larger than 1) have emerged: those based on amplifiers alone
(fixed-beam reflectarrays) [38, 39] and those combining amplification and phase
shifting [40, 41]. Such designs offer advantages in transmitters where the spatial
combining feature of reflectarrays mitigates losses normally present in transmission
line manifolds. This advantage is more compelling at mm- and sub-mm wave
frequencies, where the need for power combining is stronger and the losses in these
networks are most pronounced.

5.4.2.3 Sequential Rotation Cells

Finally, reconfigurable variations on the sequential rotation unit cell introduced in
Sect. 5.2.2 are a straightforward extension of the idea. The cell can be physically
rotated using an actuator such as a micro-motor. Novel MEMS micro-motors have
been realized for this purpose [42]. However, a slightly easier approach is to
electromagnetically rotate the element through the use of RF switches, which is the
approach illustrated in Fig. 5.9c. Here, a series of switches are placed along the
circumference of a slot, and a pair of switches diametrically opposite one another
are actuated to produce the rotation effect shown earlier in Fig. 5.8. This concept
has been successfully deployed in a number diode-based [25] and MEMS-based
demonstrators [16, 43].

A recent innovation in this area is to make dual-polarization CP reflectarray
cells. That is, the reflectarray cell produces a unique phase shift for the left-handed
component and another unique phase shift for the right-handed component. Such
reflectarrays can be useful in applications utilizing circular polarization, such as
satellite systems. This can be achieved by stacking two circular polarization
selective surfaces (CPSSs) on top of each other: one layer which is transparent to
one polarization type (e.g. RHCP) while being reflective to the other, and a second
is having the reverse behaviour. The first layer is structured to reflect and manip-
ulate the phase of the LHCP signal through the principle of sequential rotation,
while an RHCP signal incident upon this layer passes through unaffected to the
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second layer. The second layer also modifies the reflection phase of the RHCP
signal through sequential rotation; it then passes unaffected through the first layer.
This concept has been successfully demonstrated using a unique combination of
CPSSs and can potentially be realized in a switched, reconfigurable form [44].

5.4.3 Modelling Considerations

There are several frameworks that assist in the modelling of reconfigurable
reflectarray elements. Both apply to the case where lumped-elements such as
switches, tunable reactances, and other components are introduced in the unit cell.
The first is the concept of a mixed-mode generalized scattering matrix, which
assists in predicting the overall scattering behaviour of the unit cell without
resorting to exhaustive full simulations with the lumped components in different
states. The second is an equivalent circuit model that can be used to predict the
scattering behaviour of simple unit cells even before the numerical simulation stage.
Both are described next.

5.4.3.1 Mixed-Mode Generalized Scattering Matrix

The GSM representation of reflectarray unit cells can be extended to the case where
lumped-element components are introduced in the reflectarray. For example, the
capacitively loaded cell shown in Fig. 5.9a employs two varactor diodes as tunable
capacitances. A straightforward way to determine the S-curve for such an element is
to introduce a reactance in the electromagnetic description of the unit cell (e.g. in
the impedance matrix for MoM formulations), and sweep the capacitance over a
series of simulations run to trace out the S-curve. While this process is correct, it
unnecessarily lengthens the simulation time of structure, since the underlying
scatterer is linear and hence obeys network theory. Furthermore, when the scatterer
involves a large number of reconfigurable elements, the number of configurations to
simulate quickly can become unmanageable. For example, a cell equipped with N
switches has 2V unique states.

A much more computationally efficient approach is to extract a mixed-mode
GSM from the unit cell. This approach is illustrated in Fig. 5.10a, which considers a
unit cell which has L lumped-elements introduced in its structure. Here, we assume
that only the fundamental Floquet modes are of interest, and hence we only have
two Floquet ports at the input to the periodic waveguide. A series of L discrete ports
3,4,...k,...N,N =L+2 are introduced at the locations of the lumped-element
component loading points.

Using this description, we then describe the overall scattering response of the
unit cell in terms of the two spatial ports and L lumped ports using
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where we see we now have a mix of Floquet ports (1,2) and lumped-element ports
(3,4, .. .k,...N) associated with the incident and reflected waves. Each port has its
own associated port impedance Zy. For the Floquet ports, these impedances are the
associated TE and TM wave impedances associated with ports 1 and 2, while for
the lumped ports, an arbitrary reference impedance can be employed (usually an
impedance of 50 Q is used.) Note that the incident and reflected waves are nor-
malized according to the conventional power wave definitions, i.e. a; and by are
normalized by the square root of the port impedance associated with the kth port.

When actual components are introduced to load each port, the associated
reflection coefficients I'; are determined for each state the lumped components can
be in. A reflection coefficient vector is then defined,

F:diag(F3,F4,...,Fk,...,FL) (533)
which relates asy and bsy through
azy = Fb3N. (5.34)

Imposing this constraint on Eq. (5.32) and solving yields

b]2 = |:SA —|—SBF(I — SDF)_ISC a127 (535)

Su



172 S.V. Hum

where I is the identity matrix and Sy is the resulting 2 x 2 GSM resulting from the
loading of the reflectarray unit cell in a given state of lumped-element configura-
tions I'. This approach to modelling is very powerful, because it only requires the
determination of the initial mixed-mode scattering matrix shown in Eq. (5.32) by
electromagnetic simulations or other means. Once this matrix is known, Sy, can be
evaluated algebraically using Eq. (5.35). Usually, I' can be easily computed by
analytical means or using circuit simulators in the case of complicated loading
networks (e.g. amplifiers). This technique opens the possibility up of optimizing the
unit cell when many load combinations are possible, for example, using genetic
algorithms or particle swarm optimization.

5.4.3.2 Equivalent Circuit Modelling of Reconfigurable
Reflectarray Elements

For tuned-resonator types of reconfigurable reflectarrays, a further tool one can use
in determining a “first-cut” reflectarray design is an equivalent circuit model
(ECM) for the element. Such tools have an advantage of being faster to evaluate
during the initial design stages, when a design is trying to determine the optimal
size and loading of a potential reflectarray element. Here, we employ a
Floquet-based framework for deriving an equivalent circuit model that is versatile
and easily to evaluate [45]. In particular, unlike many other models proposed in the
literature, this model does not require full-wave simulations to determine compo-
nent values, and can treat a variety of reconfigurable element cases.

The ECM is derived by first considering the behaviour of a dipole scatterer in the
driven mode, in an infinite array environment. An example of a dipole oriented
along the x-direction of dimensions [ x w is shown in Fig. 5.10b. The dipole is
initially treated in the driven mode where an excitation is placed across the ter-
minals shown. Infinite dipole arrays have been considered at length in the literature.
The dominant current component on the dipole is expanded in terms of a Floquet
series as

Tx,3) = 53 D ko, Ko ) o Fome, (536)

where f is the Fourier transform of the x-directed current distribution f(x,y) on the
dipole. In general, the current distribution on the patch is assumed to be separable
such that f(x,y) = g(x)h(y). Using a common formulation, the active input
impedance seen looking into the dipole for a particular scan angle (0, ¢) can
subsequently be derived as [46]

2
ko) = kST 4

ymn ymn
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zmn
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where

+ _ |2
kzmn - k k)%mn kfmn (5 3 8)
is the z-component of the wavenumber in the z > 0 region, and G,,, and H,,, are the
Fourier transforms of the current distribution in the x- and y-directions evaluated at
the corresponding wavenumbers ky,, and ky,,, respectively. Meanwhile, the
quantities y’E and y™ represent the equivalent admittance experienced by a TE _,,
and TM ,,,, current source at the air-dielectric interface, respectively. This admit-
tance is the sum of the modal admittance in the z > 0 region, Y/E*I™+ and the
input admittance of the grounded dielectric slab,
JBIEMM — iy TE=[TM=cot(k h). (5.39)

zmn

YE-I™M= are the TE | TM _,,, model admittances for the z <0 region. Hence,

Yo = Yy BT, (5.40)

The modal admittances are given by

TE + kzJr TE— k;mn
Ymn = Ymn (5 41a)
oy’ Wy
w (&) r
Yt = e = 2 (5.41b)
zmn mn

Equation (5.44) can be reorganized to explicitly show the contributions from the
TE and TM modes,

Z™ (ko o) ZZT;’;" iE + ZZTTM S (5.42)

m n I’I‘I n

where

P4 K,
e LGN b (5.43)

mn 3. 272 12 Tmntmn
abm kg — ki -

and

2 2
™ __ 4 kxmn 2 2

mn 2 2 +2 “mn"mn*
abm kg — k2

(5.44)
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Fig. 5.11 Equivalent circuit for a dipole an infinite array environment. In the driven mode
(Fig. 5.10b), Z; is absent, YOTOE * is present, and Zp; is measured. In the scattering mode, Z; is
present, Yg5 ™ is absent, and ZI%, is measured

A close examination of (5.37) reveals that the input impedance Z to the dipole
is an infinite series summation of impedances 1/y"EI™ scaled by transformers with

turns ratios T,Ef/ ™ This suggests the equivalent circuit shown in Fig. 5.11,

where Z; is absent, YOTOE * is present, and Zg; is measured.

This circuit can easily be turned around to treat the scattering scenario whereby
the dipole in Fig. 5.10 is excited externally by a Floquet mode and a load places
across the dipole terminals. For example, consider excitation of the TEyy mode. In

Fig. 5.11, Z; is now introduced, Y5’ * is removed, and Z[f,, is measured as shown.

The input impedance seen looking upward across the interface AB is

ZIt =z, + ZZT;§—+ZZTTM (5.45)

m#0 n#£0 Yimn n y mn

Then the input impedance of the desired TEy Floquet mode can be calculated
as

-1

TE Z(%;, 1 TE
Zifoo = (—TTE) —jYgy ~ cot(kyoh) | (5.46)
00

Knowing the input impedance of the TEy mode, the associated reflection
coefficient and corresponding S-curve can be found.
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The ECM is straightforward to evaluate. To populate the ECM, the transformer
turns ratios T,,Tlf‘TM must be found, which in turn relies on a reasonably accurate
description of the current distribution on the scatterer when illuminated by the
co-polarized field. For the case of a rectangular patch scatterer in which width w in
Fig. 5.10b becomes comparable to the cell width b, the patch current distribution is
specified as follows. First, in the x-direction, the current distribution is described by
a half-wave sinusoid along a lossless TEM transmission line with effective phase
constant f,;, characteristic impedance Z. and fringing capacitance Cy associated
with common patch antennas. These are calculated using the standard quasi-static
formulae for microstrip lines. The capacitance Cr loads each end of the transmission
line. This allows the current distribution in the x-direction to be found as

8() = Lieosh(j,px) — 2 sinh(px), O<WI<L/2 (547)

where V; is an arbitrary applied voltage to the circuit and I; is the resulting input
current at the input to the transmission line. In the y-direction, the patch currents are
non-uniform with a singularity near the edges of the patch. In fact, the current
distribution, which is determined by the tangential magnetic fields along the patch,
is the dual of the electric field distribution that occurs in the gaps of the comple-
mentary structure, a metal strip grating. Therefore, for a TE-polarized incident
wave, the surface current density on the patch is equal to
—Jpy
W) = —— (5.48)
(W/2)* = y?

where C is a constant. G,,, and H,,, is readily found by numerically taking the
Fourier transforms of Egs. (5.47) and (5.48), after which the turns ratios can be
found from Eqgs. (5.43) and (5.44). The remainder of the components in the ECM of
Fig. 5.11 are found analytically from Egs. (5.41a) and (5.39).

5.5 Design Examples

In this section, we consider two design examples for reflectarrays designed at 10
GHz. The first is a fixed reflectarray based on varying the shape of a square patch,
while the second is reconfigurable reflectarray, implemented using the
tuned-capacitor method outlined in the previous section. In both cases the scatterer
is single patch-like scatterer printed on a grounded dielectric substrate. The key
parameters of the reflectarray design are summarized as follows. The reflectarray is
realized on a 1-mm thick substrate with €, = 3.02. It consists of 625 elements
arranged in a 25 x 25 array with a cell period of 15 mm. The f/D ratio is 1, the
reflectarray is linearly polarized, and the desired beam direction is 6 = 30°, ¢ = 0°.
For the examples considered here, conductor and dielectric losses are ignored.
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5.5.1 Fixed Reflectarray

The first reflectarray example is a fixed-beam reflectarray realized using
patch-based scatterers of varying size, corresponding to the tuned-resonator
approach described in Sect. 5.2.2. For simplicity, the patch is kept square in size,
though dipole-shaped and rectangular-shaped patches can also be used. The size of
the patch is used to manipulate the phase of the fields co-polarized with a linearly
polarized incident field.

To create the S-curve for the reflectarray, both analytical and numerical
approaches can be employed. The equivalent circuit model described in Sect. 5.4.3.
can be evaluated for a variety of patch dimensions to produce the desired S-curve.
Since there is no lumped-element loading present, the load Z; is simply set to 0 Q
(a short circuit), and the model evaluated for a variety of patch dimensions
according to a parametric sweep. The ECM is evaluated using 60 TE and 60 TM
spatial harmonics and results in the S-curve shown in Fig. 5.12. For comparison, a
spectral domain method of moments code employing Rao-Wilton-Glisson basis
functions is used to compute the GSM of the same cell, and the results are overlaid
in the same plot. It can be seen that the results of both methods align well, and that
the ECM can be used to accurately predict the response of the unit cell.

The analysis shows that the cell possesses approximately 330° of phase range,
which is adequate for forming a beam. The missing 30° of phase range has only a
very mild impact on the sidelobe levels. The moderate slope in middle of the phase
curve is a good feature, since high slopes increase the sensitivity of the design to
fabrication errors. The slope can be reduced at the expense of phase range by, for
example, increasing the substrate height, and hence the designer is afforded some
freedom in the design process.

Next, the full array is designed based on the reflectarray unit cell. The required
phases to collimate the fields from the feed and produce the beam in the required
direction are computed using Eq. (5.4). The required phases are then reconciled
against the phase curve and mapped to the corresponding patch lengths required at
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Fig. 5.13 Fixed reflectarray example

10 GHz via a lookup table, and a corresponding mask for the reflectarray is shown
in Fig. 5.13a. Note that a variable in the mapping is the arbitrary phase offset on the
right-hand side of Eq. (5.4), which can be used to determine where the phase-wraps
occur in the reflectarray element distribution. Further, this can be used as a degree
of freedom in the case where the reflectarray element has loss, in order to best
distribute the lossy (lower amplitude) cells across the reflectarray to yield the best
performance according to the required specifications. This tends to be more
meaningful in when using reconfigurable reflectarray elements, which can have
more loss compared to fixed elements in general.

Once the phase distribution across the reflectarray has been established, the feed
is usually optimized to yield a desired taper level across the array. With the given
f/D ratio and a 12.5-wavelength reflectarray diameter, a cos?(0) feed with ¢ = 6 is
chosen to produce an approximate —12 dB edge taper in the principal planes of the
reflectarray. The feed is chosen to be linearly polarized in the x-direction. Using
Eq. (5.21), the incident field levels at the centre of each reflectarray element can be
computed and used as inputs to the local reflected field calculations via the GSM in
Eq. (5.17).

The radiated fields from the reflectarray are determined from Eq. (5.26), and the
corresponding directivity from the array is computed. Loss terms such as spillover
loss, surface wave losses, reflection efficiency, feed blockage, etc., have not been
considered here, since a simplified model of the reflectarray and feed is being
analyzed, but these calculations can be included in order to determine the overall
gain of the reflectarray. The resulting directivity of the array is plotted in Fig. 5.13b,
which clearly shows a pencil beam pointing in the 0 = 30°, ¢p = 0° direction.

To complete the analysis, the results are compared with a method of moments
simulation of the same reflectarray, which more accurately accounts for mutual
coupling effects between the elements. The feed is assumed to be completely
decoupled from the reflectarray. The simulation employs an integral formulation
involving the Green’s function for a radiating element on a grounded dielectric slab,
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Fig. 5.14 Reconfigurable reflectarray example

and as such, the finite nature of the substrate and ground plane in a real reflectarray
is not accounted for. The simulation results are overlaid with the array factor results
in Fig. 5.14b. We see that the AF technique is generally quite good at predicting the
overall shape of the beam, though the more rigorous MoM analysis reveals stray
scattering that increases the overall sidelobe levels (and correspondingly reduces
the peak directivity). Overall, very good correlation is obtained between the two
methods.

5.5.2 Reconfigurable Reflectarray

The second reflectarray example is based on a unit cell whose phase can be tuned
dynamically using a tunable capacitance such as a varactor diode. Modelled after a
successful reconfigurable reflectarray implementation and demonstration [47], the
unit cell is based on the design shown in Fig. 5.9a whereby two halves of a patch
are serially loaded by a variable capacitance. For simplicity in the analysis, the
capacitance is assumed to uniformly load the gap between the two patch-halves, but
in reality this can be replaced with a number of varactor diodes placed across the
gap (nominally two). In this situation, the equivalent circuit model should be
modified to account for the gap capacitance and current crowding inductance in the
vicinity of the varactor diodes, by incorporating these parasitics into the diode
model [47]. The parasitics intrinsic to the diode itself can also be included.

To determine the patch dimensions, the equivalent circuit model described in
Sect. 5.4.3 can be tested for a variety of patch dimensions to produce the desired
S-curve. For the example, the patch dimensions here are chosen to be 8.3 mm x8.3
mm. The ECM is evaluated using the same number of spatial harmonics as before
and results in the S-curve shown in Fig. 5.14a. For comparison, results from the
spectral domain MoM codes are overlaid in the same plot. It can be seen that the
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results of both methods align well, and that the ECM can be used to accurately
predict the response of the unit cell. Also shown are the corresponding S-curves at
adjacent frequencies, to illustrate the frequency-dependent behaviour of the unit
cell. We see that as the frequency is changed, the phase curves deviate from the
nominal 10 GHz case, which introduces phase errors and eventual pattern and
directivity degradation as the difference between the operating and actual fre-
quencies becomes larger. However, for a narrowband reflectarray, the cell design is
sufficient.

Using an analogous process as for the fixed reflectarray case, the beam is syn-
thesized by mapping the required phase shifts as required by Eq. (5.4) to the
capacitances at 10 GHz. In practice, the required capacitances can be further
mapped to control voltages in the case that a varactor diode is used to implement
the variable capacitance, using the corresponding C(V) relation for the diode.
Results of both the array factor calculation and the MoM analysis are shown in
Fig. 5.14b, again illustrating good correlation between the two methods.

The practical design of reconfigurable reflectarrays involves an additional step
whereby a suitable control network needs to be introduced for managing the
reconfigurable components of the antenna. The realization of the bias network is
highly implementation-specific, and while an exhaustive discussion is not possible
here, some best practices can be deduced from studying the example here. For the
diode-based cell employed in the example, a local biasing network needs to be
introduced similar to the scheme shown in Fig. 5.9a. In this case, the bias network
consists of a pair of RF chokes, in the form of self-resonant inductors, and an RF
short composed of a self-resonant capacitor, through which a DC bias voltage is
applied. The bias network serves to form both a high-impedance load to prevent RF
currents on the patch from travelling to the bias wires, and a low-impedance load to
short out such currents should they make it to the interface with the wires. This is
not the only way to realize bias networks; distributed components such as stubs can
also be used in place of lumped components. Furthermore, in the case of compo-
nents with zero DC current draw (such as varactor diodes), resistors serve equally
well in place of inductive RF chokes, and are less frequency-dependent.

The presence of the bias network can also introduce undesired scattering,
especially if the feeding traces are long. Efforts can be undertaken to minimize this
scattering. The use of a symmetric bias network, such as that shown in Fig. 5.9a,
maintains low cross-polarization. In the case of reflectarrays, the bias network itself
can often be routed to be behind the ground plane of the reflectarray, effectively
shielding it from incoming radiation. However, if the bias network must co-exist
near or on the same layer as the scatterers, resistively loading the lines has been
shown to be effective, especially in transmitarrays where bias lines cannot be
conveniently tucked behind ground planes. Resistive lines can be realized by
depositing resistive material on the substrate and patterning it into the required bias
lines, or by periodically loading metallic lines with resistors.
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5.6 Practical Examples

To round out the design examples presented in Sect. 5.5, this section presents some
samples of practical implementations taken from the literature. The samples illus-
trate each of the element design approaches discussed in Sect. 5.2.2. Emphasis is
placed on full-scale experimental demonstrations of reconfigurable reflectarrays,
since they exemplify the operating principles of reflectarrays while simultaneously
illustrating useful beam-scanning capabilities.

The performance of reflectarray designs based on lumped-element tuning is
strongly affected by packaging and parasitic issues at millimetre wave and sub-mm
wave frequencies. As such, distributed tuning based on the tunable resonator
approach mitigates many of these issues. As discussed in Sect. 5.4.2, liquid crystal
materials possess a tunable bulk permittivity tensor which can be exploited to tune
the resonant frequency of microstrip elements. An example of a recent F-band
design is shown in Fig. 5.15 [48]. As illustrated in Fig. 5.15a, the unit cell employs
a multi-resonant design based three unequal length parallel dipoles placed within
the unit cell to extend the phase bandwidth of the unit cell around 100 GHz. The
unit cells include a bias line to allow a low-frequency biasing field to be applied to
the LC substrate beneath the dipoles, allowing the permittivity tensor to be
manipulated. LC materials with Ae = 4.6. were employed in the design. A 52 x 54
element offset-fed reflectarray was fabricated with one-dimensional scanning
capabilities. Some examples characteristics of the radiation patterns for different
scan angles are shown in Fig. 5.15b. Overall, the work achieved a very wide
scanning range and an aperture efficiency of 18.5%. Most of the inefficiency is
attributable to absorption losses in the LC material, but considering the frequency of
operation, the results are quite impressive.

The guided-wave approach has also proved useful in the millimetre wave
frequency range. A 60 GHz design employing PIN diodes is shown in Fig. 5.16
[34]. As shown in Fig. 5.16a, the unit cell employs a stub-based phase shifter
design, whereby the length of the stub is controlled by the state of the switch.
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Fig. 5.15 Liquid-crystal based reflectarray operating at 100 GHz [48]
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Biasing of the diode is accomplished by placing control circuits behind the
reflectarray ground plane, as shown in Fig. 5.16b. This implements one-bit phase
control, providing the reflectarray elements with 0° or 180° of phase shifting
capability. A 160 x 160 array with independent control of each element was fab-
ricated and characterized at 60.25 GHz. Typical beam patterns illustrating the
beam-scanning capabilities of the array are shown in Fig. 5.16c, d. The achieved
aperture efficiency of the array is about 9% (—10.5 dB). The bulk of the losses
originates from phase quantization losses due 1-bit control (#,,, ~ —4 dB) and
diode losses (1 pmic = —4 dB). These underscore the balance designers try to
achieve between complex, high-performance elements (with high phase resolution
and low loss) and low-complexity elements which can be implemented at a much
lower cost. Keeping costs down is especially important in large reconfigurable
apertures such as the one in this work.

The final example considered employs a reconfigurable element utilizing the
sequential rotation concept. CP designs are important for satellite applications,
where an additional and imposing requirement is operation at two frequencies
(transmit and receive). A dual-band K/Ka-band reflectarray design has been
developed working at 24.4 and 35.5 GHz [16]. The reflectarray utilizes a unit cell
whereby ring-slots of two different radii are interleaved to form the reflectarray
surface, as shown in Fig. 5.17a. Each ring-slot contains 6 MEMS switches that can
be actuated in pairs to achieve electronic rotation of the cell, allowing for 3 phase
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Fig. 5.16 Switched-stub reflectarray operating at 60 GHz [34]
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Fig. 5.17 Dual-band reflectarray based on sequential rotation [16]

states per ring-slot. A prototype was realized with actual MEMS devices (albeit in a
frozen state), and the achieved co-polarized radiation patterns are shown for each
frequency in Fig. 5.17b, c. A grating lobe appears in the 35.5 GHz results since an
interleaved design results in a fixed 6.86-mm cell period that is used for both
frequency bands. This results in an electrical periodicity of 0.56/4¢ at 24.4 GHz and
0.864¢ at 35.5 GHz, and highlights the challenges of designing dual-band reflec-
tarrays. Nevertheless, this is an acceptable compromise and this example illustrates
the potential of MEMS devices in future generations of reflectarrays.

5.7 Applications

Reflectarrays are promising candidates as replacements for reflector antennas in a
number of current and next-generation applications. As low-profile, high-gain
antennas with potential adaptive beam-forming capabilities, they offer a number
compelling advantages, especially at millimetre and sub-mm wave frequencies
where array antennas become increasingly lossy and complex. Reflectarrays offer
the best features of both reflector antennas and arrays, providing the gain and
efficiency of reflectors while offering the flexibility and potentially adaptability of
an antenna array. The economical nature of reflectarrays can also make them
attractive in applications where there are high setup costs (e.g. as replacements for
shaped reflectors, which require costly moulds) or a large amount of hardware at the
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Fig. 5.18 Reflectarray application examples

unit cell level (e.g. in phased arrays, where a large amount of RF hardware is
duplicated at an element or sub-array level).

As high-gain antennas, reflectarrays are potential antenna candidates in RADAR
applications. Perhaps one of the most successful applications of reflectarrays has
been in automotive RADAR systems at 77 GHz, where the technology has been
successfully commercialized into compact, mechanically steered RADAR units
[49]. Folded reflectarrays offer further advantages here by allowing the radar unit to
be reduced in size while maintaining a narrow-beam. An example of a commercial
reflectarray RADAR is shown in Fig. 5.18a.

Reflectarrays have always held the promise of being replacements for reflector
antennas in space applications. Indeed, microstrip reflectarrays had their humble
beginnings as a research topic at the Jet Propulsion Laboratory in the 1990s where it
was hoped that so-called “inflatable” reflectarrays could be deployed on satellites
and other spacecraft to reduce launch volume and mass. Fast-forwarding to the
present day, this dream has been fulfilled with the launch of the NASA ISARA
(Integrated Solar Array and Reflectarray Antenna) cubesat in 2016, which was the
first demonstration in space of a multi-faceted reflectarray on the back side of a
solar array that deploys in space after launch [50]. This concept, shown in Fig. 5.18
(b), has become a central feature on NASA’s upcoming MarCO (Mars Cube One)
mission to Mars, which uses an X-band reflectarray as a bent-pipe telecom link to
transmit entry, descent, and landing (EDL) data to Earth [51]. The MarCO
reflectarray is based on the square patch element discussed in the example, and is a
deployable design.

Many other features of reflectarrays have been highlighted as advantageous for
space applications. Foremost of these is the ease at which the beam can be shaped,
opening up the possibility of shaped coverage patterns for satellites [52, 53]. As
mentioned earlier, the ability to use reflectarrays in such applications could be a
potential cost-saving measure as the need for fabricating shaped-reflector moulds is
eliminated. Reflectarrays have also been identified as promising candidates in a
number of remote-sensing applications. For example, reflectarrays have been pro-
posed as an interferometric instrument for measuring ocean height [54], as a
replacement for cylindrical reflectors in the Titan cloud precipitation radar and
altimeter [55], and for use as antennas in synthetic aperture RADAR (SAR) [56].
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It is possible to realize reflectarrays that are optically transparent, either from
materials that are optically transparent, such as transparent conducting oxides [57],
or from elements that are only partially opaque over the extent of the unit cell [58].
It is possible to overlay such elements over solar panels on spacecraft to allow the
large surface area to be used for both solar power collection and as a large aperture
for communications. This enables a number of additional operational modes. For
spacecraft missions at the L, Lagrangian point between the Earth and the Sun,
where the spacecraft maintains the same relative position between these two bodies,
pointing the solar panel and communications array in the same direction is a
necessary requirement that such an antenna fulfills. In other satellite missions not
requiring full-time communication with the ground station, the satellite’s attitude
control system could be used to point the solar array/reflectarray at the Earth only
when it is in the range of the ground station, and pointed at the sun the rest of the
time.

Terrestrial communication systems can also greatly benefit from reflectarray
antennas. Reflectarrays have been proposed for local multi-point distribution
(LMDS) communication systems at mm-wave frequencies, since they offer an easy
way to shape the beam according to the requirements of the base station [59]. An
interesting capability of reflectarrays is their ability to manipulate the propagation
characteristics of wireless channels. For example, the frequency selective nature has
been shown to improve the characteristics of non-line-of-sight channels when
reflectarrays are introduced as passive reflectors in the environment [60]. A similar
concept can be employed to control radio wave propagation across different bands
within buildings [61].

Finally, as reflectarrays move into the upper-mm-wave and sub-mm wave ran-
ges, possibilities emerge for imaging, particularly among reconfigurable reflectar-
rays. Large 1-bit electronically controlled reflectarrays have been proposed for
imaging at 60 GHz [34], and recent advancements in liquid crystal-based devices
could enable imaging and communications within the F-band [62].

5.8 Future Trends

The wide scope and variety of applications discussed in Sect. 5.7 illustrates the
progress reflectarrays is making in industrial and scientific fields. Still, the field is
germane for future research, especially in the mm-wave and sub-mm wave fre-
quency range.

Bandwidth is a well-known limitation of reflectarrays, especially when they are
compared to the curved reflectors they aim to replace, which are very wideband.
Many reflectarray designs capitalize on resonances with the scatterer to achieve the
pronounced changes in phase about an operating point. Even guided-wave designs,
which can employ wideband phase-shifting devices, are ultimately constrained by
the bandwidth of the antennas they couple to. As a result, elementary reflectarray
designs are usually constrained to have bandwidths on the order of 10% or less.
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Dual- and multi-band designs have been explored to increase the attractiveness of
reflectarrays, particularly in satellite applications, which separate uplink and
downlink frequencies. This can be achieved by integrating multiple resonators with
significantly differing resonant frequencies together [63, 64]. Alternatively, the
bandwidth of a single band can be increased by coupling resonators closely spaced
in frequency, such as by stacking patches together [65] or printing dipoles in close
proximity to each other in the same layer [32], which can be advantageous in
simplifying the layout of reconfigurable reflectarrays based on tunable materials
[62].

Guided-wave designs can have an advantage here provided the delay devices
(e.g. delay lines) can be integrated within the confines of the unit cell, and the
antenna portion engineered to be suitably wideband. However, planar wideband
antennas are difficult to realize, and the introduction of large delay lines can cause
secondary scattering effects. Recently, a class of TTD reflectarrays has emerged
that address these issues. The first is reflectarray design where the elements are
designed to emulate the response of a Bessel filter, which achieves as flat a group
delay as possible in the passband. Using planar scatterers to realize the required
inductive and capacitive elements of a Bessel filter, reflectarray designs with
bandwidths in excess of 67% and fidelity factors close to 1 can be achieved [66].
Another approach employs miniaturized-element FSSs to approximate a TTD
response by using multiple layers of sub-wavelength square patches, leading to a
40% fractional bandwidth. A key idea in both concepts is the use of sub-wavelength
elements, which in turn realizes something analogous to an impedance surface (or
stack of impedance surfaces), which has long been known to be linked to improving
reflectarray bandwidth [67]. Translating the bandwidths achieved from these
approaches to reconfigurable reflectarrays remains an open problem.

As frequencies increase to the mm-wave and especially sub-mm wave ranges,
the behaviour of metals moves into the plasmonic regime, necessitating the change
in the analysis of reflectarray elements at these frequencies [68—71]. In some cases,
it is preferable to move to dielectrics for realizing reflectarray elements [72]. While
the much shorter wavelengths entail significant novel practical considerations, the
operating principle is essentially the same as discussed in this chapter, at microwave
frequencies.

An equally important future research direction is the development of reconfig-
urable reflectarray technologies in the mm- and sub-mm wave ranges. For example,
lumped-element loading as a reconfiguration mechanism, has only been demon-
strated up to around 60 GHz for the case of PIN diodes, and 120 GHz in the case of
guided-wave-based MEMS devices [73]. Beyond this frequency, tunable material
platforms are required, since the electrical size and parasitics associated with
component-based tuning become too difficult to deal with. Liquid crystal technol-
ogy has been the most promising thus far, achieving practical operation in the
F-band [62]. Still, loss remains an important issue here and efforts are underway to
engineer LC materials with lower losses in the mm-wave range.

In the sub-mm wave range, graphene has shown significant potential as a tunable
material platform for realizing reconfigurable reflectarrays [74, 75]. Employing the
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so-called graphene “field effect”, the phase of a unit cell at 1.3 THz can in principle
be controlled by manipulating the complex conductivity of a graphene sheet from a
localized bias voltage. Such novel devices may open the doors to reconfigurable
THz reflectarrays in the future.
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Chapter 6
Transmitarray Antennas

Laurent Dussopt

Abstract Transmitarray antennas have attracted a lot of interest for the last 10
years to address the challenges of high-directivity reconfigurable antenna designs
for emerging applications at millimeter-wave frequencies. This chapter presents the
main principles of operation of transmitarray antennas, their main advantages and
challenges, and typical envisioned applications. The main achievements and
research orientations are summarized. Next, a theoretical model is presented
enabling an accurate and efficient simulation and optimization; generic theoretical
results are included to illustrate the main optimization trade-offs. In the final sec-
tion, practical examples taken from the most recent state of the art are presented
covering passive, beam-steering, and reconfigurable antennas in different frequency
ranges as well as innovative illumination schemes to reduce the total height of these
antennas. Finally, the conclusion highlights some important perspectives and
research topics toward future developments.

6.1 Introduction

6.1.1 Principles and Development

For the last 10-15 years, transmitarray antennas have triggered a lot of interest and
became popular to enable high-gain, high-efficiency, wideband, low-cost, and
reconfigurable antennas for emerging millimeter-wave applications. They achieve a
similar function as dielectric lenses, but are fabricated on planar technologies (e.g.,
Printed Circuit Boards) and materials, which makes them lightweight, conformable,
and suitable for integrating active devices for reconfiguration. Transmitarray
antennas are typically composed of one or several focal sources illuminating a
planar arrangement of sub-wavelength phase-shifting unit cells designed to define a
predetermined phase distribution across the aperture and therefore a predetermined
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Fig. 6.1 Different structures of artificial lens antennas based on phase-shifters (a), multiple
coupled layers (b), planar lens (c¢), Fresnel lens (d), metal waveguide lens (e), delay lines based on
constrained lenses (f)

radiation characteristic in far-field or near-field. A wide variety of structures based
on this principle have been investigated and named using different terminologies
such as discrete lens, phase-shifting surface, planar lens, flat lens, array lens, or
transmitarray (Fig. 6.1). In this document, the generic term transmitarray will be
preferred for its analogy with reflectarray antennas.

In contrast, we exclude from this family frequency-selective surfaces which are
designed primarily to achieve a selected frequency response for filtering applica-
tions without specific requirement on the transmission phase distribution across the
aperture. We exclude also metasurfaces or metamaterial structures which are
composed of periodic cells having a very small period as compared to the wave-
length, making them equivalent to a homogeneous material with effective permit-
tivity and permeability. Fresnel lenses are also well-known structures not
considered in this chapter as they belong to a different class of fabrication tech-
nology although a lot of analogy can be found in their design, especially because
transmitarrays implement phase-correcting Fresnel zones to focus a radiation beam
[1, 2].

Transmitarray antennas currently developed in the literature actually inherit from
a long history of large-size transmitting antenna structures such as constrained
lenses and bootlace antennas developed in the 1940s—1980s for space and military
applications (Fig. 6.1) [3-7]. Grid arrays belong also to this family of transmitting
apertures and were investigated for beam-steering linearly polarized waves [8].
Transmitting structure gained a renewed interest in the 1990s for power combining
applications with amplifiers integrated inside the transmitting panel in order to
overcome the power limitations of integrated solid-state amplifiers [9].

Transmitarray antennas are able to achieve high directivity and gain, wideband
performance and good power efficiency. These are mainly outcomes of the spatial
feeding configuration which represents a major difference as compared to tradi-
tional phased arrays with corporate feed networks; in contrast, phased arrays
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usually enable a much higher flexibility in phase/magnitude control of each radi-
ating element and therefore more accurate radiation control but the design of
high-gain (e.g., above 30 dBi) phased arrays in the millimeter-wave domain
remains highly challenging. In contrast to dielectric lenses, transmitarray antennas
are spatially fed in free space instead of a dielectric material, and the beam colli-
mating is achieved through sub-wavelength circuits instead of propagation; as a
result, they generally offer a wider bandwidth, a higher efficiency, a lower weight,
and more opportunities for electronic reconfiguration of the radiation properties
(polarization, beam shape, and direction) at microwave and low millimeter-wave
frequencies. Beyond 100-200 GHz, dielectric lenses certainly offer better efficiency
and manufacturability while their weight and size become a minor issue. Unlike
reflectarrays, transmitarray antennas do not suffer from masking effect from the
focal source. This is an important point as there is a strong interest in integrating
focal sources and active circuits (e.g., amplifiers, frequency conversion) at
millimeter-wave frequencies, resulting in large systems of several wavelengths in
size. Like other antenna array structures, transmitarrays offer also excellent polar-
ization properties with a capability to generate linear or circular polarization with
very low cross-polarization. They can be implemented, usually, on standard
printed-circuit-board technologies which can be planar, conformed, or flexible, in
order to guarantee low manufacturing costs in large volumes with good repro-
ducibility. Some of the shortcomings of transmitarray antennas are their size (area
and height), implementation in the upper millimeter-wave range or submillimeter
wave range, and the implementation of large reconfigurable aperture with fine phase
control due to the transmission topology which leaves little room for biasing cir-
cuits and biasing lines routing.

The electronic reconfiguration of transmitarray antennas to achieve
beam-forming and beam-steering functions is certainly one of today’s main chal-
lenges. It can be implemented at the focal source level using a reconfigurable focal
array, which enables limited beam-steering capabilities but is still suitable for some
applications, or it can be implemented at the transmitarray panel level, i.e.,
reconfiguration of each unit cell of the transmitarray, which enables a high radiation
flexibility. In this case, the integration of active devices (switches, varactors,
phase-shifters) significantly impacts the losses, fabrication complexity, and cost of
these structures, especially at millimeter-wave frequencies.

Transmitarray antennas are attractive solutions for many current or emerging
applications such as follows:

e Point-to-point links in telecommunication networks for long-haul and short-haul
wireless links, where very high transmission capacity is needed. These markets
cover a wide range of frequency bands from 20 GHz up to 90 GHz currently
and additional bands beyond 90 GHz under investigation. Typical gain levels of
30-50 dBi are required and first industrial prototypes of transmitarray antennas
developed at 60 GHz indicate a good level of maturity of this technology.
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e Base stations in future mobile networks providing millimeter-wave mobile
access; these systems will require compact and cost-effective base station
antennas with beam-steering capabilities over a wide angular sector, multi-beam
or beam-forming capability and gain levels in the range of 20-30 dBi.

e Satellite communications in Ku—Ka-bands, in particular at the level of mobile
(vehicles) or portable terminals where lightweight compact and low-cost
structures are needed.

e Automotive radars: today a variety of short-range or long-range radars equip
modern vehicles for security (crash avoidance), comfort (auto-cruise), or
autonomous driving. Gain ranges from 10 to 40 dBi and wide or narrow
beam-scanning capabilities are needed depending on the application.

e Imaging and security applications where the use of millimeter-wave frequency
bands becomes more and more popular for imaging (security screening in public
transportations), surveillance (radars), and industrial control.

6.1.2 General Overview of the State of the Art

Many passive (fixed-beam) transmitarrays have been demonstrated to date in a wide
range of frequency bands from C- to W-bands in linear, circular, or dual polar-
ization [10—15]. Most of these designs are based on standard PCB fabrication which
is well suited to low-cost, large-area, multilayer printed circuits in these frequency
bands where standard line/slot resolution of about 100 pm is appropriate. First
commercial products are expected soon for V- and E-band point-to-point
communications.

Most devices in the past works were designed using geometric optics between
the focal source and the transmitarray panel to calculate the appropriate phase
correction of each unit cell to synthesize the linear phase distribution required for
simple pencil-beam patterns. In fact, transmitarray antennas can be quite easily
modeled analytically and simulated at low computation cost as shown in Sect. 6.2
[16-18]. Full-wave electromagnetic simulations are possible using current com-
mercial softwares and standard computer stations. However, the simulation time
can reach several hours, which is acceptable in a validation phase but hardly in an
iterative design or optimization procedure. Analytical models can be easily coupled
with optimization algorithms to customize radiation properties and soon,
researchers demonstrated transmitarrays with synthesized beams, e.g., shaped
beams [19], multiple beams [20], and near-field focusing.

Transmitarrays are based on elementary unit cells implementing a selected time
delay or phase shift with low transmission/reflection losses. However, the imple-
mentation constraints usually limit the feasibility of any transmission phase value so
that unit cell designs often exhibit a limited phase range (i.e., smaller than 360°)
and/or a limited phase resolution (i.e., phase quantization). Several authors dis-
cussed these design issues and highlighted in particular the trade-offs between the
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phase variation range, the transmission loss, and the complexity of multilayer
transmitarrays [21, 22]. Phase quantization, i.e., number of phase states available in
a 360° range, is also an important parameter, especially in reconfigurable trans-
mitarrays. Hence, the losses, as well as the complexity, cost, and power con-
sumption, are increasing with the number of switching active devices and therefore
the number of phase states.

Achieving a wide transmission bandwidth is often a major requirement to meet
the needs of practical communication and radar applications. Most transmitarrays
based on resonating radiators—e.g., half-wavelength patches, slots, dipoles, etc.—
and phase-shifters, typically achieve a 3-dB bandwidth in the range of 10-20%
suitable for many applications. However, some applications like imaging systems
or multifunction radars require a much wider bandwidth, e.g., in order to transmit
broadband pulsed signals. In this domain, multilayer sub-wavelength
metallo-dielectric structures with true-time delay responses across a wideband
have shown to operate over 30-50% bandwidth [23-25]. Dual-band transmitarrays
have been demonstrated as well, a typical application being satellite communica-
tions (SATCOM) where transmit and receive frequency bands are separated by a
large gap (e.g., 20/30 GHz for K/Ka-band systems) [26].

The focal distance between the focal source(s) and the transmitarray panel is
often seen as a drawback in many applications where thin and low-profile
requirements are important. Multiple options to mitigate this issue have been
investigated by several groups, such as the use of multiple focal sources, guided
feeds, and metasurfaces; several examples are discussed in Sect. 6.3.5.

The electronic reconfiguration of antennas radiation properties is clearly a major
technical challenge and enabler for future millimeter-wave applications in order to
cope with mobility and system reconfigurability needs with lower cost, mass, and
size than mechanically steered systems. In the case of transmitarray antennas,
reconfiguration can be implemented either at focal source or transmitarray panel
levels with different capabilities in terms of scanning range or beam-forming
flexibility. The reconfiguration of the focal source enables beam-scanning over
narrow angular sectors around the nominal beam direction and can be implemented
with simple switching circuits at low cost and with high efficiency; applications
include automotive long-range radar or backhaul/fronthaul point-to-point systems
where auto-alignment of the antenna beam is valuable to save time in installation
phase and to mitigate small displacements due to wind or other causes. In contrast,
the reconfiguration at the transmitarray panel enables much higher flexibility of the
radiation properties including beam-scanning over a large angular sector, beam-
forming adapted to arbitrary spatial constraints in terms of gain, sidelobes,
null-steering, etc. Such flexibility comes at the cost of higher complexity, cost, and
losses but is still valuable in many applications including SATCOMs,
millimeter-wave access in future mobile networks, point-to-multi-point communi-
cations, radars, imaging, etc. Reconfigurable transmitarrays were considered and
investigated since the early days of this antenna technology. Most of the investi-
gations reported in the literature are performed in frequency bands from 4 to
15 GHz where few applications exist but technical implementation is easier. A few
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other examples are demonstrated around 30 GHz with the growing interest for
SATCOM and 5G mobile communication networks. Several examples are dis-
cussed in Sect. 6.3.4. These works are based on a wide variety of reconfiguration
technologies:

e PIN diodes [27-29] are currently the best switching technology available for
millimeter-wave frequency bands in terms of transmission losses, power han-
dling, linearity, and switching time. They lead to the best results demonstrated
so far in terms of antenna efficiency despite the lower phase resolution (phase
resolution is often limited to 90°-180°).

e MEMS switches have a potential for very low losses at high millimeter-wave
frequencies; as compared to PIN diodes, higher power handling and linearity
can be expected but switching times are orders of magnitude higher (in the range
of microseconds). To date, this technology is still limited in terms of maturity
and reliability [30] so that few demonstration works exist and practical appli-
cations seem far away.

e Varactor diodes are a widely available semiconductor technology enabling
continuously tunable circuits. They enable a continuous phase control and, in
that respect, can provide more accurate radiation capabilities. Their tuning range
is often limited but they can be combined with a switching technology, such as
PIN diodes, to extend the phase-shifting range. Several demonstrations were
performed based on this technology at 2—-15 GHz [31-37]. However, varactor
diodes are characterized with a limited quality factor, i.e., significant losses at
millimeter-wave frequencies. MEMS varactors are an attractive alternative in
principle but have not been applied to transmitarray antennas to date, probably
due to lack of a reliable and mature technology. Ferroelectric materials are
promising for the implementation of tunable capacitors with better quality factor
than semiconductor devices at millimeter-wave frequencies. First demonstra-
tions were presented with attractive performance at 12 GHz [37].

e MMIC phase-shifters based on silicon or III-V semiconductor technologies are
an obvious option to integrate phase-shifting capabilities inside transmitarray
unit cells. The design of low-loss integrated phase-shifters is a very active field
for many decades, driven mostly by phased-array developments in defense and
spatial applications and more recently for civilian wireless applications. One of
the challenges is the integration of these integrated circuits within the limited
area of a transmitarray unit cell (typically Ag/2 X Ag/2 in size). This approach is
investigated in defense applications but few examples are available in the open
literature [38]. In contrast to stand-alone devices like switches or varactors,
integrated phase-shifters suffer from higher costs but enable more accurate phase
control and can be combined with attenuation/amplification circuits.

e Microfluidics is a technology relying on the displacement of liquid metal in
microchannels in order to reconfigure a radiating element or phase-shifting
circuit. It has been investigated quite recently, e.g., at 8.8 GHz [39], and remains
an exploratory area so far with little application potential. Hence, microfluidics
is characterized by a certain fabrication and actuation complexity, as well as
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very low switching times. On the upside, they can operate in static mode with
zero power consumption and therefore may address applications with very low
power consumption requirements and low reconfiguration rate.

e Liquid crystal materials exhibit a tunable dielectric permittivity which may be
interesting for the design of reconfigurable transmitarrays. They are lossy at
microwave frequencies and exhibit a small tuning range, but they offer inter-
esting properties at millimeter-wave frequencies. To date, they were success-
fully used for reflectarrays but not for transmitarrays to our knowledge.

6.2 Modeling and Design

Transmitarray antennas are electrically large structures so their full-wave electro-
magnetic simulation is usually challenging in time and computer resources; most
developments to date are based on simplified models at least in the first design steps
and full-wave simulations are limited to validation and verification of main per-
formances but with limited accuracy.

Transmitarray antennas can be modeled analytically to derive first-order
performance metrics and guide the main design choices; such basic modeling is
presented briefly in the following subsections. More accurate simulations can be
performed using a mix of analytical modeling and full-wave electromagnetic
simulations; such a methodology is presented in the following where focal source(s)
and each individual unit cell are simulated with a 3D electromagnetic simulation
software and these results are combined analytically to extract the global trans-
mitarray antenna performances. Finally, some design guidelines are given on the
two main families of transmitting structures, namely designs based on coupled
layers or separate Tx—Rx antennas.

6.2.1 Theoretical Model

A generic configuration of a transmitarray antenna is shown in Fig. 6.2a. It is
illuminated by a focal source with a complex radiation pattern H rs(0, ¢). Each unit

cell n is modeled by two antennas, of radiation patterns ﬁln(O, ¢) and Hgn(O, o),
connected through a phase-shifter or time delay device represented by a 2-port

network [S,]. In this work, the radiation patterns H are normalized to the square
root of the isotropic gain so that the antenna efficiency # is given by

n— ﬁ / / |76, §)[* sin 0d6dp. 6.1)
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Fig. 6.2 Principle of a transmitarray antenna and generic model of a unit cell (a), power budget (b)

Assuming the focal source is fed with the input power P;, the incident wave a;,,
received by unit cell n is given by

/*LeijnR,,//l .

aip = \/ETRHHFS(HW ¢n) : Hl"(gl’la d)n)? (62)

where R, is the distance between the focal source and (6, ¢,,) is the direction of the
unit cell n with respect to the focal source. The reflected and transmitted waves b,
and b,, are computed as

bin = Si1pa1, and by, = Sr1,a1,. (6.3)

Finally, the radiation pattern of the transmitarray fITA(H, ¢) is computed by
summing the contribution of each unit cell:

FITA(Gy ¢) = Z bZnFIZn(Ha (i)) (64)

The optimization and analysis of a transmitarray is best understood through a
detailed power budget of the structure which is represented schematically in
Fig. 6.2b. We can identify seven power figures:

P;: input power of the focal source.

P,: power radiated by the focal source.

P;: incident power from the focal source on the transmitarray.
P, power collected by the transmitarray.
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Ps: power transmitted through the 2-port networks of the unit cells.
Pgs: power radiated by the transmitarray.
e P,: power reflected by the transmitarray.

P; and P4 can be computed by integration of the radiation patterns of the focal
source and the transmitarray, respectively. P; can be computed by the integration of
the focal source radiation pattern over the area of the transmitarray. P, and Ps are
the sum of the incident (a;,) and transmitted (b,,) waves, respectively. There is no
rigorous technique to compute the reflected power P, analytically since part of the
incident radiation from the focal source is directly reflected by the transmitarray
structure without going through the unit cell receiving antenna, i.e., the receiving
antenna effective aperture is lower than the unit cell area (P4 < P;3). However, if the
losses in the receiving antennas are low, it may be approximated by summing the
power not captured by the unit cells (P; — P,) and the sum of the reflected waves
b In-

PPy =Pt Y |bul (6.5)

Based on these power figures, the total efficiency of the transmitarray can be
defined as

Pg

n= 171 = Nrs *Nso ~Nca "N~ NAL» (6-6)

where

e 1z = P,/P; is the efficiency of the focal source taking into account the resistive
losses and mismatch losses.

e 130 = P3/P, is the illumination efficiency taking into account the spill-over
losses.

® 1y = P4/P; is the efficiency of the receiving array. This term shall take into
account resistive, impedance mismatch, and polarization mismatch losses. It can
be considered as the effective aperture of the receiving array.

e 1, = Ps/Py is the efficiency of the 2-port networks taking into account their
insertion losses.

e 14 = Pg/Ps is the efficiency of the emitting array. This term shall take into
account the resistive losses and impedance mismatch losses.

The total efficiency of the transmitarray can be computed classically by inte-
gration of the radiation patterns Hyy (0, ¢) given by Eq. 6.4.

The phase-shift values ph(S,;,) of each unit cell are selected to generate a phase
distribution of the emerging waves ph(b,,) corresponding to a desired radiation
pattern:
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ph(ba,) = ph(ai,) +ph(S21n) = Qrs(On, ¢,) — koRy + @1, (0Fs, drs) + Ph(S21n),
(6.7)

where @gg(0,, ¢, ) is the phase of the focal source radiation pattern in the direction
of unit cell n and @,,(0Fs, dpg) is the phase of the unit cell n radiation pattern in the
direction of the focal source. In many cases, a linear phase distribution is chosen to
generate a pencil beam in a direction (0o, ¢y) and reach the maximum directivity:

ph(by,) = —koF - 7, = —ko sin Oy cos Pyx,, — ko sin O sin Pyy,, (6.8)

where 7 is the unit vector in the direction (0, ¢,) of the beam and 7, = (x,,y,) is
the coordinate vector of unit cell n.

The model described above is generic and can be used to investigate most, if not
all, transmitarray configurations. A critical point is the implementation of the
transmitting unit cells; as discussed in the following (Sect. 6.2.4), two main families
can be identified. In the first one, the unit cells are composed of separate receive and
transmit antennas with an intermediate interconnection network and correspond to
the equivalent model presented in Fig. 6.2a. In these cases, each subpart of the unit
cell can be designed and simulated independently in order to extract its charac-
teristic parameters. Such structures usually include a ground plane isolating each
side of the transmitarray panel. Some examples are the works presented in [28, 34,
36]. In the second family, unit cells are composed of coupled resonators or radiating
elements (slots, patches, strips) and such unit cells cannot be divided into inde-
pendent subblocks; typical examples are structures presented in [10, 11, 30]. The
equivalent model of Fig. 6.2a can still be used by considering fictitious receive and
transmit antennas having the same radiation patterns as the actual unit cell but ideal
efficiency and impedance matching, while the intermediate 2-port network includes
the S-parameters of the unit cell. These radiation patterns and S-parameters are
computed from a Floquet analysis of the unit cell with periodic conditions and
incident plane waves. We can note in this case that P5 = Pg.

It is also worth to mention the case of multisource or focal-array-fed transmi-
tarrays. As shown further (Sect. 6.3), the illumination of the transmitarray by
multiple sources can be of interest to reduce the focal distance and make it more
compact for instance, or to implement multi-beam functionalities. The same model
can be applied readily in these cases using the superposition principle by summing
the incident radiation from each focal source at the level of each unit cell.

6.2.2 Theoretical Results

A theoretical analysis of transmitarray antennas can be easily performed to derive
generic performance results for a better understanding of the basic trade-offs and
provide design guidelines to reach particular requirements.
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The far-field radiation of a focal source antenna, very often, can be approached
by a cos"0 function where the directivity D(0, ¢) and half-power beamwidth Af3,p
are determined by the index n:

nfl
D(0, ) = 2(n+1)cos"0 and AOsgp = 2 cos ™’ ( 5) . (6.9)

Typical values of the maximum directivity and half-power beamwidth are given
in Table 6.1. For such focal source, the spill-over losses can be easily calculated in
the case of a circular transmitarray of diameter D, and focal distance F by inte-
gration of the directivity over the array aperture:

D
Ny = 1 — cos" 10, with 0y = tan™! <2;) (6.10)

This expression is important as one can note from Eq. 6.6 that the antenna total
efficiency 7 is equal to the spill-over efficiency #,, if we assume a lossless focal
source and transmitarray.

In [40], the theoretical directivity of an aperture illuminated by a cos"0 focal
source is derived:

2

0() 2n
2F? cos"t20  sin0
D=— 1 . 11
22 (n+1) // \/ 1 + tan20sin? ¢ c0s39d0d¢ (6.11)
0

0

This expression can be integrated numerically for a continuous aperture or
transformed into a discrete sum in the (usual) case of a transmitarray composed of
individual unit cells with a size in the order of 0.2—1. Very close numerical results
are obtained using both approaches, showing that the discretization of the aperture
into unit cells has no significant influence on the achievable directivity as long as
the unit cell size remains below about A.

From the directivity, one can easily compute the aperture efficiency of the
transmitarray:

D)2 D\ >
nap = 47A = D(i) y (612)
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where A is the aperture area of the transmitarray and D, is its diameter. In the case of
a lossless transmitarray, the aperture efficiency 1,, is also the product of the
spill-over efficiency 7,,, accounting for the power radiated by the focal source and
not captured by the transmitarray, and the taper efficiency 7,,,.,, accounting for the
reduction of directivity due to a nonuniform amplitude distribution across the
aperture; it follows that 1, can be computed from Eqgs. 6.10 and 6.12. In the case
of a lossy transmitarray, the average loss of the unit cells can be taken into account
to extract the taper efficiency.

Figure 6.3 reports theoretical plots of the spill-over efficiency, aperture effi-
ciency, and taper efficiency for an ideal (lossless) circular planar transmitarray
antenna illuminated by a cos"6 focal source. It clearly shows the trade-off between
taper and spill-over losses as a function of the focal distance and the maximum
aperture efficiency as a function of the focal source index.

The frequency bandwidth of an antenna is usually an important requirement in
most applications. Figure 6.4 presents the frequency response of an ideal planar
transmitarray illuminated by a cos"6 focal source with phase-shifting implemented
as true-time delay (TTD) lines or constant phase-shifters. In the former case, TTD
lines perfectly match the electrical delay between the focal source and each unit cell
so that the transmitarray achieves its highest gain value at any frequency. In the
latter case, the constant phase response of phase-shifters can be tuned to the optimal
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Fig. 6.3 Spill-over efficiency (a), taper efficiency (b), aperture efficiency (c¢) and edge amplitude
taper (d) of an ideal transmitarray antenna illuminated by a cos"6 focal source
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electrical delays at the center frequency only and phase errors occurring at other
frequencies limit the antenna bandwidth. This bandwidth reduction is more
important for short focal distances (focal sources with a low index n in Fig. 6.4)
since the path length difference between the center and edge cells is more important.
True-time delay lines are a very attractive option theoretically in terms of band-
width but have not been implemented in transmitarrays so far due to the very long
delay values that are challenging to implement in practice.

6.2.3 Transmitarray Simulation

As with reflectarrays and other large-aperture antennas, full-wave electromagnetic
simulation of transmitarray antennas is feasible but is usually not the method of
choice in the design and optimization phase considering the considerable amount of
computation resources necessary to reach a suitable accuracy. With computation
times on the order of several hours at least using current mainstream computing
stations and softwares, full-wave simulations can be very useful in the verification
stage and for the investigation of the impact of the transmitarray environment
(mechanical fixture, surrounding objects in the operational environment, etc.).

In contrast, the theoretical model presented in Sect. 6.2.1 enables a fast and
accurate simulation of most transmitarray structures as it requires only a few
electromagnetic full-wave simulations of small complexity (focal source(s) and unit
cells) and derives accurate results on radiation patterns and main antenna charac-
teristics through simple analytical calculations. A flow chart of the simulation
procedure is presented in Fig. 6.5 and this procedure has been validated in
numerous test cases presented in the articles of the author. A short simulation time
is especially useful when optimization techniques with a large number of iterations
are used, for instance, for radiation pattern synthesis. Several effects are not taken
into account in this theoretical model such as the impact of spill-over radiation,
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Fig. 6.5 Simulation procedure

diffraction, and scattering on the fixture or edges of the transmitarray; although
these effects can be modeled, they would add a significant complexity to the
simulation software and they usually can be mitigated through suitable design of the
transmitarray structure (e.g., using shielding and absorbing materials).

Unit cells are simulated using periodic conditions and a Floquet analysis to
derive the S-parameters and radiation patterns assuming an infinite array of iden-
tical cells. Such analysis is available in many electromagnetic simulation softwares
and allows the investigation of large periodic structures through the simulation of a
single unit cell. It is based on the theory established by G. Floquet to solve periodic
linear differential equations. In the context of periodic electromagnetic structures
excited by a plane wave, the fields’ distribution is periodic as well and the
reflected/transmitted waves are expressed as a sum of plane waves (Floquet modes)
[41]. While the environment of each unit cell may generally be composed of
different unit cells in the actual transmitarray, the assumption of infinite periodicity
is generally good enough to allow for an accurate design. The size of unit cells is
typically of 4¢/2 X Z¢/2 so that only the first order of Floquet modes is relevant.

As mentioned in Sect. 6.2.1, in cases where unit cells are based on coupled
layers and cannot be divided into independent subblocks (antennas and intermediate
circuit), the Floquet simulation is used to derive the S-parameters of the unit cell
which is then a4 x 4 matrix taking into account the two orthogonal Floquet modes
associated with the two polarization directions X and Y [42, 43]:
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In some cases, unit cells are circularly polarized on either or both sides and
circularly polarized S-parameters can be deduced from linearly polarized ones
(Eq. 6.13) using classical expressions not reproduced here for brevity. Circular
polarization can be also generated using sequential rotation schemes where the
assumption of infinite periodicity of the individual unit cells is not met. In this case,
it can be necessary to simulate sub-arrays to derive accurate radiation patterns of
each unit cell and of the transmitarray [28].

Finally, the model, and in particular Eq. 6.2, is based on an important
assumption that the transmitarray is located at far-field distance of the focal source
since it assumes a 1/R field attenuation. The experience shows that a suitable
accuracy was obtained with focal distances chosen for maximum aperture efficiency
corresponding to typical applications. The replacement of Eq. 6.2 with a near-field
model of the focal source radiation could be envisioned in specific cases with very
short focal distances.

6.2.4 Transmitarray Unit Cells Design

A major challenge in the development of a transmitarray antenna is the design of
unit cells with low transmission losses and a wide range of transmission phase,
possibly up to 360° for short focal length arrays, beam-steering reconfigurable
transmitarrays, or accurate beam synthesis. To reach this goal, one can identify two
main strategies, which we will call separate Tx—Rx antennas and coupled-layers
approaches, respectively. In the former, the unit cell can be clearly separated into
two separate antennas on each side of the transmitarray panel and an intermediate
circuit or interconnection as represented in Fig. 6.2a. In the latter, the multiple
layers composing the unit cell operate collectively and the whole unit cell shall be
simulated as a single structure.

Separate Tx—Rx antennas: the phase shift is generated in lumped or distributed
circuits that have to be integrated within the transmitarray unit cell. As the area of
the unit cell is usually limited to about Ay/2 X A¢/2 and a small thickness is also
desired, the main challenge lies in the miniaturization and minimization of losses of
this circuit. This challenge is even more important if one would implement
true-time delay unit cells which would be required for ultra-wideband operation.
Hence, in large arrays, the time delay difference between unit cells in the center and
at the edges amounts to several wavelengths (unless in very long focal transmi-
tarrays); such an array has not been demonstrated so far to our knowledge.
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Coupled-layers approach: this approach is inherited from frequency-selective
surfaces (FSSs) which have been investigated for a long time for filtering purposes.
It relies on the collective response of multiple layers of resonators or scatterers
which exhibits a dispersive response much like a multistage filter. Small dimension
changes or lumped capacitance/inductance changes shift the frequency response
and result in a phase change. As it is often desired to minimize the number of layers
for the sake of low manufacturing cost, it can be shown that a quarter-wavelength
spacing between layers will maximize the phase-shift range and minimize
reflection/insertion losses. The design principles and limitations of such structures
have been investigated by several authors; in particular, the trade-off between the
phase-shift range and transmission losses was investigated in [21] and it was shown
that at least 3 and 4 layers were required for a 360° phase range within a 3- and
1-dB transmission loss limit, respectively. However, in [35], the authors showed
that coupled-layers transmitarrays designed for beam-steering result in significant
sidelobes in fixed directions dependent on the main beam direction but independent
of the transmitarray size. This effect is attributed to higher order modes triggered in
the structure at phase discontinuities and is emphasized by the large thickness
(typically Z4/4 between each layer) of the structure.

The approach described above based on resonant structures (half-wavelength
scatterers, quarter-wavelength layer spacing) is usually narrowband due to a
strongly dispersive frequency response; they may also exhibit a significant angular
dispersion making the structure sensitive to incidence angles and prone to scanning
losses. This lead several groups to investigate the use of non-resonant miniaturized
(smaller than 1p/4 x Ay/4) designs combining inductive and capacitive responses
with reduced spacing between each layer to reach wideband responses. In this case,
the phase shift per layer is reduced and a full 360° phase range would require a
large number of layers resulting in a larger fabrication complexity. In [23], a 5-layer
transmitarray with a total thickness of 0.08/4, only was demonstrated with a 20%
3-dB gain bandwidth; in this example, the transmission phase range was about 180°
only but this was sufficient for a transmitarray with a focal ratio of about 1. It can be
shown that these structures usually result in a quasi-linear phase response or
true-time delays which can be used to design ultra-wideband lenses. In [24], the
authors demonstrated a 4-layer transmitarray with 0.241, total thickness and a
maximum true-time delay of about 40 ps at 8.5 GHz (equivalent to 123° phase
shift). Although this delay is quite limited, this was suitable for a long focal lens
(F/D = 1.5) with a very broad frequency response compatible with the transmission
of pulsed signals with fractional bandwidth as large as 50%.

One can observe that such transmitarrays with a large number of layers come
close to designs based on the effective-index approach, which indeed can provide
very broadband performances but at a significant fabrication cost. The large number
of layers makes very difficult the design of a reconfigurable transmitarray that
would require either low-loss tunable materials or a very large number of tunable
lumped devices distributed in several layers. So far, examples available in the
literature have been limited to passive structures.
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6.3 Practical Examples and State of the Art

A selection of transmitarrays taken from the literature is presented hereafter to
illustrate the main achievements and most representative developments performed
to date in the domains of passive transmitarrays, beam-steering or reconfiguration
schemes, and feeding schemes.

6.3.1 Passive Transmitarrays

Numerous passive transmitarrays have been demonstrated to date in frequency
bands ranging from 5 to 90 GHz. They are usually based on standard
printed-circuit-board technologies and differ mainly by their phase-shifting schemes
using either separate Tx—Rx antennas or coupled layers. Overall, most structures
exhibit similar performances with 3-dB fractional bandwidths of 10-20%, aperture
efficiencies of 25-45% and total efficiencies of 50-70%.
In [44], a 30-GHz circularly polarized transmitarray using the separate Tx—Rx
antennas scheme was demonstrated on organic substrates with a thickness of
1.3 mm (0.13 %) and three metal layers (Fig. 6.6). The transmitarray is a 102
10X, square array of unit cells having an insertion loss of 0.2 dB only. Each unit
cell is linearly polarized on the focal source side and circularly polarized on the free
space side. The total gain is 22.8 dBi which corresponds to an aperture efficiency of
15% only due to the 180° quantization used in the phase compensation scheme
(about 3.1 dB of quantization loss) and to a significant taper loss due to the short

(a) ' Sequential rotation (b)
Circular(liy < 4angle
polarized patch

Ground plane

Linearly
polarized patch

Phase correction
angle

Fig. 6.6 30-GHz circularly polarized transmitarray unit cell (a) and prototype with sequential
rotations (b) [44]
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focal distance (F/D = 0.52). However, the antenna efficiency is very good (63.1%)
for this frequency band and the bandwidth properties are excellent (3-dB bandwidth
of 20%, 3-dB axial ratio bandwidth of 24%).

In [17], linearly and circularly polarized transmitarrays were demonstrated for
the first time at 60 GHz. The advantages of the structure are its simplicity, made of
only three metal layers, leading to very low loss (about 0.5 dB insertion loss) and
wide bandwidth (7% 1-dB bandwidth). One of the critical fabrication difficulties in
high millimeter-wave bands is the realization of vertical via interconnection
between metal layers, which impacts the fabrication cost as well. This issue was
overcome in [45] where via-less unit cells were demonstrated at 60 GHz with still
only three metal layers and low thickness (735 pum). A transmitarray composed of
seven different unit cells was demonstrated. These seven unit cells effectively
realize 2.8 bits of quantization, i.e., seven phases state from 45° to 315° with 45°
increments. Hence, it was found that it was not possible to implement a 0° phase
state with the selected design options (only three metal layers, no via).
A fixed-beam antenna was demonstrated with a broadside gain of 32 dBi at
60 GHz, a 3-dB bandwidth of 20%, and a very low cross-polarization level.
Recently, the same design was demonstrated in E-band (71-86 GHz) with similar
performance [46].

In [16], a 35-GHz linearly polarized filter-lens array is presented based on the
coupled-layer approach. It is fabricated on two glass wafers with a total thickness of
I mm (0.12 Ag), and three metal layers with a diameter of 7.8 cm (~92g). It is
composed of bandpass unit cells inspired from frequency-selective surfaces with a
stack of patch-slot-patch resonators exhibiting insertion losses in the range of 2-3
dBi; their dimensions are tuned to provide the required phase shift at the central
frequency to focus the beam in the broadside direction. The 3-dB bandwidth is
8.2%, the maximum gain is 25.6 dBi, the aperture efficiency is 45%, and the total
efficiency is estimated to 52%.

In [47], another transmitarray based on the coupled-layer approach was
demonstrated at 30-GHz The array is composed of stacked parallel continuous
metallic strips diffracting the incident wave. The structure is made of three metal
and two dielectric layers with a total thickness of 1 mm (0.1Ag). It was shown that
the number of metal layers and their relative distance (thickness of the structure)
determine the achievable transmission phase range and the transmission magnitude
variation [10]. In the presented example, a transmission phase range of ~300° and
a transmission magnitude variation of ~2 dB were obtained. A difficulty in this
structure is that the transmission magnitude and phase are not independent and a
trade-off has to be made between the minimization of phase errors and the opti-
mization of the transmission coefficient. Among the advantages of this design are
the simplicity of the fabrication process and the possibility to tune the transmission
phase quasi-continuously along the strip directions, thereby minimizing aperture
discretization losses. In [48], the authors reduced the structure to two metal layers
only with a transmission phase range of about 180° and used the amplitude cor-
rection scheme of Fresnel Zone Plate lenses to complete the 360° phase correction
range. They demonstrated a gain of 28.6 dBi and an aperture efficiency of 28.9%
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Fig. 6.7 Gradient-index dielectric flat lens: cross section and effective dielectric profile (a),
prototype at 60 GHz (b) [11]

with a 3-dB bandwidth of 16.5%. In contrast, the same authors increased the
number of metal layers to four in [19] to reach a more accurate phase and amplitude
control and enable a beam-shaping capability with the demonstration of a flat-top
beam.

In [11], transmitarrays implemented as gradient-index dielectric flat lenses were
demonstrated at 60 and 77 GHz (Fig. 6.7). The lenses are made of an organic
substrate with a permittivity €. = 6.0, a diameter of 25 mm (5)¢ at 60 GHz), and a
thickness of 7 mm (1.4Xg). Holes are drilled in the dielectric substrate with a
variable diameter and spacing in order to synthesize an equivalent permittivity
tunable in the range of 2.25-6. The antenna gain is 18.3 dBi and 18.9 dBi at
60 GHz and 77 GHz, respectively, which corresponds to an aperture efficiency in
the range of 19-27%. The antenna efficiency is estimated by the authors to 60-70%.

6.3.2 Mechanical Beam-Steering

Beam-steering is an important functionality in many applications and can be
implemented mechanically. Instead of moving the whole antenna structure, trans-
mitarray antennas offer the opportunity to keep the focal source(s) fixed and move
only the transmitarray panel, which is interesting since the displacements of the RF
and electronic interconnections of the focal source(s) can trigger significant com-
plexity (rotary joint, flexible cables), cost, weight, and reliability issues, while the
transmitarray panel does not have any electrical connection if it is passive.

As for dielectric lenses or reflectors, a common beam-steering technique is to
rotate the transmitarray panel around its center so that the focal source remains on
the focal arc (Fig. 6.8a) [49]. Two axes of rotations can be combined to steer in
azimuth and elevation. This approach has been used in many works to demonstrate
the capabilities of passive transmitarrays. It is usually limited to about +30°
because of increased spill-over losses and degraded radiation patterns (beam
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distortion, sidelobes) due to a non-optimal amplitude and phase illumination of the
transmitarray by the focal source.

In the case of a large-aperture transmitarray, the rotation can induce a significant
increase of the total height of the antenna system and a large volume requirement,
which is inconvenient for many applications where low-profile antennas are desired
such as vehicles or aircrafts. A similar beam-steering effect can be obtained by
translation of the transmitarray panel above the focal source (Fig. 6.8b). In [50], a
Ka-band circularly polarized transmitarray is demonstrated for satellite communi-
cations with in-plane translation of the transmitarray panel above the focal source to
steer the beam in elevation over 0-50° with less than 3 dB scanning loss (Fig. 6.9).
This translation is combined with a 360° in-plane rotation of the transmitarray panel
to steer the beam in azimuth; hence, the focal source can be kept in fixed position
because it is circularly polarized. The transmitarray is optimized for a beam tilted at
32.5° elevation angle when in center position and the 0-50° scanning range is
covered for a translation of [—0.3F, 0.6F], where F is the focal distance; this
optimization takes into account the scan loss, the beam distortion, and the height
requirements. The antenna aperture is 195 x 145 mm? and includes an extension to
translate the panel without increasing spill-over losses, the focal ratio is
F/D ~ 0.55, and the gain is 27.3 dBi.

Fig. 6.8 Mechanical beam-steering schemes: rotation in the focal arc (a), translation (b), in-plane
rotation (c)
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Fig. 6.9 Mechanical beam-steering through translation of the transmitarray; Ka-band prototype
(a) and experimental radiation patterns with beam steered at 0-50° [50]

In-plane rotations of the transmitarray are easy to realize mechanically and do
not degrade the overall size of the antenna. In [51], a 30-GHz linearly polarized
transmitarray antenna composed of two rotating transmitting panels was presented
(Fig. 6.8c). The panels are separated by about 44/5; each one exhibits a linear phase
distribution; and the system is analogue to rotatable dielectric wedges, or Risley
prisms, which were already known but seldom used in the microwave domain due
to excessive thickness, weight, and reflection losses. This transmitarray mitigates
these issues and beam-scanning capabilities up to 57° and 72° from the zenith were
successfully demonstrated with scanning losses of 2.8 dB and 5.8 dB, respectively.
As compared to a fixed-beam transmitarray of similar technology, the two-panel
configuration results in about 1.8 dB additional losses at 30 GHz.

6.3.3 Switched-Beam Transmitarrays

In contrast to the mechanical beam-steering presented above, electronic switching
or scanning offers much faster operation, which can be useful in many applications,
especially radars and future mobile communication systems. In addition, it usually
improves also the system in terms of cost, weight, and reliability. As previously
known from dielectric and Fresnel lenses or reflectors, an array of sources in the
focal plane can be used for a simple implementation of multi-beam and
beam-switching capabilities (Fig. 6.10a). This approach is less complex and usually
provides better efficiency than fully reconfigurable antennas (next section) at the
cost of less radiation flexibility; these particularities make this configuration very
attractive for millimeter-wave systems such as automotive radars or point-to-point
communications.

This approach was first implemented at 60 GHz with circularly polarized
small-aperture transmitarrays (11-14 dBi gain) targeting indoor short-range com-
munications [52]. A focal array of five antennas integrated on high-resistivity
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Fig. 6.10 Beam-switching transmitarray with switched focal sources (a), 60-GHz switched-beam
transmitarray [45]

silicon was developed and a beam-switching capability of £22° was demonstrated.
In [45], a 60-GHz linearly polarized switched-beam transmitarray was developed
approaching the specifications of point-to-point communications in wireless net-
works (Fig. 6.10b). A linear focal array of five patch antennas was designed
associated to a SP5T switching network. The five sources are separated by 2.6 mm,
the focal ratio F/D is 0.55, and this leads to five beams with a beamwidth of 3.2°,
oriented at 0°, £2.3°, £4.6° and an inter-beam crossing level at about —1.5 dB; the
overall —3 dB angular coverage is about £6.1° in the steering plane. The maximum
gain is 29.3 dBi and the 57-66 GHz band is covered with a gain above 25 dBi.

In the above examples, the transmitarrays were optimized for a source centered
in the focal plane; off-center sources result in a steered beam but also in gain,
beamwidth, and sidelobe degradation due to the oblique illumination. A specific
optimization of the transmitarray can be considered to mitigate this issue and find a
performance trade-off between broadside and steered beam [53].

6.3.4 Reconfigurable Transmitarrays

Reconfigurable transmitarray antennas correspond to structures where switching or
tuning capabilities are integrated inside each unit cell in order to change the
transmitting phase/amplitude/polarization and thereby reconfigure the antenna
radiation patterns to steer the beam, change its spatial distribution (null-steering,
sidelobe level control, beamwidth, multiple beams) or change its polarization. Most
works to date have been focused on beam-steering performance which is the main
applicative need and reconfigurable transmitarrays offer the perspective for more
accurate beam-steering and larger scanning range than using switched focal sources
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(i.e., previous section), and faster steering than mechanical schemes. The design of
reconfigurable unit cells with a high efficiency, small size (0.5Ay x 0.5) in area,
low thickness), low power consumption, and simple control has been the focus of
many works for the last 15 years in frequency bands between 5 and 40 GHz.
Targeting the highest frequency bands is also a challenge in terms of integration and
efficiency. Few full-size reconfigurable transmitarrays have been demonstrated to
date with attractive performances and two examples are described hereafter.

In [35], a 6 X 6-element transmitarray at 5 GHz using varactor diodes as
tuning devices was demonstrated (Fig. 6.11). The array unit cell is composed of
patch antennas on both sides of the panel with a phase-shifter circuit in an
intermediate level [34]; this phase-shifter uses six varactor diodes but a
single-biasing voltage. The unit cell exhibits a 400° phase range and a 3.6 dB
average insertion loss (1.7-5.2 dB). One interest of this structure from the fabri-
cation point of view is the lack of interlayer via interconnections; the signal
transmission between layers is performed using slot coupling or proximity cou-
pling. In contrast, coupling techniques can result in parasitic radiation degrading
the radiation performance of the array in particular in terms of cross-polarization
as observed by the authors. The authors mention that each unit cell was indi-
vidually characterized in transmission phase to generate per-element lookup tables
to control accurately the bias voltages of each varactor diode. The array generates
a peak gain of 15 dBi, a scanning window of 100° x 100° and a fractional
bandwidth of about 10% for 2 dB gain variation.

In [28], Di Palma et al. demonstrated a 20 x 20-element electronically recon-
figurable transmitarray operating in Ka-band (27.4-31.7 GHz) with a beam-steering
range of +60°, full polarization reconfiguration (linear H/V, circular left/right), a
broad 3-dB bandwidth (14.6%) and a good radiation efficiency of 58% (Fig. 6.12).
The array is based on linearly polarized unit cells with 180° phase switching (1 bit
phase quantization using PIN diodes) and the unit cells are arranged with a random
0°/90°/180°/270° sequential rotation. The random distribution mitigates the issue of

() UM

Gain (dBi)

Elevation (deg.)

Fig. 6.11 6 x 6-element 5-GHz reconfigurable transmitarray (a) based on varactor diodes
phase-shifters and radiation patterns in the E-plane with beam steered at £50° (b) [35]
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Fig. 6.12 Ka-band 20 x 20-element reconfigurable transmitarray (a), measured radiation patterns
(realized gain) at 29 GHz for right-hand circularly-polarized beams in the horizontal plane (b) [28]

spurious grating lobes occurring in periodic arrays when steering the beam off the
broadside direction. This sequential rotation scheme associated with the 180° phase
switching enables a full polarization reconfigurability. In the case of circular
polarization, the axial ratio remains lower than 2 dB over the full operating
bandwidth of the antenna. The beam can be steered in all azimuth planes up to
+60° with 5 dB scanning loss and sidelobe levels below —12 dB. The array was
demonstrated first with a 10 dBi focal horn source with a focal ratio F/D = 0.60 and
next with a 2 x 2 planar focal array of SIW slot sub-arrays enabling a focal ratio
reduction down to F/D = 0.36.

While the two selected examples above are based on varactor diodes or PIN
diodes, it is important to note also the works performed using less mature tech-
nologies like RF-MEMS [30], ferroelectric [37], or microfluidics [39].

6.3.5 Focal Distance and Thickness Reduction

The space-feeding architecture of transmitarrays makes them quite bulky and is a
drawback as compared to low-profile antenna solutions like phased arrays in terms
of integration in applicative environments (e.g., vehicles, aircraft, building, portable
systems, etc.). Depending on the focal source beamwidth, the maximum gain and
aperture efficiency are reached for a typical focal ratio F/D of 0.3—1 as illustrated in
Fig. 6.3 and therefore the focal distance is proportional to the transmitarray area. In
this respect, the thickness of high-gain, large-aperture antennas can become sig-
nificantly large and the idea emerged to divide the array into multiple sub-arrays of
smaller area, so shorter focal distance, to make the structure thinner (Fig. 6.13a).
The concept was introduced in the domain of Fresnel lenses, which suffer from the
same issue [54] and was implemented in transmitarrays at X band with four focal
sources and a focal distance reduction of about 1.8 [55]. As a rule of thumb, since
the transmitarray aperture is divided into N sub-arrays (N focal sources), the focal
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Fig. 6.13 Different schemes for reducing the focal distance and thickness of transmitarray
antennas: multisource architecture (a), folded transmitarray (b), waveguide feed (c), metasurface
feed (d)

distance can be reduced by about y/N. In principle, the number N of focal sources
can be increased as necessary to reduce dramatically the structure height but the
benefit of a quasioptically fed structure will be reduced as well by the requirement
of a feed network of the focal sources which need appropriate equal amplitude and
phasing. It can be shown that the multiple focal source configuration can result in an
increase of the transmitarray bandwidth since the distance between each unit cell
and its closest focal source is reduced as compared to a single-source structure of
equivalent area and therefore the differential time delays are reduced as well. It is
worth to note that a multisource configuration can serve other purposes such as
power combining (reducing the output power requirement of each focal source to
reach a targeted radiated power level) or implementing multi-beam schemes for
monopulse radars [56], imaging systems or spatial multiplexing schemes in com-
munication systems.

Another approach is to illuminate the transmitarray indirectly by using a
reflection in a so-called folded transmitarray architecture, which is similar to the
folded reflectarray presented in Chap. 5. The focal source radiates in a polarization
orthogonal to the transmitarray polarization so that the signal is reflected toward a
polarization-twisting reflector. In contrast to the folded reflectarray, the phase
correction to focus the beam is implemented in the transmitting surface and not in
the reflector. To our knowledge, this approach has not been demonstrated so far
with transmitarrays but only with a dielectric lens at 60 GHz in [57] where the focal
distance has been reduced by a factor of about 3.

In [58], the transmitarray panel is no longer fed through a quasioptic radiation
from the source but through guided waves (Fig. 6.13c). A feed network is com-
posed of metallic hollow rectangular waveguides operating in the fundamental
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TE10 mode. The unit cells are on the narrow side of the rectangular waveguides and
each waveguide feeds in series a line of unit cells by coupling (leaking) a small
amount of power to each of them. This approach is demonstrated with a recon-
figurable transmitarray of 6 X 6 elements at 4.8 GHz and the performances are
shown to be very similar in gain and efficiency to the same array previously
demonstrated with a quasioptic feed [35]. This feeding scheme allows to reduce the
thickness of the array to 0.75 only. This comes at the cost of a significant increase
in design complexity to ensure a proper phasing and power distribution across the
aperture. The series feeding scheme leads also to a reduced bandwidth and a more
significant beam-squint effect as in series-fed phased array. This architecture,
composed of a guided feed network, phase-shifters, and radiating elements, comes
close to classical phased arrays with the same difficulties in terms of scaling in size,
weight, design complexity, and scaling to the millimeter-wave domain.

In [59, 60], the feed source is a metasurface antenna, of similar area as the
transmitarray, generating a leaky-wave which illuminates the transmitarray panel
located in its near-field (Fig. 6.13d). The metasurface source is fed in its center, the
guided substrate mode propagates radially, and the surface is designed to generate a
Bessel beam, i.e., with a nearly uniform amplitude, with a radial polarization. The
transmitarray is also a metasurface and is designed to convert the radially polarized
incident wave into the desired (linear or circular) polarization for the radiated beam.
This scheme enables a very thin structure of 0.25Aq only (0.14L, separation
between the transmitarray and the metasurface feed). The antenna efficiency and
aperture efficiency for a passive (fixed-beam) transmitarray at 9.9 GHz were about
40% and 25%, respectively. As in the previous example (waveguide feed), the main
challenge in this structure is the accurate design and control of the phase and
amplitude distribution across the aperture.

6.4 Conclusion and Perspectives

Transmitarray antennas offer very promising opportunities for future systems,
especially in the millimeter-wave range with a wealth of emerging applications in
the telecommunication sector as well as radar and imaging systems. They have seen
a lot of developments over the last 15 years related to the design of low-loss
structures, especially in the millimeter-wave domain, the investigation of bandwidth
limitations, and development of beam-steering schemes and fully reconfigurable
antennas.

First commercial exploitation of passive transmitarray antennas is expected soon
in the domain of point-to-point millimeter-wave communications but there are still
many innovations and challenges expected to expand their capabilities, such as dual
polarization, dual-band, and multiband operation, as well as filtering properties. The
integration of transmitarrays with their environment is also a topic that has hardly
been addressed so far: codesign with radomes, conformation on nonplanar surfaces,
packaging and codesign of custom focal sources to reduce/cancel spill-over
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radiation and optimize the aperture efficiency. New and more complex transmi-
tarray architectures are also a promising path for innovation: some of them have
been described in Sect. 6.3.5 for size reduction like folded transmitarrays or dis-
tributed sources. The emergence of applications in the high millimeter-wave and
submillimeter-wave ranges is also a good opportunity for transmitarrays to replace
bulky and expensive dielectric lenses and mirrors; such development will challenge
current manufacturing technologies to realize multilayer, thin, large-area,
metal-dielectric structures with feature resolutions in the 10-um range or below.

Most existing works are based on simple modeling and simulation principles
which are good enough for proof of concept but lack the accuracy required for
large-aperture antennas with synthesized beams in some challenging applications,
like satellite communications. In this domain, new simulation and optimization
tools based on multiscale electromagnetic modeling techniques will certainly be
required. Such tools will certainly play a major role in the development of the
complex architectures mentioned above.

Fully reconfigurable transmitarrays are certainly a major challenge for the future
as current structures remain limited in performances and scalability in large aper-
tures. This requires the design of transmitting unit cells with low loss, accurate
phase control over a full 360° range, and simple and scalable control schemes. In
the microwave and low millimeter-wave range, semiconductor switches and tunable
devices will certainly remain the technology of choice to implement such systems.
In the high millimeter-wave range, there are certainly important opportunities for
innovating reconfiguration technologies likes MEMS, NEMS, ferroelectric devices,
or tunable materials.
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Chapter 7
Fabry-Perot Cavity Antennas

Alexandros Feresidis, Konstantinos Konstantinidis
and Peter Gardner

Abstract Fabry-Perot Cavity Antennas (FPAs) are a type of highly directive planar
antennas that offer a promising alternative to standard planar microstrip patch arrays
or waveguide slot array antennas. They offer significant advantages in terms of low
fabrication complexity, particularly at mm wave frequencies, high radiation effi-
ciency, and good radiation pattern performance. These advantages, in conjunction
with a renewed interest in periodic surfaces and meta-surfaces, led to a reinvigo-
ration of international research on this antenna type. This chapter reports recent
advances on the design and implementation of FPAs at mm-wave bands. The main
concept of FPAs, their operating principles and analysis approaches are briefly
introduced. The basic types of FPAs are summarized following a historical account
of various implementations until recent years. The main body of this chapter pro-
vides an overview of recent designs with a main focus on mm-wave bands and the
advantages of the reported antennas for high-frequency implementations.

This chapter reports recent advances on the design and implementation of
Fabry-Perot Cavity-type antennas (FPAs) at mm-wave bands. The main concept of
FPAs, their operating principles, and analysis approaches are briefly introduced.
The basic types of Fabry-Perot cavity antennas are summarized following a his-
torical account of various implementations until recent years. The main body of this
chapter provides an overview of recent designs with a main focus on mm-wave
bands and the advantages of the reported antennas for high-frequency
implementations.
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7.1 Introduction

7.1.1 Fabry-Perot Cavity Antenna Concept

The term Fabry-Perot Cavity Antenna (FPA) was coined in recent years for a
relatively simple planar antenna structure that yields high directivity and gain,
offering a promising alternative to standard planar microstrip patch array or
waveguide slot array antennas. FPAs offer significant advantages in terms of low
fabrication complexity, particularly at mm-wave frequencies, high radiation effi-
ciency, and good radiation pattern performance [1]. These advantages, in con-
junction with a renewed interest in periodic surfaces and meta-surfaces, led to a
reinvigoration of international research on this antenna type that led to a surge of
journal and conference publications since the early 2000s.

The basic concept of FPAs, although the term was not used at the time, was first
introduced by Trentini [2] in 1956. This work demonstrated how several types of
periodic surfaces, acting as partially reflective surfaces (PRSs), can increase the
directivity of a single waveguide aperture surrounded by a ground plane. In
mid-1980s, the directivity and gain enhancement produced by dielectric super-
strates over printed antennas was reported independently [3, 4]. Around the same
time, Trentini’s work was revisited by [5], producing highly directive antennas with
multiple periodic superstrates. However, it was not until 2001, when the similarities
of the operating principle of these antennas with the Fabry-Perot interferometer
widely used in optics were reported [1] and a study on the effect of the periodic
superstrate (or PRS) characteristics on the antenna bandwidth and directivity was
performed. A large number of papers have been published since, with the term
Fabry-Perot Cavity antenna used in many of those. However, other terms have also
been used for this type of antennas, such as Electromagnetic Band-Gap
(EBG) resonator antennas, high-gain leaky-wave antennas, or PRS antennas.

The main FPA structure is formed by a partially reflective surface (PRS) placed
at a distance of about half-wavelength and in parallel to a ground plane thus
forming an open Fabry-Perot type resonant cavity. An excitation source is typically
included within the cavity, e.g., a dipole, a microstrip patch or a slot in the ground
plane. The gain and bandwidth of the FPA depend on the reflection (amplitude and
phase) from the PRS as well as the distance from the ground plane. The PRS can be
either a passive periodic array, such as Frequency-Selective Surfaces (FSSs) which
are customarily used for filtering electromagnetic waves, or a metasurface with
sub-wavelength and potentially nonuniform unit cells. Various implementations
have been proposed in recent years, most of them employing 2D metallo-dielectric
arrays of conducting elements [1, 2, 5—12] or metallic periodic arrays of apertures in
a conducting sheet [13—15]. However, different configurations have also been
proposed employing one or more dielectric layers [3, 4, 16—19] with different
dielectric constants and thicknesses functioning as the PRS layer. The use of
dielectric superstrates as the PRS may offer some advantages in terms of reduced
fabrication complexity, however it reduces the degrees of freedom in the design.
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7.1.2 General Overview of FPA Analysis Techniques

The work of Trentini [2] first employed a geometric optics approximation to
describe mathematically the antenna operation by means of the multiple reflections
of plane waves between the ground plane and the PRS. The analysis was adopted to
describe the paths of transmitting and reflecting rays from the PRS. This approx-
imate method assumes an infinite extent of the structure and thus is not taking into
account diffraction effects while it also ignores higher order mode coupling. The
approach gives an estimation of the directivity performance after calculating the
reflection characteristics of the PRS structures under plane-wave incidence
assuming infinite size structures. The operating frequency is defined by the cavity
distance, which is typically close to half-wavelength in order to achieve con-
structive interference of the waves bounced between the PRS and the ground.

Another analysis technique for FP antennas is based on the principle of
reciprocity. This technique is based on the principle that a source placed at a point
A in the far-field will provoke an electric field strength at a point B inside the
structure equal to the one that would be provoked at point A, from a source at point
B (Fig. 7.1). Thus, the technique reduces the estimation of the far-field radiation
characteristics to the calculation of the fields at an observation point inside the
antenna when illuminated by a plane wave of fixed magnitude and a varying angle
of incidence. By sampling the relative field strength, at the observation point B, for
various angles of incidence the (receiving) radiation pattern of the antenna can be
obtained. This approach is described in [20, 21] for antennas consisting of a single
periodic layer and also employed in [22, 23] for FP antennas with multiple periodic
layers. The technique can be combined with any other method that allows the
calculation of the near field at point B. For more accurate results, the calculation of
the near field at point B can be done using a rigorous full-wave modeling technique,
for example as in [22].

A more rigorous analysis and design of FP antennas can be performed using
leaky-wave theory. This is due to the partial electromagnetic transparency of the
PRS at frequencies near the resonance and the associated leaky-modes that are
excited. The main information about the operation of leaky-wave antennas can be
provided by investigating the complex wavenumber, k = f§ —jou, of the
leaky-modes. Obtaining the values of the real part of k gives an estimation of the

Fig. 7.1 Schematic diagram A
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angle of the main radiated beam, while the imaginary part of k gives information
about the beamwidth of the radiated beam for the corresponding leaky mode. In
[24], a technique based on the transverse equivalent network (TEN) method has
been applied to study periodic patches printed on a grounded slab via a dispersion
analysis, which can give great insight into the operation of FP leaky-wave antenna.
The procedure is employed to extract the dispersion equation of the surface and
leaky-wave modes from the plane-wave reflection data. The homogenization pro-
cess leads to an equivalent admittance for the periodic surface, whose poles and
zeros are derived from the reflection coefficients in the fast-wave region.

More recently, the finite-difference time-domain (FDTD) method has been used
to model the unit cell and rigorously derive the dispersion properties for 2-D FP
antennas [25]. Moreover, LW analysis of FP antennas based on a PRS and a HIS
has been carried out using FDTD [26]. The LWAs under investigation are studied
using a periodic FDTD methodology, initially proposed in [27, 28]. According to
this methodology, any periodic leaky-wave structure can be rigorously modeled by
simulating its unit cell within a FDTD computational domain, terminated with
periodic boundary conditions (PBCs). This type of modeling allows for the com-
putationally efficient calculation of the electromagnetically converged complex
propagation constants of the leaky-modes supported by the infinitely long structures
under consideration.

7.2 Basic Types of FPA Antennas

7.2.1 Metallic and Metallo-Dielectric FP Antennas

As mentioned above, the first and most common implementation of an FP antenna
is the one introduced in [1] which has been based on earlier work [2]. It consists of
a doubly periodic array of metallic elements, printed on a dielectric substrate and
placed at approximately half-wavelength distance over a ground plane (Fig. 7.2).
The antenna excitation is a waveguide-fed slot in the ground plane.

(a) (b)
\ | PRS

slot z
\
_ X "y
P T Ground plane

Fig. 7.2 Typical implementation of a Fabry-Perot antenna with metallo-dielectric PRS over a
ground plane and a waveguide-fed slot, b front view of a square element unit cell

2

waveguide
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Fig. 7.3 a Schematic representation of the antenna based on a Fabry-Perot cavity, L = 3.06 mm,
t=0.14 mm, d, = dy = 5.8 mm, and h = 9 mm, b directivity versus wavelength (taken from [13])
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Fig. 7.4 a 3D (left) and lateral (right) view of a single-layer FPC antenna formed by a thick
metallic FSS with periodic circular holes fed by a magnetic current on its ground. b Similar to
(a) but for the dual-layer cavity antenna (taken from [14])
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This idea has been extensively investigated, employing different types of pri-
mary feeds and geometries for the periodic array. Moreover, a lot of work has been
carried out at mm-wave frequencies, in particular at 44 GHz [8], 60 GHz [9, 10]
and 94 GHz [11].

At the same time, all-metallic PRSs have been introduced [13, 14] as the one
shown in Fig. 7.3. This particular design achieves high directivity performance but
with narrow bandwidth operating at Ku-band (Fig. 7.3b). The PRS is formed by an
array of square apertures on a 1 cm-thick metallic sheet and the antenna is fed by a
square patch (Fig. 7.3a). All the dimensions of the structure are shown in the figure.
Another implementation of FP antennas employing all-metallic PRS is presented in
Fig. 7.4 [14]. In this case, the antenna is designed to operate around 60 GHz and it
consists of a PRS with circular apertures.

7.2.2 Dielectric FP Antennas

The use of single [16] or multiple dielectric layers [3, 4, 17-19] as superstrates for
FP antennas has been investigated since the mid-1980s, Fig. 7.5 [3]. Since the

reflected

incident
wave

b/2 €1. 4

b/2 €1. U

ground plan

I SA L

Fig. 7.5 FP antenna structure, consisting of dielectric layers of alternating thickness and material
constants stacked above a ground plane. The structure is fed by a simple dipole source (taken from

[3D
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operation of FP antennas is based on the reflection characteristics of the PRS, high
dielectric constant values were chosen in order to achieve high reflectivity values
which in turn leads to high antenna directivity and gain. Moreover, a large number
of layers are necessary in order to obtain comparable directivity values with the
conventional metallo-dielectric PRS antenna. In the design shown in the figure,
dielectric layers of alternating thickness and permittivity values are stacked on top
of each other. The larger the number of layers used, the greater the achieved
directivity.

7.3 Mm-Wave FPA Implementations

In this section, a review of recent Fabry-Perot antenna implementations at
mm-wave frequencies is presented. Mm-wave antenna designs and implementation
are typically limited by the fabrication process employed and the associated tol-
erances. Some of the highest mm-wave frequency implementations of FPAs are
reported in this section. Furthermore, the reduction of the profile of FPAs has been
studied extensively, by replacing the ground plane with an Artificial Magnetic
Conductor (AMC) surface [29, 30], which leads to quarter-wavelength or even
sub-wavelength profile highly directive antennas [22, 31-38]. Moreover, numerous
implementations with multiple PRS layers have been presented for bandwidth
enhancement of FP antennas [23, 37-43]. Finally, different feeding techniques [8,
10, 44-46] have been studied resulting in alternative configurations providing
enhanced radiation performance.

7.3.1 Higher mm-Wave and Submm-Wave FPAs

Recently, a first report of a submm-wave Fabry-Perot cavity antenna has been
presented employing a fully metallized structure [15]. In this case, the choice of
material was made to avoid dielectric losses which may be detrimental at these
frequencies. The complete antenna structure is shown in Fig. 7.6a and b and
consists of six layers. The first three layers form a waveguide H-bend used in order
to facilitate the interconnection of the antenna with the waveguide flange, while the
remaining three layers form the FPA. The antenna has been fabricated using a
micromachining process based on SU-8 photoresist that has been developed at the
University of Birmingham. The process offers the advantages of high-dimensional
accuracy, high achievable structure aspect ratio, and a capability of large-scale
inexpensive production. Figure 7.6c shows the directivity/gain performance along
with the S;; response. It can be observed that high directivity of 23 dBi has been
achieved at 284 GHz with the proposed design.

Another implementation of FP antenna employing dielectric superstrate is
obtained by using woodpile Electromagnetic Band-Gap (EBG) structures.
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Fig. 7.7 Geometry of Directive Beam
woodpile superstrate antenna '-
operating around 90 GHz
(taken from [18]) l L |
1 1
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superstrate 1
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A representative example of this category is the one presented in [18] (Fig. 7.7). In
the particular design, 3D EBG structures are formed by using ceramic material of
high dielectric constant. The band-gap of the EBG is designed to be around the
desired operating frequency, which in this case is ~90 GHz. The woodpile
structure is placed at a distance d = A/2 over a ground plane as illustrated in
Fig. 7.6. The response of the antenna depends on the geometrical parameters of the
woodpile structure and can be modified by varying the filament width (w) and
spacing (a). The directivity performance of the antenna for different w and fixed a is
shown in Fig. 7.8a while for fixed w and different a is shown in Fig. 7.8b. From the
figure, it can be observed that the directivity-bandwidth performance is highly
dependent on these two geometrical parameters.
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Fig. 7.8 Directivity versus frequency for: a different filament width w with a = 1.6 mm and
b different filament spacing @ with w = 0.4 mm (taken from [18])

7.3.2 Reduced Profile FP Antennas Using HIS

High Impedance Surfaces (HIS) are artificial metamaterial structures introduced by
Sievenpiper [29, 30] that exhibit a reflection phase of zero at a specific frequency
acting as Artificial Magnetic Conductors (AMC). They typically employ 2D peri-
odic arrays of elements on a grounded dielectric substrate. This property has been
exploited to design FP antennas with reduced profile.

More specifically, various implementations have been reported, where the
ground plane of the FP antenna has been replaced by an HIS structure. The concept
is based on altering the resonant condition of the cavity due to the zero reflection
phase of the HIS ground. This has been initially proposed in [31, 32], introducing a
high-gain FP antenna with quarter-wavelength profile. The idea has then been
extensively investigated [22, 33-38] to achieve even further profile reduction. For
example, in [36] a A/60 profile FP antenna is proposed based on an HIS ground and
a composite surface as a superstrate, acting as both a PRS and an AMC (Fig. 7.9).
The composite PRS-AMC surface consists from a square patch periodic array and
an inductive grid printed on either sides of a dielectric substrate. The choice of the
dimensions of the HIS ground and the PRS-AMC surface provides the suitable
reflection phases that result in the desired ultrathin cavity. The antenna is designed
to operate at around 10 GHz achieving a directivity of 18.9 dB. However, this
design has the disadvantage of a narrowband performance due to the rapid
reflection phase variation of both surfaces forming the structure.

Moreover, HIS structures have also been employed for producing circularly
polarized (CP) Fabry-Perot cavity antennas as the one presented in [34]. The
antenna incorporates a double-sided PRS placed above an anisotropic HIS ground
plane (Fig. 7.10) and the cavity is excited by a linearly polarized source rotated by
45°. The CP Fabry-Perot antenna operates at 15 GHz with a 21.1 dB gain. The
circular polarization is obtained by controlling the reflection characteristics of the
HIS and the PRS enforcing the resonance condition for both polarizations along
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(a) —RHCP - sim (b) ——RHCP - sim
-5 {——RHCP - measure -5 {——RHCP - measure/
"""" LHCP - sim wesens LHCP - sim
& -10 LHCP - measure ) -10 | - rncus.:rc:
Z .15 B 151
o =
u“:’ -20 % =20
Y5 Y o2s
-30 -30
35 U -35 : H il .
-90 -45 0 45 a0 -90 -45 0 45 a0
Theta (deg) Theta (deg)

Fig. 7.12 Simulated and measured radiation patterns at 15 GHz for a ¢ = 0°, b ¢ = 90° (taken
from [34])

with a 90° phase difference between them. The simulated and measured gain and
axial ration of the antenna is shown in Fig. 7.11a and b respectively. The axial ratio
at 15 GHz is 0.6 dB with the measured 3-dB axial ratio bandwidth being 9%. In
Fig. 7.12, the radiation patterns for the two principal planes are presented. It can be
observed that highly directive patterns are obtained for both the planes, while the
cross polarization level is less than —20 dB in both planes.

7.3.3 Broadband Multi-layer FP Antennas

The implementations presented thus far, demonstrate some of the advantages of FP
antennas, such as high-gain performance, simple design and feeding techniques.
Moreover, low-profile FP antennas have been obtained with the incorporation and
proper design of HIS structures. However, all these configurations suffer from an
inherit narrowband performance. To address this issue, a technique for bandwidth
improvement was introduced [39] and further investigated, based on the coupling
between two [23] or more [40] PRS layers of dissimilar array dimensions. The
concept exploits the different reflectivity values of the PRS layers to obtain a
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Fig. 7.13 Cross-section of a double-layer free-standing dipole PRS leaky-wave antenna and
b unit cell dimensions of the double-layer dipole PRS (taken from [23])

positive reflection phase gradient with frequency that satisfies the resonance con-
dition of the antenna cavity for a wide frequency range [1].

In [23], the proposed technique has been applied, leading to a double-layer PRS
design with half-wavelength separation between the PRSs and the ground plane
(Fig. 7.13), achieving a significant bandwidth enhancement compared to a
single-layer FP PRS antenna [1]. The PRS layers are formed by 2D periodic arrays
of square patches with the same periodicity but different size, printed on dielectric
substrates (Fig. 7.13b). In Fig. 7.14a, the simulated and measured gain and S11 of
the proposed antenna is depicted. It can be observed that high gain is obtained
between 13.4 and 14.1 GHz, with a maximum value of 17.4 dBi and a 3 dB
bandwidth of 6%. Furthermore, the simulated and measured radiation patterns at the
central frequency for H- and E-plane are presented in Fig. 7.14b, showing good
agreement and validating the concept.

Another approach of the same technique has been adopted in [42], where a
positive PRS reflection phase gradient is achieved employing dipoles printed on
both sides of a dielectric substrate. The unit cell and the complete antenna structure
are illustrated in Fig. 7.15a and b respectively. Three designs were presented with
different dipole dimensions, leading to different performances. Depending on the
obtained reflection phase and magnitude of each double-sided structure, a dual-band
antenna (Fig. 7.16a), and two broadband antennas with different bandwidths and
maximum gain (Fig. 7.16b and c) were obtained.

More recently, a new concept for designing broadband, yet sub-wavelength profile
Fabry-Perot-type antennas has been introduced [37]. The idea is based on combining
the bandwidth enhancement technique (using multiple layers) and the profile
reduction technique (using HIS structures as described in the previous section).
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More particularly, two composite PRS-AMC layers are employed creating two
sub-wavelength profile Fabry-Perot cavities that significantly enhance the bandwidth
performance of the resulting low-profile antenna (Fig. 7.17). The composite layers
are designed to achieve reflection phases that satisfy the resonance condition for

(@)

20

Directivity,dBi
)

0 T r v v . -
13.0 132 134 136 13.8 14.0 142 144
Frequency,GHz

Fig. 7.17 a Schematic diagram of the proposed antenna (dimensions are not to scale), b zop (PRS
array) and ¢ bottom (AMC array) view of the unit cell, and d directivity performance of the
proposed antenna (taken from [37])
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quarter-wavelength cavities. Thus, they are placed at about quarter-wavelength from
a ground plane and from each other creating two quarter-wave air cavities with a total
profile of about A/2 (Fig. 7.17). The simulated directivity of the proposed antenna is
illustrated in Fig. 7.17d showing a broadband performance. This concept can be
extended to achieve further profile reduction keeping the increased bandwidth per-
formance. This is obtained using multiple composite layers designed to create A/6 air
cavities [38].

7.3.4 Feeding Techniques for FP Antennas

The design of broadband high-gain FP antennas remains an important challenge.
Over the past few years, several feeding techniques have been proposed to improve
the radiation performance of these antennas. For example, in [45] an array of
multiple sources was employed replacing the single feed in the ground plane, in
order to increase the radiating aperture of the antenna. This led to an increase of the
bandwidth for a fixed gain value and therefore an increase of the gain-bandwidth
product.

In [46] a dual-slot feeding technique is proposed for broadband multi-layer
periodic Fabry-Perot cavity antennas achieving enhanced directivity as well as
broadband radiation and broadband input matching. A microstrip line is printed on
a dielectric substrate with the ground plane printed on the other side of the substrate
and the feeding slots etched off it Fig. 7.18a. The S;; response for a single slot
feeding of the antenna is compared with the proposed dual-slot feeding
(Fig. 7.18b). It can be seen that the introduction of the second slot yields a more
broadband input matching that covers all the operational frequency range.
Moreover, the electric near-field distribution for the three-layer antenna with one
and two feeding slots shown in Fig. 7.18c and d demonstrates that the field dis-
tribution is significantly improved.

In [8] a metallo-dielectric FPC antenna fabricated on a quartz disk is presented
operating at 44 GHz. The choice of the substrate has been made to guarantee
mechanical stability which is particularly important to obtain the expected response.
A planar feed is introduced which is depicted in Fig. 7.19a. The feeding structure is
made of three parts; the Back-Gap (BG) structure for ease of probing, the 50 O
CPW line and a magnetic dipole (slot). The simulated and measured reflection
coefficient of a prototype is shown in Fig. 7.19b. A similar feeding technique has
been used in [10] for operation at 60 GHz.

In [6], a plane-parallel Fabry-Perot resonator comprising two uniform and
nonuniform inductive metal meshes excited by a horn antenna is presented
(Fig. 7.20a). The structure performs beam focusing employing the nonuniform
mirror, whose geometry is chosen so that it behaves as a spherical equiphase surface
with a desired radius of curvature. The directivity of the antenna is controlled by the
curvature of the synthesized wavefront. This concept is successfully validated in the
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60 GHz band. The radiation patterns of the proposed antenna are Gaussian with
very low sidelobes (Fig. 7.20b).

Recently, a grid-based multiple-layer FPA has been presented where the layers
are separated by air-filled cavities (Fig. 7.21a) [12]. The FP antenna is fed by a
microstrip patch antenna and operates at 60 GHz. The simulations of these
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superstrate designs showed antenna gains as high as 19 dBi (Fig. 7.21b). These
structures were fabricated on sheets of a flexible, low-loss foam, copper laminate
material, and their performances were measured. Due to the nonuniformity in the
thickness of the foam layers, as well as other material and fabrication issues, the
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highest gain achieved, was just over 11 dBi which is significantly lower than the
predicted one. This demonstrates the importance of high accuracy fabrication
processes for the implementation of FP cavity-type antennas at mm-waves.

Importantly, the fabricated antenna prototypes were connected to a practical
60 GHz wireless system in order to measure the bit error rate (BER) of the system
in the presence of the proposed antenna [12]. The maximum data rate of the system
was measured and demonstrated by producing the “eye” diagrams (time-domain
response of the system) (Fig. 7.21c¢). The results showed that the proposed antennas
produce a significant increase in the system gain for gigabit per second signals in
the 60-GHz band, supporting a maximum error free data rate of 3 Gb/s in this
specific example.
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7.4 Discussion and Future Trends

FPAs have attracted increasing research interest over the past decade and this trend
seems to continue. Although the research on FPAs started at lower microwave
frequencies, where there are now already applications on real practical systems
[47], there is now significant effort toward developing FPA-type antennas at higher
mm-wave and THz frequencies. These efforts are taking advantage of emerging
microfabrication technologies as well as new materials that are becoming available.
Some of these efforts have been reported in this chapter, ranging from frequencies
of 10 GHz up to approximately 300 GHz.
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Chapter 8
Near-Field Focusing by Non-diffracting
Bessel Beams

Mauro Ettorre, Santi Concetto Pavone, Massimiliano Casaletti,
Matteo Albani, Agnese Mazzinghi and Angelo Freni

Abstract This chapter illustrates the capabilities of non-diffractive Bessel beams
for near-field focusing. After a brief introduction of the non-diffractive phenomenon
and its origin, the generation of non-diffractive Bessel beams by inward cylindrical
traveling waves is analyzed in detail. A ray interpretation is proposed for such
beams for infinite and finite radiating apertures. Their main radiation capabilities
and limitations in terms of focusing, bandwidth, and operating range are discussed.
In particular, it is shown that inward cylindrical traveling wave aperture field dis-
tributions can generate non-diffractive Bessel beams over a large bandwidth. As a
practical implementation of the discussed theory, a class of launchers based on
radial waveguides loaded by metallic gratings or slots is proposed, for which an
efficient design and optimization technique is described. In addition, a different and
unconventional leaky-wave approach is also adopted for the design of radial
waveguides loaded by metasurfaces. The chapter ends by outlining the future
research activities and possible applications of non-diffractive beams.

8.1 Introduction

Diffraction is an always-present phenomenon limiting the focusing capabilities of
any radiating wave. The quest for possible solutions overcoming diffraction
spreading has been a topic of interest since a long time, with preliminary works
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dating back to the beginning of the last century [1, 2]. However, the seminal works
by Durnin in 1987 gave a completely new light and interest to non-diffractive
waves, especially within the optics and physics communities. Durnin demonstrated
theoretically [3] and verified experimentally [4], the existence of a particular class
of solutions to the scalar wave equation. These solutions, called Bessel beams,
remain confined and do not undergo diffractive spreading.

They are of the form E(p,z) =Jo(k,p)e ™, where k) +kZ = k. The
free-space propagation constant is denoted by ko, (p,z) are the observation point
coordinates in the cylindrical coordinate system, and Jy(.) is the zeroth-order Bessel
function of the first kind. The name Bessel beam stems from the transverse dis-
tribution of the electric field, as clear from the previous expression. This expression
also shows that the field profile does not change with z, and thus does not exhibit
diffractive spreading. In the ideal case, such beams have a finite energy density, but
are not square integrable. Another peculiar feature of such beams is that their spatial
spectrum consists of a single ring (annulus). In other words, an ideal Bessel beam
can be thought as a superposition of plane waves with propagation directions lying
on a cone. The transverse propagation constant of the beam k, controls the
null-to-null beamwidth (NNBW) of the beam (NNBW ~4.81/k,,). In other words,
the beamwidth can be arbitrarily reduced by increasing the transverse propagation
constant. For 0 <k, <k, the beam is propagating (along z) whereas for k, > ky is
evanescent [5]. It is worth mentioning that Bessel beams are not the only
non-diffractive solution of the wave equation. During the years, other invariant
solutions have been proposed and generalized to the polychromatic case [1, 2, 6-8].
However, this chapter will mainly consider the generation of zeroth-order Bessel
beams at micro- and millimeter waves.

The generation of an ideal Bessel beam requires an infinite amount of energy and
unlimited radiating apertures. In practice, Bessel beams have been generated over a
finite area (aperture size) and did not undergo diffraction over a limited range within
the Fresnel zone of the structure [4, 9]. This operating range is called the
non-diffractive range of the Bessel beam launcher.

At optical frequencies, Bessel beams are typically generated by using axicons [4,
9-11] which are conical lenses able to convert an impinging Gaussian beam into a
Bessel one in a bi-conical region close to the axicon. Other methods considered
holograms [12], localized modes [13], Fabry—Perot cavities [14, 15], just to mention
a few. In optics, Bessel beams have been used in a wide range of applications
including laser machining, biosensing, optical trapping of nanoparticles, etc.
[16, 17].

At radio frequencies, Bessel beams have recently received an increased attention
and several experimental implementations of Bessel beam launchers have been
reported from the micro to the Terahertz frequency range. These implementations
include axicons [18], holograms [19], metallic circular gratings [20, 21], parabolic
reflectors [22], planar arrays [23], open circular waveguides [24], metamaterials and
metasurfaces [25-32], near-field plates [33], and radial line slot arrays (RLSA)
[34, 35]. Among the cited works, this chapter will focus the attention on the Bessel
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launchers using radial waveguides loaded with slots (RLSA) or metallic gratings
and by metasurfaces. This chapter is organized as follows.

Section 8.2 provides an accurate analysis of the non-diffraction radiation gen-
erated by inward cylindrical traveling waves. This analysis completes the general
approach followed in literature where standing cylindrical waves are considered for
the generation of the non-diffractive radiation [1, 2]. The Geometrical Optics
(GO) and Space Wave (SW) contributions to the field radiated by infinite radiating
apertures are given in closed-form expressions (Sect. 8.2.1). The SW contribution is
expressed by using incomplete Hankel functions. It is clearly shown that the GO
contribution creates a non-diffractive Bessel beam close to the axis of symmetry of
the generating aperture, where the SW is negligible. Therefore, non-diffractive
radiation is not only generated by standing cylindrical waves (Bessel-like distri-
butions) thus simplifying the beam generator synthesis. In contrast, outward
cylindrical waves over an infinite radiating aperture cannot provide a
non-diffractive beam. The finite aperture case is then considered in Sect. 8.2.2. The
radiated field is decomposed in its GO and diffractive (D) contributions. The GO
term defines the region in which non-diffractive Bessel beams can be generated,
whereas the nonuniform description of the edge-diffracted field gives a correction to
the GO field and rigorously shows why the non-diffractive radiation is limited by
the non-diffractive range. In addition, it is found that the interface between the GO
and the D contributions produces field amplitude ripples over the longitudinal axis
as described in Sect. 8.2.3.

Section 8.3 considers the practical generation of non-diffractive radiation. An
equivalent current approach is proposed in Sect. 8.3.1 to implement the cylindrical
aperture field distributions discussed in Sect. 8.2 with RLSAs and radial waveg-
uides loaded with metallic gratings. Section 8.3.2 presents the slot layout for RLSA
Bessel beam launchers and its main design parameters. An innovative and fast
optimization tool is described in Sect. 8.3.3 for the synthesis of the required
aperture current distribution with RLSA launchers and metallic gratings. The design
procedure is used in Sect. 8.3.4 to design a circular-polarized RLSA Bessel
launcher operating at 15 GHz. The same procedure is adopted for the Bessel
launcher presented in Sect. 8.3.5 operating at 30 GHz and made by a radial
waveguide loaded with metallic gratings.

Section 8.4 presents the generation of Bessel beams by cylindrical leaky-wave
modes. The motivations behind the proposed design are introduced in Sect. 8.4.1. It
is shown that a radial waveguide loaded with a homogenous impedance sheet can
radiate non-diffractive Bessel beams as long as the structure support leaky-wave
modes. A detailed field analysis is thus presented in Sect. 8.4.2, where the main
design criteria and limitations are provided. In particular, it is shown that the
non-diffractive radiation is achieved as a combination of inward and outward
traveling leaky-wave modes within the radial waveguide. Section 8.4.3 introduces
the dispersion analysis of the proposed launcher and give the main design equa-
tions. Section 8.4.4 presents two prototypes of the proposed launcher operating in
X- and Ka-band. The prototypes are based on a radial waveguide loaded by a
uniform impedance sheet. The impedance sheets are synthesized by uniform
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metasurfaces (please refer to Chap. 11 for more details on metasurfaces). An
innovative leaky-wave launcher based on a modulated metasurface is also presented
in Sect. 8.4.5.

Finally, Sect. 8.5 concludes the chapter by outlining the current applications and
novel research venues of non-diffractive Bessel beams. Particular attention is
devoted to Bessel beam launchers operating over a large bandwidth for the gen-
eration of non-diffractive pulses at millimeter waves.

8.2 Non-diffractive Radiation

8.2.1 Analytical Formulation for Infinite Apertures

The geometry of the problem is shown in Fig. 8.1. The origin of the reference
system is at the aperture center with the z-axis normal to the aperture. For the sake
of convenience, the observation point is expressed either in cylindrical (p, ¢,z) or
in spherical (p, 0, ¢) coordinates; vectors are bold and a hat denotes a unit vector.
In the following discussion, Transverse Magnetic (TM) modes with respect to the z-
direction will only be considered. However, a similar procedure can be applied to
Transverse Electric (TE) modes. An inward cylindrical wave is assumed for the
magnetic current distribution on the radiating aperture, namely

M(p, ¢,z =0) = M(p,z = 0)§ = H\" (k,up) . (8.1)

Fig. 8.1 Schematic view of
the considered configuration
for the generation of a Bessel
beam. The aperture field
distribution at z =0 is a
cylindrical inward wave with
radial propagation constant
kpq. The non-diffractive zone
is limited by the cone with
angle 0, = arcsin (k,,a /k)
where £ is the free-space
wavenumber
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where k,, is the radial propagation constant of the cylindrical inward wave and

H,(,i)(.) is the n-th order Hankel function of the i-th kind.
A time dependence ¢/, w = 2nf being the angular frequency, is assumed and
suppressed. The electric field radiated by the aperture is given by [36]

+ oo

1 k o _ y
E(p.2) =~ / [k—”H82><kpp>z+ﬂf§”<kw>ﬁ}M(kp>e Kokydky,  (8.2)
. 4
+ 00
k) = <27} [ Ep.z= Otkup)od. (8.3)
0

where k,, and k, = /K2 — k% are the transverse and longitudinal spectral variables,

k is the wavenumber in free space, whereas J,(.) and H,(f)(.) are the n-th order
Bessel and Hankel functions of the i-th kind, respectively. Equation (8.3) is the
Hankel transform of the magnetic current distribution over the aperture and, for the
assumed inward cylindrical wave distribution, it is given by

_ —4k,

M(kp) :m (84)

The radiated electric field can be exactly expressed as the superposition of the
GO and SW contributions [35], namely

E(r) = E°°(r) + E(r), (8.5)

with
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with ky, =, /k? — k/%u denoting the Bessel beam normal propagation constant. In

(8.7), H,(,i)(Q, wyp) are the n-th order incomplete Hankel functions of i-th kind with
the second argument wi = tanh~'cos 0 + tanh™' cos0, [37], whereas sgn(.) and
U(.) are the sign and Heaviside step function, respectively. The GO contribution
exhibits the well-known Bessel beam shape (first term in (8.6)) within the cone
0<0, where U(0 — 0,) = 1, whereas becomes an inward Hankel beam outside
such a cone where U(6 — 6,) = 0.

By considering the Bessel function as the superposition of two Hankel functions

2J, = H,(,I) +H,(,2), GO is interpreted as the superposition of two ray contributions,
namely, an inward Hankel beam conical wave is associated with a ray arising from
a point on the aperture, and an outward Hankel beam conical wave is associated
with a ray arising from a point on the aperture which is diametrically opposite with
respect to the observation point. Indeed, the launched inward conical wave becomes
an outward conical wave beyond the caustic at the z-axis. While the former ray
reaches the observation point regardless its location, the latter exists only when
observing inside the cone 0 <6, (Fig. 8.2a). At the GO discontinuity cone 6 = 6,,
the SW contribution (8.7) exhibits an opposite abrupt discontinuity which renders
the total field smooth and continuous. Such a transitional behavior is described by
the sign and incomplete Hankel functions when w; — 0. Outside the transition
region near the discontinuity cone, the SW contribution exhibits a ray-optical
behavior which is derived from the asymptotic expression of incomplete Hankel
functions for large arguments [37] and reported in the last line of (8.7). Indeed, the
SW is a transverse (i.e.,{ polarized) spherical wave associated with a ray launched
at the aperture center (origin of the reference system in Fig. 8.1), with a radiation
null on the aperture symmetry axis 6 = 0.

As an example, Fig. 8.3 shows the amplitude of the z (Fig. 8.3a, d, and g) and p
(Fig. 8.3b, e and h) components and the total electric field (Fig. 8.3c, f and i)
radiated by a standard Bessel distribution (Fig. 8.3a, b and c), by an inward
cylindrical wave (Fig. 8.3d, e and f), and by an outward cylindrical wave

Fig. 8.2 Ray interpretation of the GO field for an infinite aperture. a Inward Hankel aperture
distribution: the GO field comprises an inward Hankel beam ray (in red), present throughout the
space, and an outward Hankel beam ray (in green) bounded inside the cone 0<0,; the
superposition of the two rays inside the cone (yellow area) creates a Bessel beam. b Outward
Hankel aperture distribution: the GO field comprises only an outward Hankel beam ray (in green)
bounded outside the cone 0 <0, [38]
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Fig. 8.3 Electric field radiated by an infinite aperture. |E;| (a, d, g), Ep| (b, e, h) and total electric
field amplitude |E| (c, f, i). Standard Bessel beam reference field (a, b, ¢), field radiated by an
inward Hankel distribution (d, e, f), and field radiated by an outward Hankel distribution (g, h, i).
The axes are normalized with respect to the wavelength (1) at the operating frequency. The dashed
line marks the GO boundary 6 = 6,

(Fig. 8.3g, h and 1), with k,, = 0.6k in the vertical pz plane. As clear from the
previous results, the non-diffractive behavior of the field radiated by an inward
cylindrical wave can be appreciated within a cone with angle 6, ~ 37° (dotted line)
where the various components of the electric field (Fig. 8.3d, e, and f) recover the
respective components of a standard Bessel beam (Fig. 8.3a, b, and c). By repeating
the same formulation for the case of an outward traveling wave over the radiating

aperture M(p, ¢,z =10) = Hfz) (kpap) @, the radiated field is found again as in

Eq. (8.5) with the following expression for the GO contribution:

kyu . .
B0 = B 1Y ()it 1Y )| e #0000, (53)
zZa
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and a SW contribution which is the negative of that in (8.7). In (8.8), differently
from (8.6), the GO field contribution is constituted by only a single outward Hankel
beam conical wave, which however vanishes within the cone delimited by 0 <0,.
Its ray interpretation is shown in Fig. 8.2. Again, the SW contribution discontinuity
perfectly matches the GO jump at the shadow boundary cone, thus providing a
smooth continuous total field. Therefore, it is apparent that an outward Hankel
distribution cannot produce a Bessel beam, as also clear from Fig. 8.3g, h, and i.

8.2.2 Nonuniform Asymptotic Field Evaluation for Finite
First Kind Hankel Aperture Distributions

Once established that an infinite inward Hankel current distribution is able to
generate a non-diffractive Bessel beam in the longitudinal component of the electric
field, let us assume a finite equivalent magnetic current distribution of radius a and
directed along the ¢-axis over a planar aperture. The Hankel transform of such
equivalent magnetic current distribution has the form

_ —4 k na 1 1
M) = = [k— + 57 (koY (hpa) o p) — Koy () <kpa>)].

(8.9)

To render M (k,) more suitable for an asymptotic evaluation, it is convenient to
recast its expression as the sum of three terms

M(k,) = M (ky) +M . (k,) +M_(k,), (8.10)
where
. k 4
M £ 11
oo(k/)) kpa k2 k2 ’ (8 )

is the Hankel transform of the magnetic current distribution over an infinite aperture
(refer to (8.4)), whereas

~ jn

2, 1 2,
Mlly) = 57— H! () Hy™ (k) — Ky () H iy, (8.12)

in which the Hankel functions of second or first kind apply to the upper or lower
sign, respectively, and arise because of the aperture truncation whose radius is
denoted by a.

By using (8.12), the S scalar potential introduced in the appendix of [38] is split

into three terms, namely S + _, in which the corresponding M, + are used. Such
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Fig. 8.4 Topology of the A
integrand function in (8.4). Im(k,)
The deformation of the initial
integration path (red line) into
the SDP (blue line) is shown
for completeness. The black
lines correspond to the brunch
cuts associated with the
Hankel functions and the
normal propagation

constant k,

Saddle point

integrals can be asymptotically evaluated by using the Steepest Descent Path
(SDP) method. As far as S, is considered, its spectral integral representation
exhibits a saddle point located at k, = & sin 0 and pole singularities at k, = %k,
which are detoured by the integration contour as in Fig. 8.4. The integration path is
therefore deformed onto the SDP through the saddle point, and the pole residue
contribution has to be taken into account when poles are captured during the path
deformation. Hence, the infinite aperture TM scalar potential asymptotically
reduces to the sum of a Geometrical Optics (GO) and a diffracted (D) rays,

Seo(r) = 89 (r) + 52 (r) (8.13)

corresponding to the residue

kza ¥4

e
SG0() = < —— [ (hpap)U (00 = 0) + HY (Kpap)| . (8.14)
]kpakza
with ky, = , /k? — kga, and the SDP
D L[ @) )€
See(r) = Mo (kp)Hy ™ (kpp) ——dkp, (8.15)
47 k,
SDP

contributions, respectively. In (8.14), U(.) is the unit step function, which vanishes
for negative argument, i.e., in the GO shadow region § > 0, = arcsin(k,,/k) where
the pole at k, = k,, in Fig. 8.4 is not captured.

The diffractive contribution given in (8.15) can be asymptotically evaluated as
the saddle point contribution, leading to a closed-form Geometrical Theory of
Diffraction (GTD) ray description

b 2 efjkr
Soc (r) ~ 3 o ) )
jmk? sin 0, (sin® 0 — sin® 0,) 7

(8.16)
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Fig. 8.5 Aperture geometry
and map of the GO
contribution to the
z-component of the electric
field radiated by a finite
inward cylindrical traveling
wave aperture distribution.
The Bessel beam is generated
in the yellow region around
the longitudinal z-axis

The above expression reveals that the diffractive contribution of the infinite
aperture S, asymptotically behaves like a spherical wave (space wave) arising from
the aperture center. According to the spherical wave spreading, SP decays as 1/r,
unlike SPC, whose amplitude does not decay, thus the diffractive contribution
becomes more and more negligible with respect to the GO contribution moving
away from the aperture. In addition, S exhibits an angular pattern with a zero on
the longitudinal axis (0 = 0). Therefore, its contribution close to the axis is par-
ticularly weak. The nonuniform GTD asymptotic expression (8.16) fails at the GO
shadow boundary 0 = 0,. A more sophisticated uniform asymptotics might cure
such a singularity, but it is beyond the purpose of the present chapter.

An analogous procedure can be followed for the calculation of the contributions
to the potentials S. corresponding to M.. Their spectral integral representation
exhibits a saddle point at k, =k sin 0, with 0, = arctan[(p + a)/z] (refer to
Fig. 8.5), and one pole singularity at k, = £k,,. By resorting to the path defor-
mation onto the SDP, one obtains

S.(r) = SZ°(r) + S2 (), (8.17)
in which
1 )
STO(r) = -——Hy"" (kpap)e U (0 F 0s), (8.18)
]kpakza

where the Hankel functions of second or first kind, respectively, apply to the upper
or lower sign, and

1 e k2

S = - / M (k) H (K, )= dky- (8.19)
T
SDP

Also in this case, the GTD asymptotic evaluation of (8.19) provides insight
about the ray nature of these wave constituents
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. T H(l) k —jkry
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with ri = 1/(p £ a)* +22. Indeed S? appears in the form of a cylindrical

edge-diffracted wave, arising from the aperture rim, as can be inferred from the
e ks | \/7+ factor. Such a GTD expression fails at the corresponding GO shadow
boundary (0+ = 0,) and at the edge-diffracted wave caustic on the longitudinal z-
axis (p =0), as expected. After gathering all the GO and D terms, the scalar
potential can be finally arranged in the following form:

S(r) = $9°(r) + 52 (r) —i—S?r (r) +S2(r) (8.21)

in which the overall GO term is

590(8) = < L HO () U0, — 0) — U0 — 0, )] + H ()
]kpakzu
U(—0_ —0,)}. (8.22)

It is worth noting that in the case of an infinitely large aperture a — + oo,
0+ — £m/2, and in turn U(6, F 0+) — 0, whence, in (8.18), Sgo — 0. Also,
ry — +oo and since in (8.20) \/EHél)(kpaa) remains limited, it follows that
SP? — 0. Therefore, it is easily proved that as a — + oo, then the scalar potential
reduces to that of the infinite aperture case reported in [38], namely § — S0 + S2 |
as expected. Note that such a beam is not a pure Bessel beam throughout the space,
but it comprises a Bessel beam, which is confined within the conical region 0 <0,,,
and a diffractive space wave component, though it is negligible close to, and at the
Z-axis.

From the scalar potential, the GO contribution to the electric field can be exactly
calculated by differentiating the GO contribution of the scalar potential (refer to the
appendix of [38]) as follows:

kpa . _
vﬂn=@’§WMM+MWmm4W@—m—wm—mWﬂﬂ
za

kpa . y
I:,]: él)(kpap)l+ Hil>(kpap)6:| U(_Q_ _ Ha)e Tkt
za

(8.23)

Focusing the attention on the z-component of the previous expression, it can be
noticed that
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e In the region defined by 0<|0|<0,,0,<0, <n/2, and 0,< —0_<m/2, a
Bessel beam can be established, since the GO contribution to the electric field is
proportional to Jo(k,qp)e 7 =%, as highlighted in Fig. 8.5 (yellow region).

e In the regions 0<|0|<0,,0,<0, <n/2,—0_<0, or 0<0<0,0,
<0,,0,< — 0_<m/2, the field is described by an outward cylindrical traveling
wave H(()2)(kpa p)e 7%« as highlighted in Fig. 8.5 (green regions).

e In the regions dellmlted by 0,<|0|<n/2,0,<0 <m/2,and 0, < — 0_<m/2,
the field is described by an inward cylindrical traveling wave H(()l)(kpa p)e Fka,
as highlighted in Fig. 8.5 (red regions).

The diffractive contributions to the radiated field can be evaluated by differen-
tiating the respective potential terms Sgc, + — [20] which, in the asymptotic limit,
lead to the space wave ray fields

2j sin 0 eIk
EP (1) ~ A 8.24
(r) mk sin 0, (sin> 0 — sin®6,) r 9 (824)
2j sin0 ek
H2 (r) ~ A 8.25
=(r) nkn sin 0, (sin® 0 — sin*0,) 7 o (8:25)
and the edge-diffracted ray fields
:i:j H —jkr
Li)(r) Wa ( kpaa) e 5 (8.26)
JV2mk(sin 04 F sin6,) /pre OF
i]A H e e —Jjr+
D(r) = Va ( pad) (8.27)

JV2rkn(sin 01 F sin0,) /pr+ ¢'

The various ray constituents (Fig. 8.5) of the diffracted fields inherit the same
shape and behavior of the respective contributions of the potential. According to
ray-optical approximation, field polarization is transverse to the ray, i.e., tangent to
the wavefront. The diffracted magnetic field ray contributions ch, .. are all polar-
ized along (’1‘) orthogonally to the picture plane in Fig. 8.5, whereas the diffracted

electric field ray contributions Egc . are polarized along the local unit vectors 6, 6i

transverse to the ray and parallel to the picture plane in Fig. 8.5.

The above ray format expressions for the various wave constituents provide a
neat physical insight to the Bessel beam generation by an inward cylindrical
traveling wave aperture distribution and clearly show that its capabilities are similar
to those of commonly used Bessel aperture distributions. The above expressions fail
close to the z-axis, which is of particular interest for Bessel beams. In the next
section we provide alternative expressions valid in such region.



8 Near-Field Focusing by Non-diffracting Bessel Beams 255

8.2.3 Evaluation of the Electromagnetic Field Along
the Longitudinal Z-Axis

Let us focus our attention on the z-axis, corresponding to p = 0. Here it is con-
venient to rewrite the TM scalar potential introduced in [38], to calculate the
electromagnetic field radiated by Hankel aperture distributions in terms of Bessel
functions, namely

1 + 00 e k2

S =5, [ Wl Molkon)

dk,. (8.28)

By differentiating the previous expression [20], the electric field can be evaluated
on the longitudinal z-axis and it is clear that E, and Hg vanish, as expected due to
the cylindrical symmetry of the radiating aperture, whereas the longitudinal com-
ponent of the electric field can be evaluated as

. 1 + 00 5 e k2 N
E(cz) = i koM (k) —— k. (8.29)
z

As in Sect. 8.2.2, the Hankel transform of the equivalent magnetic current is split
into the three terms and the resulting three integrals are evaluated by deforming the
integration path onto the SDP. The residue contributions corresponding to the GO
terms are the same as in (8.23) once evaluated at p = 0, thus reducing to

2kpa _; .
E%(z2) = _k—f’e ka0, — 0)z, (8.30)
.] za

in which 6y = arctan(a/z) is the limiting value of 6 . and —6_, when p — 0 (refer
to Fig. 8.5). The saddle point contribution relevant to the infinite aperture exhibits
now a quadratic zero of the integrand function at the saddle point itself. Therefore,
its asymptotic value is very weak and corresponds to a longitudinally polarized ray
contribution

4k ek

ED (z2)~ — — S
oo n_kga Z2 )

(8.31)

indeed the leading asymptotic term of the space wave (8.31) vanishes on the axis,
where 0 =0 and r = z. The other two saddle point contributions provide the
expression for the edge-diffracted rays at their caustic on the z-axis

- H<()l)(kpaa) sin’ ooz

D ( 5 D( s
E7 (z2) + EZ(z2) 7(sin 0y — sin0,) A (8.32)
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where (8.26) fails. In (8.32), ro = v a? + z2 is the limiting value of . and r_, when
o — O (refer to Fig. 8.5).

The above GTD asymptotic expression is nonuniform with respect to the pole
singularity which might lie in the neighborhood or at the saddle point and fails at
the GO shadow boundary 6y = 0,, or equivalently z = zypg = a cot0,, where
the GO contribution (8.30) abruptly disappears. zypg is commonly referred as
non-diffractive range.

In conclusion, on the z-axis the total electric field results from the summation of
the three wave constituents, namely GO (8.30), space wave (8.31), and
edge-diffracted wave (8.32). As the observation point moves away from the aper-
ture, the space wave contribution rapidly decays and becomes negligible. Therefore,
in addition to the ideal Bessel beam GO contribution, a spurious diffractive con-
tribution arises from the aperture truncation. This diffractive contribution interferes
with the dominant term and creates an amplitude ripple in the total field. Such an
effect is present also in the field radiated by a standard Bessel distribution and it is
unavoidably associated to the aperture finiteness. It can be mitigated by increasing
the aperture size, as it is apparent from the dependence on a in (8.32).

8.3 Generation of Non-diffractive Radiation

8.3.1 Equivalent Aperture Field Distribution

According to the Schelkunoff theorem, the aperture field distributions discussed in
Sect. 8.2 are equivalently generated in the half-space z > 0 by a distribution of
magnetic surface currents, radiating on a perfect electric conductor, of the form

M=Ex2|_, (8.33)

In particular for the generation of a circularly polarized Bessel beam such current
is given by [34, 39]:

M = E x z|,_y= AoJo (kop) Prer a1 (8.34)

where Py = (X Fj9)/V2 for right-hand and left-hand circularly polarized
beams.

In the following sections, it will be discussed the possibility to synthetize such
current distributions or equivalently the associate aperture field by using a radial
waveguide loaded with concentric circular slits or sub-resonant slots. A holographic
approach will be adopted. Holography predicts that a certain antenna aperture
equivalent current distribution is produced by the interference between the field
map generated by the input feeding wave alone and the hologram. In our cases the
latter is the field generated by the array radiating elements [40].
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The case of sub-resonant slots distribution will be treated in detail in the next
section for the design and optimization of a circularly polarized radial line slot array
(CP-RLSA) antenna [41-43].

8.3.2 Slot Layout for Radial Line Slot Array Bessel
Launchers

A CP-RLSA is usually composed of several hundreds of circular-polarized radi-
ating elements, each one comprising two slots 4,/4 apart, making an angle of +45°
with respect to the radial direction (Fig. 8.6). Since the two slots in the pair are
orthogonal to each other and fed in phase quadrature by the feeding wave in the
PPW, each element radiates a CP wave in the broadside direction. The arrangement
of these CP elements on the radiating aperture determines the antenna radiation
pattern.

Since the elements of the array are closely spaced, their radiation pattern is
strongly related to that of the associated continuous aperture current distribution, of
which the array constitutes a spatial sampling. Such an aperture distribution is
chosen specifically to achieve the desired radiation pattern by following one of the
techniques present in the literature. Among them, here the alternate projection
method [44, 45] has been adopted. As it is well known, the radiation pattern of the
slot array will sufficiently approximate the continuous aperture reference pattern if
the following two conditions are verified: the array element excitation corresponds
to the continuous aperture sampling, and, according to the Schelkunoff sampling
criterion, the inter-element distance is sufficiently tightly linked. It is worth pointing
out that an array pattern synthesis technique assuming given element positions
cannot be adopted here. Indeed, it is necessary to resort to a continuous aperture
distribution because the specific slot positions are used to calibrate the radiating
element phase and cannot be given a priori.

According to Bethe theory [46], the radiation from a slot cut into a metallic plane
can be modeled by an equivalent magnetic dipole sitting on a ground plane, with
dipole moment proportional to the magnetic field of the feeding wave in the PPW

slot pair

Fig. 8.6 Geometry of a slot pair element radiating a RHCP when illuminated by an outward
traveling wave. The distance between the slot centers is set to 4,/4, where 24 is the wavelength in
the PPW. The LHCP is achieved by mirroring the slots with respect to p
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M =g, -H" (8.35)
through a dyadic polarizability «,. Although Bethe theory also introduces an
equivalent electric dipole, its radiation effect is negligible with respect to that of the
magnetic dipole for slots with a length much greater than their width. Since here we
are dealing with such kind of elongated slots the effect of the equivalent electric
dipoles is not considered.

For a single slot oriented along W, the dyadic polarizability is given by
o, = %,0u, where the amplitude of «,, grows by increasing the slot length up to the
resonance length. Therefore, the slot length can be adjusted in order to match the
amplitude of the target aperture distribution, while the phase of the equivalent
magnetic dipole of each slot can be controlled by adjusting its position along the
feeding wave propagation direction, thus varying the phase of the incident wave
excitation H™,

Since the basic element of the CP-RLSA is a slot pair, it is worthwhile intro-
ducing an analogous description for the whole slot pair. Thus, by summing the
magnetic dipoles relevant to the two slots in the pair, and normalizing them to the
incident magnetic field at the slot pair center, a polarizability o, for the whole slot
pair is obtained. Note that o/ depends on the phase progression of the incident
feeding wave in the PPW, which establishes the phase shift between each slot and
the pair center reference point.

In the following, since the Bessel aperture distribution A(p) is rotationally
symmetric, we consider only the class of CP-RLSAs with a rotationally symmetric
radiation pattern. Also, without loss of generality, we focus on a right-hand CP
(RHCP) antenna. The left-hand CP (LHCP) can be achieved similarly. Under the
above hypothesis, the ideal target aperture magnetic current will be in the form
Mo(p,) = A(p)Prp 1> Where Pry = (X Fj¥)/V/2 denotes the polarization unit
vector and the upper/lower sign applies to the RHCP/LHCP.

To match the target aperture distribution, one has to assure that, for each slot pair
element, the equivalent magnetic dipole M(p;) = o (p;) - H™(p,) is parallel to
Mo(p,), ie., M(p;) = Cé"My(p;), where p; is the position of the i-th slot pair
element center, and y, C are arbitrary real constants. Such condition is satisfied only
if, for each slot pair, it holds

o, (p;) - H™ (p;)| = ClA(py)], (8.36)

and

Z{M;(p;) - o, (pi) - H"™ (p;) } = 7. (8.37)

For a given y only specific positions of the slot pair elements verify (8.37).
Hence, (8.37) is the key equation controlling the correct slot pair positioning which
ensures the target aperture phase distribution. On the other hand, (8.36) imposes the
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correct amplitude distribution on the radiating aperture which can be achieved by
properly choosing the slot length. In fact, a variation in slot length mainly affects
the associated magnetic moment magnitude, while the phase change is a higher
order effect; similarly, a variation in slot position mainly affects the associated
magnetic moment phase while the magnitude remains almost the same. Such a
quasi-orthogonality property permits independent actions on the two sets of vari-
ables (i.e., the slot pair lengths and positions) to determine the holographic slot
layout.

For example, for the slot pair arrangement in Fig. 8.6, excited by a radial out-
ward feeding wave, by adopting the simple Bethe model and neglecting the slot
coupling, the slot pair polarizability can be estimated as follows:

ol = o [ i1y T | = [ b +je By (8.38)

By considering a PPW excited by a TM;, cylindrical mode, (i.e., H"(p) =
H™H §2) (kap) %, where H52> denotes the first-order Hankel function of second kind,

and k; = 21/ 24 the wavenumber inside the PPW, (refer to Sect. 9.4.1 in [47] for
modes definition), Eq. (8.36) reduces to

ClA(p)]

()] = -y, (8.39)
[# ap)|

which is exploited so as to calculate the slot length profile. Indeed, a parametric
analysis of an isolated slot pair provides o, as function of the slot length ¢ [42],
from which a slot length profile £ = ¢(p) satisfying (8.39) can be obtained. Note
that the constant C does not affect the aperture amplitude shape, but has to be
chosen to keep the slot length within a proper range, and to calibrate the total
aperture radiating power. Namely, if the value of the C constant is too large, the
power of the feeding wave is entirely radiated by the slots close to the antenna
center, and the slots at the antenna rim are fed too weakly to provide the desired
amplitude, even assuming the maximum resonant length. On the other hand, when
C is too small, the desired aperture shape is easily achieved but a considerable
amount of power is not radiated and remains trapped in the PPW beyond the last
peripheral slots. Although the residual power can be absorbed with an absorbing
rim [48-50], this results in a poor antenna radiation efficiency. Summarizing, C
must be optimized as a tradeoff between fine aperture amplitude shape recon-
struction and high radiation efficiency.

Next, from (8.37), the centers of the slot pairs have to be located on the curve

28 (o) B (kap) } = 7. (8.40)
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control
point

Fig. 8.7 Slot pair positioning. Slot pair centers p; = (p;, ¢;) (furquoise dots) are initially chosen
by sampling the curve p = p(¢) defined by (8.40), which ensures that the slot pair elements match
the target aperture phase distribution, according to the simplified model based on Bethe theory.
Next, in the optimization process the slot positioning curve p = p(¢) is represented by a thinned
set of control points P; = (P;, ®;) (black dots) [40]

It is worth noting that for a uniform distribution (i.e., A(p) = const.), by using

the asymptotic large argument expansion AHEZ) (kgp) ~ — kqp+3n/4 and
neglecting the phase variation for the polarizability of slots having different lengths,
Eq. (8.40) results in the classic CP-RLSA spiral slot arrangement ¢ — k;p =
const[42].

Likewise, in any general CP-RLSA design, Eq. (8.36) allows the calculation of
the slot length profile ¢(p), and then Eq. (8.37) provides the definition of a curve
where the slot pair centers are to be distributed. Such a curve will be in general
of the form p = p(¢) (Fig. 8.7). The slot pair centers are then distributed
uniformly along such a curve by choosing the sampling points ¢; via
¢; = ¢,_1 +As/p(¢,_,). The sampling step As along the curve is arbitrary, and its
value is a design parameter which is constrained between a minimum value, to
avoid slot overlapping, and a maximum one, according to the Schelkunoff sampling
criterion. Given the sampling points ¢;, slot pair centers will be located at
p; = (p;, ¢;), with p; = p(¢;), and the length of the slots in the pair will be
£; = £(p;). Note that the total number of slot pairs is, in our approach, not a priori
determined. In fact, we keep adding slots until they remain within the assigned
antenna size.

The above-mentioned algorithm completely neglects mutual coupling among
slot pairs, which can be accounted for only with a full-wave analysis. However, it is
sufficient for initializing the optimization process described in the next section.
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8.3.3 Optimization Procedure

When a not uniform field aperture distribution, such as a Bessel one, is employed or
the geometrical requirements on the antenna radius determine a number of slot pair
elements in the order of several thousands, the use of an optimization algorithm to
synthesize the required distribution is necessary. A fine optimization cannot be
performed by using simplified models as in [51, 52], since they do not describe
accurately the global slot coupling. An accurate but efficient full-wave numerical
method is then mandatory for the optimization of the antenna. A successful example
is the technique described in [53] which reduces the return loss in a linear polarized
RLSA configuration, even if the antenna is recursively optimized ring by ring and
not globally. Moreover, several papers point out that, when a careful antenna design
is applied and the efficiency of the antenna is maximized, the amplitude of higher
modes excited in the PPW by the slots distribution itself is no longer negligible.
Indeed, it results in an appreciable degradation of the radiation pattern and/or of the
reflection coefficient of the antenna. For example, in [54] the authors have recently
proved that the distortion of the rotational symmetry of the radiation pattern and the
unbalanced sidelobe levels typical of a spiral RLSA are related to these higher order
modes, and in particular to the spurious 7M§ _, mode of the PPW.

The optimization procedure here used is tailored on the particular physical
mechanism that governs the RLSA’s operation, as explained in [40]. Specifically, it
acts on the position and the length of each slot so as to obtain a matching between
the actual antenna aperture distribution, calculated by the full-wave analysis, and its
target profile. However, the optimization cannot act individually on each slot;
otherwise the enormity of the problem would result in an instable procedure that
does not converge at all. Instead, the antenna parameterization, here proposed,
involves some global parameters the tuning of which is performed resorting to
specific fitness functions. Such fitness functions are introduced on the basis of the
physical picture behind the working mechanism of the antenna, and are chosen in
such a way that each fitness function provides the optimization feedback for only
one geometrical parameter. Therefore, the optimization scheme of the large mul-
tivariable problem is reduced to the parallel arrangement of some single-parameter
problems. Such size reduction and quasi-orthogonality property ensure a very fast
convergence.

For a given antenna geometry, by using a full-wave method, the dipole moment
of each slot is easily evaluated. Specifically, M, (p;) and M;(p,) denote the mag-
netic dipole moments of the inner and outer slots in the pair, respectively, while
M(p;) = Mi(p;) + Mz (p;) is the dipole moment of the i-th slots pair of center p;.

For each slot pair a complex fitness functions F; is then introduced as follows:

>

Fo— Pry - M(p;)

j Ap) M (8.41)

<
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. N
where A =3 |A(p;)|/N, and M = |pgy - M(p;)| /N, are the target and the
= i=1

realized average co-polar dipole moment amplitude, respectively, with N, denoting
the total number of slot pairs.

Note that ZF; and |F;| indicate the phase and amplitude errors between the target
and the actual dipole moment distribution, which can be compensated by adjusting
the slot pair radial position p; and the slot length /;, respectively.

In principle, to minimize the overall error we could act on each slot pair inde-
pendently. However, the strong mutual coupling between the slots renders this way
of operating instable, and after a few steps the slots start breaking the order of the
initial layout and overlapping.

To overcome this drawback a set of N control points P, = (P,,®,) is intro-
duced. Since N is much lower than the total slot pair number (N <K Np) , the control
point set represents a coarse sampling of the slot pair distribution curve p = p(¢)
(Fig. 8.7). Analogously, the slot length is described by the thinned set of N length
samples L,. For a given set of angular control point locations ®,, the antenna
geometry is generated from the reduced sets P, and L, by calculating slot pair
positions and lengths through a linear interpolation as

p(®) = > Pubi(¢) (8.42)

N
1($) =1Up(d) = Y _ Lubu($), (8.43)

where

-0,
h q)n—l < ¢ < (Dru

bu@) = | G @, <$p<yn, (8:44)
0 elsewhere.

Equations (8.42) and (8.43) represent a parameterized version of the position
and length curves and allow the automatic generation of the antenna layout. In
Fig. 8.7 and in the examples provided in Sect. 8.3.4, we have chosen ®, = 2nn
(i.e., a control point each spiral turn), though different choices are possible.

The initial set of parameters is chosen by sampling the initial design
curves obtained with the simplified approach illustrated in Sect. 8.3.2 as
P, = p(®,),L, = £(®,). The antenna layout can next be adjusted by varying both
the values of the control points P, (thus smoothly moving the slot pairs), and the
values of the samples L, (thus smoothly controlling the slots length). This smooth
deformation of the layout geometry avoids a significant variation of the distance
between adjacent slots, thus minimizing the risk of overlapping, unlike the scheme
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where each slot moves independently of its neighbor. The updating law is described
in the following.

Optimization Loop

At each step s of the optimization process, when the antenna layout is parameterized
by the values of the parameters P,(f) , L,(f), a full-wave analysis of the whole antenna

is performed and the equivalent magnetic dipole moments M(p;) are calculated. In
addition, the antenna spillover efficiency

(S):Pacc_Pso

0 8.45
A P (8.45)

is also calculated, where P, is the power accepted by the antenna at the feeding
port, whereas Pg, is the total power trapped in the PPW beyond the slots distri-
bution. It is worth noting that when losses in the PPW are negligible 7, equals the
radiation efficiency. Then, a linearly weighted version of the complex fitness
function (8.41) is defined at each step s as

7,(1J) - ZF,§S>bi1(¢i) (846)

which expresses the local average error on the slot pairs in the neighborhood of the
n-th control point. In fact, each n-th value of the fitness function is associated with
the relevant n-th control point, but it averages the local error at each i-th slot pairs in
the sub-spiral around the control point. The minimization at each control point of
the magnitude and the phase of the fitness function leads to the optimum slot pair
length and position, respectively.

Then, the control parameters P\, L(*) are updated according to
P =P — 5 ZFY) kg (8.47)

and

L) = [1 + 10 (1 —|FY |/ nﬁ?)}hﬁ“) (8.48)

with 0<y,, %, <1 suitable damping factors (typically y, ~0.5 and y, ~0.5)
which prevent the optimization loop from oscillating. The updating rule (8.47)
corrects the slot position minimizing the local average phase error; indeed slots are
moved inward/outward to compensate for a local aperture illumination phase
delay/advance. The updating rule (8.48) corrects the slot length minimizing the
local amplitude error; indeed, slots are shortened/lengthened to compensate for
excessive/scarce local aperture illumination amplitude. Also, the global factor
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ni‘f? has been introduced in (8.48) so that the slot length profile of the entire

antenna is adjusted to maximize the radiation efficiency. Indeed, all the slots are
globally shortened/lengthened, without changing the aperture distribution shape, to
guarantee that most of the power injected in the PPW at the feeding point is radiated
by the slots before reaching the antenna rim.

The loop is repeated until the spillover efficiency 1, is over a fixed threshold
(usually 75, > 95%), and the average aperture distribution error

N, N,

N 1 A(p;)
v i

P =1

Prr 1}4(91‘) _ A(Pi)
M A

|F;— 1] (8.49)

is sufficiently small (e.g., ép <0.01).
Minimization of Spurious Modes Excited by the Slots Arrangement

Another effect, which is neglected in the simplified model used for the first design
of the CP-RLSA, is the perturbation of the incident feeding wave due to the field
scattered in the PPW by the slots etched in the upper plate. Despite the field
scattered inside the PPW by a single-slot pair is relatively weak, the collective
radiation of all the slot pairs generates a higher order of PPW modes, some of which
can be of appreciable amplitude with respect to the feeding. Since the PPW height h
is chosen less than half wavelength (h <14/2), only TM},, modes with n = 0 can
propagate (where n and m tag the radially propagating mode eigenvalues along z
and ¢, respectively). When the antenna is fed by an outgoing TM§, mode, excited
higher order (m # 0) modes vanish at the feeding point p = 0, and therefore their
occurrence does not result in an increased antenna reflection loss. Nevertheless,
since they exhibit a phase variation exp(jm¢), their presence in the PPW creates an
interference with the TM§,, feeding mode resulting in a not uniform total field
impinging on the slots. As a matter of fact, the feeding wave loses the rotational
symmetry and exhibits an amplitude ripple and a phase oscillation along ¢. In turn,
the realized antenna aperture distribution loses the rotational symmetry with a
degradation of the radiation pattern. Therefore, in the case of Bessel aperture dis-
tribution, this effect results in a circular asymmetry of the pseudo-Bessel beam
around the propagation axis which needs to be kept under control during the design.

To minimize a given undesired 7M§,, mode one can adjust the distance Ap;
between the two slots in a pair, and their length difference A¢;. In particular, the
inner (tagged by ¢ = 1) and the outer (tagged by g = 2) slots in the i-th pair will be
placed at p;, = (p,»q, (j)l-q), with p;, = p; + (=1)?Ap;/2, and their respective length
will be ¢;; = ¢; + (—1)?A¢;/2. Note that the azimuthal coordinate of the inner/outer
slot ¢,, might be displaced with respect to the slot pair center ¢, to avoid slot
overlapping [41]. To optimize the design parameters Ap; and A¢;, for each slot pair
a complex fitness function
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Hi (kapy )™ P13 - Mi(py)

"F = - (2) ;
HE (kapo)em ey Ma(p)

(8.50)

is introduced, where m tags the undesired mode TM§,, to which the fitness function

is related, and H,(,,2 y denotes the derivative of the m-th order Hankel function of

second kind. In (8.50) (’1‘) is the azimuthal unit vector at inner/outer slot center Pig-
iq

The fitness function in (8.50) is the negative of the ratio between the amount of
TM; ,, individually excited by each slot in the pair. When "F; = 1 the contributions
of the two slots to the TMg,, mode perfectly cancel out each other. Hence, the
amplitude ["F;|21 and the phase /"F;20 can be used to feedback A¢; and Ap;,
respectively. Namely, |"F;| can be reduced/increased by increasing/reducing A¢;, so
that the scattering contribution of the inner/outer slot is weakened while that of the
outer/inner slot is reinforced. Also, Z™F; can be increased/reduced by
reducing/increasing Ap;, so that the phase delay between the scattering contribution
of the two slots is reduced/increased.

Again, to introduce smooth variation and avoid optimization instability, we
resort to a linear variation of the design parameters

N
Ap(d) = AP,b, () (8.51)
AU(¢) =D ALyby(¢) (8.52)

which are calculated in terms of a thinned set of samples AP, and AL, defined at the
control points @,,.. Such parameters are initialized with their nominal values AP, =
A/4,AL, = 0 according to the ideal simplified model introduced in Sect. 8.3.2.
Next, they are updated in the optimization loop by resorting to a linearly weighted
version of the complex fitness function (8.50) associated to each control point n

N,
MES = ST EY b)), (8.53)
i=1

In particular, the updating rules are defined as follows:
APUFD = APY) — 5 o /MES) ey (8.54)

and
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ALY = ALY + 1, [1 = [F|| A (855)

with 0<yp, xaz < 1 suitable damping factors (usually yap ~ 0.1 and y,; ~ 0.1)
and A = max (L,(f)/ 20, AL,(,S)). The ratio between the amplitude of the undesired

TMj,, mode in the PPW and the amplitude of the feeding mode can be monitored at
each step s and introduced into the stop criterion of the optimization procedure.
Therefore, also this second fitness function is calculated at each control point and
the minimization of its magnitude and phase, respectively, leads to the optimum slot
length difference inside the pair, and the optimum displacement Ap of each slot in
the pair with respect to the pertinent pair center p;.

Note that the parameters pair Ap; and A¢; might alternatively be adjusted in
order to minimize the cross-polarized radiation of the slot pair. However, the
CP-RLSA spiral arrangement presents a broadside null of the cross-polarized
radiation pattern in the array factor. Therefore, the polarization level of the antenna
combining a CP element and a CP array factor is usually excellent and does not
require a cross-polarization level improvement.

8.3.4 Circular-Polarized Bessel Beam Launcher Made
by a RLSA Structure

The optimization procedure presented in Sect. 8.3.3 converges to the optimum
solution in a very limited number of steps, allowing the use of a full-wave analysis
of the entire antenna [40] that, in turn, guarantees an accurate prediction of the
antenna behavior. In the full-wave analysis, at least five rectangular waveguide type
modes are required to accurately model the shape of the magnetic current along
each slot, because of the strong coupling between the slots [53]. In the present
design, unlike [53], the slots couple significantly both in the internal (PPW) and in
the external (grounded half-space) regions, because the dielectric constant is almost
the same in the two regions.

Consider now the design of a CP-RLSA antenna working at the nominal fre-
quency of 15 GHz for the generation of a Pseudo-Bessel beam characterized by a
half-power beamwidth of less than 12 cm and to need a focalization distance in
between 4 and 8 m.

Hence, the antenna has to generate, on the plane z = 0, an aperture field dis-
tribution A(p) = AogJo(kgp0), as specified in Eq. (8.34), where the constant kg is
related to the half-power beamwidth (HPBW) through kp = 2.235/HPBW [3].
Thus, the HPBW requirement is satisfied by choosing kg = 20m~'. Moreover,
assuming reasonable a depth of field zp.,x =9m, through the relation

Zmax = R/ (ko/k3)2—1, it is obtained an antenna radius of 57 cm. In the fol-

lowing, by presuming a slight degradation of the actual antenna performances,
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Fig. 8.8 Evolution of the equivalent dipole moment of each slot pair along the optimization steps:
magnitude (above), and phase (below). Initial design (dotted green line), final design (red line),
and target aperture distribution My(p;) (dashed-black line)

an antenna radius of 60 cm will be considered. Due to the large dimension of the
antenna, a hollow PPW cannot be employed. Thus, to guarantee mechanical
robustness and to maintain its thickness constant, the PPW is supposed filled by a
foam substrate (ROHACELL WF51, ¢, = 1.07 and tan 6 = 0.0035 @10 GHz).

The optimization process converges in 16 steps. The comparison between the
target aperture distribution and the synthesized one is shown in Fig. 8.8, where one
can trace how the equivalent dipole moment of each slot pair M(p;) = A(p;)p
evolves during the optimization process from the first draft design (green dotted
line) and it converges to the target (black dashed line) My(p;), at the last step (red
solid line). It is also noticeable a rippled behavior of the synthetized dipole moment
due to the excitation of spurious higher circumferential modes in the PPW, and
especially modes TM{ _,. If no action had been taken at each optimization step
when increasing the efficiency of the antenna (i.e., the length of the slots and
consequently its interaction), the ripple would have become unacceptable.
However, this phenomenon was contrasted by adjusting the relative position Ap of
each slot pair that constitutes the elementary circular-polarized element of the array
through Eq. (8.53). Introducing this degree of freedom in the optimization process,
we limit the amplitude of the undesired TM ., modes to less than 15% with respect
to the amplitude of the feeding TMj, mode. Thus, the effect of the ripples is
mitigated.

The discretization of the aperture distribution by slots necessarily introduces a
degradation of the Bessel beam performances as the reduction of the maximum
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Fig. 8.9 a the axial z-component of the radiated power density s, along the z-axis for the target
continuous distribution (black red line), for the target distribution sampled on the slot pair
positions (gray line), for the synthesized RLSA distribution (black solid line), and for the
measured antenna prototype (black dashed line). b A photograph of the RLSA prototype

radiated power density, but not of the beam shape. In Fig. 8.9 the axial z-compo-
nent of the radiated power density associated to the ideal continuous distribution
(red solid line) is compared to that associated to the ideal distribution (gray line)
sampled on the slot pair positions of the synthesized RLSA (the power accepted by
the antenna is set equal to 1 W). The small reduction of the maximum radiated
power density associated to the synthesized antenna (solid black line), with respect
to the one associated to the sampled ideal distribution, demonstrates the effec-
tiveness of the optimization process. The RLSA is expected to have the maximum
power density at a distance from the radiating surface of 5.1 m instead of 5.2 m of
the continuous aperture, with a —6 dB depth of field of 430/ instead of 4554.

By defining the focusing efficiency as the ratio between the power focalized in
the target spatial xy-spot of 12 cm diameter at the maximum radiated power dis-
tance for the actual antenna and the ideal (continuous) pseudo-Bessel beam dis-
tribution, the expected efficiency for the synthesized RLSA is about 84%.

The point of maximum power density was expected at z = 5.1 m (continuous
red line in Fig. 8.9a). However, it has been measured at z = 5.0 m. The shift of the
maximum power density distance toward the antenna is more evident in Fig. 8.9
where the dashed-black curve represents the measured power density along z. This
deviation is compatible with the manufacturing error associated with the laser
cutting of the slots in the metallic plate of the antenna. However, it can be con-
sidered a very good result for that electrically large antenna (60 Ay at 15 GHz) with
almost ten thousand slots (i.e., 9154), as shown in Fig. 8.9b.

The measured radiated power density (normalized to its relative maximum
value) in the xz-plane is shown in Fig. 8.10a. The —3 dB beam remains confined in
the specified spatial region of diameter 12 cm for more than 2 m in the entire band
of frequency. In Fig. 8.10b, the simulated and measured normalized power densities
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Fig. 8.10 Power density at 15 GHz, normalized to its maximum value, in the xz-plane (a) and in
the xy-plane for a distance from the radiating surface of 5.0 m (b)
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Fig. 8.11 Geometry of the problem: an antenna that produces a Bessel beam is used to detect a
buried metallic plate. Specifically, we are considering a noncontact detection of buried objects at
15 GHz when a circularly polarized antenna is on-board of a vehicle. Practical observation
suggests focalizing with a half-power beamwidth (HPBW) of a few centimeters (<12 cm) and with
a not well-defined focalization distance in between 4 and 8 m (i.e., 200 < 4004)

are compared at 5 m distance from the radiating surface. The agreement between
the simulated and measured beam shapes is very good.

The antenna here described has been used for the specific application for non-
contact microwave detection of buried mines, as sketched in Fig. 8.11.

In conventional ground penetrating radar, the detection cannot be performed in
remote conditions, because of the very large clutter contribution that degrades radar
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Fig. 8.12 Echo map relevant to a 10 cm x 10 cm metal plate buried 15 cm deep in Sahara dry
sand when a classical pencil beam (a) or a Bessel beam (b) are used

Fig. 8.13 Radial waveguide
loaded with metallic gratings
and fed by a coaxial fed

performance. A sensing architecture based on the concept of localized waves has
been proposed in [34] to dramatically increase the signal-to-noise ratio. The
advantage of using a Bessel beam instead of a classical pencil beam in such kind of
ground penetrating radar is evident in the comparison of the relevant echo maps
shown in Fig. 8.12.

8.3.5 Bessel Launcher Made by a Radial Waveguide Loaded
with Metallic Gratings

The practical implementation of a Bessel beam launcher exploiting an
inward-traveling wave aperture distribution is shown in Fig. 8.13. The structure is
made by a parallel-plate waveguide (PPW) with annular slots etched on the top
plate. A coaxial feed at the center excites an outward cylindrical radial wave inside
the PPW. An in-house Method of Moments (MoM) [20] is used to take into account
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Table 8.1 Geometrical sizes Slot i (mm) Wi (mm) Slot i (mm) w; (mm)
of the Bessel beam launcher:
. e 1 1.5 0.55 7 110 2.3
radial positions (p;) and
widths (w;) of the annular 2 29.8 0.94 8 126.5 26
slots 3 45.7 1.1 9 143 3
4 61.5 1.5 10 159.5 35
5 76.4 1.2 11 1754 3.8
6 94.1 3 12 1924 4
[E,| [4B] E,I[dB] |E ol [dB]
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Fig. 8.14 Electric field radiated by the launcher in Fig. 8.13, calculated using COMSOL
Multiphysics. From left to right, |E.|, !E,,| and |E|. The axes are normalized with respect to the
wavelength (4) at the operating frequency. The dashed-white lines mark the GO boundaries

the mutual coupling amongst the various slots. The design follows the same steps
outlined in Sect. 8.3.3 to tailor the magnetic current distribution over the top plate
in the shape of an inward cylindrical wave. This is accomplished by controlling the
positions along the radial direction p; and sizes w; of the circular slots (refer to
Fig. 8.13).

Indeed, slots are positioned at those points where the phase of the outward
cylindrical feeding wave inside the PPW matches that of the target inward cylin-
drical aperture distribution, according to a holographic criterion.

The slot width is used to modulate the amplitude of the aperture distribution. In
addition the design procedure assures that the total energy launched by the coaxial
feed in the PPW is radiated, thus avoiding any spurious radiation by the edges of the
structure. The geometrical details of the structure are provided in Table 8.1.
COMSOL multiphysics has been used to analyze the structure. Field maps of the
electric field above the launcher are shown in Fig. 8.14, which are found very similar
to their theoretical counterparts in Sect. 8.2.1. To allow a clearer quantitative com-
parison, we also show in Fig. 8.15 the E, component of the electric field at the distance
7z = 4.667/ from the aperture, corresponding to the maximum transverse extension
of the rthomboidal region where the Bessel beam is created (refer to Fig. 8.14),
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Fig. 8.15 Normalized |E;| component of the electric field at z = 4.6671 for the structure in
Fig. 8.13 simulated with COMSOL Multiphysics. The field radiated by a truncated inward Hankel
distribution is shown for comparison

compared to the ideal truncated (¢ = 71) inward Hankel aperture distribution. The
good agreement reveals the accuracy of the launcher design. It is worth noting that the
traveling nature of the synthesized aperture distribution guarantees a wideband
operation as a difference with resonant Bessel designs [9, 40, 55].

8.4 Leaky-Wave Bessel Beam Launchers
8.4.1 The Leaky Radial Waveguide: Motivations

In this section, we consider a propagating transverse magnetic (TM) Bessel beam
[56]. The z-directed (in the direction of the structure’s surface normal) electric field
component takes on the following form: E.(p,z) = Jo (k,p)e 7. Since the wave is
TM-polarized, the other components of the electromagnetic field can be expressed
as [57]

Ey=H,=H,=0, (8.56)
k. .
Ey=j-h (kpp)e 7, (8.57)
14
. ki -
H, :J—ZJI (kpp)e <, (8.58)
Nokp

where 1), is the characteristic impedance of free space and the wavenumbers obey
the separation relation: kg = k> + k2.
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Fig. 8.16 A leaky radial
waveguide loaded with a Impedance Sheet Z
capacitive sheet impedance /
€, h
........... _’
Ground Plane p

Equations (8.56)—(8.58) show that the components of the electric and magnetic
field are Bessel functions, and do not change their profile with respect to z. Since
the Bessel beam is propagating, the field components possess a transverse propa-
gation constant k, smaller than ko, the free-space wavenumber. As a result, an open
structure exciting a propagating Bessel beam supports an azimuthally invariant
fast/leaky mode in the transverse direction. Since the structure supports a leaky
mode, the normal wavenumber is complex: k, = . + jo, and the structure’s surface
impedance becomes

E, Mo .
P - . 8.59
nsmf H¢ kO (IBZ +]O(Z) ( )

From (8.59), it is clear that a structure with a capacitive surface impedance is
required to support a TM-polarized, cylindrical leaky mode [58]. A radiating sys-
tem that supports such a leaky mode is the radial waveguide loaded with a
capacitive impedance sheet, depicted in Fig. 8.16. This capacitively loaded radial
waveguide will be studied in more detail in the next sections.

It is worth mentioning that the argument above for TM modes can be also
extended to transverse electric (TE) modes. In the TE case, the z-component of the
magnetic field presents a Bessel profile, and an inductive impedance sheet is
required to generate an azimuthally invariant leaky mode inside the radial
waveguide.

8.4.2 Field Derivation for the Leaky Radial Waveguide

The considered radial waveguide is shown in Fig. 8.16. It consists of a capacitive
impedance sheet at a height i above a metallic ground plane. A ¢p-invariant TM
mode with respect to the z-direction is considered. A magnetic vector potential with
only a z-component (A) is used to derive the field radiated and within the radial
waveguide. In particular, for a radial waveguide filled with a homogenous media
with permittivity €1, the vector potential can be expressed in cylindrical coordinates
as [57]
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A = cos(kaz) [CiHy (kyp) + DiHE (kop) |2, (8.60)

. 1
where k;; and k, are the normal and transverse propagation constants, and H(() )( )

and Héz)(.) are the zero-order Hankel functions of the first and second kind,
respectively. The variables C; and D; denote amplitude coefficients stipulated by
the boundary conditions and excitation.

The components of the electric and magnetic field can now be derived as

Ey=H,=H,=0, (8.61)
—jn; OA

= —_— 8.62

P ky 0pdz’ (8.62)

B =M (72 \a (8.63)

ok \2 ) '

0A

Hy=—2" 8.64

where A, 1,, and k; are the z-components of the magnetic potential, characteristic
impedance, and propagation constant within the radial waveguide, respectively. The
fields within the radial waveguide can therefore be expressed as

—inikaik
E, = %sin(kzlz) (il (kyp) + DiHE (Rop)] (8.65)
—jmk;
= %cos(kzlz) [CIH(S” (kop) + D1 H (K, )], (8.66)
Hy = kycos(kaz) | CiHL (kop) + DiHE (kp) | (8.67)

Equations (8.65)—(8.67) show that the field components consist of two cylin-

drical waves: one traveling outward (H(()z)(.) or Hfz)(.)), and the other inward

(H(()l)(.) or Hi”(.)). The field component E, assumes a Jy profile when C; = D;.

Such field profiles can be achieved by placing a circular metallic rim at a distance
0 = p,, which corresponds to a null of the J function. Therefore, the cancelation of
the z-directed electric field within the radial waveguide leads to

)
C =D, w. (8.68)
Hy " (kop1)
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Fig. 8.17 The leaky radial
waveguide with a metallic rim
at p = p,. An array of patches
represents the impedance
surface Z. The launcher is fed
by a coaxial probe at the
center

The corresponding structure is shown in Fig. 8.17.
Assuming a complex wavenumber along p(kp =B, - jocp) and large rim

radius p;, the Hankel functions can be approximated as H(()l)’(z) (kpp)N

2/ nk‘,peij(k”” -7/ 4). As a result, two conditions can be derived from (8.68) to
ensure C; = Dy:

T
Bopr=—7 +am, (8.69)
o, < 1, (8.70)

where ¢ is an integer. Equation (8.69) requires that the inward and outward modes
are out of phase at p = p;, one of the zeros of the zeroth-order Bessel function.
Equation (8.70) states that the amplitudes of the backward and forward leaky-wave
modes are nearly identical. Note that in practical leaky-wave antennas, the
leaky-wave mode is almost zero at the end of the structure, in order to avoid an
additional sidelobe due to backward traveling leaky-wave modes. Here, the struc-
ture is resonant in the p—direction and the backward traveling mode is critical to
establishing the Bessel beam.

Once Egs. (8.69) and (8.70) are satisfied, the field components (8.65)—(8.67) can
be rewritten as

—jmkak, .
E,=C %sm(kzlz)ll (kop), (8.71)

—j’hk,%
1

E.=C, cos(k12)Jo (kop), (8.72)

Hy = —Cik, cos(k12)Jy (kpp). (8.73)
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Fig. 8.18 Non-diffractive range of the leaky radial waveguide

As expected, the z-component of the electric field assumes a Jy profile.

The radius p; of the Bessel beam launcher (leaky radial waveguide) is also
directly related to the non-diffractive range of the truncated Bessel beam [3] (see
Fig. 8.18):

(8.74)

As shown in Fig. 8.18, the non-diffractive range is defined by the intersection of
the leaky-wave radiation boundaries.

Two characteristics of the Bessel beam radiation become evident from Fig. 8.18
and (8.74): (1) larger non-diffractive ranges can be achieved with leaky-wave
modes pointing closer to broadside; (2) the far-field radiation pattern is conical and
points at § = sin~! (ﬁ ) / ko). As a result, the non-diffractive range can be located in
the Fresnel zone or near-field of the structure by changing the transverse propa-
gation constant from a value close to zero to ky. In addition, larger non-diffractive
ranges correspond to Bessel beams with wider null-to-null beamwidths, where the
null-to-null beamwidth is given by NNBW ~ 4.81/f,. Therefore, a tradeoff exists
between beam size and non-diffractive range, where the leaky complex
wavenumber is determined by (8.69), (8.70), and (8.74).

Finally, to completely define the fields within the leaky radial waveguide, the
coefficient D; in (8.68) needs to be found. This can be done by choosing a



8 Near-Field Focusing by Non-diffracting Bessel Beams 271

particular excitation for the structure. Here, the coaxial excitation shown in
Fig. 8.17 is selected. It is assumed that the total current flowing on the inner
conductor of the coaxial probe’s surface is uniform and equal to I = 2naJ;, where a
is the radius of the inner conductor and J; is the surface current density. The
assumption is valid for very thin radial waveguides [57], h < Ao(Ao, free-space
wavelength at the operating frequency fp), and small values of the impedance sheet
Z,. Imposing the continuity of the ¢-component of the magnetic field along the
coaxial probe’s surface and for small probes’ radii, the coefficient D; can be found:

1
. H(()Z)(kppl) .
4j <l + H_(()])(kﬂpl)

D, =

(8.75)

8.4.3 Dispersion Analysis of the Leaky Radial Waveguide

In order to design the leaky radial waveguide, closed-form expressions for Z; and h
as a function of the transverse propagation constant are needed. These expressions
can be found using the equivalent transmission line model of the radial waveguide
shown in Fig. 8.19. The dispersion equation of the radial waveguide will be derived
first. The parameters Z; and i will then be expressed in terms of the normal
propagation constant of the leaky-wave modes within the radial waveguide. Using
the transverse resonance technique, the dispersion equation can be expressed as

Yair + Y5 — jY™ cot(k,h) = 0, (8.76)

with Yur = 1/Zyir, Yy = 1/Z; and Y™ = ¢,1ko/nok,1 denoting the characteristic
admittance for a TM mode in free space. It is worth noting that the expression
provided in [59] can be used for Z,,. However, in order to derive closed-form

Fig. 8.19 Equivalent Z
transmission line model for
the leaky radial waveguide in

air

Fig. 8.17
Z1TM k11
h
z
T—pT

Ground plane
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expressions for Z; and h, in the following it is assumed Z; equal to the free-space
characteristic impedance of a TM mode [56].

Considering Z; = jX;, and using the small argument expression for the cotangent
function, (8.76) becomes

(8.77)

Equation (8.77) can be further simplified for a hollow radial waveguide
(81 = 1). Under this assumption, (8.77) simplifies to

(1R
kh=j( 5 mhis +1) =o0. (8.78)

Given that the normal wavenumber is complex (k. = B_+ jo.) for leaky-wave
modes, (8.78) can be separated into real and imaginary parts. After some algebrical
simplifications, Z; and h can be written as a functions of k:

-2
Xs = k_OOCZrIO, (879)
20
h=—"%_ (8.80)
2
o + B

Therefore, a unique solution can be found for Z; and % once the transverse or
normal propagation constant is fixed, assuming the structure is operating in its
fundamental mode. The sheet impedance Z; is found to be capacitive, as needed for
exciting TM-leaky-wave modes [58]. Equations (8.79) and (8.80) show that the
impedance sheet values are determined by the attenuation constant of the
leaky-wave mode, whereas the height 4 is dependent on both the propagation and
attenuation constants. In particular, lower values of A correspond to faster
leaky-wave modes, at a given frequency of operation. Finally, the expressions for
the general case of dielectric filled higher order (not operating on the principal
mode) leaky-wave radial waveguide can be found in [60]. Reference [60] also
defines the operating bandwidth of Bessel launchers based on radial leaky
waveguides.

8.4.4 Leaky Radial Waveguide: Experimental Results

In this section two prototypes are presented for the leaky-wave Bessel beam
launchers. The final prototypes have been designed using the procedure outlined in
the previous sections. More details about the structures and designs can be found in
[25, 60].
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Fig. 8.20 Leaky-wave Bessel beam launcher operating in X-band

The first prototype is shown in Fig. 8.20. It operates at fy = 10 GHz using the
principal leaky-wave mode within the radial waveguide. The launcher is fed by a
coaxial probe at the center of the structure.

The normalized transverse complex wavenumber of the excited leaky-wave
mode is k,/ky = 0.8 —j0.0167. The aperture radius is fixed equal to 88.89 mm
(2.96 hg, g is the wavelength at f,). The sheet impedance and radial waveguide
height are given by (8.79) and (8.80): Z; = —16.77jOhm, 7 = 0.588 mm. The
required impedance sheets for the two designs shown in this section are realized by
printing periodic square patch elements on both sides of a thin dielectric substrate,
as shown in Fig. 8.20, [25].

The E, component of the electric field above the prototype was measured using a
short electric probe attached to an automatically controlled 3D translation stage.
The electric probe was approximately Ao/10 (A is the free-space wavelength at
fo = 10 GHz). Figure 8.21a and b reports the normalized E, component of the
electric field of the Bessel beam launcher at z = 0.75 A,. The measured fields are at
f = 9.54 GHz [25]. This frequency shift with respect to the initial operating fre-
quency is attributed to tolerances inherent to the milling and etching fabrication
processes used for the prototype. Close agreement is observed between the simu-
lated and measured results. The cylindrical symmetry of the measured Bessel beam
is evident in the 2D plot of Fig. 8.21b. The dark and light rings correspond to nulls
and maxima of the Bessel beam. The 2D Fourier transform is shown in Fig. 8.21c.
The spectral ring of the Bessel beam is prominent confirming the generation of the
Bessel beam in free space. Figure 8.21d provides the measured E, component of
the electric field along the xz-plane within the non-diffractive range equal to 7,

2.1 Ag. The main beam, zeros, and shape of the field do not change for distances up
to z =2 Ay, further verifying the Bessel beam operation. However, at z =2 A,
higher sidelobes appear at the edges of the measurements.
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Fig. 8.21 Measured and normalized E, component of the electric field. a Comparison between
measured and simulated results at z = 0.75 A from the impedance surface. b 2D plot at z = 0.75
Ao from the impedance surface. ¢ Normalized amplitude of the Fourier transform of the measured
E, component of the electric field at the operating frequency at z = 0.75 A, from the impedance
surface. d 2D plot along the xz-plane

Fig. 8.22 Leaky-wave
Bessel beam launcher
operating in Ka-band

The second prototype is shown in Fig. 8.22. The aim of this prototype is to use
higher order leaky-wave modes for the generation of Bessel beams [60]. As a
difference with the structure in Fig. 8.20, the present launcher is suited to Printed
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Fig. 8.23 a Measured E, component of the normalized electric field at f = 38.3 GHz along the
xz-plane. The white-dashed line corresponds to the limit of the non-diffractive range. b Variation
of the HPBW versus frequency for the Bessel beam launcher at z = A from the radiating aperture.
The vertical lines mark the extrema of the maximum available bandwidth as defined in [60]

Circuit Board (PCB) technology. The operating frequency is f = 39.3 GHz with a
final radiating aperture of about 44.6 mm and a thickness smaller than 3.5 mm. The
launcher is still fed by a simple coaxial probe at the center of the structure.

Also in this case, the E, component of the electric field above the prototype was
measured using a short electric probe attached to an automatically controlled 3D
translation stage. Figure 8.23 provides the measured E, field component along the
xz-plane. As expected, the half-power beamwidth (HPBW) of the launched Bessel
beam is preserved within the non-diffractive range with an upper limit at
z = 16.4 mm (marked with a dashed-white line). Above this distance, diffraction
prevails, and the beam starts to widen.

The variation of the measured HPBW with the frequency at a fixed distance
(z = ho, With Aq is the free-space wavelength at f = 40 GHz) from the radiating
aperture is shown in Fig. 8.23b. Simulation results obtained with Ansys HFSS are
also proved for comparison. Due to the dispersive behavior of leaky-wave mode
generating the beam, both the simulated and the measured HPBWs slowly decrease
within the band 37.3-40.3 GHz. However, the measured HPBW remains almost
constant within the frequency range 38-39.5 GHz. This result proves that the
proposed launcher can generate a Bessel launcher over a relative bandwidth of
about 4%.

8.4.5 Bessel Launcher Using a Modulated Metasurface

This section presents an implementation of Bessel beam launchers using modulated
metasurfaces [32]. The modulated metasurface (surface impedance) is used to
transform a surface wave (SW), launched by a feeder, into a LW mode by using a
locally periodic modulation. In the following, we suppose that the feeder launches a
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cylindrical incident SW propagating along a metasurface placed in the xy-plane. For
a lossless non-modulated inductive scalar surface impedance Z; = jX,(X; > 0), the
dominant SW mode has a TM,, polarization (where z is the normal to the surface,
and TM stands for transverse magnetic). The magnetic field on the surface is
assumed to be of the form

inc 2
H L (0) =A™ () H (kip)p, (8.81)
where p/ = XX+ 'y is a general point on the antenna surface, A™ the amplitude,
and k; is obtained by solving the transverse dispersion problem [61].

The field radiated by the locally modulated metasurface can be expressed as the
field radiated by the equivalent surface magnetic currents, defined as

M(r) = 2B(r) x 2 =2 [Zs(p/)i < H™ ()] x 2
= —24™ () Z,(p)Hy (kip) p. (8.82)

A Bessel beam polarized along z-direction can be obtained by a magnetic current
aperture distribution placed in z = 0 of the form (8.34) polarized along p. The radial
wavenumber k, and the radius of the metasurface p,,, are directly related to the
non-diffractive range of the Bessel beam. The needed phase behavior can be
obtained from (8.82) using the following surface impedance [32]:

) =8 o]+ T e 22))] ). 3

where y(x) = { (1));638 is the step function.

It can be noted that (8.83) can also assure a similar amplitude law with respect to
(8.34) since the Bessel and the Hankel functions have the same amplitude factor in
their asymptotic expansion for large arguments. The two amplitude laws match
exactly only in the case where k, = k;. This latter condition could not be satisfied
since k, <ko while k; > ko. The effect of this small amplitude error (tapering) is
shown in Fig. 8.24a where a circular aperture of radius 3 illuminated with a Bessel
function with k, = 0.6ko has been considered. As can be seen, the above amplitude
difference gives rise to small differences on the secondary lobes while the focusing
effect is still present. However, it can be noticed that a perfect amplitude matching
could be obtained by locally changing radially the average impedance X,(p).

An alternative formulation can be obtained by using an inward cylindrical wave
distribution as in (8.1). Also for this case, a tapered distribution law can be obtained
(amplitude and phase) using the following expression [32]:
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Fig. 8.24 a Near-field comparison at a distance of 2\ from the antenna between an ideal Bessel
beam, the field generated by an aperture described by Eq. (8.34) and its metasurface antenna
implementation (8.83). b Same comparison using the aperture distribution (8.1) and its
metasurface implementation (8.84)
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Fig. 8.25 Reactance chart for a Bessel beam polarized along z, generated with a J; distribution or
an H§1) distribution. The average impedance is Z; = j 290 Q and modulation index M = 0.17

7o) Zsz(l +M(p/)Re{ejArg(Hf)(k,ﬂ’))e—.iArg(HE”(/fﬁﬂ’)) }) (8.84)

Similar consideration on the aperture field amplitudes holds also for this con-
figuration as shown in Fig. 8.24b.

Figure 8.24 shows a comparison between the ideal Bessel beam, the tapered
ideal beam, and the field radiated by the metasurface antenna at 2\ from the antenna
obtained with HFSS for both configurations. A good agreement is observed
between theory and full-wave results. Reactance chart examples for both formu-
lations are shown in Fig. 8.25. An operating frequency of 20 GHz is considered in
all cases.
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Fig. 8.26 Normalized near-field scanning in dB for a Bessel beam antenna a using the aperture
distribution (8.34). b Alternative aperture distribution (8.1)

The two presented configurations have been implemented using a circular panel
of radius 3\. The metasurface impedance is realized by printing squared patches
with different dimensions on a squared lattice of side 1.25 mm on a grounded
dielectric slab (Rogers 4350b with a relative permittivity of 3.66 and a thickness of
1.52 mm). A higher modulation index has been used close to the periphery of the
antenna in order to prevent reflections [32]. The parameter for the Bessel functions
has been selected as k, = 0.6kg; the corresponding non-diffracting zone is given by
z<4

Figure 8.26 represents the map of the near-field generated by the metasurface
launcher. The non-diffractive behavior of the generated beam can be recognized
within the non-diffracting region of the launcher.

8.5 Conclusions and Future Directions

This chapter has briefly introduced the concept of non-diffractive radiation with a
special focus on Bessel beams. The possibility to generate Bessel beams with
inward-traveling waves has been presented. It has been proved that
inward-traveling waves can generate non-diffractive Bessel beams over a rthom-
boidal region in front of the radiating aperture. In addition, the non-diffractive
radiation is achieved over a large bandwidth with respect to classical methods based
on resonant radiating aperture. The wideband feature of such launchers is extremely
appealing for the generation of non-diffractive pulses and in particular of X-waves
[1, 2, 62]. Besides, planar radiating structures are preferred at millimeter waves to
cumbersome axicon lenses adopted at optical frequencies [9, 10].

An efficient design procedure has then been presented for planar Bessel
launchers based on radial waveguides loaded with radiating slots (RLSA antennas)
or metallic gratings. The procedure allows synthetizing a defined aperture field
distribution by controlling the location and size of the slots or metallic gratings of
the radial waveguide. The procedure has been adopted for designing a RLSA Bessel
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launcher operating in Ku-band with circular polarization and a deep of focus of
several meters. Such launcher can find application in remote sensing for the
detection of buried objects [34] or as a field concentrator for drilling operations in
planetary explorations [63].

The same design procedure has been used for a Bessel launcher using
inward-traveling waves. The launcher is made by a radial waveguide loaded with
metallic gratings. The structure is suited to low-cost printed circuit board fabrication
processes. The wideband behavior, low loss, and low cost of such launcher are
attractive features for imaging applications at millimeter waves [64]. Besides, the
proposed structures may find applications for future short-range wireless links for
next-generation communication networks in D-band (120 GHz) and even beyond
300 GHz [65]. On the other hand, the design procedure proposed here for
non-diffractive launcher can be adopted for the design of antenna systems with an
arbitrary near-field profile [66].

The chapter has also outlined the possibility to generate Bessel beams with
leaky-wave modes. The non-diffractive beam is obtained by the radiation of an
inward and outward leaky-wave mode traveling within a radial waveguide. These
modes are excited by a coaxial probe at the center of the radial waveguide loaded
with a uniform metasurface. The propagation constant of the leaky-wave modes
controls the non-diffractive range and beamwidth of the generated beam. In par-
ticular, it has been shown that resonant apertures are needed for the generation of
the non-diffractive radiation. Despite the resonant nature of the radiating aperture,
Bessel launchers based on leaky-wave modes are a novel paradigm for the gen-
eration of non-diffractive radiation.

The combination of this concept with the recent achievements on
inward-traveling waves presented in this chapter may pave the way to extremely
efficient launcher at millimeter waves. Recent works are already pursuing such
possibility by using metasurfaces [27, 30, 32]. The possible applications of such
launchers include low-profile antennas [67], wireless power transfer systems [68],
microparticle manipulations with tractor beams [69], and the generation of surface
plasmon polaritons [70].
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Abstract This chapter reports design and analysis methods for planar antennas
based on modulated metasurfaces (MTSs). These antennas transform a surface
wave (SW) into a leaky wave by means of the interaction with a MTS having a
spatially modulated equivalent impedance. The basic concept is that the MTS
imposes the impedance boundary conditions (BCs) seen by the SW, and therefore
the MTS controls amplitude, phase, and polarization of the aperture field. Thus,
MTS antennas are highly customizable in terms of their performances, by simply
changing the MTS and without affecting the overall structure. Several technological
solutions can be adopted to implement the MTS, from sub-wavelength patches
printed on a grounded slab at microwave frequencies, to a bed of nails structure in
the millimetre and sub-millimetre wave range: in any case, the resulting device has
light weight and a low profile. The design of the MTS is based on a generalized
form of the Floquet wave theorem adiabatically applied to curvilinear locally
periodic BCs. The design defines the continuous BCs required for reproducing a
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desired aperture field, and it is verified by a fast full-wave solver for impedance
BCs. Next, the continuous BCs are discretized and implemented by a distribution of
electrically small printed metallic elements in a regular lattice, like pixels in an
image. The final layout is composed of tens of thousands of pixels and it is analyzed
by a full-wave solver which makes use of entire domain basis functions combined
with a fast-multipole algorithm. Examples of design and realizations of MTS
antennas are shown, proving the effectiveness of the concept.

9.1 Introduction

Metasurfaces (MTSs) are thin metamaterial layers characterized by unusual reflection
properties of plane waves and/or dispersion properties of surface/guided waves.
Metamaterials are artificial materials that can be formed by periodic arrangements of
many small inclusions in a dielectric host environment, for achieving macroscopic
electromagnetic or optical properties that cannot be found in nature.

MTSs have found several applications in designing antennas and microwave
components and they may be distinguished in penetrable and impenetrable.
A penetrable MTS (sometimes called metafilm) is constituted by a planar distri-
bution of small periodic elements in a very thin host medium [1]. A ground plane is
instead a constitutive element for impenetrable MTSs, which are the ones treated in
this chapter. In the microwave regime, impenetrable MTSs are usually formed by a
dense texture of small elements in a regular lattice, printed on a grounded slab with
or without shorting vias. Impenetrable MTSs can be also simply constituted by a
dense distribution of pins [2] on a ground plane. This solution is usually adopted at
the optical frequencies to overcome the issue of dielectric losses.

The MTS is referred to as uniform when the elements in the periodic lattice are
identical all over the MTS plane [3]. Here, however, we deal with aperiodic ele-
ments having geometrical parameters gradually changing from cell-to-cell: in this
case the MTS is referred to as nonuniform or modulated. Nonuniform MTSs allow
one to change the phase velocity and/or propagation path of the guided wave
sustained by the MTS.
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The applications of modulated MTSs can be divided in four classes: (a) MTSs
for aperture antennas [4—12], (b) MTSs for the control of surface-waves (SWs)
wavefront [13-16], (c) MTS screens for the control of field transmission [17-19],
(d) MTSs for EBG [20]. Here, we focus the attention on the first class of
applications.

The subject of surface wave control through MTSs has been treated in several
recent papers ([4-33]), some of them addressing the relevant phenomena in the
framework of Transformation Optics (see [14, 23-29] and Chap. 11 of this book).
On the other hand, the control of leaky-wave (LW) radiation through modulation of
boundary conditions (BCs) has led to a new class of modulated MTS antennas [4—
9] (referred to as MoMetAs in [6], which stands for Modulated Metasurface
Antennas). This kind of antennas transforms a bounded SW into a radiative LW
through the SW interaction with a modulated MTS. In the microwave range, the
MTS antennas we are dealing with are typically constituted by sub-wavelength
patches of various shapes, printed on a grounded dielectric substrate [4-10]. They
exhibit low profile, low weight, reduced complexity, and low cost. Neither external
protruding or backing feed arrangements nor (sub-) reflectors are required, since the
feeding element is embedded in the MTS; this constitutes an advantage with respect
to other types of printed antennas, like reflectarrays, especially for space applica-
tions [6]. Although modulated MTS antennas are based on a LW mechanism, their
behavior offers an enormous flexibility with respect to conventional LW antennas.
The key features of modulated MTS antennas, making them very appealing mostly
for space applications but also for a wide range of ground applications, can be
summarized as follows:

e Unique decoupling of electrical and thermo-mechanical design.

e Unique capability of low-complexity (dynamic) beam control (shaping, point-
ing, and scanning).

Unique support for late electrical performance refinement and design reusability.
Complete and simple on-surface control of medium-to-large size apertures.
Low power losses.

Low mass and low envelope.

Implementation amenable to very different technologies.

Simple low-cost manufacturing.

Some prototypes of MTS antennas are shown in Fig. 9.1. At the frequency of
operation, the elements that implement the BCs are small in terms of the wave-
length (between A/S and A/10, with A being the free-space wavelength), so that the
interacting SW sees the interface BC as a continuum. These elements behave like
pixels in a black and white printed image, whose gray scale is realized by changing
the dimension of the pixel elements inside a regular lattice. One can also control the
polarization by using asymmetric pixel elements (this can be done, e.g., by adding a
feature like a cut or a slot to a circular patch, or using an elliptical patch), and
rotating them inside the lattice.
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Fig. 9.1 Examples of realized prototypes of MTS antennas. The SW is excited by a single probe
(left and right insets) or by 4 probes (central inset). In the three examples, the feeding region is
located at the center of the MTS

Table 9.1 summarizes a number of modulated MTS designs, several of which
have been built and measured, while the most recent ones are yet to be manufac-
tured. Nevertheless, the extremely good accuracy of the design tools in use makes it
possible to rely on the calculated performance figures.

The model of these antennas is inherently multi-scale (see Fig. 9.2). To convey
the idea, we adopt a terminology used in physics (Fig. 9.2), to denote the scales in
terms of (a) “macroscopic scale”, (b) “mesoscopic scale”, (c) “molecular scale”, and
(d) “atomic scale”. The largest dimension of the antenna can be several wavelengths
(e.g., 15X, Fig. 9.2a). The local period of the global modulation is normally of the
order of one wavelength (Fig. 9.2b). Zooming in the scale, one sees the lattice of
the texture, which consists of pixel elements with a size of approximately A/10
(Fig. 9.2c). The specific features added to the patches to control polarization (e.g.,
the slots) can be of the order of A/50, which is approximately the size of the
discretization triangles required in a Method of Moment mesh (Fig. 9.2d). It is,
hence, clear that a conventional global full-wave analysis of the overall structure
would require the solution of a million-unknowns problem. For this reason, a single
model cannot cover all the scales, and the synthesis procedure cannot be solely
based on a direct full-wave solver. Note that the number of unknowns is even larger
if the computational approach is based on other methods such as FEM or FDTD.
Here, we only deal with MoM methods for solving these structures, as the use of
other methods is out of the scope of this chapter. In the following, we introduce a
design process for modulated MTS antennas that makes use of different models for
the different scales, corresponding to different levels of accuracy.
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Fig. 9.2 Multiscale features of MTS antennas: “macroscopic” scale (a), “mesoscopic” scale (b),
“molecular” scale (c¢), “atomic” scale (d)

The chapter is organized as follows. Section 9.2 provides a global picture of the
design process, whose blocks are described more in detail in the following sections.
In particular, Sect. 9.3 introduces the Flat Optics model for the description of fields
and currents on the modulated MTS. Section 9.4 describes the synthesis scheme for
the design of an impedance BC providing a desired radiating aperture field.
Section 9.5 discusses the full-wave analysis method based on a continuous impe-
dance BC model. Section 9.6 presents the technique used for the synthesis of the
BC, based on the extraction of the equivalent impedance of the single pixels.
Section 9.7 illustrates an efficient MoM approach for the full-wave analysis of
textured MTS antennas consisting of elliptical patches. An example of design
process, including all the previously mentioned steps, is presented in Sect. 9.8.
Also, other designs for highly efficient antennas or wide band capability are dis-
cussed in Sect. 9.8. The issue of the efficiency for these antennas is discussed in
Sect. 9.9. Finally, practical examples of MTS antennas are reported in Sect. 9.10,
and conclusions are given in Sect. 9.11.

9.2 Overview of the Design Process

The global synthesis scheme is shown in Fig. 9.3 [12]. It is composed of three main
blocks, each of them working on a different model scale. The first block synthesizes
the continuous impedance surface, which, when excited by a reference SW pro-
duces the objective aperture field. Then, within the second block, the continuous
impedance surface is discretized and implemented through a dense texture of small
patches. We will refer to them as “pixels” since they resemble pixels in a black and
white printed image. Finally, the third block analyzes the textured antenna layout
through a global full-wave solver. Since the number of pixels is quite large (typi-
cally several thousands), the global solver must be engineered with smart numerical
strategies to overcome the computational complexity arising from the huge number
of unknowns of the linear problem.
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Fig. 9.3 Block diagram of the synthesis process

Fig. 9.4 Geometry of the
problem. The sub-wavelength
printed patches are modeled
by an anisotropic tensor
reactance, which defines
through (9.1) discontinuous
BCs over a grounded
dielectric slab (inset on the
left corner). The inset on the
right top corner sketches the
local periodic problem for the
definition of the adiabatic
Floquet modes

The design process starts assuming that the radiative components of the objec-
tive aperture field are known. We do not treat here the process to synthesize a
continuous aperture field from the pattern requirements, since this is the subject of a
rich literature, see for instance [34] and the references therein. Within the first
block, the synthesis of the BCs is performed at “mesoscopic” level (area on the left
in Fig. 9.3), namely, assuming that the patterned metallic cladding can be treated as
a continuous, space-dependent reactance tensor X, which models continuous ani-
sotropic BCs related to the discontinuity of the magnetic field (Fig. 9.4). The block
in red is the core of this task, and it is based on the analytical method introduced in
[35, 36] that we denote succinctly as “Flat Optics” (FO) and synthesized in the next
paragraph. The time required to produce X is a few seconds using a good notebook
independently of the antenna size. After the synthesis has been performed,
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a full-wave analysis still based on a continuous BC approach, is used to check the
accuracy of the synthesis. This step is performed with an extremely fast formulation
described in [37], which requires less than 10 s for antennas with diameter of 20
wavelengths. If the first check with this solver is successful, one proceeds with the
synthesis of the MTS elements.

The element synthesis (called pixel modeling in Fig. 9.3) is carried out at
“atomic” level, namely, using a full-wave code with RWG basis functions. A local
“micro-periodicity” concept is used in this phase: it is assumed that the local
element is immersed in a periodic environment of equal elements with the peri-
odicity of the lattice. The above assumption legitimizes the use of periodic BCs on
the elemental cell boundaries, and therefore the use of the periodic Green’s func-
tion, thus reducing the computational effort to that of a single periodic cell. The
analysis of the periodic structure, which is inherently extremely fast, is repeated
several times in order to construct a database that relates the different geometries of
the unit cell element with the corresponding entries of the anisotropic reactance
tensor. The database is built before the entire synthesis process, and possibly reused
for other syntheses. Actually, only a few samples of the parameter-space are
directly calculated and interpolation is next used to create a denser database.

The database construction requires few tens of minutes for a 2D database (i.e.,
obtained by varying 2 geometrical parameters) and few hours for a 3D database (3
geometrical parameters). The database is normally constructed at the antenna
operating frequency; its extension around the frequency of operation can be
important when the antenna is required to work over a large band. To this purpose,
the pole-zero matching method [38] or the analytical model presented in [32] can be
used. The output of the “atomic” part of the design is a complete layout of the
antenna, where the dimensions and the orientation of any single pixel-element are
defined.

The final phase of the design process is a detailed analysis of the layout, which
requires a global full-wave integral equation model. This model is implemented at
“molecular level”, namely using few entire domain basis functions per pixel-
element and incorporating them into a fast-multipole algorithm to accelerate the
solution. In case the final check is not successful, a repetition of the continuous
model synthesis may be required. Actually, as the analytic core of the synthesis, i.e.,
the “continuous reactance synthesis” block in Fig. 9.3, is powerful and accurate, the
overall process rarely requires a feedback, which is typically needed only for very
demanding requirements, like large bandwidth or very high efficiency.

The synthesis step that we are going to introduce in the next paragraph is based
on a description of the MTS in terms of “transparent” BC in place of “opaque” BC
(see left-side inset of Fig. 9.4). With the first terminology, introduced in [39], we
denote the relationship between the tangential electric field and the discontinuity of
the magnetic field at the metallic cladding level. “Opaque” BCs relate instead the
tangential electric field to the limit of the magnetic field at the interface between the
MTS and free space. The motivation of this choice is that the transparent BC is less
spatially dispersive than the opaque BC [32,33].
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In the next section, we present the main issue concerning each of the blocks of
the design scheme in Fig. 9.3. In the last part of the chapter, we summarize the
presented design workflow through an applicative example.

9.3 Adiabatic Floquet Wave Expansion

The synthesis of the continuous reactance (red block in Fig. 9.3) is based on a
theoretical model we have developed to describe currents and fields on a class of
synthesizable reactances that we will refer to as “constant-average non uniform
reactances”. Such reactances describe the transparent locally periodic modulated
BCs formed by the patch cladding on a grounded dielectric slab. We have found
that currents and fields on such a locally periodic environment are well described by
an adiabatic Floquet Wave (FW) expansion matched to the local periodicity.

Let us refer to the configuration shown in Fig. 9.4. The MTS is defined on a
circular surface of radius a, centered at the origin of a reference system described in
cylindrical coordinates (p, ¢), with unit vectors (p, ). Accordingly, the observa-
tion point on the surface at the interface between the metal cladding and free space
will be indicated by p = p cos @X + p sin @y. Vectors will be denoted by bold
characters and tensors by bold characters underlined by a double bar; k and {
identify free-space wavenumber and impedance, respectively. Transverse magnetic
(TM) and transverse electric (TE) modes will be referred to the normal z to the
surface. We will restrict our analysis to MTSs composed by a lossless grounded
dielectric slab of relative permittivity &, and thickness /, on which perfectly electric
conducting subwavelength patches are printed. We will assume that the SW is
excited by an electric vertical dipole located at the center of the reference system. In
practice, the feeder shall be designed to maximize the amount of SW power and
minimize the amount of power directly radiated in the free-space. Therefore, to
maximize the SW efficiency, some strategies are adopted that can make the feeding
system more complex than a simple small vertical dipole. Despite this, the excited
SW can still be considered azimuthally symmetric, as the one of the vertical dipole,
and this is enough for giving validity to our simplified dipole assumption.

9.3.1 A Class of Synthesizable Continuous Reactances

We model the printed MTS by anisotropic “transparent” BCs [35, 39] identified by
E =jX-2x (H.—Hl) =/X-J (9.1)

where X is the “transparent” reactance and J is the electric current flowing in the
metallic homogenized cladding. In practical realizations, the transparent reactance
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mainly depends on the patch loading. In absence of losses, X is a Hermitian tensor
[29] (or the impedance jX is anti-Hermitian); the eigenvectors €;,€; of X are
therefore orthogonal, and the eigenvalues are real.

The class of transparent lossless reactance tensors we would like to synthesize is
given by

X =X XD 4 x(+D (9.2)
XO = X,pp+X, (9:3)
1 .. N .
XF = e [, (X9 — X 00) e + my X, (p6 + p)e’®] (9-4)

where X,, and X,, are negative (capacitive) quantities and K is a large p-independent
constant such that K|V,s(p)| > |V,®,(p)|. The above reactance is written in
terms of exponentials, which combined together lead to cosine functions. Therefore,
the above class is constituted by symmetric tensors, namely, a special case of
Hermitian tensors which are representative of MTSs constituted by elements with
two orthogonal symmetry axes. The above conditions identify reactances with
rapidly oscillating entries, whose average tensor possesses principal axes aligned
with (p, ®). We denote this class as “constant-average MTSs” and X in (9.2) as
“constant-average reactance”. In (9.3), §(O> denotes the p-independent average
reactance, whereas gﬂ) in (9.4) are the rapidly oscillating contributions which
contain the modulation functions mg ,(p). Within the entries of é(q“) one can
identify three factors: (i) a rapidly varying phase factor exp(£jKs(p)), which
provides the main interaction with the exciting SW; (ii) the slowly varying phase
factors exp(:l:jcl)mp(p)), which mainly control the polarization; (iii) the modulation
indexes mg p(p), which mainly control the amplitude of the field. The latter are
considered small enough to avoid local changes of the nature of the transparent

reactance from capacitive to inductive, that could lead to the excitation of a higher
order (TE-dominant) SW mode. This is ensured by the condition m, ,(p) <1.

9.3.2 Analysis by Adiabatic Floquet Waves

One of the main properties of the constant-average reactance X in (9.2) is con-
cerned with the fact that the average current flowing in it is quite similar to the SW-
currents that the dipole source would excite in §<°). An appropriate modification of
these currents will constitute therefore the O-index mode of an adiabatic FW
expansion. Since §(0> is p-independent, the TM-dominant SW excited on it by a
monopole is a purely TM cylindrical wave asymptotically given by
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Jo = JoH\" (Bop)p (9.5)
where H §2> is the Hankel function of second kind and first order. The propagation
constant f3;,, is solution of a dispersion equation which is affected by the X,
component only. An excellent closed-form approximation of f,, is given in [32].

In presence of the modulation, the O-indexed FW mode (simply denoted as
0-mode) is obtained from (9.5) by locally transforming the real unperturbed
wavenumber f3,,, in the complex radial wavenumber k(¥ (p) = B, + Ba(p) — jo(p)-
It is, therefore, implicitly assumed that the 0-mode has a cylindrical, attenuated
wavefront, where the local attenuation parameter o(p) accounts for the transfer of
energy from the 0-mode to the —1 (leaky) mode during the propagation path. The
parameters f,(p) and o(p) are functions of the X entries. Since k() (p) is space

dependent, its associated global phase k(©) (p) p from the reference point at the origin is
obtained by integrating the local relation 9 (k) (p)p) /dp = ko(p); i.e.,

p p
(0) :l 0) 7,/ — l N e ’
) = / KOdp = p / Ba(e') —jop")]dp 9.6)

0

This leads to the following global adiabatic FW expansion for the current

J=> g (9.7)

I = ) g=inks(o) py (2) (;;<o> p) (9.8)

where Ks(p) is the same as in the definition of the reactances (9.4). Although the
adiabatic expansion contains an infinite number of terms, only three terms of the
expansion are sufficient to describe the total current, whenever only the —1 mode
belongs to the visible range. Therefore, we will retain only these three terms for a

synthesis process. The complex terms j = JQ(D")(E) +J;<,">f) in (9.8) denote the
slowly varying part of the n-th current mode and they are the unknowns of the
problem. The 0-indexed mode has a dominant TM component J,EO), whose ampli-
tude is much larger than that of the TE component J (0), and also much larger than
both the components of the (£1)-indexed modes. This dominant behavior is more

evident for small modulation indexes. Indeed, in the limit for vanishing modulation,

Jéo) should be the only component and should coincide with Jy in (9.5).

Taking the asymptotic form of the Hankel function (valid for distances
larger than about one wavelength from the source), it is apparent that each mode in
(9.8) has a curvilinear-wavefront, which propagates with local n-indexed FW
wavevector
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B") = ReV, [K”p+ nKs(p) | = (By, +Ba)p+ nKVi5(p) (9.9)

and with n-independent local attenuation parameter a(p). The curvilinear-wavefront
associated with each FW current mode is given by B,,,p + nKs(p) = const. The
adiabatic FW electric fields can be obtained through the spectral Green’s function

(GF) of the grounded slab evaluated at the local wavevector B(”> in (9.9), that is
E(p) =) EW =~ 20 g (9.10)

where ;(g; depends on the grounded slab spectral GF (see appendix in [36]). It

can be seen that ég’} is purely imaginary for any n # —1 while it is complex for
n = —1. The —1 mode is actually the only mode of interest in order to design the
modulated impedance that provides a given radiation pattern.

The basis on which we have expanded currents and fields does not satisfy
Maxwell’s equations, since it is based on an asymptotic, adiabatic approximation
valid far from the point source. However, this basis locally recovers a Floquet wave
expansion and may be used for obtaining an adiabatic solution. This solution is
found by using (9.10) in the transparent boundary conditions (9.1).

2

=GF = =
n=-2

() g — j(X(()) + XD +§(+1)) . (J(l) +JO _i_J(*l)) (9.11)

This allows for finding an analytical solution and a local p—dependent adiabatic
dispersion equation. To this end, the terms in (9.11) with the same rapid phase
variation are equalized and a set of equations is obtained. The latter is solved by

substitutions, thus leading to a homogeneous system of type jx(p) -JO = 0. The

latter admits a non trivial solution only for det [Z(p)] = 0 which is the local dis-

persion equation; this equation allows for determining the complex value of the 0-
mode local wavenumber k(*). The final solution is therefore individuated in terms of

the two TE/TM components of the 0-mode J© (namely J((po) and J;(,())) still to be

determined. While their relative amplitude (i.e., their ratio) is found by using £(¥) in

the linear system jy(p) - J © =0, the amplitude Jé()) can be found by some con-

siderations on power conservation [35, 36]. Indeed, within a zero-order approxi-
mation, the average current flowing in the constant-average reactance X can be

© 0)

identified with the SW-currents flowing in é ) in absence of modulation. Thus, J, l(,
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is estimated by means of the radial Poynting vector associated with the surface
wave excited on the uniform MTS [35].

9.4 Continuous Reactance Synthesis

Using the theoretical framework introduced in the previous paragraph, it is possible
to set up the synthesis process of the BCs, namely the red block in Fig. 9.3. The aim
of the design is to determine X in (9.2) that creates a far field as the one radiated by
the objective circular aperture field. We describe the latter aperture field by the
rather general form

E, = Eje *®) ep(p)ejvﬂ(p)f,+e(ﬂ(p)eivm<p)¢, Ua (9.12)

where U, is a unit step function which is 1 inside a circle of radius a and zero
elsewhere. In (9.12), 7,(p), 7,(P); €x(p); ex(p), £(p) are real, weakly variable
functions of space.

In order to determine X, we identify E, with E(’l), namely, with the field
associated with the adiabatic leaky-wave field. In doing this, we implicitly assume
that the difference between the objective aperture field E4 and the E; field in (9.10)
is a dominantly reactive field contribution, with spectrum mainly concentrated
outside the visible region. This assumption can be verified once the design pro-
cedure is completed and the aperture fields are assessed.

The determination of X involves the iterative process shown in Fig. 9.5 and
thoroughly described in [36]. The process starts by setting the aperture field, the
aperture size, substrate parameters, and operational frequency as input parameters.
An initial guess of the modulation parameters (namely Ks(p), m, ,(p), ®,,(p)) is
found taking the 0-mode current and wavenumber as the ones in the uniform MTS
with average reactance X,

Next, this first initial guess of the MTS is analyzed to get the effective values of
the complex displacement fi5(p) — jo(p) on the modulated MTS. Such displace-
ment is then used to refine the estimation of the modulation parameters in the next
iterative step. When the modulation parameters vary less than a chosen threshold,
then the process is stopped and X is determined.

9.5 Full-Wave Homogenized Impedance Analysis

The continuous reactance obtained in Sect. 9.4 is verified at this step (see the block
diagram in Fig. 9.3) using a full-wave solver for planar apertures that supports a
space-dependent impedance BC. The synthesized apertures are typically large,
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Fig. 9.5 Block diagram for synthesizing the continuous reactance X from the aperture field E,4.
The input parameters for setting the initial value are: aperture field, aperture size, substrate
parameter, and frequency

and an efficient analysis is thus necessary to complete the “mesoscopic” (homog-
enized impedance) block of the scheme in Fig. 9.3. We solve the problem of a
transparent impedance BC (9.2) imposed on top of a grounded dielectric slab of
infinite extent in the x-y plane. An equivalent problem can be described only by
horizontal electric currents at the air—dielectric interface. The imposed IBC leads to
the following integral equation

v [// S,QEJ(p, p)-J(p) dS' —jX(p') - J(p) | = —z x E™ (9.13)

where p and [;’ are the source and observation points, respectively. QEJ represents the

electric dyadic Green’s function, E™ is the incident field due to the excitation and J is
the unknown surface current density. The motivation for carrying out the MoM
analysis with § instead of an opaque reactance is, on the one hand, to account for the
spectral dispersion due to the thickness of the grounded dielectric slab [31]. Resorting
to layered medium Green’s functions, one can introduce the effect of the grounded
slab in an efficient manner, since the unknowns in (9.13) will be just the electric
currents J. On the other hand, by using X along with the relevant Green’s functions it
is possible to avoid ill-conditioning issues that arise in the formulations based on
opaque reactances for typical surface reactance values in MTS structures [39].

It has been shown in [37] that an appropriate choice of entire domain basis
functions leads to an extremely fast solution of (9.13). Such basis functions,
hereinafter referred to as Gaussian ring basis functions (GRBFs) [37], constitute a
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particularly convenient choice for representing J on circular apertures, and they can
be written in the space-domain as

Zin ) L e pp
fua(p:0) = € Wun(p): nalp) =576 & T, (F5)  (9.14)
where Y,(z) = I,(z) e~ !Re{eH, with 1,(z) being the modified Bessel function of the
first kind and order n. Equation (9.14) corresponds to a Gaussian-type ring with
linear azimuthal phase. GRBFs peak at p,, and their half-maximum beamwidth
(HMBW) is 4v/In 20. Figure 9.6a shows the shape of f,, ,(p,0) for different values

of . One can also fix ¢ to a constant value and choose p,, = p, +m4y/In2¢ (m =
0,1,2,3...) for numbering the basis functions in a progressive sequence of GRBFs
that cross each other at half of their maximum (see Fig. 9.7a). Since the dependence
of ¥,,,(p) on n (Bessel function’s order) is extremely weak for this particular
choice of p,,, changing n maintains the sequence of functions unchanged.

On the other hand, the spectral-domain counterpart of (9.14) presents an ana-
lytical form:

Fn(Kp) = e 20" (k) Opn(ky) = €750, (p k) (9.15)

where Kk, = kX +k,y =k, cos ax+k,sin ay, with k, =, /kf—i—kyz and k,, k,

being the spectral variables of the classical Fourier domain. Equation (9.15) can be
used for obtaining closed-form expressions of the MoM impedance matrix ele-
ments. Examples of GRBFs spectra are shown in Figs. 9.6b and 9.7b.

The surface current density on the MTS plane can be expanded using the pro-
posed basis functions as

M—-1 NJ2
IP) =D > inafna®) 5 +8,,5,0)5 (9.16)
m=0 n=—N/2
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Fig. 9.6 Representation of the GRBF in the space-domain as a function of p/Ay (a) and in the
spectral-domain as a function of k,/ko(b), for different values of 4v/In2¢ (p,,/4 =1, n = 0)
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0.6/

0.75

Fig. 9.7 Representation of the GRBF in the space-domain as a function of p/Ay (a) and in the
spectral-domain as a function of k, /ko(b), for p,, = py +m4vIn2¢ (m =0,1,2,3...) with p, =
0.5 and m = 0,1,...,4 (¢ = 0.25)/(4VIn2), n = 0)

where M and N/2 are the number of basis functions along p and the higher order
azimuthal harmonic respectively. In (9.16), x and y-directed components are
required to account for the vector nature of the current.

After testing with the complex conjugate of the basis functions and arranging the
unknowns in the system of equations according to their direction, one arrives to an
algebraic system Zi=v, where Z = [Z*,Z7; 7", 7?”], with Z* being an
M(N+1) x M(N + 1) matrix. Similarly, i = [i*; '] v = [v*; v'] with i' and v*
being M(N + 1) x 1 vectors. A generic entry of the Z* sub-matrix can be written
as the sum of

6" = [ £55(0) [ G2lp— ) £, (9 as'as 9.17)
N s
and,
7= / £ ()X (p)fy 0 (p)dS (9.18)
S

Both quantities depend implicitly on (m,n,m’,n’'). In (9.17), (9.18), * denotes

the complex conjugate and G is the xx component of G¥'. The term G* involves
the relevant grounded slab Green’s function, whereas ;™ is related to the impedance
boundary condition. It can be shown [37] that the integral in (9.17) can be written in
closed-form after combining the spectral-domain approach and rational function
fitting, whereas the use of an asymptotic expansion allows one to solve (9.18)
without resorting to any numerical integration. The other sub-matrices can be found
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by using formal substitution of superscripts. Thus, the proposed basis functions
allow one to write the MoM impedance matrix entries in a closed-form.

The typical structure of the 2M (N + 1) x 2M (N + 1) MoM impedance matrix is
symbolically shown in Fig. 9.8. The dashed lines in Fig. 9.8 limit the (N + 1) x
(N +1) block for m=m' =0 and n,n’ € [-N/2,N/2]. The matrix with the
Green’s function contribution, shown in Fig. 9.8a, is composed by square tri-
diagonal blocks of dimension (N 4 1) x (N 4+ 1), where all the elements with
|n — n'| > 2 are equal to 0. The matrix containing the IBC contribution is shown in
Fig. 9.8b. It is important to notice that here the color-bar is amplified by a factor of
10 with respect to Fig. 9.8a. Therefore, it is obvious that the IBC contribution (™)
dominates that of the Green’s function (G*). This is a general feature and suggests
the use of IBC™ as preconditioner for the iterative solution of very large problems
(larger than 30 Ag). The matrix IBC is dominantly block-diagonal, i.e., only the few
off-diagonal blocks with |m — m/| <2 are significant. This property, that derives
from the fact that ™ is nonvanishing only for overlapping GRBFs, greatly helps the
design phase when the profile of X should be optimized by successive iterations. It
is also important to notice that the contribution G** is independent of the IBC and
should be calculated only once in an optimization procedure. We have shown how
the introduction of the MTS as a transparent impedance BC in the integral equation,
and the closed-form spectra of the GRBFs enables an efficient computation of the
MoM impedance matrix using the spectral-domain approach and an asymptotic
expansion. More importantly, these basis functions represent the global evolution of
the surface current density in an effective manner, which results in a significant
reduction of the number of unknowns, if compared with sub-entire domain basis
functions, like Rao—Wilton—Glisson functions defined on triangular domains.

x 10*
85 4.5
3500
4
3000 i
2500 / M3
5
2000 2 | r-s
z H2
1500 o2
15
1000
1
500 0.5
0 % N 0
35 52 1 18 35 52 69 85
Column index Column index

Fig. 9.8 Magnitude of the MoM impedance matrix elements for a typical structure with M = 48
and N = 6. For simplicity, the first 51 rows and columns are shown for: the matrix with the
Green’s function contribution (a) and the matrix with IBC contribution (b)
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Fig. 9.9 Computational time as a function of the antenna diameter evaluated on a Quad-core
laptop with 8 GB RAM. The overall computational time has a rather mild quadratic dependence
with the size (red dot-dashed line)

The fast analysis framework obtained with this method is particularly important
when used in an optimization procedure of the impedance profile. Figure 9.9 shows
the timing as function of the antenna diameter evaluated on a Quad-core i7 with
8 GB RAM together with a fitting curve that shows a rather mild quadratic
dependence with size. Antennas with diameter of 20 A can be solved in about 35 s.

9.6 Pixel Modeling

At this point of the design process, the continuous reactance X that produces the
objective aperture field is completely known all over the aperture domain. The next
design step consists in sampling it and implementing it by a dense texture of
electrically small patches. Typically, the reactance is distributed on a Cartesian
lattice with square unit cells, whose dimensions range, as a rule of thumb, from A/
10 to A/6. However, in principle, other lattices with non-square cells can be con-
veniently exploited. To emphasize that patches are small in terms of wavelength,
sometimes we denote them and the cell that they occupy as “pixels” in the global
aperture picture.

The periodicity of the lattice is always taken as a constant on the aperture and the
variation of impedance is achieved by changing the geometrical parameters of the
elements. To produce anisotropic impedances, the geometry of the element should
have additional features in order to change the electromagnetic properties for
propagation along different axes. Different geometrical shapes can be used.
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(b) (c) ()

/

Fig. 9.10 Patch geometries for anisotropic impedance surface. Each geometry possesses two
specific nondimensional parameters a/a’ and s that are considered for constructing the reactance
database

The solutions of Fig. 9.10b and Fig. 9.10d are the ones suggested in [7, 8],
respectively. The elliptical shape in Fig. 9.10c can be analyzed with the
quasi-analytical method proposed in [30]. All the investigated solutions exhibit two
nondimensional parameters a/a’ and . Retrieval of the reactance values from the
geometrical parameters is performed by resorting to a local periodicity concept; i.e.,
by periodic boundary conditions applied to a unit cell with parameters a/a’ and .
This allows one to construct a database, which is next interpolated defining two
continuous functions of the parameters a/a’ and . The values required in (9.2) are
obtained pixel by pixel by a best fit process. This process is typically very fast after
the database construction.

Figures 9.11 and 9.12 show two examples of databases, namely the impedance
maps, relevant to the patch geometry of Fig. 9.10d and Fig. 9.10c, respectively,
obtained through a periodic full-wave MoM solver. All of the examples are eval-
uated for a periodic square cell with side a ~ A/13 on a dielectric slab with &, = 13
and thickness A/23. The maps show the components of the opaque reactance tensor
Xyp, Xpp, Xy normalized to an impedance X, = 300 Q (for the Hermitian property
of the reactance tensor it results X,, = Xy, ).

The database can be visualized in two different ways. The first one is presented
in Fig. 9.11a, c, and e for slotted circular patches and in Fig. 9.11b, d and f for
elliptical patches. The second one is presented in Fig. 9.12 and consists on
isofrequency dispersion curves (IDCs) which represent the locus of the trajectory of
the wavevectors end-point when changing the direction of propagation.

Although a systematic way to build the database is given by full-wave analysis
[30, 38], the alternative approach presented in [33] can be used. It allows for
constructing extensive databases for various shapes, minimizing the number of
parameters to be stored. The formulation is restricted to elements with at least two
symmetry axes and is valid for the dominant TM SW until the limit of the Floquet-
Bloch region [32], which is the region where the higher order Floquet modes
become significant. This generalization permits a closed-form representation of the
isofrequency dispersion curves as a function of two parameters only; these are the
equivalent quasi-static capacitances along the symmetry directions of the geometry.
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Fig. 9.11 Example of impedance maps for the patch geometry of Fig. 9.10d ((a) X,,, (¢) X, (€)
X,,) and for the patch geometry of Fig. 9.10c. ((b) X, (d) X,,,,, () X,,,). All the maps (except for
(¢) and (d)) are normalized to X, = 300 Q and relevant to a cell size of A/13 on a dielectric with
thickness A/23 and ¢, = 13

Once the latter are determined [32], the IDCs can be approximated by using the
“two-circle approximation” [33].

Here, we provide some examples to show the accuracy of the analytical for-
mulation in [33], considering various shapes of the printed elements: elliptical
patch, rectangular patch, elliptical ring, and circular patch with rectangular slot.
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Fig. 9.12 IDCs for several patch geometries, solid lines are relevant to MoM results, dashed lines
are relevant to the analytical formulation, curve labels are in GHz. Elliptical patch with h = d/3 (a)
and with h = d (c). Elliptical ring patch with & = d/3 (b) and with & = d (d). Rectangular patch
with & = d/3 (e) and with h = d (g). Slotted circular patch with & = d/3 (f) and with h = d (h)

The basic periodic cell is always square and with period d = 3 mm. The substrate
has relative permittivity ¢, = 9.8 and two different thicknesses have been consid-
ered (h=1mm and h=3mm) for each configuration. Figure 9.12 shows
the isofrequency dispersion diagrams for the above-mentioned patch geometries.
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The two-parameters-dependent analytical formulation (dashed lines) is compared
with the one obtained from a full-wave analysis (solid lines). The agreement is good
up to the Floquet-Bloch frequency, as expected.

9.7 Fast Integral Equation Method for Metasurface
Antennas

The global full-wave analysis of the textured layout of the MTS is the last step of
the design, which serves as “virtual prototyping” of the antenna structure. This is
not a straightforward issue, as the final layout is composed of thousands of elec-
trically small patches with different shapes, thus yielding an ill-conditioned linear
system, consisting of hundreds of thousands or even several millions of unknowns.
Clearly, the solution of this problem cannot be afforded with conventional
techniques.

The use of suitable patch geometries to texture the MTS allows for representing
currents on them with entire domain basis functions, thus greatly reducing the
number of unknowns of the problem. For instance, currents on the elliptical patches
in Fig. 9.13 can be effectively represented using the entire domain basis functions
defined in [30]. We have also found that two entire domain basis functions per
patch are usually sufficient to describe currents with the same accuracy obtained
with more than 100 RWG basis functions. The MoM procedure can be furthermore

Fig. 9.13 MTS antenna realized by texturing of elliptical patches. The current on each patch is
represented by two entire domain basis functions
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engineered using an algorithm based on the fast multiple method (FMM) to
accelerate the solution.

To set up the simulation, the metallic patches are replaced by unknown currents.
The MoM is then applied to convert the electric field integral equation (EFIE) into a
linear algebraic system of equations, expanding the unknown current distribution in
a set of basis functions. A suitable couple of entire domain basis functions, able to
represent the currents on elliptical patches, have been proposed in [30] where both
spatial and spectral expressions are reported.

The spatial behavior of the two functions is illustrated in the inset of Fig. 9.13.
Applying the Galerkin procedure, the standard EFIE-MoM linear system assumes
the matrix form Z - I = V where the computation of the elements of V depends on
the nature of the source. As in the classical FMM [40, 41], the computational
efficiency is increased by representing the MoM interaction matrix Z as superpo-
sition of a near interaction matrix Z and a far interaction matrix Z, . The 2D-
FMM version reported in [40, 41] is used to accelerate the matrix-vector product
relevant to Z, , while the near interaction matrix is processed using the standard

MoM. In particular, the Z _ entries are calculated by using the spectral method of
moment, implementing the efficient procedure in [42].

9.8 Examples of Antenna Design

In this paragraph, we recap the design process while showing some examples of
modulated MTS antenna design. A wide range of aperture field distributions can be
realized by properly shaping the MTS, spanning from the ones radiating a highly
directive beam to the ones producing a shaped beam. In [43] a modulated MTS
antenna has been designed and analyzed, which is capable to handle a broadside
dual polarization. Also, here we will show that it is possible to design a MTS
antenna with an operational bandwidth greatly wider than other periodic leaky-
wave antennas.

9.8.1 Shaped Beam Antenna

As first example, we discuss the steps relevant to the design of a circularly polarized
isoflux pattern antenna. Such shaped beam is of interest for data transmission
antennas on satellite platforms for Earth observation missions. The shaped beam is
conceived to provide a uniform power-flux density (isoflux) over a well-defined
portion of the visible Earth surface, compensating for the rather large differential
path loss between Nadir and grazing incidence on the Earth. The Earth coverage is
normally obtained with conical isoflux beam [8]. To achieve higher gains as
required to transmit higher data rates, the same overall coverage of the axially
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symmetric isoflux antenna can be obtained by a sector isoflux beam. An azimuthal
rotation is needed to keep the beam pointing toward the ground station while the
satellite moves along the orbit. For this example, the operational frequency is
chosen at 26.25 GHz inside the Ka-band and the substrate thickness is 0.5 mm,
with relative permittivity of 9.8. The size of the aperture is chosen arbitrarily as 9 A
and it allows to convert 90% of the input SW power into LW power. The target
aperture distribution can be found through standard techniques, as stated in
Sect. 9.2. For this example, we have extended to polarized aperture fields the
method presented in [44]. Figure 9.14 shows phases and amplitudes of the objec-
tive aperture field distribution for both the radial component, ((a) and (b) respec-
tively) and the azimuthal component ((c) and (d)). Once the input parameters for the
continuous reactance synthesis block in Fig. 9.3 have been set, the impedance
surface is found through the iterative process described in Sect. 9.3, assuming the
impedance surface fed by a small vertical electric dipole located at the center of the
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Fig. 9.14 Objective aperture field distributions for the isoflux-shaped beam antenna. Amplitude
and phase of the radial component (a, b), and amplitude and phase of the azimuthal component
(c, d)
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Fig. 9.15 Impedance maps of X = ppX,, + (p + ¢p)X,, + PPX,, resulting from the synthe-

sis process. a X,,,, b X, € X,p, and d X,

surface. The entries of X for the concerned example, as a function of the position,
are shown in Fig. 9.15. The impedance surface is analyzed through the continuous
impedance boundary condition full-wave solver (IBC-MoM) [35].

If the design is unsatisfactory, which is something that rarely happens and only
for very demanding requirements (for instance a very high efficiency), then the
synthesis of X is repeated changing some of the design parameters (for instance, for
a highly efficient beam one could act on the average impedance or on the aperture
size).

When the agreement between the target far-field and the one radiated by the
continuous impedance is judged satisfactory, the metasurface is textured with
electrically small patches. In this example, we have chosen the elliptical patch
geometry as the one depicted in Fig. 9.10c, so that we can use the entire domain
basis functions described in [30] to create the database maps and to analyze the final
layout with the global full-wave solver. To create the database, the parameters of
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Fig. 9.16 Final layout of the antenna analyzed by the FMM-MoM: global picture and a detail of
the patch texture close to the center of the antenna

the elliptic geometry are changed and the impedance associated with the geometry
is retrieved by using a full-wave solver in which the concerned patch geometry is
embedded into a periodic environment. The database allows for defining a function
that maps a given patch geometry into the relevant tensorial impedance.

The final layout is shown in Fig. 9.16 and it is composed of elliptical patches
characterized by geometrical parameters gradually variable with the position on the
surface. The final structure is composed of 8936 patches and it is next analyzed
using a global full-wave solver. The current on each patch is described by 2 entire
domain basis functions and the MoM procedure is accelerated using a fast multipole
algorithm. Figure 9.17 shows a comparison among the three methods described
here for the normalized radiation diagrams: the Flat Optics solution (Sect. 9.3) the
IBC-MoM solution (Sect. 9.5), which analyzes the continuous impedance BCs, the
FMM-MoM solution (Sect. 9.7) which analyzes the textured layout of the antenna.
Figure 9.18 shows the directive pattern and the spectral u-v plane coming from the
IBC-MoM analysis.

9.8.2 High-Efficiency Antenna

Figure 9.19 shows the directive pattern of a broadside MTS antenna having a radius
of 8 wavelengths whose impedance surface has been designed to produce an
aperture field with very high tapering efficiency. The directivity predicted by MoM
code solving the continuous impedance surface is around 33.3 dBi, corresponding
to a tapering efficiency of about 85%. The tapering efficiency of the aperture
distribution on the MTS, broadly speaking, is mainly controlled by tapering the
modulation indexes which in turn control the leakage rate.
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Fig. 9.17 Comparison between the copolar (RHCP) directivity diagrams. Green-dashed line is
produced by the objective aperture distribution in Fig. 9.14. Blue solid line is the directivity
diagram produced by the Flat Optics (FO) [35, 36] currents introduced in Sect. 9.3. Red solid line
is resulting from the IBC-MoM analysis of the synthesized continuous impedance surface. Black
solid line is the directive pattern resulting from the FMM-MoM analysis of the textured layout of
the antenna
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Fig. 9.18 Far field diagrams in the spectral u-v plane coming from the IBC-MoM analysis of the
synthesized impedance surface, LHCP (a) and RHCP components (b)

The inset of Fig. 9.20 shows the X, component of the modulated impedance
surface, whilst the main frame shows the amplitude along the x-axis of the
z-directed component of the Poynting vector, the modulation index m, and the
attenuation parameter o. It is seen that m, (which is the same as m,, for this
example) increases with x, thus increasing the leakage rate o and therefore keeping
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Fig. 9.20 The inset shows the X,, component of the modulated impedance for the highly efficient
beam antenna. The main frame reports the following quantities taken along the x-cut of the MTS:
black line, amplitude of the Poynting vector component S along the normal to the surface
(left y-axis), red line, attenuation parameter of the SW on the MTS (left y-axis), modulation index
(p-component) of the impedance surface
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uniform the amplitude of the aperture distribution (described by S) up to a distance
of 6.5 A from the center of the surface.

9.8.3 Wide Band Antenna

Despite the fact that the LW radiation typically suffers of beam squinting with the
frequency, a proper shaping of the BCs allows to overcome this limitation. The
study for the bandwidth enlargement of modulated MTS antennas is, however,
currently in progress and here we briefly sketch the concept of wideband modulated
MTS antenna supporting it with a numerical example of a wideband, circularly
polarized, broadside antenna. To widen the operational bandwidth of the MTS
antenna we operate on the local periodicity of the impedance modulation, imple-
menting a transition of the period’s length across the aperture according to the
operational frequencies. Such transition is a device to trade the available space with
the operative bandwidth in a similar way as in spirals and log-periodic antennas. At
the same time, we operate on the amplitude of the modulation to keep constant the
peak directivity as the operational frequency change, namely reducing the effective
area of the surface as the wavelength decreases. Figure 9.21 reports the frequency
behavior of a synthesized broadside pointing, broadband aperture resulting from the
IBC-MoM code in [37]. Figure 9.21 also shows some samples of directivity pat-
terns at different frequencies over the wide band. The antenna has a radius of
16.7 cm on a substrate with ¢, = 6.15, thickness 0.635 mm. The low aperture
efficiency is a trade off with the resulting wide bandwidth of about 50%.

9.9 Efficiency of Metasurface Antennas

Till now, we have discussed about the design process, starting from the definition of
the continuous impedance BCs allowing to reproduce a desired aperture field. We
have shown how the continuous impedance BCs are analyzed and implemented,
and finally how the textured layout is verified through a global full-wave analysis.
The effectiveness of the procedure has been discussed through numerical examples,
and will be proved next by the experimental results. However, before going through
the practical realization of MTS antennas, we spend a few comments on the effi-
ciency of these antennas. The definition of the efficiency for MTS antennas involves
several aspects related to the radiation mechanism [45]. When the input port of the
feeder is fed by a power P;,, part of it is directly radiated in free space (Pf..q), while
the remaining part is delivered as SW (Py,,). The SW power is partly lost due to
losses (Pg), partly radiated as LW (P,,) and the remaining part reaches the
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Fig. 9.21 Directive patterns for a broadband modulated MTS antenna obtained from a continuous
impedance boundary conditions (IBC) MoM solver [35]. RHCP patterns are shown in the u-
v spectral plane in at 18.33 GHz (a), at 23.94 GHz (b) and at 29.88 GHz (c). The relevant cuts
along the v = 0 spectral line are in (d). In the same frame, it is reported the peak directivity (fop
scale) which has a good stability within the Ka-band in the range 18-30 GHz

aperture rim giving rise to edge effects. All the efficiencies relevant to the intro-
duced wave mechanism can be characterized more in detail as explained next.

9.9.1 Feed Efficiency

The feed efficiency ¢, is defined as the ratio between the input power and the
power delivered to the SW, i.e.,
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Efeed = P.Vw/Pin =1- Pfeed/Pin (919)

Ideally, the feeder of a MTS antenna delivers all the input power to the SW, thus
minimizing Py,.,. The problem of the optimum excitation of surface waves for this
kind of antennas is studied in details in [45] where it is shown that high values of
&reeq (around 90%) can be reached with simple SW launcher as a coaxially fed
monopole on a circular patch, provided the size of the patch, the substrate and the
average opaque impedance are properly chosen. More complex feeding solution
can be sought for obtaining higher values of &4, but the discussion on this topic is
beyond the scope of this book and the reader is referred to [45-53] for further
insights.

9.9.2 Ohmic Efficiency

The ohmic efficiency &g is defined assuming lossless metallic cladding and ground
plane, and a lossy substrate. This is reasonable in the microwave regime where the
dielectric losses dominate on the metal losses. The ohmic efficiency is defined as

Py, /P,
oo = — i/ Pow (9.20)
le‘pﬂzo/Psw

where Pi,|p,_, is the LW power radiated in absence of losses.

9.9.3 Conversion and Tapering Efficiency

Conversion efficiency ¢.,,, represents the fraction of radiated LW power with
respect to the SW power. In absence of losses, i.e., when Pg = 0, the conversion
efficiency is

Econv = le|PQ:()/Psw (921)

The tapering efficiency &, is related to the directivity loss of a given aperture
illumination with respect to a uniform distribution. For broadside beams, it is
quantified as

S JyEaAl
_A—ffi |E,|2dA (9.22)

Erap
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Fig. 9.22 Tapering and conversion efficiencies and their product as a function of oga for
modulation with uniform amplitude

The quantities in (9.21) and (9.22) are controlled by the attenuation parameter «,
which, in turn, is controlled by the amplitude of the modulation [36]. When the
amplitude of the modulation is uniform over the surface, the leakage parameter has
a uniform value oy, which depends on the depth of the modulation. Figure 9.22
shows the values assumed by &.,,, and &4, as a function of «ya. Since the modu-
lation is uniform, there is no control on the aperture distribution: the tapering
efficiency is high only for small aya, where the conversion efficiency is small, and
hence the radiated power is a little amount. The peak of efficiency is reached around
opa = 0.9, where the product &,,&.on, is 58%. This limit can be overcome by
shaping o, recurring to a nonuniform amplitude modulation, thus making the
aperture distribution more efficient and at the same time increasing the amount of
radiated power (Fig. 9.19).

9.9.4 Overall Efficiency

Figure 9.23 shows a plot of the overall efficiency for broadside, circularly polar-
ized, MTS antennas with different sizes. The overall efficiency has been obtained
and as the product of all the efficiencies introduced in the previous section. We have
considered several lossy substrates and several values of opaque impedances that
can be realized easily by a printed patch technology. It is seen that the overall
efficiency can easily reach 75% by designs that make use of standard substrates, a
nonuniform modulation and a simple feeder consisting of a vertical electric dipole
with a metallic disk printed on the MTS (see top-left inset of Fig. 9.23). The values
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Fig. 9.23 Opverall efficiency for MTS antennas of several sizes, radiating a broadside, circularly
polarized beam. The substrate has a thickness corresponding to a phase change of 0.2 radians and a
loss tangent of 0.002. The curves are obtained for several substrates and several values of the
opaque impedance

shown in Fig. 9.23 are to be read as typical minimum overall efficiency figures for a
good design. They can be exceeded with a more refined design and under specific
conditions. On the other side, additional requirements on the antenna pattern may
adversely affect the efficiency, like for any other antenna, e.g., a need to further
reduce the side lobes level or the cross-polar radiation.

9.10 Practical Realization

Several prototypes have been built and measured during the recent years to prove
the effectiveness of the concept of modulated MTS antennas. In this section we
recap some of them. The earliest prototypes are all based on a modulation of the
opaque reactance instead of the transparent reactance. On the other hand, the most
recent ones, designed according to the theory presented in Sect. 9.4, are based on
the modulation of the transparent reactance and they are currently under manu-
facturing or measurement.

Figure 9.24 shows the picture of a MTS antenna realized according to the theory
presented in Sect. 9.4 for the synthesis of the transparent reactance. The substrate
on which the patch texture has been printed, has a diameter of 24 A at the opera-
tional frequency of 20 GHz, with & = 6.15 and thickness 0.762 mm. The patch
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Fig. 9.24 Picture of the high gain modulated metasurface antenna prototype. The modulation of
the transparent reactance is realized by a texture of elliptic patches on surface with diameter 24 at
the operational frequency of 20 GHz. The feeding system is embedded on the substrate (g, = 6.15,
thickness 0.762 mm) and is constituted by a small vertical dipole, top loaded by a slotted circular
patch

texture is composed of elliptical patches and it is shown more in detail in the right
side of Fig. 9.24 together with the feeding system. This latter is a coaxially fed
monopole, top-loaded with a patch slotted with an annular ring. Close to the feeding
region, the patch sizes are progressively reduced to improve the input matching of
the SW with the modulated impedance surface. The antenna radiates a circularly
polarized directive beam with 35.5 dBi of gain tilted at 30° with respect to the
normal to the surface. This prototype is still under measurement, and currently we
can only provide the numerical prediction of the performance. Figure 9.25 com-
pares the results from the flat optics theory (FO) of Sect. 9.3, with the ones coming
from the continuous impedance MoM of Sect. 9.5 (IBC-MoM) and from the
full-wave solver based on the fast multiple method (Sect. 9.7) of the textured layout
(FMM-MoM). The three methods are in good agreement, except for a slight
depointing of the peak resulting from the numerical simulation of the textured
surface (inset of Fig. 9.25).

All the prototypes of modulated MTS antennas presented from here on are
designed by shaping the opaque impedance rather than the transparent one. They
represent the first realizations of such antennas and they were designed according to
the theory described in [6]. One of the earliest prototypes of modulated MTS
antenna is shown in Fig. 9.26. It is realized on a substrate with ¢, = 3.66, thickness
1.524 mm. The panel radius is 10.1 cm, corresponding to 5.7 A at the operational
frequency of 17 GHz. The MTS is formed by a dense texture of small square
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Fig. 9.25 Numerical prediction of the directivity of the antenna presented in Fig. 9.24. Solid lines
are relevant to the copolar RHCP component, dot-dashed lines are relevant to the LHCP cross-
polar components. Blue lines: pattern resulting from the IBC-MoM analysis of the continuous
reactance. Red lines: pattern resulting from the FMM-MoM analysis of the textured surface. Black
line, directivity diagram pattern resulting from the Flat-Optics model of the continuous impedance
surface

Fig. 9.26 Prototype of modulated MTS antenna realized on a substrate with ¢, = 3.66, thickness
1.524 mm and radius 10.1 cm. The MTS is formed by a dense texture of small square patches
arranged in a spiral shape, resulting in an opaque isotropic impedance with sinusoidal modulation

patches arranged in a spiral shape, resulting in an opaque impedance with sinu-
soidal modulation. As the patches do not have geometrical asymmetries, the
resulting modulation is isotropic, meaning that the TM nature of the SW is not
significantly modified while propagating on the MTS. This latter has a radial



324 G. Minatti et al.

LHCP | RHCP
—
Peak Gains:

22.4 dBi @ 16.50 GHz
25.0 dBi @ 17.00 GHz
24.5dBi @ 17.25 GHz

17.25 GHz

17.00 GHz

17.25 GHz
16.50 GHz

dBi

17.00 GHz

16.50 GHz

-10 LA ‘}l
90 60  -30 0 30 60 -60 -30 0 30 60 90
deg
\\ 7T,
\\s, \\
‘\\ /' \“ \\\\ e /
VOON S
WA
\ ¥
Syl
15 16 17 18 19 20
GHz

Fig. 9.27 Gain measurement for the modulated spiral MTS antenna. LCHP and RHCP
components (a). The antenna (fop-left inset in (a) is designed at 17 GHz on a panel with radius
10.1 cm. The measured reflection coefficient is in (b) with a detail of the feeding vertical monopole
(bottom-left inset in (b))

periodicity p, = 4/1/ 1+ (X,p/ £)? synchronized with the wavelength of the SW on

the average opaque impedance X,,. Intuitively speaking, the spiral shape of the
modulation makes any two orthogonal sectors radiating at the broadside with phase
quadrature. Figure 9.27a shows the measured gain patterns at several frequencies
around the designed working frequency of 17 GHz, respectively for the copolar
(RHCP) and the cross (LHCP) components. As the implemented impedance surface
is isotropic, the cross-polar levels are not controlled, differently from the prototype
of Figs. 9.24 and 9.25. The antenna is fed through a small vertical monopole,
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Fig. 9.28 Picture of the proof-of-concept MTS antenna radiating a CP isoflux beam realized for
Earth observation missions on LEO satellites (a). Detail of the feeding system: the circular patch
has the twofold role of adjusting the broadside gain and launching the SW on the modulated MTS
(b). Picture of the feeding circuitry responsible for sequentially exciting four small vertical
monopoles with initial phases of 0°, 90°, 180°, and 270° (c)

coaxially fed, and placed at the center of the device. The measured reflection
coefficient is presented in Fig. 9.27b together with a detail of the feed in the bottom-
left inset. Further details can be found in [6, 13].

A proof-of-concept MTS antenna radiating a CP isoflux beam realized for Earth
observation missions on LEO satellites is shown in Fig. 9.28a. The antenna on the
satellite platform shall radiate a homogenous power density toward the Earth sur-
face, increasing the gain toward the angular regions where the path is longer, to
compensate for the power loss. The realized antenna works in the X-band and the
main frame of Fig. 9.29 shows the measured gain patterns both for LHCP and
RHCP components around 8.6 GHz. The MTS is realized on a dielectric panel
having radius of 27 cm with ¢, = 9.8, and thickness 1.575 mm and composed of
about 12000 patches having a circular shape with a small cut in it. The small cut
within the patch shape allows to realize an anisotropic impedance surface, therefore
allowing for a full control of the aperture field polarization. The patch texture
modulates the opaque impedance sinusoidally along the radial direction, without
variation along the azimuthal direction. The radial periodicity of the modulation is
such that it produces a conical radiation with peak at 60° off-axis, while the feeder
(Fig. 9.28b) has the twofold role of adjusting the broadside gain and providing the
SW on the modulated metasurface. The SW is excited with a rotational phase
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Fig. 9.29 Measured gain (RHCP vs. LHCP) of the isoflux metasurface antenna prototype (a) and
measured reflection coefficient (b)

distribution, by four small vertical monopoles, sequentially fed with initial phases
of 0°, 90°, 180° and 270° (Fig. 9.28c). The input reflection coefficient is presented
in Fig. 9.29b together with a picture of the input feeding system in the bottom-right
inset of the same figure. Further details about design, analysis, and realization can
be found in [6, 8].

One of the most interesting feature of these antennas is that just by changing the
impedance boundary conditions provided by the MTS, completely different per-
formances can be obtained. This key feature of modulated MTS antenna allows a
unique support for late electrical performance refinement and design re-usability
which is very appealing for space applications. Figure 9.30 shows two broadside
circularly polarized MTS antennas designed on the same dielectric panel used for
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Fig. 9.30 Photos of the two realized prototypes. Left side Tx antenna. Right side Rx antenna,
Details of the feeders and of the printed elements are shown in the insets

the isoflux antenna prototype. The two antennas can be set up on the same platform
to get a TX-RX system with low coupling at the two ports. They are proof-of-
concept devices in the X-band designed using typical requirements for deep space
science and automated exploration missions.

The main frames of Fig. 9.31a and b present the peak-normalized radiation
patterns relevant, respectively, to the Rx antenna and the Tx antenna. The Rx
antenna exhibits a Gain larger than 21 dBi over a bandwidth of 4%, the Tx antenna
has gain larger than 27 dBi over a bandwidth of 2.4%. It is to notice that, even
without operating on the modulation depth profile, efficiencies of about 35% are
obtained. Also, measurements prove good polarization purity at broadside being the
CX component close to —15 dB below the copolar component level. The measured
reflection coefficients is reported in Fig. 9.32. Further details can be found in [9].

The results shown in this section confirm the attractiveness of modulated MTS
antennas, which preserve all its simplicity and handiness with different far field
performances. All the reported prototypes were realized using standard PCB pro-
cess, ensuring cost-effectiveness together with good performance of gain and
polarization.
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Fig. 9.31 Measured normalized far field patterns relevant to two X-band prototypes designed as
proof-of-concept devices for deep space exploration missions. LHCP and RHCP component of the
Rx antenna at three different frequencies (a). LHCP and RHCP component of the Tx antenna at
three different frequencies (b). The fop-left insets show the picture of both the antennas
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Fig. 9.32 Measured reflection coefficients relevant to two X-band prototypes designed as proof-
of-concept devices for deep space exploration missions. Rx prototype (a) and Tx prototype (b).
Both prototypes are fed by a vertical monopole, coaxially fed and top-loaded with a slotted patch
to ensure the input matching. Pictures in the insets show the details of the feeding points

9.11 Discussion and Future Trends

Modulated metasurface antennas constitute a significant improvement from tradi-
tional antenna solutions. Rather than shaping a fixed boundary condition (mostly
PEC) to achieve the desired radiation characteristics, they offer the revolutionary
possibility to design the boundary condition itself to achieve the desired behavior,
with an antenna having a predetermined global shape. All the designs shown are in
fact obtained using antennas differing only in the metasurface layout and feeding
details.

The full control of the aperture field and hence of the far-field properties (beam
shape, pointing angle, polarization) is strictly related to the capability of accurately
designing the MTS. Here, an effective synthesis method has been introduced which
permits the control of amplitude, phase, and polarization of the aperture field by
adjusting the boundary conditions imposed by the MTS. The complete procedure is
described in [36]. The polarization control is based on the local value of the
anisotropy, the phase is controlled by both the shape and the periodicity of the
modulation, and the amplitude control is obtained by designing the local leakage
attenuation distribution of the leaky wave. The synthesis is based on the adiabatic
Floquet-wave expansion of currents and fields over the surface introduced in [35].
The main advantages of this process with respect to the ones already introduced are
summarized below.

¢ Introduction of a systematic way to synthesize the aperture field with analytical
formulas and to validate it in the systematic frame of Fig. 9.3.

e Development of new formulas based on the energy conservation, which allow
for controlling the aperture field amplitude—not possible before—and therefore
designing antennas with higher efficiency than before.
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e Use of the transparent boundary conditions (in place of the opaque ones used by
the authors in previous schemes) in a rigorous Green’s Function scheme. This
allows for accounting for space dispersion of the grounded slab in practical
implementations.

Although the problem of the losses has not been treated here, small local losses
in the dielectric and in the metal can be easily introduced in the formulation. In our
experience, losses may have an impact when dealing with antennas with more than
40 dBi of gain.

We have also shown that despite the fact that modulated MTS antennas are
leaky-wave antennas, it is possible to overcome the typical beam squinting with
frequency by a proper shaping of the BCs imposed by the MTS. However, the
enlargement of the pattern bandwidth is still under study and the issue requires a
long discussion that will be the subject of a future paper. Concerning the bandwidth
of MTS, in some recent works [54, 55] it has been proposed the use of cells with
glide symmetry for realizing planar MTS lenses with ultra wide band.

Future research trends span from the design of conformal modulated MTS
antennas to the design of a reliable dynamic impedance pattern. Conformal MTSs
will allow to further reduce the encumbrance of these antennas by perfectly
matching them to curved surfaces. For instance, one may use conformal MTSs
matched to the fuselage of airplanes, reducing the impact of the antenna on the
aerodynamics. Dynamic control of the impedance patterns is of importance for all
the tracking applications, requiring to hold on a link between moving platforms. For
instance, radar applications, data connection between satellite and ground station or
Internet connections on board of trains. Also, MTS antennas with multiple opera-
tional frequencies, contoured beams and multi-beam designs are challenging and
interesting topics. However, among all of them, the dynamic control of the MTS is
the one that most attracts the attentions of the telecom-market. It is a research topic
that appears ambitious and feasible at the same: in modulated MTS antennas, the
excitation spectrum and the surface impedance pattern completely control the beam
shape and polarization. Therefore, by dynamically controlling the impedance, vir-
tually all the degrees of freedom of the radiated wave can be addressed, with
conceptually very simple means and in a way that lends to attractive implemen-
tations. Possible solutions for reconfigurable dynamic metasurfaces can involve
mechanical stretching of a proper dielectric material or electronic reconfigurations.
For pencil beams antennas, a mechanically reconfigurable surface seems to be
particularly suitable. At the opposite end of the spectrum of solutions an elec-
tronically reconfigurable surface could offer more potentialities in terms of flexi-
bility of radiative characteristics. Materials having characteristics similar to liquid
crystals at RF or based on arrays of MEMS are also good candidates for adaptive
surfaces, as well as electronic devices like PiN diodes. The final goal is to realize a
device able to radiate a wide range of arbitrarily shaped beams, circularly or linearly
polarized, by simply modifying the surface pattern impedance, without changing
the in-plane feeder.
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Chapter 10
Terahertz Antennas and Feeds
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David Gonzailez-Ovejero, Choonsup Lee and Theodore Reck

Abstract Terahertz antennas present a different set of challenges to the antenna
designer typically striving for very high performance while at the very limit of the
chosen fabrication process. Many of the same design techniques used at lower
frequencies are still applied, but fabrication constraints impose significant limita-
tions on the type of structure that can be used, forcing the designer to consider
unique fabrication processes or completely new antenna structures. Through
advances in fabrication and computational techniques, the variety of terahertz
antennas is growing. This chapter presents a range of antennas applied at these
frequencies from 1.9 THz horn antennas to superconducting planar arrays. The
chapter will cover different antenna technologies and feeds such as corrugated horn
antennas, smooth-walled profiled horn antennas, multi-flare angle horn antennas,
lens antennas, microlens leaky wave antennas, metasurface antennas, antenna
arrays, off-chip antennas, and others. It will detail theory, simulation, fabrication
techniques, and state-of-the-art antenna results in all these different technologies at
millimeter and terahertz frequencies. The chapter will also provide details for ter-
ahertz antennas in the context of terahertz systems.
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10.1 Introduction

Terahertz antennas present a different set of challenges to the antenna designer
typically striving for very high performance while at the very limit of the chosen
fabrication process. Many of the same design techniques used at lower frequencies
are still applied, but fabrication constraints impose significant limitations on the
type of structure that can be used, forcing the designer to consider unique fabri-
cation processes or completely new antenna structures. Through advances in fab-
rication and computational techniques, the variety of terahertz antennas is growing.
This chapter presents a range of antennas applied at these frequencies from 1.9 THz
horn antennas to superconducting planar arrays.

Horn antennas dominate terahertz systems because of the low losses and excellent
performance. In particular, corrugated horn antennas have superior radiation charac-
teristics, but are difficult to fabricate at terahertz frequencies, thus one of the most
commonly used horns above 300 GHz is the diagonal horn antenna, despite its high
cross-polarization. In addition to describing multimode horn designs such as the
Pickett-Potter horn, Sect. 10.2 presents two approaches to overcome fabrication
obstacles for achieving high gain and low cross-polarization horns. The first relies on the
stacking of platelets to form a corrugated horn. The second uses extensive optimization
to create profiled horns that has been shown to be manufacturable as high as 1.9 THz.

Lens-coupled antennas have been widely used for decades in Terahertz systems
because they avoid the high tolerances of horns. But their application is limited
because Terahertz systems are often waveguide-based system. Section 10.3
describes the leaky wave fed lens that directly couples to hollow-waveguide. In
addition, the leaky wave system reduces the area required for illumination area,
increasing pixel-spacing for array systems, and enabling a batch-fabrication process
for forming the lenses.

Section 10.4 applies the emerging technique of modulated metasurface antennas,
discussed in detail in Chap. 12, to Terahertz frequencies. These designs result in a
planar antenna which is attractive for space-borne instruments because high gains
can be achieved with less mass and volume than a comparable reflector system.

Planar Terahertz antennas are discussed in Sects. 10.5 and 10.6. To avoid lossy
on-chip antennas when coupling to CMOS components, membrane-suspended
antennas are demonstrated in Sect. 10.5 that use beam-lead technology to couple
directly to the CMOS wire-bond pads. Finally, a slot array antenna is described that
is used on Cosmic Microwave Background experiment that uses superconducting
transmission lines for routing the large-format array.

10.2 Feed Horn Antennas

The most common use for horn antennas [1-4] at submillimeter-waves is to feed
reflectors and/or quasioptical systems [5]. Reflector antennas and Gaussian beam
telescopes produce pencil beams, and to be effective, their gain has to be as high as
possible within an acceptable sidelobe envelope. Therefore, in order to increase the
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spillover and aperture efficiencies, feed horns are required to have equalized
beam-widths in all planes and low sidelobe levels. In addition, the reflector is
normally required to transmit and receive orthogonally polarized waves, so one has
to guarantee a low level of the cross-polar radiation patterns. Finally, for instru-
ments involving complex optics and/or focal plane arrays for multiple beam
operation it is also convenient to have good coupling to the fundamental Gaussian
mode. These are the reasons why, over the years, there has been a need in Terahertz
instruments for horn antennas which provide symmetric patterns in all planes, phase
center coincidence for the E- and H-planes, sidelobe suppression, low
cross-polarized fields, and highly Gaussian beams.

Pyramidal horns have been widely used, with good success, in many applica-
tions. Such radiators, however, possess non-symmetric beamwidths and undesirable
sidelobe levels, especially in the E-plane. Conical horns, operating in the dominant
TE;; mode, have a tapered aperture distribution in the E-plane. Thus, they exhibit
more symmetric E- and H-plane beamwidths and lower sidelobes than the pyra-
midal horns. Nevertheless, conical horns require appropriate transitions to make
them compatible with a rectangular waveguide input. To overcome some of the
limitations of pyramidal and conical horns, and further improve their attractive
characteristics, horn structures with multiple-mode excitations have been suggested
to enhance the beamwidth equalization in all planes, and to reduce both the sidelobe
level and cross-polarized fields. By appropriately combining the fundamental mode
in the waveguide with higher order modes, multimode horns allow one to tailor the
field distribution at the horn aperture. This strategy can be used to generate highly
symmetric beams with low sidelobe levels and low cross-polarized fields.

Diagonal horns are, for its simplicity, one of the most popular feeds at
submillimeter-waves [6, 7]. Figure 10.1 shows the picture of a diagonal horn with a
rectangular WR-1.5 waveguide input. Its flared section consists of a pyramid which,
at the throat of the horn, intersects a rectangular waveguide with its wide and
narrow walls parallel to the diagonals of the pyramid’s cross section. Love [6] used
a circular transition from a TE;y; mode, but the direct transition described above
provides good performance with a relatively simple fabrication process.
Figure 10.2a and b shows cross sections through the block at various points along

Fig. 10.1 Pictures of a split-block diagonal horn with WR-1.5 input from Virginia Diodes.
a Assembled blocks including the horn and integrated flange. b Upper and lower blocks, where
one can also observe the dowel pins used for alignment
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Fig. 10.2 a Longitudinal section of the transition from the rectangular waveguide to the diagonal
horn’s flared section. b Transverse cross sections through the block at various points along the
transition
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the transition. The field beyond the transition section consists of the superposition
of two orthogonal TE;, modes, having power equally distributed between them, as
shown in Fig. 10.3a. Bearing in mind the geometry in Fig. 10.3b, one can write the
electric field at the aperture of the horn as

E, =E, [cos (Zy>x+ cos (n )j}} ik (10.1)

where k is the free space wavenumber, |x| <a/2, |y|<a/2, and § = (x*> +?)/2R;,
with R;, being the slant length of the horn and a the side of the square aperture.
Therefore, for small flare angles, the field structure within the horn aperture is

£k () + ()]
~ Gale(2) - ()

such that the E-field vector is parallel to one of the diagonals (Fig. 10.3b). One can
argue that, strictly speaking, the diagonal horn is not a multimode horn, given that it
does not make use of higher order TE and TM modes. However, it presents the
desirable attributes of the usual multimode horns, such as suppressed sidelobes and
cross-polarized fields in the E- and H-planes and equal beamwidths in the principal
planes. In addition, Johansson [7] showed by using a Gauss-Laguerre expansion of
the aperture fields that the diagonal horn pattern couples to the fundamental
Gaussian mode with an 84.30% efficiency when w, = 0.43a, where w, is the beam

E,=E4s-h
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Fig. 10.4 E-field lines for a TE;; mode and TM;; and how a combination of both in a hybrid
mode leads to a very symmetric beam with very pure polarization

radius at the horn’s aperture. Nonetheless, all the attractive features above are
accomplished at the expense of pairs of cross-polarized lobes in the intercardinal
planes, making such a horn unattractive for applications where a high level of
polarization purity is required. Indeed, the analysis in [7] predicts 10% of the power
going into the cross-polarized component. Regarding their fabrication, diagonal
horns present a geometry which is suited for being milled onto two symmetric
separate pieces (split-blocks), which are then joined. The TE;y mode losses in the
rectangular waveguide are low since the split occurs along the center of the broad
walls of the waveguide. Diagonal horns are also easy to pack, which makes them
attractive for focal plane imaging applications [7, 8].

A second option consists in using multimode axisymmetric horns. An appropriate
combination of the circular TE;; and TM;; modes at the horn’s aperture leads to
far-fields with very good beam symmetry and pure linear polarization, as depicted in
Fig. 10.4. Such a dual-mode horn, also known as Potter horn [9, 10], consists of a
mode converter section, designed to excite the TM;; mode with a prescribed
amplitude, and then a phasing section (the two modes have different cut-off fre-
quencies) to ensure that both modes fulfill the correct relationship at the horn’s
aperture (see Fig. 10.5a). As a consequence of the required amplitude and phase
balance, Potter horns are relatively narrowband, although they can meet the band-
width requirements of some applications. Indeed, the Potter horn achieves complete
beam-width equalization in all planes, complete phase center coincidence, and at
least 30 dB sidelobe suppression in the electric plane over a somewhat narrowband.

(a) Mode (b)
Matching suppressor /
iris
=T 1 TEy
—————————— g j—— — ———
== T, +TM;, Lu_1E,4TM,

e, e
Phasing

section

Fig. 10.5 a Cross-section of a Potter horn. b Cross-section of a Picket-Potter horn, the TM;; is
generated at the step discontinuity
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A similar strategy is used in Pickett-Potter horns [10, 11], which is a simplification of
the Potter design. Essentially, they consist of a smooth-walled conical horn with a
single step in the throat (Fig. 10.5b). An analysis analogous to the one carried out in
[7] to determine the Gaussicity of the pyramidal horn was performed for dual-mode
horns in [12]. The fraction of power coupled to the fundamental Gaussian mode is
96.3% when ws = 0.59a, with a being the radius of the horn aperture. This efficiency
compares well with the 98.1% of corrugated horns, normally taken as a reference. In
addition, only 1.4% of the radiated power goes into cross-polarized fields. Another
advantage of Potter and Pickett-Potter horns is that, as in the case of diagonal horns,
they are easy to machine using split-blocks.

10.2.1 Corrugated Horns

In the previous section, we have described two different approaches to generate a
hybrid mode at the horn aperture to obtain beam symmetry, low sidelobes, and
highly pure linear polarization. Despite the improvement provided with respect to
pyramidal and conical horns, the high level of cross-polarized fields that pyramidal
horns present in the intercardinal planes, and the narrow bandwidth of Potter horns
may hinder their use in some applications. The corrugated horn [2, 3, 13, 14], also
known as scalar horn, is the feed of choice for high-performance systems in which
the limitations of diagonal and Potter horns cannot be assumed.

The purpose of the corrugated surface is to provide the means to support the
propagation of a hybrid HE;; mode, which results from the combination of the TE
and TM;,; modes. The geometry of a corrugated circular waveguide, including the
definition of the different variables, is shown in Fig. 10.6 and the general expres-
sion of the HE;; mode reads:

X-Y
E.=AJy(k,p) — B(ki)Jz (kop) cos(2¢))
Ty
x-1) (10.3)
E, = BTJZ (kpp) sin(2¢)
r
Fig. 10.6 Corrugated P
circular waveguide 1
p I
Id
[ g 14 N : _
¢ w t slot/  ridge h To
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where A and B are the amplitude coefficients, J, (k,p) are the Bessel functions of
the first kind and order n, and k and k, are the free space and transverse -to-
z wavenumbers. Finally, X and Y are the normalized reactance and admittance at
p = ry defined as

Z Ey € .Z .H
x=_ 2 B [fo oy D H
Zy H: '\ uo Z E; V&

One can easily realize from (10.3) that the fields are exclusively polarized in the
x direction when (X — ¥) = 0. Moreover, the E, component will taper radially with
p without any ¢ variation. The (X — Y) = 0 condition is usually referred to as
balanced hybrid condition and it can be fulfilled either when X = Y or when both
X and Y are equal to 0. In a corrugated waveguide, provided that one has several
slots per wavelength (preferably four or more), E has to vanish at p = ry, so X will
be 0. In addition, for narrow corrugation ridges (t<w/10) and narrow slots
(w< 4/2), the normalized admittance can be approximated as ¥ = 1/ tan(2nd /1)
and, it will be thus 0 when d = n/./4, with n being an odd integer. In other words,
the short circuit is transformed to an open-circuit at p = ry, which ensures the
absence of axial currents resulting from Hy and implies that ¥ = 0. In [14] and the
references therein, a more refined set of formulas is provided in which d is modified
by a correction factor resulting from a rigorous formulation of the surface reactance.
The balanced hybrid condition will be fulfilled only at the frequencies in which
d = nJ /4, so the absence of cross-polarization will be determined by the electrical
length of d. Nevertheless, (10.3) shows that the cross-polar term decreases as kr|
increases and the larger the diameter of the horn, the wider the bandwidth for a
given cross-polar level. This is a general property of cylindrical hybrid mode feeds,
where large apertures give an inherently better performance than feeds with a small
aperture, although larger apertures will also lead to narrower beam (not suitable for
prime feed focus).

We have succinctly explained in the paragraph above how the corrugated surface
supports the propagation of the HE;; mode. However, the input of the corrugated
horn will typically be the TE;; mode of a circular waveguide. Hence, preceding the
flared section of the horn one has to introduce a mode converter to excite the hybrid
mode. There are several schemes of mode converter, namely:

(a) variable depth slot mode converter [15, 16], which is the most commonly used
mode converter, and provides up to 1.8:1 bandwidths (see Fig. 10.7a);

(b) ring-loaded slot mode converter [17], which provides up to 2.4:1 bandwidths
(see Fig. 10.7b);

(c) and variable pitch-to-width slot mode converter [18], which can deliver up to
2.05:1 bandwidths, although is less commonly used (see Fig. 10.7c).

In practice, the number of slots (NMC) in a mode converter is between 5 and 7
for mode converters (a) and (b), and between 7 and 12 for the mode converter (c).



342 G. Chattopadhyay et al.

iy

Nue
(b) ; (© L
d;
L djy A g,
L | ]
L . ity I | + gy
. ket &y e = a;

Ny * Ny

Fig. 10.7 Conical corrugated horn with: a variable depth slot mode converter, b ring-loaded-slot
mode converter and ¢ variable pitch-to-width slot mode converter

It is also important to note that corrugated horns are the classical solution for
launching Gaussian beams. The optimum Gaussian coupling efficiency of a conical
corrugated horn has been studied in [5] and it is equal to 98% when w, = 0.644 a,,
where w, is the beam radius at the aperture and a, is the horn’s aperture radius.

Even if conical corrugated horns (Fig. 10.7) are the most common option, it is
possible to enhance the horn’s performance by giving them a profile other than
linear [19]. For instance, the authors of [20] proposed a Gaussian profiled horn
antenna to improve its electromagnetic performance and/or optimize its geometry
(reduce its length, weight, and/or output radius). Similarly, a horn with dual
sinus-squared and exponential profile was presented in [21]. On the other hand,
Maffei et al. [22] added a flared section at the end of a profiled horn, with the form
heuristically developed to give the desired patterns and very low sidelobes. In
general, the profile of the horn can be described using combination of exponential,
sinusoidal, hyperbolic curves, etc., with control points that are optimized to obtain
the desired far-field patterns using nonlinear least squares, minmax or genetic
algorithms. Figure 10.8a and b show a corrugated horn with spline profile opti-
mized to have a maximum coupling to the fundamental Gaussian mode (see the
magenta line in Fig. 10.8d), while keeping a good match (S;; < 25 dB) across the
490-600 GHz band, as shown in Fig. 10.8c. On the other hand, the dual-profile
(sine-squared/parallel and hyperbolic tangent/parallel) horns reported in [23] are
obtained by exploiting the fact that the coupling from the HE mode in straight
corrugated guide to a fundamental Gaussian mode in free space can be improved by
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Fig. 10.8 a Spline-profiled corrugated horn. b Section of the horn including the rectangular
waveguide to circular waveguide transition. ¢ Magnitude of the reflection coefficient in dB.
d Far-field radiation patterns at the central frequency

exciting higher order HE modes. This analysis, based on higher order HE modes,
provides additional physical insight into the profile choice.

A crucial aspect of corrugated horns consists in how to fabricate the narrow
ridges at Terahertz frequencies. The continuous evolution of computer numerical
control (CNC) milling machines has made it possible to fabricate corrugated horns
at millimeter and submillimeter frequencies by direct machining into two halves of
a split-block, despite the difficulty of constructing azimuthal corrugations at short
wavelengths. However, the length of narrow flare angle feed horns, and the depth of
the matching grooves near the intersection of the circular waveguide, and the
corrugated conical flared sections restrict the tool clearance available for direct
machining operations. Hence, in some cases, a higher cost electroforming process
will be required. The first step involves the high precision machining of the internal
geometry of the circular waveguide and the corrugated conical section on an alu-
minum mandrel. The feed horn is then electroformed by electrochemical deposition
of copper and nickel onto the mandrel surface until the desired wall thickness is
achieved. Afterward, the mandrel is removed by a chemical etching process.
Finishing includes flange soldering and a gold electroplate.
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In modern instruments there is a trend toward increasing the number of detectors
in the focal plane, which enables a significant increase in telescopes or imagers
mapping speeds. Electroformed horns and machined split-blocks are not easy to
adapt to the fabrication of focal planes with a very large pixel count. As an alter-
native, one can fabricate corrugated horns using platelets [24], which are thin metal
sheets [25-27] or silicon wafers [28—30]. In order to create the corrugations for an
array of horns, one has to etch two features in each sheet, namely, through holes of
thickness p and radius a;, and cylindrical steps of thickness w, and radius a; + d,
which serve to create the ridges of the corrugations (see Fig. 10.7). These sheets are
sandwiched together in a stack of many layers either using screws or pins [25, 26,
30] or diffusion bonding them together to make a single piece [24]. With the design
completed, and the photolithographic masks or machine programs created, many
platelets can be reproduced accurately and economically. This technique is esti-
mated to produce good results up to 1 THz.

Figure 10.9a shows the cross section of a platelet conical corrugated horn
including a transition, manufactured using a Deep Reactive-lon Etching (DRIE)
process of silicon wafers. The first 20 platelets form a conical corrugated horn. An
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Fig. 10.9 a Detail of the 20 corrugations in the conical horn. b Different 300-pum-thick-silicon
wafers before assembly. ¢ Picture of the fabricated and assembled platelet antenna consisting of 24
300 pum-thick-silicon wafers. Apart from the silicon compression pins (not visible in the picture),
two plastic screws and dowels pins were included for alignment. d Measured magnitude of the
reflection coefficient in dB. e Measured co-polar radiation patter at 330 GHz, normalized to the
maximum directivity value (21.2 dB)
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additional 4 platelets form a circular-to-rectangular waveguide transition connected
to the metal waveguide block at WR-2.2 band (330-500 GHz). Regarding micro-
fabrication, it requires only two etch depths of 100 and 200 um from the front- and
back side of a 300 um thick wafer, respectively. During the etching processes of
100/200 pm, screw holes, trenches for the alignment compression pins, and
alignment marks all etched are simultaneously. A rectangular-to-circular waveguide
transition is made on a separate 4-inch silicon wafer. All 24 silicon platelets are then
coated with 2 um thick gold using a metal sputtering system. Finally, the 24
gold-coated silicon platelets are precisely aligned and stacked together using a
silicon compression pin technique [31].

The horn presents a return loss around 20 dB across the band (see Fig. 10.9¢),
better than 30 dB cross-polarization, and more than 20 dBi directivity over a 20%
fractional bandwidth at 340 GHz. The measured radiation pattern also presents
good beam symmetry, as shown in Fig. 10.9d.

To conclude this section, it is worth mentioning the importance that 3D printing
techniques might have the future development of large focal plane arrays of cor-
rugated horns. In [31, 32], the capability of fabricating W-band corrugat